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Abstract 
 

A novel CMOS operational transconductance amplifier (OTA) is proposed and 

demonstrated in this thesis. Due to its feedforward-regulated cascode topology, it breaks 

the previous OTA frequency limit of several hundred MHz and operates at frequencies up 

to 10 GHz with a large transconductance. This is confirmed by an in-depth high-

frequency analysis, simulations, and experimental demonstrations using purpose-built 

circuits. Experimental results also show that the proposed OTA has high linearity and low 

intermodulation distortion, which is of particular interest in microwave circuits. The 

OTA’s noise behavior and the effects of process variations, device mismatch, and power 

supply noise on the transconductance are also studied. To the best of our knowledge, the 

noise analysis here is the first of its kind on regulated cascode circuits, which can be 

applied to other regulated cascodes with minor changes. 

Three microwave applications of this OTA are explored in this thesis: 1) an active 

bandpass filter with a wide tuning range, 2) a 2.4-GHz ISM-band variable phase shifter, 

and 3) a microwave active quasi-circulator, which are all in CMOS MMIC form. These 

three circuits can be easily integrated with other chip components for System-on-Chip 

(SoC) realizations. The use of the OTA makes these three applications super compact: the 

active filter is at least 5 times smaller than previous circuits with a similar topology, and 

the phase shifter and quasi-circulator are at least 3 times smaller than previous works in 

that frequency range. Furthermore, the tunability of the developed OTA on its 

transconductance gives its applications extra freedom in tuning their frequencies and 
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gains/losses electronically. In the first application, the active bandpass filter has a novel 

narrowband-filtering topology and has a wide tuning-range of 28% around 1.8 GHz, 

which makes it very suited for reconfigurable multi-band wireless systems. In the second 

and third applications, the active variable phase shifter has a comparable variable phase 

shift range of 120º in the 2.4-GHz ISM band and the active quasi-circulator has 

transmissions close to 0 dB and directivities over 24 dB from 1.5 GHz to 2.7 GHz. 
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Chapter 1   General Introduction 
 

1.1 High Frequency OTAs 

Today operational amplifiers (OPAMPs) are widely used as basic building 

blocks in implementing a variety of analog applications from amplifiers, summers, 

integrators, and differentiators to more complicated applications such as filters and 

oscillators. Using OPAMPs greatly simplifies design, analysis, and 

implementation for analog applications. OPAMPs work well for low-frequency 

applications, such as audio and video systems. For higher frequencies, however, 

OPAMP designs become difficult due to their frequency limit [1], [2]. At those 

high frequencies, operational transconductance amplifiers (OTAs) are deemed to 

be promising to replace OPAMPS as the building blocks. Theories of using OTAs 

as the building blocks for analog applications have been well developed [1], [2]. 

To date, with much effort dedicated by analog IC researchers and the continuous 

scaling-down on commercial semiconductor technologies, the reported OTAs can 

work up to several hundred MHz [3]-[13]. In this thesis, a fully differential high-

frequency OTA suitable for microwave applications will be presented which has a 

large transconductance up to 10 GHz. It will also be shown that there are more 

applications of the OTAs other than the aforementioned analog applications that 

are specifically interesting at microwave frequencies. All of these developments 

indicate that OTA microwave circuits are just around the corner. 
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1.2 OTA Concept 

An ideal operational transconductance amplifier (OTA) is a voltage-controlled 

current source with a constant transconductance and infinite input/output impedances, as 

illustrated in Fig. 1-1. It can be characterized by the following expressions, 

imo vgi  ,                                                            (1-1a) 

iZ , oZ ,                                                   (1-1b) 

where vi and io in (1-1a) denote the input voltage and the output current respectively, and 

gm is the transconductance with a constant value ideally. Zi and Zo in (1-1b) represent the 

input and output impedances respectively. For general purposes, (1-1a) and (1-1b) are 

enough to evaluate an OTA’s performance. However, they become inaccurate when a 

practical OTA at high frequency or with large input signal is concerned. Effects of high 

frequency parasitics and active device nonlinearity have to be considered in such cases. 

The high-frequency and linearity issues of OTAs will be addressed in the following 

chapters. 

Depending on the input and output configurations, OTAs can be categorized into 

three types: single input/output, differential-input single-output and differential 

input/output (fully differential). The other possible type, single-input differential-output, 

is not practical and has not been used in previous applications. The above three types of 

OTAs and their equivalent circuit models are presented in Fig. 1-1. According to their 

different configurations, (1-1a) can be modified to express the three types of OTAs 

respectively: 
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Figure 1-1. Three types of OTAs and their equivalent circuit models: (a) single-input/output, (b) 
differential-input single-output, and (c) differential input/output. 

 

imo vgi  ,                                                            (1-2a) 

)(   iimo vvgi ,                                                  (1-2b) 

)( ioimooo vvgiii   .                                  (1-2c) 

In these three types of OTAs, the transconductance gm can be tuned via their DC current 

bias Itune. The single input/output transconductor shown in Fig. 1-1(a) is the simplest to 

implement, e.g. a single-NMOS common-source transconductor. The simplicity of this 

type of OTA makes it interesting for high frequency implementation, while most 

previous works preferred the differential configurations in Fig. 1-1(b) and Fig. 1-1(c) due 

to their common-mode rejection and their flexibility to engage feedback configurations 

[1], [14], [15]. The latter two types in Fig. 1-1 have nearly the same performance and can 

be replaced by each other in most circuits using OTAs [2], [16]. The implementations of 

these three types will be further described in Chapter 2. 
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1.3 CMOS OTA History 

In the early 1990s, RF integrated circuits (RFICs) were dominated by bipolar and 

GaAs technologies, while CMOS technologies were mainly used for basedband signal 

applications. As the gate lengths of CMOS devices were scaled down to one micron in 

the middle of 1990s, CMOS RFICs over GHz became possible [17]. Since then, 

continuous scaling-down of CMOS devices to today’s deep sub-micron devices has 

opened a new era for CMOS RFIC designs, including OTA circuits. Previous OTAs were 

developed in CMOS technologies due to the unique properties that CMOS can offer: 1) 

Ease to implement a transconductor – MOSFETs are naturally voltage-controlled current 

devices; 2) High cutoff frequency – the latest record was beyond 400 GHz [18]; 3) Well-

commercialized and low-cost processes; 4) Ability to integrate both digital and analog 

circuits, i.e., system-on-chip (SoC). Currently, CMOS OTAs are developed in three 

trends: high frequency, high linearity and low power. High-frequency OTAs will be the 

focus of this thesis. 

1.4 Thesis Contributions and Overview  

A novel feedforward-regulated cascode OTA that can operate up to microwave 

frequencies is proposed, in-depth analyzed, and experimentally demonstrated in this 

thesis, which is the first contribution of this thesis. The developed OTA has a large 

transconductance with high linearity and low intermodulation distortion, which makes it 

very suitable for implementing numerous types of microwave integrated circuits, 

including its three applications successfully explored in this thesis: an active wide tuning-

range bandpass filter, a 2.4-GHz ISM-band variable phase shifter, and a microwave 
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active quasi-circulator.  All three applications are in the CMOS MMIC form. They 

occupy much smaller chip areas and have better performance than their previous works. 

These three applications are also the contributions of this thesis.  

The rest of this thesis starts from a literature review of the previous CMOS generic 

and cascode OTAs in Chapter 2. Their trends as well as their applications are also 

described in the same chapter. In Chapter 3, the new high-frequency OTA with the feed-

forward regulated cascode topology is proposed, followed by a set of in-depth theoretical 

analyses on its high-frequency performance and its noise performance. The effects of 

process variations, device mismatch, and power supply noise on the OTA’s 

transconductance are also studied. The proposed OTA is successfully demonstrated using 

some purpose-built microwave circuits. Thereafter, the three more complicated MMIC 

applications are successfully explored in Chapters 4, 5, and 6 respectively to further 

demonstrate the developed high-frequency OTA. A thesis summary together with the 

thesis contributions and future work are presented in Chapter 7 to conclude this thesis. 
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Chapter 2   OTA Review 
 

2.1 CMOS OTAs 

CMOS technologies are very convenient for implementing OTAs because their 

MOSFETs are inherently voltage-controlled current devices. A variety of CMOS OTAs 

with different topologies have been developed for different purposes so far. According to 

their input/output topologies though, they can be categorized into the previously-

mentioned three types, i.e., single input/output, differential-input single-output, and 

differential input/output. These three types of CMOS OTAs as well as their advantages 

and disadvantages are generally described below. 

2.1.1 Single input/output OTAs 

Fig. 2-1 presents some common CMOS topologies [16] to implement the single 

input/output OTAs. The one in Fig. 2-1(a) is a single-NMOS common-source 

transconductor. Although it is the simplest, it has relatively low output impedance due to 

its Miller effect (input-output coupling) and low linearity, deviating it from an ideal OTA. 

To alleviate this problem, a cascode topology in Fig. 2-1(b) is suggested, where a 

common-gate transistor M2 is introduced to provide isolation between the input and 

output. This unilateralization method increases not only the output impedance and 

linearity, but also the bandwidth and the available transconductance, at the expense of a 

higher voltage supply. The third topology in Fig. 2-1(c) differs from the cascode topology 

in its common-gate transistor, where a PMOS transistor is applied instead of a NMOS 

one, resulting in a folded cascode topology. It provides the same isolation, but with a 
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Figure 2–1. Single-input/output OTAs from [16] with permission © 2000 IEEE: (a) a common-
source transconductor, (b) a cascode transconductor, (c) a folded-cascode transconductor, (d) a 
regulated-cascode transconductor, and (e) a positive transconductor. 
 

reduced voltage supply. Fig. 2-1(d) is a regulated-cascode transconductor, which is an 

enhanced cascode transconductor. It replaces the gate DC bias of M2 in Fig. 2-1(b) with a 

negative feedback from its source. This feedback further improves the linearity and the 

output impedance by a factor of (A+1) compared to the cascode transconductor, where -A 

is the feedback gain. The improvement mechanism behind the cascode and regulated-

cascode topologies will be further explained in the next chapter. The fifth one in Fig. 2-

1(e) utilizes a PMOS current mirror to convert a negative transconductor to a positive one, 

for which the output polarities of the block diagram and the circuit model in Fig. 1-1(a) 

have to be inverted in order to represent it.  

Ignoring the parasitics with those cascode and regulated-cascode transconductors in 

Fig. 2-1(b), (c), and (d), the output currents of their input common-source transistors (M1) 

will propagate to their outputs (io) without any loss. Therefore, despite the different 

topologies of the transconductors in Fig. 2-1, their transconductance gm can be unified, 

1,Mm
i

o
m g

v
i

g  .                                                      (2-1) 
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where gm,M1 is the transconductance of the input transistor M1, and vi and io are the input 

voltage and output current respectively. The sign  is inserted to discriminate the positive 

transconductor in Fig. 2-1(e) from the other negative ones. The transconductance in (2-1) 

can be tuned through the control of the DC current of each transconductor above. The 

more DC current an OTA consumes, the larger transconductance and tuning range it 

usually has. 

2.1.2 Differential OTAs 

Fig. 2-2 depicts two typical CMOS implementations of the second-type OTA 

with the differential-input single-output topology [16]. They both contain a 

source-coupled differential-pair input stage, which can provide high input 

impedance, high gain, and high common-mode rejection simultaneously without 

much sacrifice. A scrutiny of their signal paths after the input stages reveals the 

important role that current mirrors play in these two implementations.  

In Fig. 2-2(a), the current mirror CMp transfers the left output current of the 

input differential pair, 
di , to the right to combine with its right output current 

di , 

from which the transconductor output current is doubled, so does its 

transconductance: 
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 ,                                  (2-2) 

where 
iv  and 

iv  are the differential input voltages, and gm,M1 is the transconductance of 

each transistor in the differential pair, twice of the transconductance of the differential 

pair if only one output is concerned. 
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Figure 2–2. Differential-input single-output CMOS OTAs from [16] with permission © 2000 
IEEE: (a) a simple OTA, and (b) a balanced OTA.  
 

The balanced implementation in Fig. 2-2(b) is different from the one in Fig. 2-2(a) in 

that two PMOS current mirrors are added after the input differential pair in order to 

improve the balance between its two differential input paths. Furthermore, these two 

PMOS current mirrors can be set in such way that they have a size ratio of B between 

their reference transistor and controlled transistor. This boosts their output currents by B 

times [19]. The boosted currents are combined at the output using a NMOS current 

mirror at the bottom, resulting in a transconductance as large as B times of the previous 

one’s: 
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 .                          (2-3) 

The transconductance in (2-2) and (2-3) can both be tuned by changing the DC tail 

currents Itail in Fig. 2-2(a) and (b). 



Chapter 2. OTA Review 

 10 

Equations (2-2) and (2-3) manifest the significant improvements of the 

transconductance by using the current mirrors compared to those in which only a single 

output of the differential pair is taken. The two equations, however, assume the ideal 

combination of the differential output currents at the final output, i.e., the two differential 

output currents arrive there at the same time. It is not exactly the fact because the output 

current from the left in each implementation in Fig. 2-2 requires an additional current 

mirror to combine itself with the right one, which introduces a time-delay difference 

between the two combined currents. Therefore, (2-2) and (2-3) are valid only when the 

time delay of the current mirrors for the current combinations is negligible with respect to 

the operating signal cycle. As the operating signal cycle decreases, the time delay will 

become comparable and the improvement from using the current mirrors will be lessened. 

The CMOS OTAs in Fig. 2-3 illustrate two OTA implementations for the third-type 

fully-differential topology [16]. One can see that their structures are similar to that in Fig. 

2-2(b), but their two output currents remain. The aforementioned size ratio of B can also 

be applied in the current mirrors to increase their transconductance and therefore their 

current efficiency. The two OTAs in Fig. 2-3 have the same transconductance, as can be 

derived below, 
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vv
BiBig 




 







.                                       (2-4) 

Again, the DC tail currents Itail in Fig. 2-3 can be used for the above transconductance 

tuning. Compared to the OTA in Fig. 2-3(a), the one in Fig.2-3(b) has an additional 

common-mode feedforward (CMFF) circuit comprising MC1, MC2 and MC3 to further 
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enhance its common-mode rejection. The sizes of MC1, MC2, and MC3 should be properly 

selected to achieve a common-mode transconductance gain of Bgm,M1, in order to 

optimize its common-mode cancellation with the B-size PMOS transistors at the outputs, 

which have a common-mode transconductance gain of -Bgm,M1. There are many more 

differential OTAs with different variations for various purposes, which will be discussed 

in the next section. 

 
Figure 2–3. Differential-input/output CMOS OTAs from [16] with permission © 2000 IEEE. 

 

2.2 OTA Trends 

Currently, high frequency, high linearity, and low power are the three main concerns 

of CMOS OTAs. With many efforts, researchers have made significant progress in these 

three aspects of CMOS OTAs, especially the latter two. Meanwhile, there are still 

challenges in each aspect as well as in combining these three aspects. Tradeoffs have to 

be made among these aspects in designing practical OTAs. The current trends on these 

aspects are reviewed below. 
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2.2.1 High Frequency 

As mentioned previously, OTAs are regarded as a good candidate to replace 

OPAMPs for high-frequency applications. OTAs that can operate up to several 

hundred MHz have been reported [3]~[13]. For higher frequencies, such as those 

above 1 GHz, new technologies and techniques are required. 

CMOS scaling technology is one driving force behind the high-frequency 

OTAs. OTAs are built using transistors which mainly determine the OTA 

frequencies. Transistors with high cutoff frequency (fT) and high maximum 

oscillation frequency (fMAX) are desired. Most OTAs developed using long-channel 

CMOS technologies (>0.5 m) had frequencies limited to 100 MHz or less 

according to [16] and its references. As the characteristic lengths of CMOS 

devices are scaled down, both their channel delays and capacitive parasitics are 

reduced, which increases the cutoff frequencies of the transistors. Current CMOS 

0.18-m technology with fMAX up to 40 GHz has been well commercialized [20], 

and 0.13-m, 90-nm, 65-nm, and even 45-nm technologies are also available to 

researchers, all with much higher fMAX than the 0.18-m technology [21], [22]. 

These submicron and deep-submicron advanced technologies offer significant 

potential for various OTAs to be implemented at RF and even microwave 

frequencies. However, the study of RF/microwave OTAs circuits using these 

advanced technologies is still in its infancy. 

Besides the scaling technology, OTA topologies are also very important for 

high-frequency OTAs. For an OTA in a given CMOS technology, capacitive 
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parasitics can be reduced by optimizing its topology in order to maximize its 

frequency. To this end, simpler topologies are preferable. Those OTAs with 

multiple stages [4], [6] have complicated structures and are not suited for this 

high-frequency purpose. As previously discussed for the second-type OTAs, the 

use of current mirrors to combine one differential output current with the other 

results in different time delays for the two paths, which is also not suitable. The 

simplest topology is the mentioned single-transistor common-source 

transconductor that probably has the least parasitics in all possible topologies. It 

has been used in some RF/microwave circuits that we will describe later. 

Shortcomings accompany with this simplest topology yet, such as the low output 

impedance, low linearity and small available transconductance. The described 

cascode topologies are a good solution, which have an excellent balance between 

complexity and performance. They have been widely used in low noise amplifier 

designs at RF and microwave frequencies [23]. It will be shown in the rest of this 

thesis that the cascode topologies are also very useful for high-frequency OTAs. 

2.2.2 High Linearity 

Linearity is a common issue of OTAs no matter what frequencies they work at. 

This can partly explain why considerable attention was given to this linearity issue 

in the past.  

The output currents of a CMOS differential pair depend linearly on its input 

gate voltages only when small input signals are applied. Otherwise, high-order 

nonlinear terms must be included in the expression of the OTA output current [16], 
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These nonlinear terms cause significant distortion of the transconductance, which 

reduces the desired fundamental signal and presents harmful inter-modulation 

products at the output of the OTA [24], [25]. 

To alleviate the nonlinear problem, several techniques have been proposed. 

One simple way is to directly put a voltage divider before an OTA, such that the 

input voltage of the OTA itself is kept small for its linear operation. However, it 

also reduces the available transconductance as a tradeoff. Source degeneration 

illustrated in Fig.2-4 is a common way to reduce the nonlinearity, which also 

reduces transconductance usually by an order of the source degeneration factor N 

[16]. The two topologies presented in Fig.2-4(a) and Fig.2-4(b) utilize 

degeneration resistors at the sources which realize the same transconductance and 

degeneration, and can be exchanged. Shown in Fig.2-4(c), (d) and (e) are three 

active source-degeneration topologies based on the second topology in Fig. 2-4(b). 

The degeneration resistor is simply replaced by a triode MOSFET in Fig.2-4(c). 

The one in Fig.2-4(d) also uses triode-MOSFETs, but with an additional internal 

mechanism that increases its transconductance for large signals, hence its linear 

range is expanded [26]. The last topology in Fig.2-4(e) utilizes two saturated 

transistors (M2) with their drains connected to their gates for the degeneration. Its 

third-harmonic distortion can be reduced by a factor of N2, compared to its 

transconductance reduction of N due to the degeneration [26]. 
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Figure 2–4. Source-degeneration linear techniques from [16] with permission © 2000 IEEE. 
 

Some intelligent ways were also developed by means of an algebraic sum of 

nonlinear terms so that the nonlinear terms were automatically cancelled, yielding 

only a linear fundamental term in the ideal case [16]. Fig.2-5 shows two cross-

coupled topologies for the nonlinearity cancellation at the top and their practical 

implementations using MOSFETs at the bottom. Both topologies come from the  
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Figure 2–5. Linear techniques using nonlinear-term sum cancellation from [16] with permission 
© 2000 IEEE: (a) multiplication-sum technique, and (b) squaring-sum technique (V1= -V2). 

 

high-order nonlinearity cancellation techniques for multipliers [16], [27]. Fig.2-

5(a) presents a multiplication-sum technique and Fig.2-5(b) a squaring-sum 

technique. They cancel out the generated high-order nonlinearities in 

multiplication-sum and squaring-sum operations, 

)(2)()( 211221 VVVVVVVVVVV AAAAA  ,                                          (2-6a) 

)(4])()[(])()[( 21
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where VA is a constant voltage for both topologies. The floating constant voltage VA in 

Fig.2-5(b) can be implemented using a simple source follower [28]. 
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Techniques combining the above source-degeneration topologies and cross-coupled 

topologies also exist to further enhance the nonlinearity reduction [25], [26]. Fig. 2-6 

presents one technique combining the topologies of Fig. 2-4(d), Fig. 2-4(e), and Fig. 2-5, 

a complex combination technique. A byproduct of the linear techniques in Fig. 2-4(d) and 

Fig. 2-6 is a reduction in power consumption. The issue of power consumption is 

discussed below. 

 
Figure 2–6. A complex combined linear technique from [26] with permission © 1999 IEEE. 
 

2.2.3 Low power 

Power performance plays an important role in mobile communications. Portable 

devices in mobile systems always require low power consumption in order to extend 

battery life. Non-portable devices also require low-power feature in order to save their 
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energy costs as well as to ease their thermal considerations. To use OTA circuits that 

contain several OTAs in such devices, low power operation of each OTA is required. 

The power consumption of an OTA is determined by two factors: its DC 

voltage supply and its DC current. This indicates two primary ways to obtain low 

power performance. The aforementioned CMOS scaling technology can enable 

low-voltage operations of the transistors, which allows the OTAs to operate at low 

voltage supplies, and thus is regarded as one primary way to reduce the power 

consumption.  

The other primary way is related to current-reduction techniques, which can 

reduce the DC currents flowing through the OTAs without significantly affecting 

their transconductance, i.e., their power efficiencies can increase. Class-AB OTAs 

can accomplish this task. A class-AB OTA differs from a common OTA in that the 

class-AB has an adaptive bias circuit [19], [29]-[32]. A simplified class-AB OTA 

is shown in Fig. 2-7(a). The adaptive bias circuit can make the quiescent currents 

very low in order to dramatically reduce static power dissipation. When a large 

input signal is applied, it can automatically boost dynamic currents well above the 

quiescent currents, yielding an intelligent way to make full use of the DC currents. 

Accordingly, the above linear topologies in Fig. 2-4(d) and Fig. 2-6 are also class-

AB OTAs. The adaptive bias circuit in Fig. 2-7(a) is actually a local common-

mode feedback (LCMFB) network, which can be realized using the level-shifter in 

Fig. 2-7(b). The OTAs in [29], [30] adopt two level-shifters with a cross-coupled 

structure for their two input transistors, while the work in [19] utilizes two level-
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shifters to control the common-mode node of its input differential-pair.  The latter 

has an advantage over the former in that the latter’s lowest current in the 

differential pair is never less than the DC current of its level-shifter IB, and none 

of its input transistors is in cutoff [19]. Using a single level-shifter also exists [31], 

[32], but with a lower output current and a requirement for an extra common-mode 

sensing circuit.   

 

Figure 2–7. (a) Simplified class-AB amplifier and (b) a level-shifter. 
 

2.3 OTA Applications 

Together with the developments of CMOS OTAs, OTA applications were also 

explored in a variety of interesting analog circuits, from simple components such 

as variable resistors and active inductors, to more complicated circuits, e.g. filters 

and oscillators. Some of the applications either have been demonstrated or are 
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potential at RF/microwave frequencies. These applications and their theories are 

briefly reviewed below. 

2.3.1 Variable Resistors 

Variable resistors are the simplest applications of the OTAs. There are two 

types of OTA variable resistors, positive and negative, depending on their 

feedback polarities.  

Fig. 2-8 presents two positive resistors realized using negative feedback on 

the differential OTAs [2]. One is a single-ended version and the other is a floating 

version. The input impedance of these two versions can be derived by assuming an 

input voltage vi and an input current ii for each version: 

miii givZ /1/  ,                                                  (2-7) 

where all OTAs are assumed to have a transconductance gm. At frequencies much 

lower than the cutoff frequency of the OTAs, gm is real, thus Zi becomes a resistor. 

Note from (2-7) that this resistor can be variable by changing gm. The control 

 
Figure 2–8. OTA variable resistors (a) single-ended variable resistor (b) floating variable resistor 
after [2]. 
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voltage of the OTA for this purpose is not shown in Fig. 2-8. OTA variable 

resistors with capacitors can compose OTA-C filters, where the variable resistors 

can be used to tune the filter frequencies. More details will be described in a later 

section. 

Because a negative feedback on an OTA in Fig. 2-8(a) creates a positive 

resistor, it is easily understood that positive feedback on an OTA can result in a 

negative resistor, as illustrated in Fig. 2-9(a). Its input impedance can be derived 

using the same way: 

RgivZ miii  /1)/( .                                        (2-8) 

Note that the positive feedback inverts the input current’s direction, creating the 

minus signs in (2-8), i.e., the negative resistor. A floating negative resistor can be 

generated from Fig. 2-8(b) in the same manner. These negative resistors can also 

be tuned by changing gm. A negative resistor can be used either to compensate a 

filter’s loss or to provide gain for an oscillator. A simplified common application 

 

Figure 2–9. (a) OTA negative variable resistor, and (b) its application in a loss 
compensation for a LC tank circuit. 
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is shown in Fig. 2-9(b) where an OTA negative resistor is used to compensate the 

loss of an LC tank circuit. A filter implemented this way can achieve a Q-factor of 

100 at 200MHz using older 2-m CMOS technology [12]. By using current 

submicron or deep submicron technologies, much higher frequencies can be 

expected. 

2.3.2 Active Inductors 

Silicon CMOS technologies are widely used for analog and RF/microwave designs 

due to the previously-mentioned unique properties for their active devices. In contrast to 

these active devices, their passive devices, especially on-chip inductors, suffer problems 

from their lossy silicon substrate. The on-chip inductors are so close to the low-resistance 

silicon substrate that they generate eddy currents in the substrate beneath them. These 

eddy currents, in return, cause the loss and thereby reduce the Q factors of the inductors. 

Low Q factors degrade circuit performance, such as phase noise and gain. On-chip 

inductors also consume much larger IC areas compared to the active devices. Multiple 

techniques were developed to reduce the loss with on-chip inductors by using some 

substrate modifications, such as silicon-on-insulator (SOI) [33], [34], [35] and 

micromachining [36], [37], [38]. Although these techniques can significantly reduce the 

substrate loss of the on-chip inductors, they require special processes which are complex 

and expensive. Some other techniques were also developed using the existing processes 

including patterned ground shields [39], [40] and active inductors. The latter will be 

addressed below. 

Compared to the on-chip spiral inductors, an active inductor has a higher Q factor 
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and occupies a smaller IC area due to its composition of only active devices and 

capacitors, and thus is attractive to researchers. An active inductor contains an impedance 

inverter that “inverts” a real capacitor into a virtual inductor. Its input emulates a real 

inductor’s voltage and current. Fig. 2-10 illustrates diagrams for a single-ended active 

inductor and a floating active inductor using OTAs [2]. In Fig. 2-10(a), the two OTAs in 

a negative feedback loop construct the impedance inverter. The voltage and the current  

 

Figure 2–10. (a) single-ended active inductor, and (b) floating active inductor after [2]. 
 

on its right are related to each other through the capacitor C: 

sCvZvi oLoo  / ,                                                       (2-9) 

where io = gm1 vi and  vo=ii /gm2 according to the two OTAs. Substituting them into (2-9) 

yields 

21 mmi

i
i gg

sC
i
v

Z  .                                              (2-10) 

It is clear that (2-10) is an expression of an inductor, with an inductance value of 
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21 mm gg
CL  .                                                         (2-11) 

The derivation for the floating active inductor in Fig. 2-10(b) results in the same 

expression [2]. The virtual inductor can be electronically tuned by changing the two 

OTAs’ transconductances, gm1 and gm2. This tunable characteristic offers designers 

another choice to tune circuit frequencies besides varactors.  

Some active-inductor implementations using two transistors are presented in Fig. 2-

11, where each transistor works as an OTA in order to achieve high frequency operations 

[41]. The transistors are in common-source (CS), common-drain (CD) and common-gate 

(CG) respectively, and the intrinsic capacitance of the transistors is exploited for the 

capacitor C of each active inductor. Taking the implementation in Fig. 2-11(a) for 

 

Figure 2–11. Two-transistor active inductors using CS-CD and CG-CS topologies after [41]. 
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example, its capacitor C comes from the gate capacitance of T2 (Cg) and the drain 

capacitance of T1 (Cd): 

dg CCC  .                                                       (2-12) 

Note that each implementation necessarily contains a common-source amplifier for its 

negative feedback loop. Various implementations with more transistors are also available 

for better performance [41]. 

2.3.3 Filters 

2.3.3.1 OTA-C Filters 

Filters that are constructed using OTAs and capacitors are called OTA-C filters or 

Gm-C filters. OTA-C filters were probably the most popular applications of OTAs in the 

past at low frequencies [1], [2], [16]. Their design processes and theories were well 

developed. It will be seen that all the filter functions including low-pass, band-pass, high-

pass and band-stop, can be conveniently realized using OTA-C filters. The inherent 

flexible frequency-tuning and Q-tuning of these OTA-C filters make them superior to 

passive filters. As the OTA’s frequency is being extended, operations of such filters at RF 

and microwave frequencies could be possible. The following descriptions will depend on 

the ideal OTA model. 

An OTA integrator is the simplest OTA-C filter, which can be regarded as a first-

order lowpass filter, as shown in Fig. 2-12. It consists of only an OTA and a capacitor, 

simpler than an OPAMP integrator [1]. The transfer function for this integrator can be 

derived as 
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which is an integration function in the Laplace domain and has a lowpass property. 

 
Figure 2–12. OTA integrator. 

 

Fig. 2-13 gives four structures of second-order OTA-C filters based on the 

OTA integrators and resistors [2]. Their output expressions are shown on the right. 

Note that each structure contains a global negative feedback. The low-pass, band-

pass, high-pass, and band-stop functions can be flexibly realized using these four 

structures by selecting the proper input from VA, VB, and VC. For example, a second- 

order lowpass function can be obtained by choosing VA as the input and grounding VB 

and VC in Fig. 2-13(a). Its transfer function becomes: 

212121
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 ,                                  (2-14) 

which has a second-order lowpass property. The other input configurations of Fig. 2-13(a) 

to realize bandpass, highpass and bandstop functions and their transfer functions are 

listed below respectively [2]: 

VB=input, VA=VC=0,    
212121

2
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mmm

m
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 ,                   (2-15) 



Chapter 2. OTA Review 

 27 

VC=input, VA=VB=0,    
212121

2
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 ,                   (2-16) 

VA=VC=input, VB=0,    
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2
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 .                 (2-17) 

 

Figure 2–13. Four second-order OTA-C filter structures after [2]. 
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Similarly, the structures shown in Fig. 2-13(b), (c) and (d) can be also configured to 

implement all the filter functions the same way.  

Among the four filter functions, the band-pass function is the most relevant to 

RF and microwave applications, therefore it is chosen for further discussion here. 

For this purpose, VB is chosen as the input with VA and VC grounded for all of the 

structures in Fig. 2-13. Derivation of their centre frequencies from their output 

expressions in Fig. 2-13 results in a unified expression [2]: 

21

21
0 CC

gg mm .                                                  (2-18) 

It is obvious from (2-18) that their centre frequencies can be electronically tuned by 

changing gm1 and gm2. Their Q factors are given in different expressions [2]: 

Structure (a):      
21

12

m

m
gC
gC

Q  ,                                                     (2-19) 

Structure (b):      
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Structure (d):      
1

221

3

1
C

Cgg
g

Q mm

m

 .                                         (2-22) 

One can see that the four structures have tunable Q factors by tuning their OTA 

transconductances. Further scrutiny of (2-18), (2-20), (2-21), and (2-22) reveals more 

characteristics of the lower three structures. First, frequency-independent Q-factor tuning 
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can be achieved by varying gm3 while keeping gm1 and gm2 fixed. Secondly, considering 

the filter bandwidth =o/Q, the tuning of gm1 or gm2 has the same contribution to the 

centre frequencies o and the Q factors of the lower two structures because their 

expressions both include a term 21 mm gg , yielding a constant-bandwidth tuning property 

for both structures. Furthermore, the last one has a constant gain in the tuning of gm1 and 

gm2 because its output expression has the same coefficient of the s term in its numerator 

and denominator. More tuning freedom can be expected with more OTAs in these filters, 

but at the expense of achieving high-frequency and low-power performance. 

2.3.3.2 High-Frequency Filters 

Direct use of active inductors in place of their passive counterparts in RF/microwave 

LC filters is straightforward, because the theories for these LC filters, such as ladder 

filters and composite filters, have been well developed [42], [43]. There are design tables 

and appropriate computer software to generate the filters’ component values, resulting in 

the other convenient way to design filters using OTAs. Among these filters, LC second-

order band-pass filters are the simplest and they have been demonstrated up to 

RF/microwave frequencies using different active inductor topologies [41], [44], [45] 

derived from the previous two-transistor topologies. The capacitors for the active 

inductors were made of the device parasitic capacitance in these filters to maximize their 

frequencies. Q factors up to several hundreds were reported with loss compensations [44], 

[45]. Because a second-order bandpass filter only offers limited filtering characteristics 

on its pass band and stop bands, it is desired to develop higher-order active LC filters for 

RF/microwave applications. These filters are under development now. 
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2.3.4 Oscillators 

Similar to the OTA-C filters, there are also OTA-C oscillators. An active inductor is 

the main component of these oscillators. Fig. 2-14 illustrates two oscillator structures [46]. 

By comparing to the single-ended active inductor in Fig. 2-10(a), one can see that Fig. 2- 

 
Figure 2–14. OTA-C oscillators after [46]: (a) 2OTA3C, (b) 3OTA3C, and (c) their unified 
equivalent circuit model. 



Chapter 2. OTA Review 

 31 

14(a) contains a shunt resonator with a single-ended active inductor (C1/gm1/gm2) and a 

capacitor C2. The gain to start and sustain its oscillation comes from the active inductors. 

In order for the oscillation to start more easily, an OTA negative resistor can be added in, 

just as the one in Fig. 2-10(b). There are more different oscillator structures based on Fig. 

2-14(a) and Fig. 2-14(b) according to [46], however, all these oscillators can be 

simplified to a unified equivalent circuit model in Fig. 2-14(c), which has an LC 

resonator with a negative resistor. It was reported that a 69-MHz oscillation was achieved 

by one of these oscillator structures using 2-m CMOS technology [46]. 

RF/microwave oscillators using active inductors are also possible [47], [48]. They 

were constructed using similar topologies as the OTA-C filters above, but exploited 

current advanced deep submicron technologies and also replaced the capacitors with the 

device capacitive parasitics in their active inductors in order to maximize their 

frequencies. The oscillator in [47] can work up to 3 GHz and the one in [48] can even 

operate up to 5.1 GHz. However, both oscillators have very low output swings, less than -

14 dBm and -21 dBm respectively, resulting in extremely low power efficiencies. 

2.4 Summary 

This chapter provided a general review of CMOS OTAs. Three types of CMOS 

OTAs with different input/output configurations were described first, followed by a 

summary of the current trends on high frequency, high linearity, and low power CMOS 

OTAs, including their techniques and challenges. Thereafter, some popular OTA 

applications including filters and oscillators were presented and discussed. 
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Chapter 3   High-Frequency OTAs 
 

3.1 Introduction 

While numerous CMOS OTAs with bandwidths exceeding several hundred MHz 

have been reported [3]-[13], there are comparatively few OTA designs that have broken 

into the GHz range. The previous high-transconductance OTA topologies [16] that used 

current mirrors to combine their output currents suffered from different time delays 

between their signal paths. Some other recent OTA topologies developed for high 

linearity [3], [10], [11] had large parasitics from their complicated structures and could 

only work below 100 MHz. 

A single-transistor common-source amplifier is the simplest OTA with the least 

parasitics, which has potential for high-frequency applications [41], [44], [45]. However, 

multiple drawbacks come with this single-transistor OTA. One drawback is its relatively 

low drain-source output impedance, which reduces its available transconductance to the 

output load. The existence of the gate-drain capacitance Cgd, typically about 30%-50% of 

the main gate capacitance [23], is the second drawback. It induces coupling between the 

input and the output (Miller effect), which can further reduce the available 

transconductance and the bandwidth. When this single-transistor transconductor was used 

to build active inductors [44], [45], its small transconductance caused a loss. The lossy 

active inductors then had to depend on extra gain blocks to compensate their loss, which 

increased the circuit complexity. The third drawback is its nonlinearity. The nonlinearity 

reduces OTA output swing (i.e., the output power) and degrades the large-signal 
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performance of OTA circuits, such as their 1-dB compression point (P1dB) and third-

order intercept point (IP3). The recently-reported microwave oscillators [47], [48] are 

two examples having very low output power characteristics due to their nonlinearity. 

To alleviate the problems above, cascoding is a very promising solution. As 

described in Chapter 2, the cascode topologies have relatively simple structures that are 

preferable for high-frequency operations. Furthermore, the additional transistors not only 

reduce their Miller effect and increase their output  impedance, but also help to stabilize 

the drain voltages of their input transistors, which increases their linearity [49], [50]. 

The cascoding techniques are studied in more detail below as a background review. 

Thereafter, a very high-frequency fully-differential OTA using a novel feedforward-

regulated cascode topology is proposed in this thesis [51], [52]. The OTA has a large 

transconductance over a frequency span of 10 GHz. Right after the proposal, an in-depth 

theoretical treatment of the OTA’s gain and frequency response is carried out, which has 

very good agreement with its simulation and measurement results. Studies on its other 

vital properties such as the noise performance and the effects of process variations, 

device mismatch, and power supply noise are conducted as well. Given that microwave 

circuits are predominantly characterized using s-parameter test sets and spectral domain 

techniques, a set of purpose-built microwave circuits using the OTA are designed to 

demonstrate its microwave performance including its high-frequency transconductance, 

P1dB, and IP3. The latter two are of particular interest of microwave applications. These 

demonstrations are detailed at the end of this chapter. 



       Chapter 3. High Frequency OTAs 

 34 

3.2 Cascoding Techniques 

Fig. 3-1 redraws the two typical cascode transconductors from Chapter 2. Their 

analyses follow, which will reveal their superior performance for high frequency OTAs. 

 
Figure 3-1. Cascode OTAs from [16] with permission © 2000 IEEE: (a) basic cascode 
transconductor, and (b) regulated cascode transconductor. 

 

 In the basic cascode transconductor in Fig. 3-1(a), the bottom common-source 

transistor M1 usually works in its triode region for better linearity [16]. The additional 

transistor M2 at the top is in a common-gate configuration with its gate biased by a 

constant DC voltage Vb, so any change of its source voltage will cause the change of its 

gate-source voltage and thus the change of its drain-source current, which in reverse 

prevents the above source voltage change. Therefore, the transistor M2 sometimes is 

treated as a DC voltage follower, which keeps its source voltage stable. The stability of 

this voltage, i.e., the drain-source voltage of the transistor M1, can increase the linearity 

of the cascode. This improvement can be explained by investigating the drain current 

expressions of the triode transistor M1 in both long-channel and short-channel cases [53],  
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where K’, W, L, VT, and Esat denote the process transconductance parameter, gate width, 

gate length, threshold voltage and saturated electrical field respectively. They are all 

constants related to device physics. If VDS remains constant too, it is clear that both 

equations become linear functions for the output current IDS on the gate-source voltage 

VGS, i.e., the input voltage. Since the output current of the whole cascode can be 

approximated by the drain current of M1, the two linear functions above result in two 

constant transconductances for the cascodes in both cases: 

Long channel: DS
GS

DS
m V

L
WK

dV
dI

g ' ,                                                           (3-2a) 

Short channel: 
)/(1

1'
LEV

V
L

WK
dV
dI

g
satDS

DS
GS

DS
m 

 .                              (3-2b) 

The introduced transistor M2 also increases the total output resistance of the cascode 

by both creating isolation between the output and ground and providing a stable drain-

source voltage to M1. The stable drain-source voltage helps to reduce M1’s channel-

length modulation and thus increases its output resistance [54]. The total output 

resistance of the cascode can be mathematically derived from its output resistance model 

shown in Fig. 3-2. The resistors r1 and r2 represent the drain-source resistances of the 

transistors M1 and M2 respectively. Meanwhile, the transistor M2 has a drain current 
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source equal to -gm2vgs=gm2vs, where vs is its source voltage. If it is assumed that a voltage 

vx at the output node induces a current ix, we will have equations from Fig. 3-2: 

sx vriv  22 ,                                                        (3-3a) 

11rivs  ,                                                               (3-3b) 

)( 221 smx vgiii  ,                                          (3.3c) 

where i1 and i2 are marked in Fig. 3-2 and have the usual meaning. Solving the above 

equations yields the output resistance: 

21122 )( rrrrg
i
vr m

x

x
o  .                                          (3-4) 

The second term and third term in (3-4) are usually small compared to the first term and 

can be neglected. Note that cascoding the original transistor M1 with an extra transistor 

M2 at least increases the output resistance from r1 to (gm2r2)r1, by a factor of gm2r2. This 

factor is usually in a range of 20 to 100 [55]. Thus the increase of the output resistance as 

a result of cascoding is significant.  

 

Figure 3-2. Output resistance model of the basic cascode OTA. 
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The additional transistor creates isolation between the output and input too, which 

reduces the input-output capacitance Cgd. It significantly reduces the input equivalent 

capacitance, which largely depends on Cgd:  

)1( GCCC gdgsin                                                 (3-5) 

Note that Cgd is multiplied by a factor including G, which is the voltage gain and is 

usually large. This is the Miller effect. With the input equivalent capacitance reduced, the 

cut-off frequency of the OTA is extended, thus its bandwidth. 

The regulated cascode transconductor shown in Fig3-1(b) is an enhanced cascode 

transconductor, although it has the same transconductance expressions as the single 

cascode transconductor given in (3-2). A local negative feedback using an amplifier A is 

applied on the transistor M2 to regulate its source voltage and further enhance its stability. 

Any change of its source voltage is inversely amplified by a factor of A and applied to its 

gate, thus the total change of its gate-source voltage will be (A+1) times that of the source 

voltage. It will induce higher drain-source current to cancel the change with the source 

voltage compared to the basic cascode transconductor, and thus further improve the 

transconductor’s linearity. Its output resistance can be derived from its output resistance 

model in Fig. 3-3 using the same way above: 

21122 ])1[( rrrrgA
i
v

r m
x

x
o                                     (3-6) 

Again, the second term and third term can be ignored compared to the first term in (3-6). 

Note that the output resistance is approximately increased by a factor of (A+1) compared 
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Figure 3-3. Equivalent circuit model of the regulated cascode transconductor. 

 

 
 

Figure 3-4. Regulated cascode OTAs using different feedback regulation topologies: (a) a 
common-source amplifier (T3) after [54] and (b) a common-source amplifier plus an additional 
OTA (gm) after [50]. 
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to that of the basic cascode transconductor, or a factor of [(A+1)gm2r2] compared to that 

of the single-transistor common-source transconductor. 

Some implementations of the above feedback amplifier A including a common-

source amplifier and an additional OTA were suggested [50], [54], resulting in different 

regulated cascode OTA topologies as illustrated in Fig. 3-4. Other than these two 

topologies, an inverter was also suggested to be suitable for the amplifier A [16]. 

Comparing the two topologies in Fig. 3-4, the latter configuration provides higher 

feedback regulation gain and thus more stable drain-source voltage of the bottom 

transistor, but at the expense of more complicated feedback circuitry and thus slow 

frequency response. The slow frequency response of the feedback can cancel the voltage 

stability enhancement from the voltage regulating at high frequencies, and in the worst 

case, deteriorate the cascoding performance. 

 

3.3 Feedforward-Regulated Cascode OTA 

The CMOS OTA proposed in this thesis is presented in Fig. 3-5(a) [51], [52]. It has 

differential inputs and differential outputs, which facilitates both positive and negative 

feedback in most OTA circuits [2]. The OTA contains two PMOS regulated cascodes 

(T1/T2 and T5/T6) and two NMOS regulated cascodes (T3/T4 and T7/T8), where the PMOS 

cascodes have the same configuration as the NMOS cascodes and their DC currents are 

controlled by the two DC current sources at the bottom (T9 and T10). The CMOS 

configuration of this OTA simplifies its DC bias and makes its output symmetric. Instead 

of the previous local negative feedbacks, this OTA uses a negative feedforward method  



       Chapter 3. High Frequency OTAs 

 40 

 

Figure 3-5. (a) Proposed CMOS fully-differential OTA using negative feedforward-regulated 
cascodes, (b) one pair of cross-connected cascodes. 
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for its four regulated-cascodes to speed up the regulating process. They are realized by 

two pairs of cross connections between the PMOS cascodes and the NMOS cascodes, 

which also work as the coupling between the two differential paths. To simplify the 

explanation of the feedforward configuration, Fig. 3-5(b) shows only one pair of the 

connections between the right PMOS cascode and the left NMOS cascode. Here we 

assume that a large differential signal (vin+ and vin-) is fed to the OTA, e.g. vin+ is at its 

high voltage with its signal polarity of (+) and vin- is at its low voltage with its signal 

polarity of (-) in Fig. 3-5(b). If the cross connections did not exist, this large differential 

signal would cause a decrease of the drain voltage vd4 of the transistor T4 and an increase 

of the drain voltage vd5 of the transistor T5, which are marked with their signal polarities. 

The changes of the drain voltages would decrease the transconductance’s linearity of the 

transistors T4 and T5 [49], [50]. With the cross connections, however, these drain-voltage 

changes can simultaneously cause an increase of the gate-source voltages of transistors T3 

and T6, or an increase of their drain-source currents. The increase of their drain-source 

currents reduces the above changes of the drain voltages vd4 and vd5. Therefore, the drain 

voltages vd4 and vd5 are kept stable through this process even if there is a large input 

signal. The other two cascode PMOS and NMOS transconductors not shown in Fig. 3-5(b) 

work in the same way as the ones just described. Because the regulating voltage of each 

cascode transconductor does not come from the output but instead from the other 

differential input, these regulating voltages are called negative feedforward rather than 

negative feedback. 

In the previous OTAs using feedback-regulated cascodes in Fig. 3-4, their feedback 
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networks always introduce a delay during the voltage regulation process. However, the 

proposed feedforward topology can completely remove the regulating delay if vd4 and vd5 

in Fig. 3-5(b) change at the same time, which can be attained by properly selecting the 

width ratio between the PMOS and the NMOS transistors. The use of the complementary 

FET configuration has additional benefits such as enabling a symmetric output voltage 

swing and a high transconductance. It also eliminates the need for any DC block and 

additional biasing circuitry when this OTA is cascaded with copies of itself, which greatly 

simplifies overall system designs. 

3.4 OTA Theoretical Analyses 

High-frequency analysis of the proposed OTA is carried out below. The results will 

be compared to the simulation and measurement results in next section. A noise analysis 

with a noise model of the OTA is provided as well, which, to the best of our knowledge, 

is the first time for regulated cascode OTAs. With minor changes, this noise analysis can 

be applied to the other regulated cascode OTAs. 

3.4.1 High-Frequency Analysis 

Fig. 3-6(a) shows a high-frequency equivalent circuit of the left-half of the OTA in 

Fig. 3-5(a), where the transistor parasitics are modeled with an input capacitance Cin and 

impedances Z1~4 and Z9. The parasitics are determined using the generic MOSFET 

transistor model shown in Fig. 3-6(b). The transistor’s body is isolated from the substrate 

by an N well for a PMOS or a triple well for an NMOS, to allow for a source-body 

connection. The equivalent circuit model in Fig. 3-6(a) can be simplified to the one  
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Figure 3-6. (a) High-frequency equivalent circuit model of the left half of the OTA in Fig. 3-5, (b) 
high-frequency MOSFET transistor model, (c) simplified circuit model of the proposed OTA. 
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shown in Fig. 3-6(c) in order to obtain the OTA’s high-frequency transconductance and 

input/output impedance. 

In the circuit of Fig. 3-5(a), the top transistor T1 is modeled by a variable channel 

resistance Rch1 in Fig. 3-6(a), because it operates in triode. Its RF current id1 is given by: 

 inmd vgi 11 ,                                                         (3-7) 

where vin+ is one of the differential RF input signals and the transconductance gm1 can be 

calculated using the following expression derived from the short-channel drain current in 

the linear region [53], 
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Transistor T2 in the PMOS cascode works in the saturation region and its RF current is 

given by: 

222 gsmd vgi  ,                                                         (3-9) 

where vgs2 is the gate-source voltage, and the transconductance gm2  is calculated using 

the equation,  
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As described in the previous section, the gate voltage of this PMOS device has an inverse 

polarity relative to its source voltage vd1. If they are assumed to be exactly offset from 

each other, its gate-source voltage vgs2 becomes –2vd1 and therefore (3-9) can be changed 

to, 
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122 2 dmd vgi  ,                                                           (3-11) 

as illustrated in Fig. 3-6(a).  

In a similar fashion, the RF currents in the NMOS cascode in Fig. 3-5(a) are given 

by: 

433 2 dmd vgi  ,                                                      (3-12a) 

)( 944 dinmd vvgi   ,                                           (3-12b) 

where vd4 and vd9 are the drain voltages of T4 and T9 respectively, as shown in Fig. 3-6(a). 

gm3 can be calculated from (3-10) and gm4 from (3-8). Equation (3-12b) is different from 

(3-7) because of the bottom transistor T9 used for DC biasing purposes, which is modeled 

by the impedance Z9. 

The four shunt impedances, Z1 to Z4, are used to model the high-frequency parasitics 

of the cascode transistors. These impedances together with Z9 are given by: 

])(//[ 1
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22222
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 dbsdbsdsch CjRCRZ  ,                                 (3-13c) 
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 dbsdbsds CjRCZ  ,                                          (3-13d) 

])(//[// 1
99999

 dbsdbsdsch CjRCRZ  ,                                 (3-13e) 

where Cds1~4 and Cds9 are the drain-source parasitic capacitances due to the interconnects 

and the gate oxide. From the transistor generic model in Fig. 3-6(b), these capacitances 
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can be calculated from: 

gsogdogsmgdm
dsmds CCCC
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 ,                         (3-14) 

where Cdsm, Cgdm, and Cgsm are parasitic capacitances due to the interconnects. Cgdo and 

Cgso are the gate-drain and gate-source capacitances due to the gate oxide, and each is a 

combination of the gate-channel capacitance (Cgc) and the gate-drain/gate-source overlap 

capacitance (Cov) in Fig. 3-6(b) [56]. Rdbs1~4, Rdbs9, Cdbs1~4 and Cdbs9 in (3-13a)~(3-13e) 

are the drain-source parasitics through the body as illustrated in Fig. 3-6(b). Rch1~4 and 

Rch9 are the transistor channel resistances. In the case of Rch2 and Rch3, they are usually 

large in the saturation region and can be ignored for the first-order approximation. The 

channel resistances Rch1, Rch4, and Rch9 can be derived using, 
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Fig. 3-6(c) is a final simplified circuit model derived from Fig. 3-6(a). It has two RF 

output currents from the PMOS/NMOS cascodes (ip and in), two output impedances (Zp 

and Zn), and one input capacitance Cin.  

The output currents can be derived from the equivalent circuit model in Fig. 3-6(a) 

as (see Appendix A-1 for the derivation): 
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and from these current equations, the overall OTA transconductance is found to be, 
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Clearly, the OTA transconductance has an imaginary part due to the included complex 

impedances and the significance of this will be discussed later. As a check, if all the 

impedances in (3-17) are set to infinity, the transconductance becomes gm,OTA=gm1+gm4, 

which is the expected result without parasitics. 

As illustrated in Fig. 3-5(a), the OTA’s input vin+ is connected to the gates of the 

transistors T1 and T4, so the input impedance Cin of the OTA seen at vin+ is mainly 

capacitive (represented by Cin), and is given by: 

41 ggin CCC  ,                                                (3-18) 

The capacitances Cg1 and Cg4 can be calculated using, 

)1)(()( GCCCCC gdmgdgsmgsg  ,                         (3-19) 

where Cgs and Cgd are the gate-source and gate-drain MOS capacitances , and Cgsm and 

Cgdm are the parasitic capacitances of the interconnects. G is the voltage gain between the 

drain voltage and the gate voltage [55]: 
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where vd refers to the drain voltage of T1 or T4, and can be computed using (A2)~(A6) in 

the Appendix A-1. The second term in (3-19) is due to the Miller effect. 

The total output admittance of the OTA using the equivalent circuit in Fig. 3-6(c) is: 

npout ZZY /1/1  ,                                        (3-21) 

where Zp and Zn are the output impedances of the PMOS and NMOS cascodes 

respectively and they are given by (see Appendix A-2 for their derivations too), 

2111122 )//()//(2 ZRZRZZgZ chchmp  ,                      (3-22a) 

394494433 )//()//(2 ZZRZZRZZgZ chchmn  .                (3-22b) 

Equation (3-22a) suggests that the output impedance of the regulated cascode at high 

frequencies is increased approximately by a factor of 2gm2Z2 compared to its common-

source stage. The linearity of the OTA is increased by a similar factor, which has positive 

implications for large-signal operation. The 3-dB cutoff frequency of the OTA can be 

estimated from the model in Fig. 3-6(c) using the open-circuit time-constants (OCs) 

method [23] 
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where the OTA output is assumed to be connected to a capacitive load CL. If CL is the 

input capacitance of the other identical OTA, this equation will give a cutoff frequency of 

about fh=h /2=3.5GHz for the proposed OTA. 
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3.4.2 Noise Analysis 

The output noise of a basic cascode is mainly determined by its common-source 

stage [57], [58], while a regulated cascode has different noise contributions due to the 

feedback or feedforward mechanism. Little work has been devoted to the noise analysis 

of the regulated cascodes, thus it is essential here to carry out an analysis of the proposed 

feedforward-regulated OTA, which can be used to analyze the other regulated cascodes 

with minor changes. Fig. 3-7 gives a thermal noise model of the OTA, where only the left 

NMOS cascode and the right PMOS cascode are shown and each transistor is 

accompanied with a channel thermal noise current, ignoring gate induced noise for 

simplicity. The high-frequency parasitics (Z1~Z9) are also ignored. The channel thermal 

noise current of each transistor is given by, 

fgkTi xdxxn  ,0
2

, 4  ,                                               (3-24) 

where the subscript x denotes the specific transistor in question, and  and gd0 refer to its 

bias-dependent factor and zero-bias drain conductance respectively. To determine the 

noise current output from the left NMOS cascode, the two noise voltages at nodes vd4 and 

vd5 are computed first: 
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In the above it is assumed that Rch4<<1/gm3 and Rch5<<1/gm6. The noise current output of 

the left NMOS cascode is then, 
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where the noise current 2
3,ni is cancelled out due to its correlation with the current source 

gm3(vd5-vd4) via vd4, which is denoted with a minus sign in (3-26). This is consistent with 

the case of the basic cascode [57], [58]. Similarly the output noise current from the left 

PMOS cascode (not shown in Fig. 3-7) is: 
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resulting in a total output noise current on the left half of the circuit of, 

 

Figure 3-7. Thermal noise model of the proposed OTA. 
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Using (3-24), (3-28), and the simplified OTA transconductance without parasitics, 

gm,OTA=gm1+gm4, the noise excess factor of the OTA can be determined, 
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which is a key parameter to determine the transconductor noise performance [59]. The 

first two terms in the numerator of (3-29) are the noise contributions without regulation, 

which is the case of the basic cascode, and the remaining two terms model the extra noise 

contribution from the feedforward regulation. This extra noise contribution also exists in 

other regulated cascodes.  

3.5 Microwave Performance 

Several circuits were fabricated in order to characterize the performance of the OTA 

and to demonstrate its microwave capabilities. They were all implemented using a 

standard 0.18-m CMOS process. The basic OTA cell measured 145 m x 67 m and 

used a DC supply voltage of ±1.4 V. 

3.5.1 Transconductance and Frequency Response 

Because an OTA has a voltage input and a current output, it is not possible to do a 
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direct microwave measurement of its transconductance (gm,OTA) using an S-parameter test 

set. Therefore, the OTA was used to make the previously-described synthetic OTA 

resistor [2] redrawn in Fig. 3-8(a) and by measuring the resistor’s reflection coefficient 

(S11) with an S-parameter test set it is possible to find its input admittance using, 
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(b) 

Figure 3-8. (a) Block diagram and (b) microphotograph of the fabricated OTA synthetic resistor 
with pads (outlined by the black ring). 
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and from this, the OTA transconductance can be approximated using |gm,OTA|Re(YR) 

according to the previous description of this resistor. The justification for this approach to 

find the transconductance is that a synthetic resistor is the simplest possible OTA circuit. 

The imaginary part of YR can be used to determine the OTA input/output parasitic 

capacitance. A microphotograph of the fabricated synthetic resistor under test is 

illustrated in Fig. 3-8(b), where the input of this resistor was on the right with a G-S-G 

port (coplanar-waveguide port) for its high-frequency measurement. 

The OTA synthetic resistor was on-wafer tested using a probe station and an Agilent 

8510C Network Analyzer with a 50-GHz Agilent 8517B S-parameter Test Set. At the 

beginning of the S-parameter test, the network analyzer was calibrated down to the tip of 

the coplanar-waveguide (CPW) RF probe using an SUSS MicroTec CSR-3 GSG100-250 

calibration substrate, which has Open, Short, Load and Through terminals for the 

calibration. The power of the network analyzer was set to -20 dBm. The obtained S 

parameters from this test were then used to calculate the OTA’s transconductance and its 

input/output capacitance. Fig. 3-9 and Fig. 3-10 show the calculated, simulated, and 

experimental results for the transconductance and the input/output parasitic capacitance 

of the OTA, and they match well with each other. The theoretical curves are calculated 

using (3-17) in the previous section, the simulated results are using the Agilent ADS 

package, and the measured curves are from the above synthetic resistor measurement. As 

revealed in Fig. 3-9, the OTA can achieve a large transconductance of about 11 mS 

throughout an ultra-wide band of 10 GHz. From Fig. 3-10, the input/output parasitic 

capacitance CP of the fabricated OTA is about 0.13 pF. 



       Chapter 3. High Frequency OTAs 

 54 

The effects of process variations and device mismatch on the OTA’s 

transconductance and parasitic capacitance were also examined [60], [61], [62]. There are 

two types of process variations, global and local. As per [62], global variations affect all 

the devices on a single IC in the same manner, e.g., reducing the lengths of all MOSFETs 

by the same amount, while local variations make the different performance of two or 

more devices on the single IC, resulting in the device mismatch. Accordingly the device 

mismatch is also called an intra-die variation sometimes. The device mismatch is more 

harmful than the other process variations on the circuit performance and the process yield. 

Therefore, it is often treated separately from the other variations in the previous studies. 

A Monte Carlo simulation is specially designed to study the effects of process variations 

and device mismatch in order to estimate the process yield in a statistic way [60], [61], 

[62]. It is carried out here to examine their effects on the OTA’s transconductance and 

parasitic capacitance. In the simulation, 1% deviation with a Gaussian distribution in the 

transistor W/L ratio is applied to all devices. Both process-variation and device-mismatch 

models were turned on in the simulation. Fig. 3-11 displays the simulated distributions of 

the transconductance and parasitic capacitance concentrated on their most-expected 

values. A comparison of the two distributions also reveals that the OTA’s 

transconductance is less sensitive to the process variations and device mismatch than the 

input/output parasitic capacitance. 

Power-supply noise can also affect the performance of the OTA, especially at 

microwave frequencies. Power-supply sensitivity was simulated on the OTA at different 

frequencies and the results are listed in Table 3-1. In the simulation, a small signal is 
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Figure 3-9. Proposed OTA’s transconductance (VC=-0.55V). 

 

Figure 3-10. Input/output parasitic capacitance of the proposed OTA (VC=-0.55V). 
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Figure 3-11. Distributions of the transconductance and the input/output parasitic capacitance with 
1% deviations of W/L for all transistors in the Monte Carlo simulation (@2GHz). 

 

added to a DC supply node which is then coupled to the circuit output. The coupling loss 

is defined as a power-supply-rejection-ratio (PSRR). This coupling loss was obtained 

using an S-parameter simulation. A higher PSRR suggests better circuit immunity against 

the power-supply noise. As indicated in Table 3-1, at low frequencies this OTA has a 

high PSRR of over 86 dB while at microwave frequencies the PSRR drops to 30-40 dB. 
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This degradation is due to the increased power-supply noise coupling to the OTA’s 

output at microwave frequencies by means of the parasitic reactance. To alleviate the 

impact of the high-frequency PSRR degradation, on-chip shunt capacitors are usually 

introduced at the DC power supply nodes on microwave ICs to create virtual RF grounds 

at those points. This approach was used in the circuits that follow. 

Table 3-1. Power supply rejection ratios (PSRR) from the simulation. 

PSRR (dB) @10MHz @4GHz 

PSRR+ (for 

V ) 

90.4 41.5 

PSRR- (for 

V ) 

86.2 36.9 

 

3.5.2 Power and Intermodulation Distortion  

A single-stage fully-differential microwave amplifier shown in Fig. 3-12(a) was 

specially designed to test the power and intermodulation distortion behavior of the OTA. 

Fig. 3-12(b) shows a microphotograph of the fabricated amplifier equipped with two G-

S-G-S-G differential CPW ports for its input (top) and output (bottom). The IC measures 

0.14 mm2 and dissipates 56 mW of DC power. In the schematic, a resistor feedback 

network consisting of R2 and R3 is used to convert the current output of the OTA to a 

voltage output, va. Two identical resistors, R1, were used for wideband input impedance 

matching to the external 50-ohm measurement system and a pair of voltage followers was 

used at the output also for impedance matching. The gain of this test amplifier can be 

easily obtained by exploiting the symmetry of the circuit, 
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(a) 

 
(b) 

Figure 3-12. (a) Schematic and (b) microphotograph of the single-stage differential amplifier. 
 

Note that the voltage followers are assumed to be ideal in the derivation of (3-31), i.e., 

vo+=va. In the physical implementation, R2 = 300 Ω, R3 = 1500 Ω, and |gm,OTA|=11mS, 

which give a gain of |G|=3.6V/V in theory. Now taking into account the actual voltage 

loss through the followers, the total gain of the test amplifier is about 4.25 dB (see Fig. 3-

13 below). 
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An output power (Pout) versus input power (Pin) measurement was performed on the 

test amplifier at 2.0 GHz in order to determine the output 1-dB compression point (P1dB)  

of the OTA, which is a key linearity metric in microwave circuits along with the third 

order intercept point (IP3). A 44-GHz Agilent E4446A PSA-Series Spectrum Analyzer 

with a probe station and two differential Cascade Microtech GSGSG-100 probes was 

used for the on-wafer P1dB test. A single-ended microwave signal from a 40-GHz 

Anritsu MG3694A Signal Generator was divided using an external 180º hybrid for the 

amplifier’s differential inputs and its differential output was combined using the other 

external 180º hybrid.  The hybrid, cable and probe losses were estimated by directly 

connecting the input probe to the output probe with a differential Through line on a SUSS 

MicroTec GSGSG100 calibration substrate before the test. These losses were thereafter 

de-embedded in the P1dB test. The measured Pout versus Pin curve is shown in Fig. 3-13 

and it reveals an input P1dB of -5.4 dBm with an output power of -2.5 dBm.  

A two-tone test was also done to measure the intermodulation distortion of the OTA 

and to determine its IP3, which is plotted in Fig. 3-14. The required two-tone input 

signals were f1 = 1.99GHz and f2 = 2.01GHz from two 40-GHz Anritsu MG3694A Signal 

Generators and an external power combiner was used to combine them and produce the 

input for the same test setup as for the above P1dB test. All losses with the external 

power combiner, the 180º hybrids and the cables were also estimated and de-embedded in 

the IP3 test. The graph in Fig. 3-14 shows a high input IP3 (IIP3) of 6 dBm and a high 

output IP3 (OIP3) of 8 dBm. In fact, the OIP3 of the OTA itself can be even better than 

this because the single-transistor voltage followers in the test amplifier limit the output 
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Figure 3-13. Measured P1dB compression point of the test amplifier in Fig. 3-12(a). 

 

 

Figure 3-14. Measured IP3 intermodulation of the test amplifier in Fig. 3-12(a) with two-tone 
signal inputs. 
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IP3. The measured input P1dB and IIP3 above are well predicted by the simulations of 

this amplifier, where they are -6.3 dBm and 6.2 dBm respectively. 

3.5.3 Demonstration Circuits 

Two larger circuits, each containing two OTAs, were designed and fabricated to 

further demonstrate the superior microwave capabilities of the developed OTA: an active 

inductor and a microwave oscillator. The latter was constructed using the former. 

3.5.3.1 Active Inductor 

The active inductor is created using the well-known topology illustrated in Fig. 3-

15(a), where the proposed OTA is engaged. The ideal input impedance looking into this 

active inductor according to the previous chapter is, 

'
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It is clear that the OTAs transform the parasitic capacitance, Cp, into an inductance 

L=Cp/(gm,OTA1gm,OTA2). According to the previous section, the transconductances gm,OTA1 

and gm,OTA2 have an imaginary part though due to the circuit parasitics at high frequencies. 

Writing them in exponential forms with 1 and 2 as their phase angles respectively, (3-

32) can be rewritten as, 
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(a) 

 
(b) 

Figure 3-15. (a) Schematic and (b) microphotograph of the fabricated active inductor with pads 
(outlined by the black ring). 

 

The real part in (3-33) represents a negative resistance if 1 and 2 are small. This 

negative resistance can be used to compensate the loss in the active inductor to achieve a 

high Q factor and if the negative resistance is large enough then it can also be used to 

implement an oscillator as described later. The imaginary part in (3-33) represents the 

modified reactance of the active inductance L. Taking the other parasitic capacitance CP 

on the right side of the impedance inverter into account, not shown in Fig. 3-15(a), the 

active inductance becomes 
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where L is obtained from (3-33). 

The fabricated active inductor under test is illustrated in Fig. 3-15(b) with a CPW 

port connected to its input on the right. The same on-wafer S-parameter test setup as for 

the previous OTA synthetic resistor was used. The active inductance and its series 

resistance were calculated from the measured S-parameters in this test. Fig. 3-16 and Fig. 

3-17 show the inductance and series resistance from both the simulation and 

measurement, where the simulations well predict the measurement results. The active 

inductor can achieve a relatively constant inductance of about 4.7 nH up to 2.5 GHz at a 

control voltage of Vc=-0.55V both from the simulation and measurement results. The  

 
Figure 3-16. Inductance of the active inductor (Vc=-0.55V). 
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Figure 3-17. Series resistance of the active inductor (Vc=-0.55V). 

 

active inductance varies with the OTA control voltage Vc. A maximum inductance of 17 

nH was measured at a control voltage of Vc=-0.66V, resulting in an inductance tuning 

ratio of 1:3.6. The self-resonant frequency of the active inductor is about 3.1 GHz as seen 

in Fig. 3-16. As predicted by (3-33), this active inductor can achieve zero series a  or even 

negative series resistance (shown in Fig. 3-17). Therefore, high-Q circuits can be realized 

using this active inductor without any extra gain block. Extra gain blocks like the 

negative-impedance circuit in [44] are usually used to compensate for the loss in circuits 

such as oscillator and active filters, which however could reduce their operational 

frequencies and increase their power consumptions. According to (3-33), the negative 

series resistance is proportional to the frequency , which is verified in Fig. 3-17. At low 

frequencies, the negative series resistance is not large enough to cancel out the 

connection resistance, resulting in a positive resistance at those frequencies in the 
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measurement. Compared to their passive counterparts, active inductors have relatively 

high noise and low linearity, which are their drawbacks. 

A Monte Carlo simulation was also carried out on the active inductance of the 

fabricated OTA active inductor at 2 GHz with Vc=-0.55V. The result is shown in Fig. 3-

18. It indicates that the active inductance has a better immunity against the process 

variations and device mismatch compared to the OTA’s transconductance and 

input/output parasitic capacitance in Fig. 3-11. 

 

Figure 3-18. Distribution of the active inductance in Fig. 3-16 with 1% deviations of W/L for all 
transistors in the Monte Carlo simulation (@2GHz). 

 

3.5.3.2 Microwave Oscillator  

Fig. 3-19(a) shows the implemented microwave oscillator using the above active 

inductor and a small capacitor C0 to create its LC-tank. A voltage follower is placed right 
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after the LC-tank to drive the external 50-Ohm load RL. The follower is a common-drain 

transistor (T10) with a current mirror (T11 and T12) to bias T10. The required gain to start 

and sustain the oscillation stems directly from the negative resistance of the active 

inductor. This eliminates the need of any additional gain block and makes the design of 

the oscillator simple and compact. The oscillation frequency is determined by the LC-

tank: 

eq
VCO LC

f
2

1
 ,                                           (3-35) 

where Ceq includes C0 and the parasitic capacitance from the following follower.  

A microphotograph of the fabricated oscillator is presented in Fig. 3-19(b), and it has 

a core size of only 400m x 260 m (excluding the bonding pads). The oscillator 

consumes 95 mW of DC power from a battery power supply, which helps to stabilize its 

oscillation frequency in its phase noise measurement. The Agilent E4446A PSA-Series 

Spectrum Analyzer was used for the test. Fig. 3-20 shows the measured oscillation 

spectral output at the fundamental tone with a resolution bandwidth (RBW) and a video 

bandwidth (VBW) both of 1.8 MHz and Fig. 3-21 displays the measured wideband 

spectral graph that includes the harmonic outputs with RBW=VBW=3MHz. As 

illustrated, the fabricated oscillator operates at 2.89 GHz and delivers -8 dBm of 

microwave power at this frequency. Due to the high linearity of the OTAs, the oscillator 

exhibits 20 dB and 37 dB suppression of the second and third-harmonic outputs 

respectively, as revealed in Fig. 3-21. 
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(a) 

 

(b) 

Figure 3-19. (a) Schematic and (b) microphotograph of the fabricated active-inductor-based 
oscillator. 
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Figure 3-20. Measured output fundamental spectrum of the oscillator at VC=-0.55V. 

 

 

Figure 3-21. Measured output harmonic spectra of the oscillator at VC=-0.55V. 
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Fig. 3-22 depicts the oscillator frequency versus the OTA control voltage (Vc). The 

oscillator fundamental output frequency can be tuned by almost 200 MHz from 2.7 GHz 

to 2.89 GHz. This control voltage tunes the value of the active inductor and thereby 

changes the LC tank’s resonant frequency. Fig. 3-22 also shows the output powers of the 

fundamental, 2nd and 3rd harmonics (P1, P2, and P3) versus the control voltage. The 

fundamental output power only varies between -7 dBm and -8 dBm, while the 2nd and 3rd 

harmonics are lower than -27 dBm and -44 dBm respectively in this tuning. 

 

Figure 3-22. Measured harmonic output powers and frequency versus the OTA control voltage. 

 

The measured phase noise of the oscillator at 2.89 GHz is presented in Fig. 3-23. In 

this measurement, the Signal-Track function of the spectrum analyzer in its phase noise 

mode was turned on with Smoothing=4% and Filtering=VBW/RBW=0.1. Due to the high 

Q factor of the active inductor, a very low phase noise (in the inductorless oscillator 
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category) of –109 dBc/Hz, -116 dBc/Hz and –126 dBc/Hz is achieved at frequency 

offsets of 100 KHz, 1 MHz, and 10 MHz respectively. This phase noise result is 

approaching the minimum achievable phase noise for inductor-less oscillators [63]. 

A comparison between this oscillator and recent works reporting inductorless 

oscillators in the similar microwave range [47], [48] is shown in Table 3-2, and it is clear 

 

Figure 3-23. Measured phase noise of the oscillator at 2.89 GHz. 

 

Table 3-2. Comparisons between this work and the recent works. 

Oscillators using active inductors This work [47] [48] 
CMOS Technology 0.18 m 0.18 m 0.18 m 

Output Power (dBm) -7 to -8 -14 to -22 -21 to -29 
DC to RF Power Efficiency (%) 0.21% 0.14% 0.03% 

100 KHz offset -109 @ 2.89 
GHz 

-78 @ 2.9 
GHz 

-60 @ 1.67 
GHz 

1 MHz offset -116  @ 2.89 
GHz 

-102  @ 2.9 
GHz 

-90 @ 1.67 
GHz 

Phase noise 
(dBc/Hz) 

10 MHz offset -126  @ 2.89 
GHz 

-122 @ 2.9 
GHz 

-90 @ 1.67 
GHz 
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that this oscillator outperforms the others regarding their output powers, power 

efficiencies, and phase noises. Especially this work has much higher output power than 

the others, suggesting its significant linearity improvement from using the developed 

linear OTA. Except for the high Q factor of the active inductor, a high and stable voltage 

supply is also considered as the reason for the better phase noise of this work.  

3.6 Summary 

A feedforward-regulated cascode OTA has been proposed, analyzed, and 

experimentally demonstrated in this paper that can operate at very high frequencies. The 

OTA has a large transconductance and it also has high linearity and low intermodulation 

distortion, which makes it very suitable for implementing numerous types of microwave 

integrated circuits. An active inductor and a microwave active-inductor-based oscillator 

were designed for demonstration purposes using the OTA in this work, and the latter can 

achieve a relatively large output voltage swing with a very low phase noise. More 

complicated microwave applications using the developed OTA are explored in next 

chapters. 
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Chapter 4   Wide Tuning-Range Bandpass Filter 
            — OTA Application I 

 

4.1 Introduction 

The first microwave application of the developed high-frequency OTA is an active 

bandpass filter, which will be described in this chapter [64]. It employs a novel coupled-

resonator topology with identical OTA active inductors to realize narrowband filtering. 

Due to the tunability of the developed OTA, the fabricated active bandpass filter has a 

wide tuning range from 1.56 GHz to 2.07 GHz with sharp cutoff stopbands and relatively 

flat passbands in the experiment. It is the smallest MMIC filter reported to date and its 

power consumption is only 41 mW, which compares very favorably with previous 

coupled-resonator active filters. Whereas the previous works used various expensive III-

V technologies, this work, to the best of our knowledge, is the first in CMOS.  

Bandpass filters are needed in wireless communication and broadcasting systems, 

where they can be placed in the front-end of a receiver after its low-noise amplifier (LNA) 

to remove interfering RF signals and noises. They are also found in many wired systems 

for the same purpose, such as cable TV networks and internet. To reduce the weight and 

cost of such systems, miniaturization of their devices including bandpass filters is 

desirable. Monolithic-microwave-integrated-circuit (MMIC) is one promising technique 

for this purpose. 

RF/microwave bandpass filters are traditionally implemented using passive 

components, such as surface-acoustic-wave (SAW) filters [65] and inductor-capacitor 
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(LC) filters [43], [66]. SAW filters are well-known to have low insertion-losses, flat 

passbands and sharp cut-off stopbands, and are able to work up to 3 GHz. For instance, a 

commercial 1.855-GHz SAW filter from [65] has a small insertion loss of about 2.2 dB in 

its 60MHz passband and more than 45-dB stopband suppression at 45-MHz offset from 

its 3-dB cutoff frequencies. However, SAW filters can not be integrated because they call 

for electromechanical (piezoelectric) crystals which have to be single stand-alone devices. 

For LC filters, although it is possible for them to be implemented using the MMIC 

technique, they require prohibitively large chip areas for their inductors, especially at low 

GHz frequencies where large-value inductors are usually used. Moreover, their 

requirement for high-Q inductors prevents them from being implemented on silicon, 

which excludes the favorable option of being integrated with digital circuits, i.e., the 

system-on-chip (SoC) option. Therefore, currently most MMIC LC filters are 

implemented using lossless technologies at much higher microwave frequencies, while 

off-chip SAW filters still dominate applications at the low GHz frequencies. 

In order to implement bandpass filters on silicon, active filters are an attractive 

solution, which occupy much smaller chip areas and have high Q factors. Meanwhile, 

they have frequency electronically-tuning properties which are very useful for 

reconfigurable or software-defined radio systems [67], [68], [69]. Active filters are 

usually noisy, but by putting them after the LNA in a receiver, their noise contribution to 

the whole system can be minimized. 

The developed active bandpass filter in this chapter employs a new topology derived 

from a coupled-resonator filter topology, which originates from a ladder filter topology. 
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The previous ladder-filter and coupled-resonator-filter topologies are studied below in 

order to develop a faster way to obtain the proposed filter topology. Meanwhile, the 

problems in CMOS passive implementations of the two topologies are presented for a 

better understanding of the advantages of the designed active bandpass filter, especially 

in narrow-band filtering. 

4.2 Topology Considerations 

4.2.1 Ladder Filter Topology 

The designed active bandpass filter is originally from an LC bandpass ladder filter. 

LC Ladder filters are developed using an insertion loss method and are preferable over 

other LC filters in that they have higher degree of control over their passband and 

stopband amplitude and phase characteristics [43]. The bandpass ladder filter design 

starts from a lowpass ladder filter prototype as shown in Fig. 4-1 [43], [66]. Its 

component values gk (k=1 to N) are either inductances or capacitances. These component 

values are normalized by the source impedance (Z0) and the lowpass filter cutoff 

frequency (c).  

According to the ladder filters’ passband and stopband characteristics, there are two 

most popular ladder filters: Butterworth filters and Chebyshev filters, which have 

different normalized component values gk. Butterworth filters have maximally flat 

passbands but mild cut-off, while Chebyshev filters have sharper cut-off but rippled 

passbands [43], [66]. A Butterworth filter is selected for the design in this thesis, so its 

normalized component values with the filter order N=1 to 10 are listed in Table 4-1 for  
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the design convenience here. Similar tables for the Chebyshev filters with different 

ripples can be obtained from [43], [66]. For higher-order ladder filters, Appendix A-3 can 

be used to obtain their normalized component values.  

 

Figure 4-1. Low-pass ladder filter prototype with normalized component values gk after [43], [66]. 

 

Table 4-1. Normalized component values for Butterworth lowpass filters (g0=1, c=1, N=1 to 10) 

after [43], [66].  

N g1 g2 g3 g4 g5 g6 g7 g8 g9 g10 g11 

1 2.000 1.000          

2 1.414 1.414 1.000         

3 1.000 2.000 1.000 1.000        

4 0.7654 1.848 1.848 0.7654 1.000       

5 0.6180 1.618 2.000 1.618 0.6180 1.000      

6 0.5176 1.414 1.932 1.932 1.414 0.5176 1.000     

7 0.4450 1.247 1.802 2.000 1.802 1.247 0.4450 1.000    

8 0.3902 1.111 1.663 1.962 1.962 1.663 1.111 0.3902 1.000   

9 0.3473 1.000 1.532 1.879 2.000 1.879 1.532 1.000 0.3473 1.000  

10 0.3129 0.908 1.414 1.782 1.975 1.975 1.782 1.414 0.908 0.3129 1.000 
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Table 4-2. Direct transformation of a bandpass ladder filter from its low-pass ladder filter 
prototypes in Fig. 4-1 after [43]. 

 

 

Figure 4-2. 2.1-GHz 3rd-order Butterworth bandpass filter with a 30-MHz bandwidth. 

 

Fig. 4-1 and Table 4-1 are then used to design the bandpass ladder filter. A bandpass 

filter direct transformation from the low-pass filter prototype in Fig. 4-1 is given in Table 

4-2, revised from [43] with Z0 added. As indicated, the series inductors are transformed 

into series LC resonators, while the shunt capacitors are transformed into shunt LC 

resonators. Fig. 4-2 gives a design example for a 3rd-order 2.1-GHz bandpass filter with 
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a 30-MHz bandwidth to study the ladder filter performance. The higher order a ladder 

filter has, the sharper cut-off it possesses, but at the expense of more components. 

Therefore, the 3rd-order is selected here as a compromise. 

The designed ladder filter is simulated at different inductor Q factors, since its LC-

resonator loss mainly comes from its inductors if it is implemented in CMOS technology.  

The inductor Q factor is obtained by changing the series resistance RS in a simplified 

inductor model shown in Fig. 4-3(a) for all the inductors. This filter can ideally realize a 

low insertion-loss and a flat passband with an infinite inductor Q factor, as visible from 

its simulated transmissions in Fig. 4-3(b). However, as the inductor Q factor decreases, 

the passband is rounded and the insertion loss increases dramatically. For instance, the 

insertion loss is over 30 dB at inductor Q=20 in Fig. 4-3(b). This Q factor is even not 

possible for CMOS implementation because a spiral inductor on a lossy silicon substrate 

usually does not have a Q factor over 12. This critical situation explains why most MMIC 

LC ladder filters had to be implemented using more expensive technologies, such as 

GaAs before.  

One more problem with this filter is that the series components have quite different 

values from the shunt components of the same type, either inductors or capacitors. This 

results in some prohibitively large component values for IC implementations such as 

L2=530.5nH and C1=C3=106.1pF, and some too-small component values such as 

L1=L3=54.13pH. According to the transformation in Table 4-2, the difference between 

the series and shunt components of the same types is 1/Δ2 times if the difference of the 

normalized values (gk) is ignored. This means a 4900x difference between the series and 
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shunt component values in the filter in Fig. 4-2 because its Δ is 1/70.  This is the major 

cause of the impractical component values above. The component values are also 

affected by the center frequency 0 and Z0 indicated in Table 4-2. The center frequency 

0 as well as the bandwidth (0Δ) cannot be changed to solve the problem above, 

because these two parameters are usually set before. A system impedance higher than  

 
(a) 

 
(b) 

Figure 4-3. Simulation results of the designed bandpass ladder filter: (a) simplified inductor 
model to obtain the inductor Q factors in the simulations and (b) simulated transmissions at 
different inductor Q factors. 
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Z0=50Ω with additional input/output matching networks can be used to compensate the 

small Δ, but only solves part of the problem, because according to Table 4-2, this 

compensation can only be applied in the shunt resonators to make their inductances and 

capacitances realizable (e.g. L1C1 and L3C3 in Fig. 4-2). In the series resonators (e.g. L2C2 

in Fig. 4-2), the higher system impedance makes the inductances and capacitances more 

impractical according to the same table. An LC coupled-resonator filter topology will be 

described next, which is derived from this ladder filter topology and can solve the 

implementation problem. 

4.2.2 Coupled-Resonator Filter Topology 

To obtain a coupled-resonator filter, all series LC resonators in a ladder filter are 

transformed to shunt LC resonators that are identical or almost identical to other shunt 

LC resonators, so that it can eliminate the impractically different component values 

between the series and shunt resonators in the ladder filter [66]. Together with the 

mentioned higher inner system impedance, a coupled-resonator filter can offer the most 

freedom in the selection of its component values. 

Before the series-to-shunt resonator transformation from a ladder filter, a proper high 

inner system impedance Z0i has to be selected to make its shunt resonators realizable 

according to [66]. It requires a recalculation of its all component values. After the 

component recalculation, -section capacitive impedance inverters are used to 

accomplish the transformation. Fig. 4-4(a) shows the transformed coupled-resonator filter 

example from the previous ladder filter in Fig. 4-2 using two identical impedance 

inverters at both sides of a new shunt resonator L2'C2', the transformed shunt resonator.  
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Figure 4-4 
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The capacitors Cc in the impedance inverters should meet a requirement [66]: 

i
C

Z
C 0

0

1



,                                                (4-1) 

where Z0i is the inner system impedance. The two impedance inverters “invert” the shunt 

resonator L2'C2' to emulate the impractical series resonator L2C2 in the previous ladder 

filter, realizing the series-to-shunt resonator transformation. The negative capacitors (-CC) 

in the impedance inverters do not exist in reality and have to be absorbed by their 

adjacent positive capacitors, as indicated by the arrows in Fig. 4-4(a). The new shunt 

resonator L2'C2' can be obtained using the following equations [66]: 

                                  2
0/ iseriesshunt ZLC  ,                                               (4-2a) 

seriesishunt CZL 2
0 ,                                                 (4-2b) 

which give the transformation between the series resonators in a ladder filter and the 

shunt resonators in a coupled-resonator filter. Alternatively, a direct transformation of a 

coupled-resonator filter from the original lowpass ladder filter prototype (gk) can be used 

to save design time. This can be obtained by combining (4-2) and Table 4-2 with all Z0 

replaced by Z0i, resulting in a new table, Table 4-3 for the direction transformation. This 

table will be used in the following active filter design. 

The new table also facilitates the examination of the transformed resonator here. 

Note that the transformed shunt resonator has exactly the same transformation 

expressions as the other shunt resonators, suggesting that all the shunt resonators 

including L1C1 ,  L2 'C2 ' ,  and L3C3  in Fig.  4-4(a) can be computed using  
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Table 4-3. Transformation of a bandpass coupled-resonator filter (before adjacent-component 
absorption) directly from its low-pass ladder filter prototype in Fig. 4-1. 

 

 

the same expressions below: 
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where gk refers to the normalized component values in Table 4-1. This means that the 

previous impractical series resonator L2C2 is impedance-inverted to the practical shunt 

resonator (L2'C2') that is almost identical to the other realizable shunt resonators L1C1 and 

L3C3 in the coupled-resonator filter in Fig. 4-4(a), except for their different gk. This 

series-to-shunt resonator transformation together with the inner-system-impedance 

method completely solves the impractical component problem with the ladder filter.  

Due to the higher inner system impedance Z0i, two identical input/output matching 
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networks (LmCm) are required to match Z0i to the outer one Z0=50Ω, as shown in Fig. 4-

4(a). The required Lm and Cm can be determined by: 
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where Lm will be absorbed by the adjacent inductors  as well. 

After the transformation and adjacent component absorption above, the final filter in 

Fig. 4-4(b) only contains shunt resonators coupled by capacitors, so named a coupled-

resonator filter. It is a reciprocal filter due to its structure symmetry, a property of a 

Butterworth-type filter. The shunt resonators are slightly different because of their 

different gk and the adjacent-component absorptions. This is illustrated by a design 

example with its real component values shown in Fig. 4-4(b), which are obtained with an 

inner system impedance Z0i=1980Ω and the same design parameters (0, Δ, and gk) as the 

previous ladder filter design example. The component values in Fig. 4-4(b) now are more 

practical for IC implementations.  

Fig. 4-5 displays the simulated transmissions of this filter example at the same 

inductor Q factors as the previous one for a comparison. The same inductor model is used 

in this simulation. One can see that this coupled-resonator filter can realize almost 

identical passband performance as the previous ladder filter in Fig. 4-3(b). The high 

insertion-loss problem in respect of the inductor Q factor still exists though with this filter. 

Besides the inductor Q factor, this high insertion-loss problem is also related to the 



Chapter 4. OTA Application I 

 84 

parameter Δ, or the bandwidth for a fixed center frequency. The insertion-loss can be 

reduced as the parameter Δ or the bandwidth increases. However, it is found that the 

insertion-loss is still over 10 dB for a 3rd-order coupled-resonator filter with a design 

bandwidth of 200 MHz at 2.1GHz at its inductor Q=20. This makes it impossible for 

CMOS passive implementations of narrow-band filtering. 

 
Figure 4-5. Coupled-resonator bandpass filter transmissions at different inductor Q factors from 
simulations. 
 

4.3 Active Bandpass Filter Design 

Active filters are an attractive solution for the realization of CMOS MMIC bandpass 

filters because they have very high-Q active inductors and thus do not have the high 

insertion-loss problem with the passive ladder or coupled-resonator filters talked above. 
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Moreover, they have attractive tuning properties for reconfigurable or software-defined 

radio systems [67], [68], [69]. The selected coupled-resonator topology not only 

eliminates the impractical component values and provides the most freedom in their 

component selections as previously discussed, but also eases the active inductor design 

because only single-ended active inductors are required in it. Previous research [71]~[75] 

on MMIC filters have validated the coupled-resonator topology as a viable approach for 

tunable active filters. 

The proposed active filter topology in this thesis is similar to the coupled-resonator 

filter topology above, but with better tuning and narrowband filtering properties. It 

employs the previous 3rd-order coupled-resonator bandpass filter topology, but with 

three identical active inductors, resulting in a new topology as illustrated in Fig. 4-6(a). 

Each of the three shunt resonators consists of a virtual shunt inductor (LP1 or LP2) and a 

shunt capacitor (CP1 or CP2), which can be calculated using Table 4-3 above. The 

different shunt inductor values (LP1 and LP2) are realized by connecting two different 

series capacitors (CS1 and CS2) of appropriate sizes to the identical active inductors (AI) 

respectively, so that the reactance of each series capacitor subtracts a small amount from 

the reactance of each active inductor, which leads to the effective shunt inductance of, 

2,1
22,1

1

SS
AIPP C
LL


                                               (4-5) 

where LP1,P2 refers to the inductor LP1 or LP2, and CS1,S2 the series capacitor CS1 or CS2.  

LAI is the inductance of the identical active inductors. The topology here differs from the 

work in [73] which had different active inductors with large series capacitors connected 

as their DC blocks and had a fixed operation frequency. 
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Figure 4-6. (a) Active MMIC bandpass filter using a coupled-resonator topology, and (b) tunable 
active inductor using two high-speed OTAs. 
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The use of the identical active inductors here has three benefits: a) any variations in 

the component values of the active inductors during fabrication will be consistent 

throughout the filter and can be more easily mitigated, b) it makes the frequency tuning 

of the filter much more effortless because the resonant frequencies of all the resonators 

can be simultaneously varied using a single control voltage of their three identical active 

inductors, and c) the inductance-subtraction method using CS1 and CS2 above makes the 

available LP1 and LP2 more frequency-dependent, which narrows down the filter’s 

bandwidth, indicating that an initial bandwidth wider than the designed bandwidth can be 

applied in the derivation of its original coupled-resonator filter topology. This reduces the 

parameter Δ and alleviates both the impractical-component problem and the high 

insertion-loss problem related to this parameter. It makes it easier to design a narrowband 

filter, which will be demonstrated below. 

The active bandpass filter design starts from the active inductor design in Fig. 4-6(b). 

The developed OTAs are used in this active inductor topology. The transistor sizes of the 

OTAs are adjusted to get the proper tuning range of active inductance for the designed 

filter. After the available values of active inductors and on-chip capacitors are roughly 

known, the direct transformation developed in the previous section for the coupled-

resonator filter is used to calculate the exactly required shunt-resonator values from gk in 

Table 4-1. The same filter parameters (0 and gk) as in the previous design examples are 

chosen in the calculation, except for an initial wider bandwidth and a different inner 

system impedance. The active filter will be designed to have the same final bandwidth 

though. Once the required shunt inductors (LP1 and LP2) are determined, Appropriate-size 
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series capacitors CS1 and CS2 are designed to gear the available inductance to the required 

values according to (4-5). The design process above has to be run back and forth in order 

to optimize the filter performance including passband/stopband performance, frequency 

tuning, and power consumption. A 200-MHz initial bandwidth and a 1120-Ω inner 

system impedance are finalized to obtain the final component values given in Fig. 4-6(a). 

Fig. 4-7 and Fig. 4-8 show the simulation results of the designed filter with three 

ideal inductors LAI and three active inductors replacing LAI respectively. Fig. 4-7 clearly 

shows the bandwidth shrinkage from its initial bandwidth of 200 MHz to a new 

bandwidth of 60 MHz because of the mentioned inductance-subtraction method. The 

bandwidth further shrinks to the designed 30 MHz in Fig. 4-8 with the three designed 

 

Figure 4-7. Simulation result with three ideal inductors for LAI in the filter: filter transmission 
(S21) and return loss (S11). 
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Figure 4-8. Post-layout simulation result with the three designed active inductors for LAI in the 
filter: filter transmission (S21) and return loss (S11). 

 

active inductors. The frequency-dependent active inductance of the active inductors 

accounts for this further shrinkage. The simulation result in Fig. 4-8 represents the 

superior performance of the designed active filter for narrowband filtering. Compared the 

insertion-loss in Fig. 4-8 (about 1 dB) to those of the previous design examples, the 

designed active inductor has a Q factor much more than 100 in its simulation. Active 

implementation of the filter usually results in high noise and low linearity. A noise figure 

of 30.5 dB and an input P1dB below -20 dBm was observed for the designed active filter 

in the simulation. 

4.4 Experimental Demonstration 

The active bandpass filter was designed and fabricated using 0.18-m CMOS 

technology. A microphotograph of the fabricated filter is presented in Fig. 4-9. The filter 



Chapter 4. OTA Application I 

 90 

measures 520x540 m2 or 0.28 mm2 including bonding pads, resulting in an ultra-

compact size compared to the previous works (see Table 4-4 at the end). The coupling 

capacitors (CC) and the series capacitors (CS1/CS2) were implemented using MOS 

varactors to give an extra degree of freedom for tuning and process variation 

compensation. Metal-insulator-metal (MIM) capacitors were used for the other capacitors. 

The filter consumes 41 mW of DC power on average in the test. 

 

Figure 4-9. Microphotograph of the fabricated bandpass filter. 

 

The active inductor’s control voltage VC was selected to tune the filter’s center 

frequency during the following S-parameter test, which has the same setup for the 

network analyzer as described in the previous chapter. As shown in Fig. 4-10, a very 

wide tuning range of the center frequency from 1.56 GHz to 2.07 GHz was achieved 

from the S-parameter test, i.e., a 0.51-GHz or 28% frequency tuning range. The upper 

limit, 2.07 GHz is very close to the simulated frequency. The insertion loss at the centre 
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frequency varies from 3.5 dB to 6.6 dB over the tuning range. Comparing this insertion 

loss to those of the previous design examples, the active inductor Q factor is still beyond 

100 in this measurement. Furthermore, a highly symmetric frequency response about the 

center frequencies and sharp cutoff in the stopbands are achieved, which agree very well 

with the simulation results. The achieved narrow bands (20 ~ 30 MHz) in this test 

confirm the novelty of the proposed filter topology for narrowband filtering. 

 

Figure 4-10. Measured transmissions at different control voltages VC. 

 

Fig. 4-11 presents the center frequency versus the frequency tuning voltage VC also 

from the S-parameter test. The tuning is quite linear from 1.56 GHz to 2 GHz, about 86% 

of the total tuning range, and it starts to saturate beyond 2 GHz. Fig. 4-12 displays a more 

clear view of its transmission and input reflection coefficient at a center frequency 
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fc=1.96GHz for further study. It shows stopband suppression over 30 dB at 60-MHz 

offset from its center frequency. The input reflection coefficient is less than -6 dB and the 

output reflection coefficient is close to this input one because of the reciprocal filter 

structure. The deviation of the input/output matching capacitors (Cm) is considered as the 

cause of the moderate input/output reflection coefficients. 

 

Figure 4-11. Measured center frequency versus the frequency tuning voltage VC. 

 

A performance summary of this filter and the previous active filters using coupled- 

resonators are shown in Table 4-4 for comparison. The filter in this work is the smallest 

of all by at least a factor of 5, and it has the second largest tuning range. The power 

consumption of this filter (41 mW) compares very favorably with the other coupled- 

resonator active filters in Table 4-4. Furthermore, this filter is the first of its type in a 

digital CMOS technology, with a capability of integration with digital circuits. 
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Figure 4-12. Measured transmission and input reflection coefficient at fc=1.96GHz. 

 

Table 4-4. Active bandpass filter performance summary and comparison. 

Ref. 
Center 
Freq 

(GHz) 

Tuning 
Range 
(GHz) 

Size 
(mm2) 

DC 
Power 
(mW) 

Coupled 
Resonators Technology 

[71] 1.8 0.20 2.4 704 2 GaAs FET 

[72] 2.27 0.86 4.96 300 3 1-m GaAs 
MESFET 

[73] 2.0 0 5.5 -- 3 GaAs 
MESFET 

[74] 4.7 0 -- 150 2 0.5-m GaAs 
MESFET 

[75] 2.32 0.22 1.44 25 3 GaAs/AlGaAs 
HBT 

This 
Work 1.82 0.51 0.28 41 3 0.18-m 

CMOS 
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4.5 Summary 

Active filters are a good solution in solving the high insertion-loss problem with 

high-order bandpass filters in their CMOS MMIC implementations. A very wide tuning-

range MMIC active bandpass filter with a novel topology for narrowband filtering has 

been experimentally demonstrated using CMOS technology for the first time, which 

outperforms the previous active filters regarding their tuning range, size and DC power 

consumption together, despite expensive lossless technologies used for the previous 

active filters. The designed filter is a good candidate for applications in current wireless 

reconfigurable multi-band systems. 
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Chapter 5   ISM-Band Variable Phase Shifter 
                — OTA Application II 

 

5.1 Introduction 

There are many microwave LC circuits other than the described bandpass filter that 

can be implemented using the developed OTA. An ultra-compact MMIC active variable 

phase shifter in the 2.4-GHz ISM band is one example, which will be described here and 

is the second application of the developed OTA after the bandpass filter [76]. 

With more and more multimedia services integrated in portable devices, the demand 

for high data rates in current wireless communications is increased rapidly. The limited 

radio-frequency bandwidth, however, presents a bottleneck for the data rates to be further 

increased in such communication systems. Recently multiple-input multiple-output 

(MIMO) technology [77]–[80] has attracted much attention because it can offer 

significant increases in data rates without any additional bandwidth. A wireless-local-

area-network (WLAN) standard, IEEE802.11n, is currently under development to engage 

this MIMO technology in 2.4-GHz ISM-band applications for very high data rates [81], 

[82]. A typical WLAN MIMO system with its transmitter and receiver architectures is 

shown in Fig. 5-1. It relies on a Spatial-Division Multiplex Access (SDMA) technique to 

provide more channels without additional bandwidth. A key component in its transmitter 

or receiver is a phased array, in which several variable phase shifters adjust the phases 

(time delays) of the multiple antennas, in order to generate the spatial beams for 

multiplexing. Since a MIMO system usually has high circuit complexity, MMIC 
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implementations of the required variable phase shifters becomes beneficial and essential 

to such a system [83]. 

The developed MMIC variable phase shifter is a reflective-type phase shifter 

consisting of a compact three-transistor active circulator and a second-order LC network. 

The use of an active inductor in the second-order LC network makes this phase shifter  

 

Figure 5-1. Typical MIMO system with its transmitter and receiver architectures.  

 

all-active and ultra-compact, with a size of only 0.357 mm2 including bonding pads. The 

phase shifter was designed and demonstrated at 2.4 GHz and has a linear and 

continuously tunable range across the 2.4-GHz ISM band. 
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5.2 Overview of MMIC Phase Shifting Techniques 

 A few MMIC phase shifting techniques are reviewed here to study their suitability 

for implementing 2.4-GHz ISM-band CMOS MMIC variable phase shifters. These 

techniques can be categorized into four types as detailed below with some examples. 

The first technique is the distributed-type (DT) phase shifter using transmission lines 

[84], [85] or metamaterial transmission lines [86] with distributed loads, like the one 

illustrated in Fig. 5-2. By switching/tuning the distributed loads along the transmission 

lines, digital or analog variable phase shifters can be realized. This technique requires a 

transmission line with its length proportional to the signal wavelength though, which 

would result in prohibitively large die sizes for applications in the 2.4-GHz ISM band. A 

slow-wave structure can be applied to reduce its size. Another alternative, as shown in 

Fig. 5-3, is to cascade LC lumped elements to emulate the transmission line in Fig. 5-2 in 

order to further reduce its size. However, given the large number of inductors, the 

insertion loss might be prohibitive due to their low Q factors on silicon. 

 
Figure 5-2. Typical distributed-type (DT) variable phase shifter. 
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Figure 5-3. Typical varactor-loaded LC variable phase shifter. 

 

The second technique utilizes vector sum of two or more RF signals with orthogonal 

phases. Depending on their signal directions, this technique can be further divided into 

two sub-techniques: the forward-type phase shifter (FTPS) [88], [89] and reflective-type 

phase shifter (RTPS) [90]–[92]. FTPS is also known as the vector-modulator phase 

shifter.  Traditionally these two sub-types depend on couplers and power 

dividers/combiners to split the input signal into multiple orthogonal-phase signals and 

combine these signals at the output, as illustrated in Fig. 5-4 and Fig. 5-5 respectively. 

The forward-type variable phase shift is realized by tuning the amplitudes of the 

orthogonal signals before their combination at the output, while the reflective-type 

operates by tuning the phases of the reflected orthogonal signals simultaneously before 

their summation. The reflective-type is generally more compact since it uses the same 

coupler for signal splitting and combining (the split signals in the coupler are reflected by 

two identical tunable elements at the second and third ports, and combined into the forth 

port in Fig. 5-5) while the forward-type has to depend on another coupler or combiner to  
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combine its split signals. In either sub-type of this technique, however, the use of 

wavelength-proportional passive couplers or power dividers/combiners would also result 

in a large die size at 2.4 GHz and limits its applications in this ISM band. Similar to the 

first technique, these wavelength-proportional components can be replaced by lumped-

element couplers implemented by LC networks to reduce the phase-shifter sizes [93]–

[96]. Other nontraditional digital techniques also exist to implement these phase shifters 

without using couplers and power dividers/combiners [97], [98]. 

 

Figure 5-4. Typical forward-type (FT) variable phase shifter using a coupler and a power 
combiner. 

 

Figure 5-5. Type reflective-type (RT) variable phase shifter using a single coupler. 
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Phase shifters that use an all-pass network (APN) fall into the third technique [99]-

[101]. An ideal all-pass network has 0-dB transmission for all frequencies (i.e., the all-

pass property), so it is inherently suited for a phase shifter. Its phase-shift range depends 

on the order of the LC network that it uses. A second-order all-pass network is the most 

commonly used, from which a compact phase shifter can be expected because only one 

LC resonator is involved [99]. Ideally, it has an all-pass transfer function, 
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where 0 and Q refer to the center frequency and Q factor of the LC resonator. This 

transfer function gives the 0-dB constant magnitude and frequency-dependent phase shift: 
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According to (5-2b), variable phase shift can be realized by changing the resonator 

frequency 0. Practical designs of all-pass networks usually deviate from the above ideal 

transfer function, and call for gain elements to compensate the loss due to the non-ideal 

all-pass networks. Moreover, the non-ideal all-pass networks could also result in a gain 

ripple, which presents a finite bandwidth for the phase shifters and could vary the 

insertion loss in their phase shift tuning. 

Variable phase shifters using active inductors were also developed and can be 
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categorized as the fourth technique. They have the same topologies as the previous three 

techniques but with their inductors replaced by the active inductors. As mentioned in the 

above techniques, lumped LC networks can be used instead of passive wavelength-

proportional components to reduce the sizes of integrated variable phase shifters. These 

networks, however, would still occupy a large chip area if they are implemented at 2.4 

GHz because of the required relatively large-value inductors. The low Q factor with these 

large-value inductors is the other problem when they are implemented on a lossy silicon 

substrate. Active inductors in this case become a favorable solution because they can 

provide high-Q inductance while keeping their sizes small compared to their passive 

counterparts, which make the designed phase shifters more compact. Previous phase 

shifters using active inductors can be found in [102], [103]. 

5.3 OTA-based Active Variable Phase Shifter 

An ultra-compact reflective-type variable phase shifter using an active inductor and 

an active circulator will be described here. Whereas another active-circulator phase 

shifter was proposed in [104], only simulation results were given there without 

experimental verification. Here we use the active circulator to isolate the input and output 

signals, and a tunable second-order series LC network is then connected to the 

intermediate port of the circulator to reflect the RF signal, resulting in the variable phase 

shift. 

5.3.1 Phase Shifter Design 

Fig. 5-6 shows a block diagram of the proposed variable phase shifter. It is a 
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reflective-type phase shifter based on an active circulator, but does not use the previously 

described vector-sum technique. The input RF signal is fed into Port 1 of the active 

circulator from the left and transmitted to Port 2. An active-inductor-based LC second-

order network is then placed at Port 2 to reflect the RF signal to Port 3 on the right for the 

output. The phase of the reflected RF signal can be varied by tuning the LC network, as 

explained below. To simplify the derivation, we assume that the active circulator and the 

LC network are both lossless. Furthermore, we neglect the fixed time delay and the effect 

of the finite isolation among the three ports of the circulator. Thus, the transmission from 

ports 1 to port 3 of the circulator equals to the input reflection of the LC network, which 

is given by, 
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where ZLC and Z0 refer to the LC-network impedance and the system impedance 

respectively. ZLC  is given by 

)/1( CLjZ LC   ,                                                (5-4) 

which makes the transmission magnitude |S31| constant. Substituting (5-4) into (5-3) and 

simplifying leads to an expression for the phase shift of the transmission, 
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Equation (5-5) clarifies that tuning either L or C in the LC network can change the phase 

shift.  
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Figure 5-6. Block diagram of the proposed variable phase shifter. 

 

The active circulator used in this work is a full 3-port circulator, as illustrated in Fig. 

5-7(a). It consists of three NMOS transistors connected end to end in a ring using three 

capacitors CF. Each transistor is equipped with a negative feedback using a resistor RF 

and is source-coupled to the other two transistors through a shared source resistor RS. The 

three transistors are biased using the same DC voltage from the ports. Compared to the 

other active circulators [105], [106], this three-transistor topology is the most compact. 

The circulator topology in Fig. 5-7(a) was initially proposed and demonstrated using 

bipolar transistors at a few MHz [107], and was later implemented at microwave 

frequencies using GaAs FETs with high voltage supplies over 10 V [108], [109]. This 

circulator was re-designed using CMOS technology with its voltage supply minimized to 

VDD1=3.5 V in this work. Fig. 5-7(b) shows the simulated S parameters of the designed 

active circulator. The transmissions between the three ports are flat across a wide band of 

about 3 GHz centered at 2.4GHz. Within this band, the isolations and reflections of the 

three ports are all less than –10 dB, resulting in a wideband circulator. 
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(a) 

 

Figure 5-7. (a) 3-transistor active circulator using CMOS technology, and (b) it simulated S 
parameters. 

 

The LC network was designed using a varactor network (C) and an active inductor 

(L), as illustrated in Fig. 5-8. The active inductor topology came from the active inductor 
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using the developed OTA in the previous chapters. The benefit of using the active 

inductor here is obvious that it can make the phase shifter circuit all-active and thus ultra-

compact. The varactor network in Fig. 5-8 comprises a pair of varactors in a series 

symmetric configuration. Their bias is completed through three high-value resistors and 

the bias voltage VVAR. This bias voltage VVAR is used for the phase-shift tuning, i.e., the 

varactors in the LC network are selected to tune the phase shift. 

 

Figure 5-8. LC network with an active inductor. 

5.3.2 Simulation and Experimental Demonstrations 

A microphotograph of the fabricated variable phase shifter is presented in Fig. 5-9. It 

was fabricated using 0.18-m CMOS technology, with an ultra-compact core circuit size 

of 0.186 mm2 or 0.357 mm2 including pads. The active inductor is designed to have an 

inductance of about L=8.5nH with a DC supply of 1.4V, and the varactor network has a 

total capacitance of about C=0.5 pF. This results in a resonant frequency in the 2.4-GHz 
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ISM band for the designed LC network shown in Fig. 5-8. In the measurements, the 

active inductor and the active circulator were first biased to achieve a transmission close 

to 0 dB in the 2.4-GHz ISM band, and then the varactor network was used to tune the 

phase shift. The active inductor and the active circulator consumed about 51 mW and 60 

mW respectively. 

 

Figure 5-9. Microphotograph of the fabricated variable phase shifter. 
 

Fig. 5-10 presents both the simulated and measured phase shift versus its tuning 

voltage (the varactor control voltage) at 2.4 GHz. The measured curve shows that a 

smooth phase-shift tuning range of about 120º is achieved by changing the varactor 

control voltage. This result is reasonably predicted by the simulation for the most part. 

The simulated and measured transmission (insertion loss) and input reflection versus the 

tuning voltage are presented in Fig. 5-11, where both the measured curves are close to the 

simulated ones. The transmission varies from –5 dB to 0 dB from the measurement. The 

change of the transmission versus the varactor control voltage reflects the contribution of 

the varactor capacitance to the Q factor of the LC network, which depends on its inductor, 
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Figure 5-10. Simulated and measured phase shift versus the varactor control voltage at 2.4 GHz. 

 

 
Figure 5-11. Simulated and measured transmission and input reflection versus the varactor 
control voltage at 2.4 GHz. 
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capacitor, and parasitic resistor. This change can be reduced if a finer tuning of the 

OTA’s control voltage VOTA is combined. The input reflection during phase-shift tuning 

is lower than –10 dB, which is also predicted by its simulated curve.  

A stability study of the variable phase shifter was carried out. According to [43], the 

necessary and sufficient conditions for an unconditionally stable network are: 
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where Δ=S11S22-S12S21. These two stability factors are plotted out in Fig. 5-12 for the 

designed phase shifter. It shows an unconditionally stable region from 2.1 GHz to 2.5 

GHz, which covers the 2.4-GHz ISM band. 

 

Figure 5-12. Simulated stability factors K and || for the designed phase shifter. 
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To further investigate the performance of the variable phase shifter over the 2.4-GHz 

ISM band, the phase shift versus frequency at different control voltages were measured 

and the results are displayed in Fig. 5-13. As illustrated, the phase shift curve at each 

control voltage is nearly parallel to the others across the band, with an average phase-

shift tuning range of about 120. Moreover, the linear phase shift versus frequency in 

each curve shown in Fig. 5-13 indicates a constant group delay of the designed phase 

shifter in the 2.4-GHz ISM band. Fig. 5-14 and Fig. 5-15 present the measured 

transmission and input reflection coefficients versus frequency with the same control 

voltages. For all of these control voltages, the variation of the transmission coefficient is 

less than ± 2.5 dB and the input reflection coefficient is lower than –10 dB over the 2.4-

GHz ISM band. The output reflection coefficient varies from -13 dB to -4 dB in the 

above tuning over the same band.  

The output power versus the input power at 2.4 GHz was measured and plotted in 

Fig. 5-16 to characterize the linearity of this phase shifter, which shows an input P1dB of 

about 6 dBm. The cable reconnection after the cable loss estimation accounted for the 

higher insertion loss shown in this plot. At the same frequency, a noise figure 

measurement was conducted with an Agilent 346C K01 Noise Source and the spectrum 

analyzer in its noise figure measurement mode. The spectrum analyzer was calibrated 

with the noise source directly connected to its input port. Thereafter, the phase shifter was 

inserted between the noise source and the spectrum analyzer for the measurement. With 

fixed input/output connection loss compensations at a room temperature of 24 ºC and a 

bandwidth of 1 MHz set in the spectrum analyzer, a noise figure of 23.8 dB was 



Chapter 5. OTA Application II 

 110 

measured for the phase shifter, which is close to its simulated noise figure, 22 dB. This is 

higher than that of those using passive networks/components, as seen in Table 5-1. 

However, if this phase shifter is used in the output stage of a transmitter or after the LNA 

of a receiver as shown in Fig. 5-1, then this noise figure is not very detrimental. 

Simulations were performed to further understand the sources of this noise figure. The 

source-coupled active circulator shows a noise figure of 11 dB (from its Port 1 to Port 3 

with its Port 2 open). The noise analysis of this active circulator can be referred to [105]. 

This noise figure as well as the DC power consumption (Table 5-1) can be reduced if a 

passive circulator is used, but in that case it would have to be off chip. The rest of the 

noise contribution is from the active inductor. 

 

Figure 5-13. Measured phase shift at different varactor control voltages (not in linear steps) 
across the 2.4-GHz ISM band. 
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Figure 5-14. Measured transmission with the phase-shift tuning.  

 
Figure 5-15. Measured input reflection with the phase-shift tuning. 
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Figure 5-16. Measured output power versus the input power. 

Table 5-1. Performance summary and comparison of the previous works and this work. 

Properties This work [87] [94] [95] [99] 

Technology 0.18μm 
CMOS 

0.18μm 
CMOS 

0.18μm 
CMOS 

0.18μm 
CMOS 0.3μm GaAs 

Technique all-active 
RTPS DT FTPS RTPS APN 

Die size 
(mm2) 0.357 2.76 --- 1.08 1.0 

Frequency 
(GHz) 2.4 2.4/3.5/5.8 2.4/5.5 2.4 2.4 

Phase shift 
range 120º 180º 360º (four 

cascades) 105º 100º 

Max. Insertion 
loss (dB) 5 6.6 -4 4.6 5 

Power 
consumption 

(mW) 
111 45 28.8 --- 152 

Input P1dB 
(dBm) 6 --- --- 10 --- 

NF (dB) 23.8 --- --- 12 11.5 
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A performance summary and comparison of this work and the previous MMIC 

variable phase shifters in the same band is shown in Table 5-1. Clearly this variable phase 

shifter has much smaller die size than the other works. Its phase shift range, insertion loss 

and input P1dB are all comparable to the others’.  

5.4 Summary 

In this chapter an MMIC reflective-type active variable phase shifter has been 

presented which is the second application of the developed OTA. The variable phase 

shifter is ultra-compact due to its all-active implementation using CMOS technology. It 

employs an active circulator and an active LC network, where the circulator is very 

compact, using only three transistors. The use of the OTA active inductor makes the 

implemented phase shifter ultra-compact. The phase shifter described here is suited for 

MIMO applications in the 2.4-GHz ISM band. 
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Chapter 6   Active MMIC Quasi-Circulator 
         — OTA Application III 

 

6.1 Introduction 

Thus far, the microwave OTA applications explored have involved active inductors.  

In this chapter it will be demonstrated that OTAs are also suitable to make an active 

MMIC quasi-circulator by means of their current summing function, which is very 

different from the previous applications. The developed MMIC quasi-circulator 

outperforms previous MMIC circulators regarding their signal directivities, chip sizes, 

and DC power consumption. 

Circulators are very common devices in microwave engineering and they are often 

used to separate directional microwave signals, such as a diplexer. A circulator consists 

of three ports, in which signals are propagating from port to port in one direction only. In 

accordance with the signal propagation, there are two types of circulators, full circulators 

and quasi-circulators. As shown in Fig. 6-1, a full circulator has a round signal circulation 

from Port 1 to Port 2 to Port 3 back to Port 1 (P1→P2→P3→P1), while a quasi-circulator 

has only part of the round circulation (P1→P2→P3). This difference can also be seen 

from their ideal S-parameter matrices in Fig. 6-1, where S13 equals to 0 for the quasi-

circulator while it is 1 for the full circulator. Despites of the incomplete circulation of the 

quasi-circulators, they are sufficient for the majority of applications requiring a 

directional device. 

Circulators are predominantly made using ferrite materials, in which directional 
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Figure 6-1. Full circulator and quasi-circulator with their ideal S-parameter matrices. 

 

signal propagation occurs due to the nonlinear properties of the ferrite materials. Ferrite-

based circulators are unsurpassed in terms of power handling capability, which can range 

from tens of Watts to over hundreds of Watts. Yet, there are various applications in 

which high power operation is not required such as in the previous reflective-type phase 

shifters and reflective amplifiers. Ferrite circulators are expensive items because they are 

often individually tuned and tested before reaching the end users. Therefore, to increase 

throughput and reduce manufacturing costs it is desirable to have solid-state, transistor-

based, active circulators and quasi-circulators targeted at low power and small signal 

applications, such as circulators using MMIC techniques. Previous MMIC circulators 

demonstrated to date relied on GaAs FET or bipolar devices. They were either full 

circulators [107]-[109] or quasi-circulators [110]-[113]. The MMIC full circulators in 

[107]-[109] used three transistors in a feedback delta ring configuration and they required 

voltage supplies of over 10 V, which limits their use in low DC power applications. The 

MMIC quasi-circulators in [110]-[112] used a divider-combiner topology due to its 
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simple structure, while other quasi-circulators relied on passive transmission line 

structures [113], which led to large chip sizes, thus making them less attractive from a 

cost point of view. 

In the rest of this chapter, the MMIC active quasi-circulator will be described. It 

consists of an active balun and an in-phase current combiner using the developed OTA. 

Due to the all-active implementation, the fabricated MMIC quasi-circulator has a 

compact size of only 0.25 mm2, the smallest known to date. Experimental results show 

that this circulator has transmissions close to 0 dB with directivities over 24 dB and all 

input reflections lower than -10 dB, within a 3-dB bandwidth from 1.5 GHz to 2.7 GHz. 

6.2 Quasi-Circulator Design 

A block diagram of the proposed CMOS quasi-circulator is presented in Fig. 6-2. It 

consists of an active balun and an in-phase current combiner. The latter comprises two of 

the developed high-speed OTA, OTA1 and OTA2, which are identical in this quasi-

circulator design. The active balun converts any input signal at Port 1 (P1) to two out-of-

phase signals, 0o and 180o. One of these signals is taken as the output at Port 2 (P2) and 

the other is connected to a broadband on-chip 50-Ohm resistor, R1, to balance out the 

external 50-Ohm load at Port 2 and make the two out-of-phase signal paths symmetric to 

each other. The broadband on-chip 50-ohm resistor is realized using a low-resistivity 

polysilicon sheet in the CMOS process. After Port 2 and the resistor R1, the two out-of-

phase signals are fed to the following in-phase current combiner, where the two identical 

OTAs cancel out these out-of-phase signals at Port 3 (P3) so that the signal from Port 1 

does not appear at Port 3, as desired. Practically the isolation from Port 1 to Port 3 
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depends on the amplitude and phase balances of the active balun and the symmetry of the 

two out-of-phase signal paths including the two identical OTAs. 

 

Figure 6-2. Block diagram of the CMOS MMIC quasi-circulator. 
 

If there is an input signal at Port 2, the unilateral active devices in the active balun 

will prevent this signal from flowing backward to Port 1. Instead, it will be fed to OTA2 

to generate a current at its output. Since OTAs have high output impedances, the effect of 

the output impedance of OTA1 on the output current of OTA2 is negligible, and vice 

versa. The input signal from Port 2 is also fed to the non-inverting input of the OTA1 

through a resistor R3 as illustrated in Fig. 6-2, which produces a smaller current output at 

OTA1 with its polarity inverted to that of OTA2, i.e., a negative feedforward current for 

OTA2. This negative feedforward helps to flatten the gain of the OTA2. For balance 

purposes, the other negative feedforward with R2 (R2=R3) and the non-inverting input of 

OTA2 is added for OTA1. The resulting total current output of the OTA’s is converted to 
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a voltage signal at the gate of T1 through its gate capacitance and a gate-bias resistor R4. 

A follower circuit composed of T1 and R5 is used to drive the external 50-Ohm load at 

Port 3. This is the transmission from Port 2 to Port 3. 

Lastly, any input signal to Port 3 will be dissipated in R5 and the source of the 

transistor T1, and will not travel backward to either Port 2 or Port 1 because of the low 

reverse transmissions of the voltage follower, the OTAs, and the active balun, resulting in 

high isolations from Port 3 to Port 2 and Port 1. A quasi-circulator is thus realized with 

the transmissions and isolations described above. 

The active balun in the quasi-circulator is designed using a common-gate common-

source (CG-CS) topology, as illustrated in Fig. 6-3. The CG transistor T2 and the CS 

transistor T3 convert the single-ended input signal from Port 1 to the required out-of- 

phase signals. The use of the CG configuration at the input has an advantage of 

broadband matching to the external 50-Ohm load at Port 1, which eliminates the need for 

 

Figure 6-3. CG-CS active balun to generate the out-of-phase signals. 
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any input matching network. Two voltage followers T4 and T5 are also adopted at the 

output of this active balun for the broadband matching to the external 50-Ohm load at 

Port 2 and the 50-Ohm resistor R1 in Fig. 6-2. The input impedances of the following two 

identical OTAs are high and can be ignored in the above broadband matching. 

6.3 Experimental Demonstration 

The designed MMIC quasi-circulator was implemented using 0.18-m CMOS 

technology. Fig. 6-4 shows a microphotograph of the fabricated quasi-circulator. The 

circulator chip measures a compact size of 686m x 366m or 0.25 mm2 due to its all-

active implementation. Its total DC power consumption is 86 mW, which is much lower 

than those of the other active circulators reported in [108], [112]. 

 

Figure 6-4. Microphotograph of the fabricated CMOS MMIC quasi-circulator. 

Several two-port S-parameter measurements were conducted on the fabricated 

circulator, with its unused port connected to an external 50-Ohm load every time. The 

same S-parameter test setup was used as described in the previous chapters. The 

measured transmissions from Port 1 to Port 2 and from Port 2 to Port 3 are plotted in Fig. 

6-5. It can be seen that both transmissions are close to 0 dB, with S21 varying from 1.5 dB 
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to 2.4 dB and S32 from 0 dB to -3 dB within a frequency range from 1.5 GHz to 2.7 GHz. 

This results in a 1.2 GHz, or 57% bandwidth in the L-band and S-band. The difference 

between S21 and S31 is caused by the different circuit implementations of these two 

transmission paths. However, considering that an ideal quasi-circulator has unity gain (0 

dB) in its forward transmission paths (S21 and S32), the transmissions achieved in this 

work are closer to the desired 0 dB as compared with [108], [110], [112] (see Table 6-1 at 

the end of this chapter). The isolation from Port 1 to Port 3 (S31) is also presented in Fig. 

6-5 to characterize the power cancellation from Port 1 to Port 3. It shows a very high 

isolation from 26 dB to 39 dB in the frequency range above, indicating the benefit of 

using two out-of-phase signals and canceling them at the joined output of the two 

identical OTAs. The measured input reflections of all the three ports are close to or lower 

than -10 dB in the same frequency range, as illustrated in Fig. 6-6. Fig. 6-7 presents the 

other measured isolations including S12, S13, and S23. They are all better than 21 dB 

because of the high reverse isolation of the active devices. P1dB compression point was 

also measured for the transmission from Port 1 to Port 2 at 2 GHz, which is the 

transmitting path when the circulator is used as a diplexer. The same setup for the 

previous P1dB test was used in this measurement.  Fig. 6-8 presents the measured result, 

with an input P1dB point f -6.4 dBm. 

A performance summary and comparison of the previous works and this work are 

listed in Table 6-1. Note that this work is the first circulator using CMOS technology 

(except for the one designed in the previous chapter) while the previous works used GaAs 

technology. The circulator in this work has the most compact size which is smaller than 



Chapter 6. OTA Application III 

 121 

the previous works by at least 3 times in the table. It also consumes the least DC power 

among the works with their DC powers reported and has the best isolation (S31) minimum 

(Table 6-1). Furthermore, regarding the transmissions and directivities, this work also 

shows favorable results compared to the previous works. The directivity is calculated by 

S21/S12 and S32/S23 for the transmitting and receiving paths respectively. 

Now compared to the three-transistor CMOS full circulator designed in the previous 

chapter, this quasi-circulator has much better directivities and isolations since the 

previous one has directivities and isolations close to 11 dB from its simulation. It 

consumes slightly more DC power and chip area than the previous one though. 

Considering the required circulation function, this quasi-circulator can replace the 

circulator in the previous chapter for the variable phase shifter design. 

 

Figure 6-5. Measured transmissions S21 and S32, and isolation S31. 
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Figure 6-6. Measured input reflections of the three ports. 

 

Figure 6-7. Measured other isolations of the three ports. 
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Figure 6-8. P1dB compression point of the transmission from P1 to P2. 

Table 6-1. Performance summary and comparison. 

 This work [108] [109] [110] [112] 

Technology CMOS GaAs GaAs GaAs GaAs 

Circulator type quasi- full full quasi- quasi- 

Chip size (mm2) 0.25 1.1 2.25 0.9 5 

DC power (mW) 86 294 -- -- 650 

Frequency range (GHz) 1.5 to 2.7 0.2 to 2 9.1 to 10.7 0.1 to 10 3.8 to 4.2 

S21 2.4 to 1.5 -6 0 to -3 -2.5 to -7 7.6 Transmissions 
(dB) S32 0 to -3 -6 0 to -3 0 to -6 4 

P1->2 27 18 12.5 31 32.6 Minimum 
Directivities 

(dB) P2->3 24 18 12.5 26 17 

Minimum Isolation S31 
(dB) 26 24 15 10 22 

P1dB for P1->2 (dBm) -6.4@2GHz -- -- -2 @3GHz 10.5@4GHz 
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6.4 Summary 

An MMIC quasi-circulator was implemented using the developed OTA, which 

together with the designed full circulator in the previous chapter, is the first time using 

CMOS technology. This allows them to be easily integrated with other digital circuits to 

miniaturize wireless communication systems. The designed quasi-circulator’s compact 

size, small power consumption, high transmissions, and high directivities here make it 

very suitable for microwave applications from L band to S band. 
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Chapter 7   Conclusions 
 

7.1 Thesis Summary and Contributions 

Previous OTAs seldom worked over 200 MHz. Therefore, pursuing new OTA 

techniques that can break the previous frequency limit was a key objective of this thesis. 

With a study of the previous feedback regulated-cascoding topologies, a feedforward-

regulated cascode OTA that can operate up to microwave frequencies was proposed, 

analyzed, and experimentally demonstrated in this thesis. The developed OTA has a large 

transconductance with high linearity and low intermodulation distortion, which makes it 

very suitable for implementing numerous types of microwave integrated circuits. The 

OTA’s high-frequency and noise behaviors were studied with the derivations of their 

circuit models. To the best of our knowledge, the noise analysis here is the first of its 

kind on regulated cascode circuits and can be applied to the other regulated cascodes with 

minor changes. The effects of process variations, device mismatch, and power supply 

noise on the developed OTA were also analyzed. A microwave amplifier, an active 

inductor and a microwave active-inductor-based oscillator were designed using the 

proposed OTA to experimentally characterize its basic performance. The demonstrated 

microwave oscillator has a larger output voltage swing and better power efficiency than 

the previous oscillators of the same type. It also has a very low phase noise among the 

inductor-less oscillators. The proposal, analysis, and demonstration of the developed 

OTA are the first contribution of this thesis. 

The thesis contributions also come from the three successfully-demonstrated 
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microwave applications of the developed OTA. These applications include an active wide 

tuning-range bandpass filter, a 2.4-GHz ISM-band variable phase shifter, and a 

microwave active quasi-circulator, which are all in CMOS MMIC forms. All three 

MMICs occupy much smaller chip areas than related previous work due to their active 

implementations using the OTA. 

The developed MMIC active bandpass filter has a 28% wide tuning-range around 

1.8 GHz with sharp cutoff stopbands and relatively flat passbands. The proposed novel 

coupled-resonator topology makes it superior for narrowband filtering. This filter is the 

first CMOS high-order bandpass filter, which outperforms the previous active filters 

regarding their tuning range, size, and DC power consumption together. Its size, in 

particular, is 5 times smaller than the next smallest MMIC bandpass filter. The designed 

filter is very suited for applications in current reconfigurable multi-band wireless systems. 

The 2.4-GHz ISM-band active variable phase shifter developed here is ultra-compact 

due to its all-active implementation, occupying only one-third of the chip area of those 

using passive structures in the same band, while their variable phase shift ranges, 

insertion losses, and P1dB are all comparable. This will greatly reduce the sizes of future 

MIMO systems in the 2.4-GHz ISM band, as being developed under the IEEE802.11n 

wireless standard. 

The third application, active quasi-circulator is also the first one using CMOS 

technology, together with the designed full circulator used in the variable phase shifter 

above. Its size improvement is more than 3 times. This size advantage together with its 

small power consumption, low insertion losses, and high directivities make it a good 
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candidate for microwave applications in the L band and S band. 

7.2 Future Work 

The developed OTA is implemented using 0.18-m CMOS technology, which is a 

well-commercialized and low-cost semiconductor process. This enables the low-cost 

implementations of the developed OTA’s applications. To achieve higher frequency 

operations in the future work, more advanced technologies can be applied to implement 

the developed OTA, such as 65-nm CMOS technology. Today’s evolution of 

semiconductor technologies is apt to make more advanced technologies cheaper through 

mass production. Eventually, the costs of those advanced technologies will be reduced to 

acceptable levels, just as the current 0.18-m CMOS technology.  

In the three MMIC applications of the developed OTA, active implementations 

usually make them noisy compared to those using passive structures. It is desirable to 

further study their noise contributions and to search for noise reduction techniques for the 

active implementations in the future work. Active implementations also result in more 

DC power consumption and small signal operations compared to their passive 

counterparts. More efforts can be made to reduce these disadvantages. Moreover, the 

moderate input/output reflection coefficients of the active filter must be further 

investigated and reduced. 

In addition to the three applications described in this thesis, there are many other 

microwave circuits that can be implemented using the developed OTA, such as wide-

tuning-range VCOs and variable-gain amplifiers. Exploration of these microwave 
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applications will be valuable directions for future work. 
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Appendix 
 

A-1. Derivation of ip and in 

A derivation of the output currents ip and in in Fig. 3-6(c) follows. In the equivalent 

circuit of the PMOS cascode in Fig. 3-6(a), assuming the output node is grounded, an 

equation can be obtained by applying Kirchhoff’s current law at the voltage node vd1: 
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Therefore, the RF current from the PMOS cascode to the output is given by: 
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By applying the same law at the voltage nodes of vd4 and vd9, two equations can be 

obtained for the NMOS cascode: 
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Substituting id4 from (3-12b) in Chapter 3 to (A4) and (A5) and solving for vd9 yields: 
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Thus, the RF current from the NMOS cascode to the output is given by: 
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In the design of the proposed OTA, two transistors with a relatively-large size are used 

for the bottom DC current sources T9 and T10, so the impedance Z9 is small compared to 

Z3 and Z4 and the term including it in the denominator in (A7) is negligible. Therefore 

(A7) can be approximated by 
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  ,                                     (A8) 

which has a similar format as (A3). 

A-2. Derivation of Zp and Zn 

The output impedances Zp and Zn in Fig. 3-6(c) can be derived from the equivalent 

circuit model in Fig. 3-6(a) as follows. By applying an RF voltage vx at the OTA’s output 

in Fig. 3-6(a) and assuming it induces an RF current ixp to the PMOS cascode, two 

equations can be obtained: 
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The output impedance of the PMOS cascode can be derived from the above two 

equations: 
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Using the same way, the output impedance of the NMOS cascode can also be derived: 

394494433 )//()//(2 ZZRZZRZZgZ chchmn  .                     (A12) 

A-3. Computation of Butterworth and Chebyshev Filters 

The component values of the Butterworth lowpass filter prototype are normalized to 

Z0=1Ω and c=1rad/sec, and they can be easily computed using the following equations 

[114]: 
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where N is the lowpass filter order. The equations to calculate the normalized component 

values of the Chebyshev filters are a bit more complicated as follow according to [114]: 
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