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Abstract 

Improved transient performance and converter miniaturization are the major driving factors 

behind high frequency operation of switching power supplies.  However, high speed operation is 

limited by topology, control, semiconductor, and packaging technologies.  The inherent 

mitigation of switching loss in resonant converters makes them prime candidates for use when the 

limits of switching frequency are pushed.  The goal of this thesis is to address two areas that 

practically limit the achievable switching frequency of resonant topologies.   

Traditional control methods based on single cycle response are impractical at high frequency; 

forcing the use of pulse density modulation (PDM) techniques.  However, existing pulse density 

modulation strategies for resonant converters in dc/dc applications suffer from: 

 High semiconductor current stress. 

 Slow response and large filter size determined by the low modulating frequency.   

 Possibly operating at fractions of resonant cycles leading to switching loss; thereby 

limiting the modulating frequency.   

A series resonant converter with variable frequency PDM (VF-PDM) with integral resonant 

cycle control is presented to overcome the limitations of existing PDM techniques to enable 

efficient operation with high switching frequency and modulating frequency.  The operation of 

the circuit is presented and analyzed, with a design procedure given to achieve fast transient 

performance, small filter size, and high efficiency across the load range with current stress 

comparable to conventional control techniques.  It is shown that digital implementation of the 

controller can achieve favourable results with a clock frequency four times greater than the 

switching frequency. 
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Driving the synchronous rectifiers is a considerable challenge in high current applications 

operating at high switching frequency.  Resonant gate drivers with continuous inductor current 

experience excessive conduction loss, while discontinuous current drivers are subject to slow 

transitions and high peak current.  Current source drivers suffer from high component count and 

increased conduction loss when applied to complementary switches.   

A dual-channel current source driver is presented as a means of driving two complementary 

switches.  A single coupled inductor with discontinuous current facilitates low conduction loss by 

transferring charge between the MOSFET gates to reduce the number of semiconductors in the 

current path, and reducing the number of conduction intervals.  The operation of the circuit is 

analyzed, and a design procedure based on minimization of the total synchronous rectifier loss is 

presented.  Implementation of the digital logic to control the driver is discussed. 

Experimental results at megahertz operating frequencies are presented for both areas 

addressed to verify the theoretical results. 
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Chapter 1 

Introduction 

1.1 High Frequency Operation 

The desire to operate switching power supplies at high frequency is driven by the improved 

transient performance and converter miniaturization possible in doing so.  This is especially true 

in computer systems and mobile devices where board area consumed by power supplies is area 

that is not used for functionality or features.  However, high frequency operation of switching 

power supplies is a multidimensional challenge requiring a combination of advanced topology, 

control, semiconductor, and packaging technologies.  A deficiency in any area will place an upper 

bound on achievable switching frequency.  This chapter will discuss these issues and present the 

ground work for the subsequent chapters of this thesis. 

1.2 Merits of Resonant Power Conversion 

Efficient high frequency operation is achieved by mitigation of frequency dependent loss 

mechanisms; the greatest being switching loss caused by the finite time required to transition 

power semiconductors from one state to another.  While pulse width modulated (PWM) 

converters are standard for commercial products, the majority of them are hard-switched.  Those 

that achieve soft transitions suffer from one or more of the following: increased semiconductor 

stress; a limited range of operating points for which soft-switching is achieved; and duty cycle 

loss which impacts the voltage transfer characteristics.  When operating at a few hundreds of 

kilohertz hard-switching at light load may not be overly detrimental, but at multi-megahertz 

frequency it is potentially catastrophic. 



 

 

 

2

Load resonant converters overcome the drawbacks associated with soft-switched PWM 

topologies.  They achieve soft-switching for the entire working range, and clamp the switch 

voltage to the input voltage.  They can also incorporate the parasitic circuit elements into the 

resonant tank without degrading performance.  They are therefore perfectly suited for high-

frequency operation [1].   

While there are many resonant tank configurations, each falls into one of two main categories: 

voltage-type or current-type; as determined by the resonant signal that transfers power.  Both 

types of resonant converters achieve soft-switching, and the use of one over the other depends on 

the requirements of the application.   

1.2.1 Voltage-Type Resonant Converters 

Voltage-type resonant converters are those that convert the square wave driving voltage to a 

sinusoidal voltage.  The two main topologies are shown in Figure 1-1.  The parallel resonant 

converter (PRC) suffers from poor light-load efficiency due to high circulating current through 

parallel capacitor Cp.  The combination series-parallel resonant converter (SPRC) offers 

efficiency improvements over the PRC, and maintains regulation even at light-load under variable 

frequency control.   

 

Figure 1-1: Voltage-type resonant converter schematic 
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One drawback to voltage-type converters is their inductive output filter.  It limits the 

achievable current slew rate, and places more stringent requirements on synchronous rectifier 

timing.  Further, the rectifiers are subject to reverse recovery loss which limits the achievable 

switching frequency.   

1.2.2 Current-Type Resonant Converters 

The series resonant converter (SRC), shown in Figure 1-2, is the most common current-type 

resonant converter.  It is the most efficient resonant topology due to: its lack of circulating 

current; the achievement of zero voltage switching (ZVS) by the primary switches S1 and S2; and 

achievement of zero current switching (ZCS) by the rectifiers.   The problems with it are typically 

a product of the control methods, as will be discussed in the next section.  While driving the gates 

of the synchronous rectifiers SR1 and SR2 are a large source of loss in any topology at high 

frequency, the SRC presents an additional challenge of synchronizing the gating of the rectifiers 

with the resonant current. 

 

Figure 1-2: Current-type resonant converter schematic 

 

The capacitive output filter of the SRC makes it desirable for highly dynamic loads.  Although 

there is an inductor in the power path, it is part of the resonant tank with a value smaller than that 

of an output filter inductor, so it does not hinder the dynamic performance. 
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1.3 Resonant Converter Control 

Once it is accepted that resonant converters are suited for high frequency operation, the next 

challenge is implementing a control strategy that meets the requirements of the application 

without degrading the merits of the converter.  Any control variable that is a fraction of the 

switching period cannot be practically implemented at high frequency [1]-[24].  A discussion on 

different resonant converter control techniques is provided in Appendix A; and selected control 

techniques with potential to operate at high frequency are briefly discussed below. 

1.3.1 Pulse Density Modulation 

Pulse Density Modulation (PDM) transfers power by modulating the on-time of the power 

converter. This technique notably offers extreme efficiency improvements at light load by the 

simple fact that it is not operating most of the time. 

The largest application of PDM control is for inverters [25]-[30], predominantly for 

applications like induction heating and lighting.  The PDM period is set to be an integer number 

of switching periods and can be generated by a lookup table to produce patterns represented in 

Figure 1-3.  In the figure, a single PDM period consists of sixteen switching cycles.  The top four 

traces indicate the ac component of the drive voltage for different output powers, while the 

resonant current is on the bottom trace experiences slow decay.  There are a number of factors 

that prohibit this technology from transferring to the dc/dc converter domain.  First, the 

requirement of high quality factor causes high stress of the resonant components and prevents 

voltage regulation of the load.  Second, the finite number of operating points is proportional to the 

length of the PDM period.  Therefore finer granularity of operating points can only be achieved 

with slower response.  It can be concluded that the operating principles of PDM for dc/ac 

inverters are contrary to dc/dc converter requirements, and therefore not applicable.   
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Figure 1-3: Operating waveforms of PDM controlled inverters 

 

PDM has been applied to dc/dc converters [32]1, with operating waveforms shown in Figure 

1-4.  Despite the high light-load efficiency of PDM control, there are many drawbacks associated 

with it when applied to series resonant converters in this fashion.  First, filter size and transient 

response is limited to the PDM frequency instead of the switching frequency.  Increasing the 

modulating frequency is limited by switching loss incurred by prematurely ending the resonant 

cycle.  Thus, with PDM, the two goals of high frequency operation: namely improved transient 

response and smaller size; are not achieved despite switching at high frequency.   

 

                                                      
1 It should be noted that this reference incorrectly states that PDM is the only way to control a half-bridge 
resonant converter at constant frequency.  As explained in Appendix A.3.1, APWM is another means. 
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Figure 1-4: Operating waveforms of a SRC with PDM control from [32] 

 

The main limitations of pulse density modulation applied to dc/dc converters in highly 

dynamic systems are: 

 Slow transient response and large filter  determined by low modulating frequency or 

digital word length 

 Limited achievable modulating frequency due to switching losses incurred with an 

incomplete reset of the resonant tank 

 Discrete operating points limited by digital word lengths 

 High current stress of the semiconductor devices 

 High quality factor of the resonant tank. 
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1.4 Resonant and Current Source Gate Drive 

The two main categories of resonant gate drivers are defined by the current through the 

resonant inductor.  There are continuous current and discontinuous current resonant gate drives.  

The weaknesses of each are identified in the following subsections.  Schematics and 

representative waveforms are provided in Appendix B. 

1.4.1 Continuous Current Resonant Gate Drive 

Continuous current resonant gate drivers [34]-[37] achieve fast switching speed, but suffer 

from:  

 a large resonant inductor  

 performance dependent on the duty cycle of the power switch  

 circulating current that increases the driver conduction loss 

 

1.4.2 Discontinuous Current Resonant Gate Drive (aka Pulse Resonant Gate Drive) 

Discontinuous current resonant gate drivers overcome the issues associated with continuous 

current, but of course have their own downfalls [38]-[40].  Discontinuous current resonant gate 

drivers suffer from one or more of the following:  

 slow switching speed 

 high peak current in the driver 

 susceptibility to false triggering 

 impractically high component count and difficult control 

 multiple semiconductors in the current path leading to increased driver loss 

 require one inductor per power semiconductor being driven 
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1.4.3 Current Source Drivers 

Current source drivers [41]-[45] achieve the fast switching speed of continuous current RGD, 

but have the efficiency benefits of discontinuous current RGD.  When applied to complementary 

switches, current source drivers suffer from the following the following: 

 require one inductor per power semiconductor being driven 

 increased combined conduction loss due to repetitive conduction intervals 

 multiple semiconductors in the current path leading to increased driver loss 

1.5 Thesis Contribution Objectives  

Resonant converters, specifically the series resonant converter, are inherently better suited for 

powering low voltage semiconductor applications.  However they come with their own 

limitations imposed by conventional control methods.  The main goal of this work is to address 

the issue of control to enable efficient high frequency operation of the series resonant converter.   

A novel control method is first proposed to overcome the negative issues associated with 

existing pulse density modulation control techniques applied to series resonant converters.  Its 

merits include:  

 Fast transient response and minimal filter requirements that are only as large as they 

are due to present day capacitor technology  

 Ability to achieve high modulating frequency due to the elimination of all switching 

loss by operating with an integral resonant cycle 

 Digital implementation that does not require high clock rate or large word lengths for 

high performance 

 Current stress of the semiconductor devices on par with traditional control techniques 

 Performance that improves with lower resonant tank quality factor 
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The second goal of this work is to minimize the frequency-dependent gate loss of the low on-

resistance synchronous rectifiers of a series resonant converter.  To this end, a new current source 

gate drive is proposed to quickly charge the gates of complementary switches.  The advantages of 

the driver introduced in Chapter 4 are: 

 Reduced driver conduction loss due to: 

o Discontinuous inductor current 

o Minimal number of semiconductors in the current path  

o Reduced number of conduction intervals 

 Fast switching speed independent of the duty cycle of the power switch 

 Low impedance path to the supply rails to prevent false triggering 

 A single low-valued coupled inductor for two power switches 

1.6 Thesis Outline 

In the next chapter, Variable Frequency Pulse Density Modulation with integral resonant cycle 

control is presented to overcome the limitations of existing PDM techniques.  Details of the 

controller implementation are presented in Chapter 3.  In Chapter 4 a dual-channel current source 

driver is presented as a means of driving two complementary gates with advantages over the 

topologies that exist in the literature.  Conclusions and future work are discussed in Chapter 5.
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Chapter 2 

Variable Frequency Pulse Density Modulation with Integral Resonant 

Cycle 

As discussed in Chapter 1 the on/off nature of pulse density modulation is not only a 

requirement for high frequency operation, but it also permits high efficiency to be obtained across 

a wide load range.  However, when applied to dc/dc converters, the benefit comes at the expense 

of size and transient performance, as well as increased loss if the switching action ends in the 

middle of a resonant cycle.  To overcome these issues, an alternative form of PDM is proposed; 

where the converter dictates on and off periods.  As with traditional PDM, the benefit of high 

efficiency is maintained through pulsed operation, and lossless switching when the converter is 

on.  By not fixing the PDM period, fast transient response is achieved with minimal filter size.   

High modulation frequency can be efficiently achieved by ensuring the ON-periods are composed 

of an integer number of resonant cycles.  A schematic of a series resonant converter under 

variable-frequency pulse density modulation is shown in Figure 2-1.  In this implementation, a 

hysteretic comparator is used to sense the output voltage and feed a command signal into the field 

programmable gate array (FPGA).  The controller implementation will be covered in the next 

chapter. 

2.1 Principle of Operation 

Representative waveforms are given in Figure 2-2; where the converter is on for an integer 

number of resonant cycles, followed by an off period.  The ON intervals are generated as a result 

of a comparison of the output voltage with a reference voltage by a comparator with high and low 

hysteresis levels VTH and VTL, respectively.   
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When the output voltage vo falls below VTL the comparator output vcmd goes high initiating the 

control logic of the FPGA.  The primary-side devices, S1 and S2, start switching at the desired 

switching frequency to excite the resonant tank and begin transferring energy from the source to 

the load.  The transformer steps the current up by turn ratio N.  Synchronous rectifiers SR1 and 

SR2 switch at the same frequency as the primary devices, but with a phase delay to rectify the 

resonant current (irect).  The output voltage thus begins to rise until it reaches the upper threshold 

voltage VTH and the command signal goes low.  If the command signal goes low in the middle of 

a switching cycle, as shown in the figure, the switching period continues to complete the resonant 

cycle.  The implementation of the FPGA logic and impact of threshold voltages, digital clock 

frequency, and output filter value will be discussed in Chapter 3.   

The per-cycle average value of the rectified current, shown in the figure as io, is averaged over 

a PDM period to satisfy the load current requirements iav.  Note that under conventional control 

methods, io and iav are equal. The on intervals start and end with zero current transitions, while 

maintaining zero voltage switching in the middle.  It is sometimes argued that ZCS is suboptimal 

because it still results in frequency-dependent output capacitance loss.  However, with this 

control method, the frequency at which ZCS occurs is lower than the switching frequency, so the 

loss is almost negligible.   

There are a couple of key differences between the waveforms of Figure 2-2 and Figure 1-4.  

First, the ON period for VF-PDM will always be composed of an integer number of resonant 

cycles to ensure every transition is lossless.  Second, through hysteresis, the PDM period in VF-

PDM is allowed to vary freely to reduce output filter requirements. 
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Figure 2-1: Series resonant converter under variable frequency pulse density modulation 

with integral cycle control 

 

Figure 2-2: Representative waveforms of the circuit in Figure 2-1 
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There are a total of thirteen unique operating intervals during an ON cycle, which are shown 

in Figure 2-3.  Intervals 1 and 13 are the beginning and end of an ON cycle, respectively; hence 

they only occur once.   

 

Figure 2-3: Timing waveforms of the ON interval of the circuit of Figure 2-1 

 

Interval 1 (t0 ≤ t < t1) 

The first interval of an ON cycle begins with S1 turning on with zero current.  Resonant 

current is positive, and the body diode of SR1 conducts the load current.  As a result, the voltage 

at the transformer primary is the reflected output voltage plus the reflected forward voltage of the 

diode of SR1.   
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Interval 2 (t1 ≤ t < t2) 

This interval begins with the synchronous rectifier SR1 turning on to provide a low impedance 

path for the rectified current to flow.  The fact that the body diode was conducting prior to this 

interval means the device turns on under zero voltage conditions.  The voltage at the transformer 

primary is then the reflected sum of output voltage and product of io and on-resistance of the SR.  

This interval ends with vgs1 going low to turn off S1. 

 

Interval 3 (t2 ≤ t < t3) 

This interval is commonly referred to as dead-time as both primary-side switches are off and 

current is flowing through the snubber capacitors C1 and C2.  By limiting the rate of rise of 

voltage across S1, zero voltage turn-off is achieved for the device.  This interval ends when the 

capacitor voltages have reversed; meaning the voltage across S1 is equal to Vin, and the voltage 

across S2 is 0V.   

 

Interval 4 (t3 ≤ t < t4) 

With the drain-source voltage equal to 0V, the gate-source voltage of S2 goes high to start this 

interval; meaning S2 achieves zero-voltage turn-on.  This interval ends with SR1 turning off.  

 

Interval 5 (t4 ≤ t < t5) 

In this interval, the body diode of SR1 conducts the load current until it reaches zero at the end 

of the interval.  Thus, SR1 experiences a zero voltage turn-off transition and the body diode turns 

off under zero current.  Every transition of SR1, including its diode, is free of switching loss. 

 

 

 



 

 

 

15

Interval 6 (t5 ≤ t < t6) 

This interval is the first that occurs during the negative half cycle of the resonant current.  The 

resonant current has crossed 0A and the body diode of SR2 conducts the rectified current.  The 

voltage reflected on the transformer primary is the negative sum of the output voltage and 

forward voltage of the conducting diode.  The interval to follow this one depends on whether or 

not another switching cycle will follow.  If there is to be another switching cycle, the next 

operating interval is Interval 7; otherwise the next operating interval is Interval 12. 

 

Interval 7 (t6 ≤ t < t7) 

Synchronous rectifier SR2 turns on at the beginning of this interval under zero voltage and 

provides a low impedance path for the rectified current to flow.  The voltage at the transformer 

primary is the negative sum of the reflected output voltage and product of io and on-resistance of 

the SR.  This interval ends with vgs2 going low to turn off S2. 

 

Interval 8 (t7 ≤ t < t8) 

This is the second dead-time interval, and it occurs while the resonant current is negative.  As 

with Interval 3, both primary-side switches are off and current is flowing through the snubber 

capacitors C1 and C2.  The rate of rise of voltage across S2 is limited to ensure zero voltage turn-

off is achieved for the device.  At the end of this interval, the voltage across S1 is equal to 0V, and 

the voltage across S2 is equal to Vin.   

 

Interval 9 (t8 ≤ t < t9) 

With the drain-source voltage equal to 0V, the gate-source voltage of S1 goes high to start this 

interval; meaning S1 achieves zero-voltage turn-on.  Therefore, S1 experiences zero-current turn-

on during Interval 1 (at start-up), and then experiences zero voltage transitions throughout the ON 

interval of the converter.  This interval ends with SR2 turning off. 
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Interval 10 (t9 ≤ t < t10) 

In this interval, the body diode of SR2 conducts the load current until it reaches zero at the end 

of the interval.  Thus, SR2 experiences a zero voltage turn-off transition and the body diode turns 

off under zero current.  Every transition of SR2, including its diode, is free of switching loss. 

 

Interval 11 (t10 ≤ t < t11) 

The resonant current has crossed 0A to become positive again, and the body diode of SR1 

conducts the rectified current.  Similar to Interval 1, the voltage at the transformer primary is the 

reflected output voltage plus the reflected forward voltage of the diode of SR1. 

 

Interval 12 (t6 ≤ t < t12) 

Similar to Interval 7, this interval begins with synchronous rectifier SR2 turning on under zero 

voltage.  Since this is the last integral cycle of the ON period, vgs2 stays high to provide a low 

impedance path to discharge the resonant tank.  This interval ends with SR2 turning off. 

 

Interval 13 (t12 ≤ t < t13) 

This is the last interval of operation of the converter in the ON state.  The body diode of SR2 

conducts the last portion of rectified current and achieves zero-current turn-off.   

 

OFF Interval (t13 ≤ t < t0) 

During the OFF interval, the gate of S2 is high, thereby applying 0V across the resonant tank.  

Both synchronous rectifiers are off ensuring the load is disconnected from the transformer.  The 

absence of current and switching action sets conduction loss and frequency-dependent losses to 

zero. 
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2.2 Analysis 

Traditional analysis of resonant converters uses a fundamental approximation where the non-

linear effects of the rectification stage are referred to the transformer primary and modeled by an 

equivalent ac resistance.  The equivalent circuit is shown in Figure 2-4; where Vs is the Fourier 

series representation of the chopper circuit output; and Rac0 is the equivalent ac resistance defined 

by (2.1).    

8 8
 (2.1)

 

 

Figure 2-4: Fundamental ac circuit of the series resonant converter in Figure 2-1 

 

The resonant frequency of the tank is defined by (2.2).  To generalize the discussion of 

converter performance, it is helpful to define the following parameters: the quality factor is given 

by (2.3), and the relative operating frequency is given by (2.4); where 0 is the radian switching 

frequency. 

1
 (2.2)

 (2.3)

 (2.4)
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2.2.1 Equivalent AC Resistance 

Load resistance is simply the ratio of output voltage (Vo) to load current.  In (2.1)  Io represents 

the per-cycle average of rectified resonant current; which under traditional control techniques is 

the load current.    Under VF-PDM, the load current (Iav) is the average value of the per-cycle 

average of rectified current (Io), which is related to the pulse density duty cycle (DPDM) according 

to (2.5).   

 (2.5)

 

When the converter is on, the fundamental components of the square wave at the transformer 

primary and resonant current are given by (2.6) and (2.7), respectively.  These definitions are 

congruent with those obtained for classically controlled converters.     

4
 (2.6)

2
 (2.7)

 (2.8)

The equivalent ac resistance is found by calculating the ratio of primary voltage to current 

(2.8).  Substitution of (2.5), (2.6), and (2.7) into (2.8) produces the new definition of equivalent ac 

resistance under this control method (2.9). 

8

8
 

 

(2.9)
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2.2.2 Converter Gain 

The frequency response of the circuit in Figure 2-4 is related to the resonant tank and PDM 

duty cycle according to (2.10).  The relationship between the ac and dc values of the circuit given 

by (2.6) and (2.11) are used to find the dc gain of (2.12).   

1  
(2.10)

2
 (2.11)

1
2 1  

(2.12)

 

Since the definitions of the resonant tank parameters  and Q are identical to those used in 

standard converter analyses, setting DPDM to unity will result in high frequency voltage transfer 

characteristics that match those under variable frequency control. 

2.2.3 Resonant Component Stress 

Usually the stress of the resonant components can be found by using the gain of the ac circuit.  

However, applying the same principle in this case would produce erroneous results.  The 

converter gain above is averaged over the PDM cycle which is longer than a single switching 

period.  Thus its use would predict overly-optimistic component stresses.  To overcome this, the 

high frequency gain must be used (2.13). 

1

1
1  

(2.13)
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The current through the resonant tank is then found with (2.14).  The relationship between the 

voltage stress of the resonant components normalized to the input voltage is then found with 

(2.15) and (2.16). 

1 1

1
1  

(2.14)

2
1

 (2.15)

2

1 1
 

(2.16)

 

2.2.4 Loss Mechanisms 

2.2.4.1 Gate Loss 

Gate loss is incurred through the act of switching a MOSFET on or off.  The total gate loss 

experienced by a converter operating under VF-PDM control is given by (2.17); where Pg,S1,2 and 

Pg,SR1,2 represent the gate loss of switches S1 and S2 and SR1 and SR2, respectively, and 

independent of drive method.  Since gate loss is a function of the MOSFET geometry, drive 

voltage and method, and switching frequency, it is independent of load.  For high frequency 

converters that are always on, gate losses represent an increasing proportion of the converter loss 

as the load reduces; which negatively impacts light-load efficiency.  The pulsed operation of VF-

PDM has a net effect of reducing gate loss proportionally; which contributes to high light-load 

efficiency. 

, , , , ,

, , , , ,  
(2.17)
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2.2.4.2 Output Capacitance Loss 

Output capacitance loss is experienced at every transition the converter makes from OFFON.  

As shown in (2.18), this occurs once every PDM period; thereby reducing its impact on the 

overall efficiency.  The achievement of a zero current transition outweighs the loss incurred from 

discharging the output capacitance through the switch.  In the equation, Coss is the output 

capacitance of the switch including any capacitance added to achieve ZVS; and fPDM is the pulse 

density frequency. 

1
2

 (2.18)

 

2.2.4.3 Conduction Loss 

The finite resistance of semiconductors presents a source of loss when current flows.  The 

current through the synchronous rectifiers is the load current; while that through the primary-side 

switches is the SR current reduced by a the turns ratio N.  The symmetric operation of the 

converter means symmetric switches (same part numbers) for S1 and S2; and symmetric 

synchronous rectifiers for SR1 and SR2 are used.  This simplifies the equations below by only 

having to consider a single current and resistance when calculating the conduction loss. 

, , 8 ,  (2.19)

, , 8 ,  (2.20)

 

At unity PDM duty cycle, the conduction loss is equal to that under variable frequency 

control.  With the inverse relationship, VF-PDM incurs slightly higher conduction loss compared 

to traditional control techniques.  To mitigate this increase, proper design is required, as will be 
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discussed in the following section.  However, with present semiconductor technology, the slight 

increase in conduction loss is not as detrimental as the gate loss incurred at high switching 

frequency.   

2.2.4.4 Core Loss 

Magnetic core loss density is calculated with (2.21).  Bpk is the peak flux density in the core, f0 

is the switching frequency, which is the frequency of core excitation when the converter is ON, T 

is the core temperature, and Cm, x, y, ct0, ct1, and ct2 are parameters that are found by curve fitting 

of measured loss data [46].  Therefore, to accurately calculate core losses, the core dimensions 

and core loss parameters of the chosen material must be known.  For some resonant converter 

designs, a second core is required in addition to the transformer to implement the resonant 

inductor.  However, at high frequency (≥1MHz), the leakage inductance is usually sufficient.  

Leakage inductance is the result of flux that does not link the transformer windings; meaning the 

flux path is outside the core (in air).  Thus, the inductor core loss is zero in these circumstances.  

As with gate loss, core loss is usually independent of load.  An additional merit of VF-PDM is the 

reduction of core loss with load to further promote high light load efficiency. 

 (2.21)

 

2.2.5 Large Signal Model 

With PWM converters, the average values of switch voltage and current are the low frequency 

variables that are used to generate a large signal model.  With resonant converters, the phase and 

magnitude of the resonant waveforms are the low frequency values.  To extract these values, the 

resonant waveforms are extracted into their orthogonal components.  In [47], sine and cosine 

circuits are used to obtain the resonant component states in rectangular form.  Each resonant 
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component is defined by two equations, and each filter element is defined by one.  Therefore, the 

computational complexity of this method increases rapidly with an increase in reactive elements.  

With the method of Orthogonal Circuit Synthesis [48], the complex circuit is derived from the 

orthogonal components.  The resonant component states are solved in polar form, thereby 

requiring half the equations of the rectangular case. 

With VF-PDM, the resonant current magnitude is of interest, as well as the output voltage, so 

orthogonal circuit synthesis reduces the number of equations and saves a (minor) step of 

rectangular to polar conversion once the system is solved.  The loop equation for the primary-side 

is given by (2.22), and the node equation of the output side is given by (2.23).  The extended 

describing functions are defined by (2.24) and (2.25) and are the fundamental component of the 

Fourier series of the non-linear terms. 

 (2.22)

| |  (2.23)

4
 (2.24)

| |
2

 (2.25)

 

The generation of the orthogonal circuit when the converter is on is shown in Figure 2-5 .  The 

cosine circuit is shown in Figure 2-5 (a), and the sine circuit is shown in part (b) of the figure.  

Vector addition of the sine and cosine circuits result in the complex circuit in Figure 2-5 (c).   

It should be mentioned that the equivalent series resistance (ESR) of the filter capacitor is 

intentionally neglected and assumed to be zero.  ESR impacts the small signal transfer function 

and increases the output voltage ripple.  However, VF-PDM is a non-linear control method 
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thereby making discussion of linear transfer functions irrelevant.  Furthermore, at high frequency, 

ceramic capacitors with low ESR are used.  Many capacitors are placed in parallel to satisfy filter 

requirements which further reduces the equivalent resistance.  The low frequency ripple 

associated with VF-PDM then becomes the dominant component, and justifies the assumption.   

 

 


t
Nvo

0cos
4

 tVsc 0cos   tisc 0cos 
 

(a) 

 


t
Nvo

0sin
4

 tVss 0sin   tiss 0sin 
 

(b) 

rs

+
-

2Nis RL
Co

+
vo

-

+ vc -

  tj
seV 0

  tj
sei 0

 


tjo e

Nv
0

4
Cs Ls

 
(c) 

 

Figure 2-5: Resonant converter model: (a) cosine circuit; (b) sine circuit; (c) complex circuit 

 

KVL of the primary circuit in Figure 2-5 (c) results in (2.26), while KCL of the secondary side 

results in (2.27).  The magnitude and phase of the resonant current, is and φ respectively, are 

slowly time-varying along with the output voltage vo.  The goal of this analysis is to isolate them 

from the high frequency ejt terms to obtain an average large signal model.   

4
 (2.26)
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2
 (2.27)

 

Evaluation of the derivative results in (2.28); and evaluation of the resonant capacitor voltage 

results in (2.29). 

 (2.28)

1
 (2.29)

 

Substitution of (2.28) and (2.29) into (2.26) results in a KVL equation that is completely 

defined by the elements of the physical circuit, and the low frequency variables.  The high 

frequency term can be eliminated to obtain (2.30).  Equation (2.31) is found through substitution 

of (2.2)-(2.4) in to (2.30). 

1 4 1

1
 

(2.30)

1
1 4 1

1
1

 (2.31)

 

The large signal model is found by collecting the real and imaginary terms of (2.31) and 

rearranging (2.27); resulting in equations (2.32) – (2.34).  The equations for the OFF state are 

found by setting Vs = 0 and are given by (2.35) – (2.37). 

1
cos

4
 (2.32)
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1
1 sin

 (2.33)

2
 (2.34)

 

1
4

 (2.35)

1
1

 (2.36)

2
 (2.37)

 

2.3 Design Considerations 

The results of the previous section will be used to produce curves to aid in the design process 

of the converter under VF-PDM control.    

2.3.1 Converter Gain 

In Figure 2-6 the results of (2.12) are plotted against PDM duty cycle for different relative 

operating frequencies with quality factor as a parameter.  It is shown that the gain of the circuit 

reduces as quality factor and relative operating frequency increase.  It is also observed that the 

influence of Q is reduced in circuits operated close to the resonant frequency.  At unity duty 

cycle, the gain is equal to that of conventional control methods.  For a given relative operating 

frequency, the influence of PDM duty cycle on converter gain varies with quality factor.  In all 

cases, these curves illustrate the ability to regulate the output against line and load variations 

through PDM duty cycle. 
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From a controllability standpoint, it is desirable to have a moderately high value of  and Q to 

increase the range of duty cycle required for regulation.  The limit on  is imposed by the 

acceptable conduction loss and required gain.  For a given quality factor, there is a relative 

operating frequency that provides the required gain with some margin.  Increasing the operating 

frequency beyond this requires a lower transformer turns ratio; which increases the conduction 

loss of the circuit.  The limit on Q is imposed by acceptable voltage stress on the resonant 

components.  Higher stress may require components with larger footprints, and higher parasitic 

elements that reduce efficiency and complicate the design. 

At full-load it is important to operate close to unity duty cycle to keep the conduction loss 

close to that of traditional control techniques.  At this operating point, the slight increase in 

conduction loss approximately cancels the slight reduction of gate loss, which results in 

efficiencies comparable to variable frequency control.  However, as the load is reduced, 

frequency-dependent gate loss becomes the dominant loss component.  Under light-load 

conditions, the decrease in gate loss overshadows the conduction loss penalty to make VF-PDM 

more efficient than traditional control techniques.  This highlights another disadvantage of 

variable frequency control where gate loss is increased with load reduction, further reducing 

light-load efficiency. 

2.3.2 Resonant Component Stress 

Evaluation of (2.15) and (2.16) produce the voltage stress curves of Figure 2-7 and Figure 2-8.  

In general, the stress increases with quality factor.  For a given Q, the peak stress reduces as the 

operating frequency increases beyond the resonant frequency.  High voltage stress leads to 

component de-rating, thereby requiring larger, more expensive components.  Therefore, low Q 

and moderate  are desirable for small component size. 
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(a)  = 1.05 (b)  = 1.1 

(c)  = 1.15 (d)  = 1.25 

Figure 2-6: Influence of the resonant tank on converter gain Vo/Vin of the circuit of Figure 
2-1 [N=5] 
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(a)  = 1.05 (b)  = 1.1 

(c)  = 1.15 (d)  = 1.25 

Figure 2-7: Normalized voltage stress of the resonant capacitor of the circuit of Figure 2-1 
[N=5] 
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(a)  = 1.05 (b)  = 1.1 

(c)  = 1.15 (d)  = 1.25 

Figure 2-8: Normalized voltage stress of the resonant inductor of the circuit in Figure 2-1 

[N=5] 

 

2.3.3 Transient Performance of the Resonant Tank 

The voltage transfer and component stress curves assume instantaneous steady-state behavior.  

More specifically, they assume that when the converter is on, the resonant current is at its steady 

state value, and when the converter is off, the current is zero.  However, the natural response of 
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the tank depends on its component values.  Using the large signal model of Section 2.2.5, a 

program was written in MATLAB to implement VF-PDM.  The results of the program are used 

here to illustrate the response of the converter.  The resonant current during the start-up transient 

is shown in Figure 2-9.  The impact on output voltage is shown in Figure 2-10.  In the 

simulations, the filter capacitance is 250µF and the switching frequency is 5MHz. 

 

 

Figure 2-9: Resonant current is of Figure 2-1 to illustrate the impact of quality factor on the 

start-up transient [Vin = 12V, Vo=0.94V, Iav = 50A, N=5, =1.1] 

 

It is shown that increasing the quality factor of the tank slows the response due to the 

increased energy stored in the resonant inductor.  This places greater energy storage demands on 

the filter capacitor, since it must supply the load while the resonant tank charges.  Depending on 

ripple requirements, the extra deviation from the ideal case may be acceptable.  If the allowable 

ripple voltage is limited, extra filter capacitance is required; although still significantly less than a 
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converter with an inductive output filter.  From these results it is concluded that low Q is 

necessary for fast converter response and small filter size. 

 

 

Figure 2-10: Output voltage Vo of Figure 2-1 to illustrate the impact of quality factor on 

output voltage ripple [Vin = 12V, Vo=0.94V, Iav = 50A, N=5, =1.1]  

 

The effect of quality factor on phase angle between the resonant current and primary-side 

chopper voltage is shown in the curves of Figure 2-11.  The horizontal lines indicate the phase 

angle while the converter is switching during an ON interval.  When the converter turns off, the 

phase angle jumps up to an undetermined phase angle.  This is really just an artifact of the 

limitation of the model not handling zero current conditions; and does not represent reality.  The 

angles shown while the converter is operating are of significant importance.  As the quality factor 

reduces from 3.5 to 1, there is only a 0.08rad decrease in phase angle, which can be considered 

nearly negligible.  Therefore, through pulsed operation, the characteristics of the resonant tank are 
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almost constant across load.  The direct consequence of this is that synchronous rectifier gate 

signal generation is greatly simplified by eliminating the need for zero current crossing detection.  

Instead, the synchronous rectifiers can operate in open-loop with a constant phase delay with 

respect to the primary-side switches across all loads with no efficiency penalty.  This is a 

significant advantage to this control technique that is not realized by any other resonant converter 

control method.  An even greater benefit is the simplification of design for ZVS across all load 

points.  Constant tank impedance removes the load dependence of snubber performance 

experienced by other control methods.  Instead, a single sunbber design performs equally well 

across the load range.  

 

Figure 2-11: Phase angle between resonant current and chopper voltage of Figure 2-1 to 

illustrate the low variation of phase angle with respect to load [Vin = 12V, Vo = 0.94V, Iav = 

50A, N=5, ω=1.1] 
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2.4 Design Example 

2.4.1 Converter Specifications 

A series resonant converter under VF-PDM control will be designed according to the 

specifications of Table 2-1.    The sub-1V output voltage and relatively large maximum load step 

specifications are chosen to highlight the benefits of the control technique in terms of response 

and efficiency.    Whereas a buck converter operating with load-line would adapt its output 

voltage for a given load, and overshoot the upper bound during unloading transients, the SRC 

under VF-PDM will maintain its voltage within the allowable 80mV range regardless of 

operating conditions. 

Table 2-1: 12V resonant voltage regulator specifications 

Parameter Value 
Input Voltage (Vin) 12V +/-10% 
Output Voltage (Vo) 780 +/-40mV 
Output Current (iav) 10A 
Maximum Load Step 
(Δiav,max) 

7.6A (10A2.4A) 

Switching Frequency (f0) 1.54MHz 

 

2.4.2 Converter Design 

From the above discussions, design of the resonant tank is a trade-off between component 

stress and transfer capability.  Conveniently, low quality factor not only reduces component 

stress, but also improves the response of the converter.   

For a given set of tank parameters, the PDM duty cycle should be selected close to unity under 

the worst-case operating conditions.  That way, the full-load stress is approximately the same as 

traditionally controlled resonant converters, and when the duty cycle reduces with load, the peak 

stress remains roughly constant.  Thus, component ratings will not increase beyond those for 

other control methods.   
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Resonant parameters of  = 1.1and Q = 1.25 are selected for the design.  At 1.5MHz 

switching frequency, these parameters translate to component values: Cs = 114nF and Ls = 

114nH.  

2.4.3 Experimental Results 

A 1.5MHz prototype shown in Figure 2-12 was built to meet the converter specifications of 

Table 2-1.    The board itself is quite large due to the connection with the FPGA, and the addition 

of extra component footprints to accommodate multiple designs on the same PCB.  Further, there 

are active high speed loads on the board created by pairs of MOSFETs and power resistors.  By 

placing the loads on the board, minimal inductance is achieved to allow high slew rate load 

transitions.  Included on Figure 2-12 is a dashed line that roughly indicates potential for board 

miniaturization.  By making the PCB a single purpose board, and integrating of the control logic 

and primary-side drivers into an application-specific integrated circuit (ASIC) would reduce the 

board area by more than 60%.  The use of multichip modules or fully integrated solutions for the 

power devices and drivers would reduce the area consumed by discrete components by half.  

A list of the main components used is given in Table 2-2.  The desired design parameters are 

constrained by the achievable value of resonant inductance, which is the transformer leakage 

inductance.  For the prototype, values of the resonant components used translate to parameters  

= 1.09 and Q = 1.33. 
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Figure 2-12:  Picture of the experimental prototype of the circuit in Figure 2-18 

 

Table 2-2: Implementation details of VF-PDM prototype of Figure 2-12 

Component Manufacturer P/N and Details 
Primary Switches S1 and S2 IRF6711 25V, 5.2mΩ, 13nC, SQ DirectFET 
Primary Driver ISL6207 High and Low Side Synchronous buck driver 
Resonant Capacitor Combination of X7R and C0G ceramic capacitors in 0805 

footprint for a total of 102.66nF 
Transformer Primary: 5 turns using 3 layers of PCB traces 

Secondary: 1 turn Type 2 Litz 18 AWG 5x5/44/48 
Core: 1/3rd of Ferroxcube Planar E32/6/20 of 3F4 material 
Leakage inductance measured to be 124nH 

Synchronous Rectifiers IRF6691 20V, 1.2mΩ, 41nC, integrated schottky, MT 
DirectFET 

Synchronous Rectifier Drivers EL7156 High Frequency 3.5Ω inverting driver 

 

2.4.3.1 Steady-state results 

Steady-state waveforms are shown at different load levels in the following figures.  Channel 1 

(black) is the ac-coupled output voltage; channel 2 (pink) is vds2; channel 3 (blue) is the 
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comparator output command signal; and channel 4 (green) is the resonant capacitor voltage.  As 

the load reduces, the density of the pulses reduces, and the off-time duration increases.  In Figure 

2-13, the effect of quality factor is shown by the decrease in output voltage the beginning of the 

on-time intervals.  At the lighter loads in Figure 2-14 and Figure 2-15, single pulses are able to 

regulate the output.  There are key attributes of these figures that require explicit mention.  First, 

the resonant capacitor voltage begins and ends the ON intervals at 0V.  Thus, integer resonant 

cycles are achieved and current does not flow during the OFF intervals.  Second, the phase angle 

of the resonant capacitor voltage with respect to the drive voltage vds2 does not experience wide 

fluctuations across different load points.  Therefore, the resonant current experiences a nearly 

constant phase relationship with the drive voltage; and synchronization of the rectifiers with the 

resonant current can be achieved with a delay circuit.  This eliminates the need for a current sense 

circuit without compromising performance. 

 

 

Figure 2-13: Experimental steady-state waveforms of a 12V/0.78V 7.8W series resonant 

converter under VF-PDM control with integral resonant cycle of Figure 2-1 at 90% load 

[C1: output voltage Vo 20mV/div, C2: vds2 5V/div, C3: command signal vcmd 2V/div, C4:  

capacitor voltage vCs 5V/div; time scale: 5µs/div] 
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Figure 2-14: Experimental steady-state waveforms of a 12V/0.78V 7.8W series resonant 

converter under VF-PDM control with integral resonant cycle of Figure 2-1 at 10% load 

[C1: output voltage Vo 20mV/div, C2: vds2 5V/div, C3: command signal vcmd 2V/div, C4:  

capacitor voltage vCs 5V/div; time scale: 2µs/div] 

 

Figure 2-15: Experimental steady-state waveforms of a 12V/0.78V 7.8W series resonant 

converter under VF-PDM control with integral resonant cycle of Figure 2-1 at 2% load  

[C1: output voltage Vo 20mV/div, C2: vds2 5V/div, C4:  capacitor voltage vCs 5V/div; time 

scale: 10µs/div] 
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The efficiency of the converter was measured, and the results are shown in Figure 2-16.  

Multimeters were used to measure the input voltage and current.  Output voltage was also 

measured with a multimeter, and output current was obtained through the current reporting of the 

electronic load.  Specifications of the multimeters and electronic load are given in Appendix D.  

Accuracy of the efficiency measurements is therefore limited by the accuracy of the equipment as 

per the manufacturers’ specifications.  The power train efficiency is always greater than 80% 

above 25% load, with a peak efficiency of 85.3% at 75% load.  The second curve is the total 

efficiency of the power train and auxiliary power which includes driver loss and the op-amp and 

comparator circuits.  While there is a considerable drop in efficiency when the driver loss is 

included, the penalty is less than what would be incurred by PDM converters with constant 

modulating frequency with equal ratings.  Although processor peak power may be high, typical 

computer systems operate at light load more than 80% of the time [49].  Therefore, improving 

light load efficiency impacts overall efficiency, and hence battery life, to a much greater extent.  

Total efficiency at 2% load is 48%; which is far beyond present-day PWM converters that 

achieve 10-20% under the same conditions, but at lower switching frequency and with poorer 

transient performance.   

In Figure 2-17 the measured auxiliary power of VF-PDM is compared to simulation results of 

a constant frequency PDM dc/dc converter of equal current rating.  To provide a fair basis for 

comparison, output filter size is held constant, requiring the switching frequency of traditional 

PDM to increase to 11.8MHz, with 800kHz modulating frequency.  The impact is seen across the 

load range from 75% savings at full-load to 78% savings at 2% load. In absolute terms at 2% 

load, VF-PDM saves 225mW; which is greater than the output power of the converter at this 

operating point.  It is this reduction in auxiliary power consumption offered by VF-PDM that is 

responsible for the extremely high conversion efficiency at 2% load.    
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Figure 2-16: Measured efficiency of a 12V/0.78V 7.8W series resonant converter under VF-

PDM control with integral resonant cycle 

 

 

Figure 2-17:  Measured auxiliary power consumption a 12V/0.78V 7.8W series resonant 

converter under VF-PDM control with integral resonant cycle 
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2.4.3.2 Transient Results 

To achieve high slew rate load transients, an active load was implemented with a power 

resistor and MOSFET, as shown schematically in Figure 2-18.   

 

Figure 2-18: Schematic of the circuit in Figure 2-1with the addition of a high slew rate 

transient load circuit 

Results of the transient are shown in the following figures.  In Figure 2-19, channel 3 displays 

the drain-source voltage of the power MOSFET in the high slew rate load of Figure 2-18.  

Therefore when the voltage is high, the load is off, and when the voltage is low, the load is on.  

Channel 1 shows the output voltage with ac coupling.  When the load releases there is an 

overshoot of the output voltage.  The peak-peak ripple from loading and unloading is measured to 

be 46mV.  The dominant source is due to the overshoot of the unloading event; which is in line 

with the analysis. In computer applications, a single transient event is highly unlikely.  More 

probable are multiple events.  Figure 2-20 shows the converter handles multiple load steps with 

fairly consistent transient performance. 



 

 

 

42

 

Figure 2-19: Experimental waveforms of a 12V/0.78V 7.8W series resonant converter under 

VF-PDM control with integral resonant cycle of Figure 2-1 experiencing a single 

100%24%100% transient event [C1: output voltage Vo 20mV/div, C2: vds2 5V/div, C3: 

command signal vds,QL,HSR 200mV/div, C4:  capacitor voltage vCs 5V/div; time scale: 1µs/div] 

 

   

 

Figure 2-20: Experimental waveforms of a 12V/0.78V 7.8W series resonant converter under 

VF-PDM control with integral resonant cycle of Figure 2-1 experiencing multiple 

100%24%100% transient events [C1: output voltage Vo 20mV/div, C2: vds2 5V/div, C3: 

command signal vds,QL,HSR 200mV/div, C4:  capacitor voltage vCs 5V/div; time scale: 2µs/div] 
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2.5 Summary 

In this chapter, a new method of controlling resonant converters with variable frequency pulse 

density modulation has been presented.  A series resonant converter operating under VF-PDM 

control has been analyzed using a fundamental approximation.  The equivalent ac resistance of 

the load, filter and rectifiers referred to the output of the resonant tank has been modified to 

include a pulse density duty cycle term.  Simulation results from MATLAB have been presented 

to verify the results of the analysis.  An experimental prototype was built and tested to validate 

the design.  The proposed control method maintains the soft-switching benefits of resonant 

converters and is therefore able to operate at high switching frequency.  When on, the switching 

frequency is constant which simplifies component design and lends itself to a more compact and 

efficient design compared to control techniques with non-constant frequency.  Through pulsed 

operation, frequency-dependent gate loss is reduced with load to offer extreme light-load 

efficiency improvements over an equally rated resonant converter under constant frequency 

control.  At 1.5MHz switching frequency the power train of a 10A prototype was able to achieve 

efficiency greater than 82% at loads greater than or equal to 25% of rated.  At 2% load, the gate 

loss is reduced by 78% compared to a converter of equal size and rating operating under PDM 

with constant modulating frequency.  The speed of response was tested with a high slew rate load 

on board.  It was also shown that the response of the converter to high slew rate loads is fast and 

consistent in highly dynamic applications. Although the prototype was designed for computer 

applications, the operating principles and benefits are universally applicable.  Tablets, smart 

phones, and other mobile devices stand to achieve extended battery life through VF-PDM control.  
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Chapter 3 

Implementation of Variable Frequency Pulse Density Modulation with 

Integral Resonant Cycle Controller 

With VF-PDM presented in Chapter 2, there is a relationship between hysteresis band, filter 

capacitor size, and clock frequency.  This chapter addresses the dependency of these three 

variables to provide rationale for the selection of each. It will be shown that with VF-PDM with 

integral resonant cycle, the controller implementation is not limited by the clock frequency or 

resolution of commercially available programmable logic.  In fact, high clock frequency does not 

offer any significant improvement in performance. 

The limitations of digital control are a result of traditional control techniques that rely on fine 

resolution of the controller to maintain regulation.  As an example, if the analog implementation 

of PDM for dc/dc converters represented by the waveform of Figure 1-4 is digitized, the 

equations of (3.1) and  are used to calculate the required resolution and clock frequency.  

The number of bits for digital pulse width modulation (DPWM) is NDPWM, D is the minimum 

possible change in duty cycle, fclk is the clock frequency, and fPDM is the pulse density modulation 

frequency.  At 500kHz PDM frequency, the required resolution of the DPWM is 12 bits for 

0.05% duty cycle resolution.  The clock frequency is then found to be 2.05GHz.  Such 

requirements are impractical for low cost, low power supplies. 

1
∆

1 (3.1)

2 

With VF-PWM, the frequency variation is due to the number of on/off cycles, not the 

frequency of the driving waveform.  Further, the hysteretic comparator acts as a single bit ADC 
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which removes resolution and sampling rate requirements from the controller.  This allows the 

control circuit to be implemented with extremely low clock frequencies with minimal impact on 

performance.  

 

3.1 Analysis 

3.1.1 Filter Size and Hysteretic Band 

The threshold voltages of the comparator, filter capacitor size, and allowable voltage range all 

impact the size and response of the converter.  As with any converter, the filter size is limited by 

transient requirements.  Analyses of both the loading and unloading transients provide a logical 

approach to controller implementation. 

3.1.1.1 Unloading Transient Assumptions 

The filter capacitor size is defined by (3.3), and determined by the switching period Ts, the 

maximum output voltage Vo,max, the high threshold voltage VTH, and the capacitor current during 

the maximum unloading transient (3.4).  In (3.4), iav,max is the maximum load step, and Iav is the 

load current.  The worst case load current is the lowest that is still susceptible to the maximum 

load step.  In this work, it is assumed that the maximum unloading transient only occurs at full-

load.  Waveforms of the worst-case unloading transient are shown in Figure 3-1 where the 

command signal goes low the instant after a switching cycle has begun.  The shaded region 

represents the extra charge the filter capacitor has to handle without exceeding the maximum 

voltage Vo,max. 
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∆

,
 (3.3) 

1
∆ ,  (3.4) 

 

 Coi
max,avi

 

Figure 3-1: Waveforms during the worst-case unloading transient 

An equation relating the high threshold voltage to the converter specifications and filter size is 

given by (3.5) and was obtained by isolating VTH in (3.3).   

,
∆

 (3.5) 

 

3.1.1.2 Loading Transient Assumptions 

The equation for the lower threshold voltage VTL is given in (3.6) and was found by assuming 

one clock cycle delay in synchronizing with the digital clock; as illustrated in Figure 3-2.  This 

implementation uses a free-running clock as a means of ensuring consistent switching periods 

without issues of startup transients.  However, strictly speaking, VF-PDM only requires an 

oscillator during the on-time.  In the figure, the worst-case loading transient occurs immediately 

following the start of a clock period.  In this situation the filter capacitor must supply the charge, 

shown as the shaded region, until a switching cycle can begin the next clock cycle.   

,
∆ ,  (3.6) 
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Figure 3-2: Waveforms during the worst-case loading transient 

 

3.1.2 Digital Clock Frequency 

Unlike conventional digital controllers where high clock frequency is required to maintain 

stable operation; VF-PDM does not place strict requirements on clock speed.  Thus it can be 

relatively close to the switching frequency.  From the above analysis, the only impact it has on 

transient performance is in the case of a positive load step.  However, the filter is determined by 

the unloading transient, so the impact of clock frequency on transient response is almost 

negligible.  It does play a role in the size of the hysteretic window, but only up to a certain 

frequency; beyond which provides diminishing returns.  

In the equation, nclk is the ratio of a switching period Ts to a clock period Tclk (3.7).  The 

relationship between converter requirements and the digital clock frequency with respect to 

switching frequency is found with (3.8). 

 

 (3.7) 

,
∆ ,

∆ ,  (3.8) 
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3.1.3 Comments on Stability 

VF-PDM is a form of hysteretic control that has the advantages of traditional hysteretic 

control applied to PWM converters without the drawbacks.  It is inherently stable, but does not 

suffer the problem of variable switching frequency [50].  As illustrated by the analysis of the 

previous subsections, the ripple voltage is dependent on the value of the filter capacitance, not its 

ESR [51].  Therefore, low-ESR ceramic capacitors can be used to achieve high efficiency without 

degradation of controllability.   Further, the decay of the resonant current to zero when the 

converter transitions from ON to OFF prevents continual charging of the output capacitor.  

Therefore, operation outside the hysteretic window is a consequence of integer clock cycles and 

resonant cycles as discussed above; it is not caused by the natural phase shift between inductors 

and capacitors [52].  

 

3.2 Design 

3.2.1 Filter Capacitor and Threshold Voltages 

3.2.1.1 Filter Design Based on Unloading Transient 

A plot of (3.3) as a function of high threshold voltage is shown in Figure 3-3.  The required 

filter size increases exponentially as the threshold voltage approaches the maximum output 

voltage.  This makes intuitive sense as the allowable voltage deviation under the worst case 

transient is reduced; thereby requiring a larger capacitor to absorb the extra charge during a 

transient.   
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(a) (b) 

Figure 3-3: Impact of high threshold voltage on filter size: (a) full range of VTH; (b) Range of 

VTH requiring less than 450µF of filter capacitance 

 

3.2.1.2 Limitations of Present-Day Capacitor Technology 

The combination of high operating frequency and high current pushes the limits of present-day 

capacitor technology.  As such, the effect of the equivalent series inductance (ESL) is more 

pronounced.  In general, ESL is a function of the geometry of the capacitor; meaning larger 

packages will have greater ESL, as will larger capacitor values with the same package 

designation.  Standard ceramic capacitors in 0805 packaging can have ESL in the nanoHenry 

range; which for a 22F capacitor means a self resonant frequency of roughly 1MHz.  This makes 

standard capacitors ineffective above 500kHz switching frequency.   

To overcome the low self resonant frequency, it is necessary to add low-ESL capacitors in 

parallel with the standard devices to create a ‘capacitor cell’ with a self-resonant frequency (SRF) 

that is greater than the ripple frequency.  A number of capacitor cells can then be used to form the 

output filter.  The two options for low-ESL capacitors are reverse geometry or multi-terminal 

caps; with the latter offering a superior reduction of ESL.  The SRF of a capacitor cell can be 
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calculated with (3.9), where capacitance and ESL are represented by C and l; and the subscripts 

std and low-ESL denote standard and low-ESL devices.  The variable n represents the number of 

low-ESL capacitors used in the calculation. 

2 //  (3.9)

 

Evaluation of (3.9) produces the plot of Figure 3-4; where Cstd = 22F, Clow-ESL = 2.2F, lstd = 

1.1nH, and llow-ESL = 45pH.  The minimum number of low-ESL capacitors required for a design is 

determined by finding the intersection of the curve with the lowest permissible SRF; which is 

twice the switching frequency.  The x-coordinate at this point or the next highest integer value in 

the event the point lies between two integers, is the minimum number of low-ESL capacitors 

required per cell.  The number of cells required to at least meet the required filter capacitance 

value is found with Figure 3-5. 
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Figure 3-4: Self resonant frequency of a filter capacitor cell 

 

Figure 3-5: Required number of capacitor cells to achieve 180µF of filter capacitance 
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3.2.2 Clock Frequency and Filter Size 

The clock frequency of the digital circuit is dependent on the loading transient according to 

(3.6).  However, since the filter size is determined by the unloading transient, (3.8) is used to 

determine the allowable value of the lower threshold voltage.  In Figure 3-6 the impact the high 

threshold voltage has on the low threshold voltage is shown.  As VTH approaches Vo,max the low 

threshold voltage approaches Vo,min; which is congruent with the previous discussion on filter size 

and the high threshold voltage.  Referring back to Figure 3-3, a 20mV increase in VTH from 0.96-

0.98V requires double the filter size, which only reduces the low threshold voltage by 3mV for 

nclk=6.  The low threshold voltage is plotted against nclk in Figure 3-7 to justify the selection of 

low clock frequency.  As nclk increases, the allowable low threshold voltage approaches the 

minimum output voltage.  However, the knees of the curves occur at nclk = 5; beyond which 

further increase in clock frequency loses its effectiveness.  At VTH = 0.97, increasing nclk from 4 to 

6 allows a 2mV reduction in the low threshold voltage.  Such trivial returns do not justify 

arbitrary increases of the clock frequency.  Furthermore, it show that this implementation permits 

10’s-100’s of megahertz switching frequencies with presently available programmable logic 

devices and integrated circuits. 
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Figure 3-6: Hysteretic window size as a function of high threshold voltage 

 

 

Figure 3-7: Impact of clock frequency on low threshold voltage 
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3.3 Controller Results 

3.3.1 Simulation Results 

The controller was implemented in Altera’s Quartus II software, and a representative block 

diagram is shown in Figure 3-8.  Results of the simulation are shown in Figure 3-9.  The key 

waveforms are the 100MHz system clock, clk1  (line 0); the controller clock, PLL_clk (line 2); 

the command signal cmd (line 3); and controller output, PWM (line 9); which have all been 

highlighted.  Time instants t1 and t2 have been annotated on the figure to show that the output 

behaves as expected.  At t1 the command signal goes high in the middle of a clock cycle, but the 

PWM output does start until the next rising edge of the PLL_clk.  At t2 the command signal falls 

shortly after a PWM cycle begins, however, the cycle continues to maintain constant switching 

frequency and an integral resonant cycle.   

 

Figure 3-8:  Block diagram VF-PDM with integral resonant cycle controller implementation 

in Quartus II software 
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Figure 3-9:  Simulation waveforms of the controller of Figure 3-8 

t2t1
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3.3.2 Experimental Results 

An Altera UP3 education board (with EP1C6Q240C8 FPGA) has been programmed to 

implement VF-PDM with integral resonant cycle control.  This particular FPGA belongs to the 

Cyclone family of devices.  At the time of writing, Cyclone IV devices are available (and 

mature).  This is only mentioned to further stress the point that the solution to improved 

performance does not have to result in increased cost and complexity of the controller.   

To verify the correct operation of the controller, command signals of varying frequencies were 

fed into the FPGA, and the resulting PWM signal was measured.  The top trace in the figures is 

the 100MHz clock generated by one of the on-board oscillators.  The second trace is the phase-

locked loop (PLL) output, which acts as the clock for the designed logic.  A clock frequency of 

20MHz (nclk = 4) was chosen based on the results of the analysis presented in this chapter.  Thus, 

the switching frequency achievable is 5MHz.  As illustrated in the experimental results of Figure 

3-10, the PWM signal (third trace) is active when the command signal (bottom trace) is high; and 

inactive otherwise.  To highlight the speed of the controller, the results of a 1.5MHz and 2.5MHz 

command signal are shown in Figure 3-11 and Figure 3-12 respectively.  In Figure 3-13 the 

controller output is shown to maintain a complete switching cycle despite the command signal 

falling shortly after the switching cycle begins. 
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Figure 3-10:  Experimental results of FPGA programmed to implement VF-PDM with 
integral resonant cycle control of Figure 3-8 [C1: 100MHz system clock (2V/div), C2: 

20MHz clock generated by PLL (2V/div), C3: PWM signal for vgs,S1 in Figure 2-1 (2V/div), 
vcmd signal (2V/div); time scale: 500ns/div] 

 

 

 

 

Figure 3-11: Experimental results of the response of the controller of Figure 3-8 with a 
1.5MHz command signal [C1: 100MHz system clock (2V/div), C2: 20MHz clock generated 
by PLL (2V/div), C3: PWM signal for vgs,S1 in Figure 2-1 (2V/div), vcmd signal (2V/div); time 

scale: 500ns/div] 
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Figure 3-12: Experimental results of the response of the controller of Figure 3-8 with a 
2.5MHz command signal [C1: 100MHz system clock (2V/div), C2: 20MHz clock generated 
by PLL (2V/div), C3: PWM signal for vgs,S1 in Figure 2-1 (2V/div), vcmd signal (2V/div); time 

scale: 500ns/div] 
 

 

 

 

Figure 3-13: Experimental results of the controller of Figure 3-8 output when command 
signal goes low in the middle of a switching cycle [C1: 100MHz system clock (2V/div), C2: 
20MHz clock generated by PLL (2V/div), C3: PWM signal for vgs,S1 in Figure 2-1 (2V/div), 

vcmd signal (2V/div); time scale: 200ns/div] 
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The following waveforms were obtained to show the timing of the synchronous rectifiers with 

respect to the PWM waveforms.  As shown in the analysis of Section 2.3.3, the phase angle 

between the resonant current and drive voltage is nearly independent of the load under VF-PDM.  

Therefore, SR timing can be simplified to an open-loop phase-shifted version of the primary-side 

driving signals.  For the prototype created for this thesis, high frequency inverting drivers were 

used for the synchronous rectifiers (see Table 2-2).  Therefore, a low level signal is required to 

turn on the SRs.  The start-up and shut-down measurements are presented for the SR signals with 

respect to the command and PWM signals for the primary-side devices.  Channel 1 is the 

command signal; channel 2 is the PWM signal; and channels 3 and 4 show SR1 and SR2 driver 

signals, respectively.  

 

 

Figure 3-14: Experimental results of the synchronous rectifier signals at the beginning of an 

ON-cycle [C1: command signal vcmd (2V/div), C2: PWM signal for vgs,S1 in Figure 2-1 

(2V/div), C3: Inverted signal for vgs,SR1 in Figure 2-1 (2V/div), C4: Inverted signal for vgs,SR2 

in Figure 2-1 (2V/div)] 
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Figure 3-15: Experimental results of the synchronous rectifier signals when the command 

signal goes low in the middle of a switching cycle [C1: command signal vcmd (2V/div), C2: 

PWM signal for vgs,S1 in Figure 2-1 (2V/div), C3: Inverted signal for vgs,SR1 in Figure 2-1 

(2V/div), C4: Inverted signal for vgs,SR2 in Figure 2-1 (2V/div)] 

 

From the waveforms during ON intervals composed of many switching cycles, it is evident 

that a constant phase angle is maintained between the SR signals and the PWM signal.  Therefore, 

the SR gate signal generation has been greatly simplified 

At light-load, it was shown that the converter is ON for a single pulse with a stretched PDM 

period.  In Figure 3-16, the behavior of the synchronous rectifiers and PWM signal are shown for 

the aforementioned conditions.  The SRs conduct the single cycle of resonant current, and then 

stay off to prevent shorting the output. 
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Figure 3-16: Experimental results of the synchronous rectifier signals during single pulse 

operation [C1: command signal vcmd (2V/div), C2: PWM signal for vgs,S1 in Figure 2-1 

(2V/div), C3: Inverted signal for vgs,SR1 in Figure 2-1 (2V/div), C4: Inverted signal for vgs,SR2 

in Figure 2-1 (2V/div)] 

 

 

3.4 Conclusions 

This chapter has discussed the implementation of the controller for variable frequency pulse 

density modulation.  Equations relating the controller clock frequency to hysteretic window and 

output filter size have been derived based on a fundamental approximation of the resonant tank 

current.  Fast transient response is achieved through small filter size and low clock frequency.  

The former is an improvement over pre-existing PDM implementations, and enables converter 

miniaturization commensurate with switching frequency.  The latter is substantial in that it means 

transient performance is circuit dependent.  Once a switching cycle begins, it continues to 

completion regardless of the value of the command signal.  This ensures an integral resonant 

cycle to eliminate all switching loss and achieve high modulation frequencies.  Generation of the 

synchronous rectifier gating signals was shown to be related to the primary-side gate signals by a 
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constant phase lag.  It is therefore not necessary to sense the resonant current to determine the 

zero crossing, which greatly simplifies rectification across the working load range.  Thus 

controller requirements can be relaxed; and it is possible with today’s technology to implement 

VF-PDM for resonant converters switching at 100MHz. 
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Chapter 4 

Dual-Channel Current Source Driver 

4.1 Introduction 

As highlighted in Chapter 2, the gate loss incurred by low on-resistance devices becomes as 

much of a problem as conduction loss at high frequency.  With synchronous rectifiers, multiple 

MOSFETs may be connected in parallel to minimize the conduction loss in the high-current 

power path.  This increases the capacitive load seen by the driver, and results in higher drive 

current required to charge the gate in a finite amount of time.  Under these conditions, any 

resonant gate driver with continuous current would incur considerable conduction loss in the 

driver switches that would negate any energy recovery benefits.  Therefore, discontinuous driver 

current is absolutely necessary.   

The proposed dual-channel current-source gate driver is shown in Figure 4-1.  It has a 

discontinuous current; provides a low impedance path to the drive voltage or ground; and 

transfers energy from one MOSFET gate to another through a coupled inductor.  This energy 

transfer reduces the current in the driver switches compared to other discontinuous current-source 

gate drivers; thereby making it more efficient for a given application.  Further, the proposed 

driver does not suffer from shoot-through; and its switches achieve at least one soft transition to 

further improve efficiency and remove frequency limitations. 
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Figure 4-1: Schematic of the proposed dual-channel current-source gate driver 

 

4.2 Principle of Operation 

The waveforms of the proposed driver are shown in Figure 4-2, with the switching intervals 

exaggerated for clarity.  There are ten intervals in one switching period; however, odd-symmetry 

in the driver allows operation to be fully understood by describing the first five.  Given that the 

intended application of this driver is for synchronous rectifiers in a symmetrically driven series 

resonant converter, symmetric synchronous rectifiers will be used in the full-wave rectification.  

It is therefore assumed that the turns ratio of the inductor is unity. 
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Figure 4-2: Timing waveforms of the dual-channel current source driver of Figure 4-1 
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Interval 1 – Pre-charge (Inductor pre-charge interval: t0 ≤ t < t1): 

This interval begins with the gate of SR2 clamped to Vcc through M6, and the gate of SR1 

clamped to ground through M4.  Driver switch M8 turns on with zero current, and the current in 

Lr2 rises.  The current path in the driver in this interval is shown in Figure 4-3.  The interval ends 

when iLr2 = -Ipeak. 

 

Figure 4-3: Interval 1 current path of the dual-channel current source driver in Figure 4-1 

 

 

Interval 2 – OFF (MOSFET Gate discharge interval: t1 ≤ t < t2): 

This interval begins with the turning off of M6 under zero voltage, causing the inductor to pull 

charge from Cg2, the gate of SR2.  The interval ends when the gate voltage reaches zero.  The 

current path is drawn in Figure 4-4. 
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Figure 4-4: Interval 2 current path of the dual-channel current source driver in Figure 4-1 
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Interval 3 – ON (MOSFET Gate charge interval: t2 ≤ t < t3): 

With Cg2 completely discharged, M7 is turned on under zero voltage.  Switch M8 turns off 

thereby cutting the current path of Lr2.  Meanwhile, in bridge 1, M4 turns off with zero voltage, 

and M2 turns on to allow current to flow in Lr1 and charge Cg1, the gate of SR1.  The current path is 

shown in Figure 4-5. 
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Figure 4-5: Interval 3 current path of the dual-channel current source driver in Figure 4-1 

 

 

Interval 4 – Discharge (Inductor discharge interval: t3 ≤ t < t4): 

At the beginning of this interval, the gate of SR1 is fully charged, and M1 turns on with zero 

voltage.  Switch M2 turns off with zero voltage, forcing current to flow through D3.  To reduce 

gate loss, M3 is kept off.  The inductor energy is being returned to the source in this interval, as 

shown in Figure 4-6.  The interval ends when the inductor is completely discharged, meaning D3 

experiences zero-current turn-off. 
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Figure 4-6: Interval 4 current path of the dual-channel current source driver in Figure 4-1 

 

During Interval 5, the driver clamps the gates of the synchronous rectifiers to the supply rails, 

and therefore does not consume any power.  Intervals 6-9 are identical to Intervals 1-4; but for the 

opposite gates.  Thus, Lr1 is used for the pre-charge and OFF intervals for SR1, and Lr2 charges 

SR2 before discharging.  

 

4.3 Analysis 

4.3.1 Operating Intervals 

Under steady-state conditions there are 10 operating intervals; two of which involve clamping 

the MOSFET gates to the supply voltage or ground.  The remaining eight occur around the 

switching instant, and fall into one of four categories.  The equations describing the four 

categories will be derived in this section.   

 

Inductor Pre-charge Intervals (Interval 1 and Interval 6): 

The inductor pre-charge interval is the first step in transitioning the power MOSFETs.  It 

involves raising the inductor current from zero to the peak value required to discharge a gate.  



 

 

 

69

The equivalent circuit is a simple RL circuit shown in Figure 4-7, and the defining equation is 

given by (4.1).  Table 4-1 lists the value of the variables during each pre-charge interval. 

Vcc

rpre
Lr

iLr

 

Figure 4-7: Equivalent circuit of the driver of Figure 4-1 during pre-charge intervals 

 

1
 (4.1) 

 

Table 4-1: Variable definitions for pre-charge intervals 

Interval iLr, Lr rpre 
1 iLr2, Lr2 Rds6 + Rds8

6 iLr1, Lr1 Rds1 + Rds3

 

 

MOSFET Gate Discharge (OFF) Intervals (Interval 2 and Interval 7): 

The non-zero inductor current is used to pull charge from the MOSFET gate to turn the switch 

off quickly.  The equivalent circuit during this interval is shown in Figure 4-8.  The system of 

equations is defined by (4.2), with the variables defined in Table 4-2. 

Cg

+
vg

-

iLr
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Lr

 

Figure 4-8: Equivalent circuit of the driver of Figure 4-1 during OFF intervals 
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1

1
0

 (4.2) 

 

Ideally, the inductor has an initial current of –Ipeak, and the capacitor has an initial voltage of 

Vcc.  However, for mathematical accuracy, the inductor current is defined as the current at the end 

of the previous interval according to (4.3). 

Table 4-2: Variable definitions for OFF intervals 

Interval iLr, Lr rOFF vg, Cg 
2 iLr2, Lr2 Rds8 + Rg2 vg2, Cg2 

7 iLr1, Lr1 Rds3 + Rg1 vg1, Cg1 

 

, 2
, 7

 (4.3) 

 

MOSFET Gate Charge Intervals (ON) (Interval 3 and Interval 8): 

After discharging one gate, the energy in the coupled inductor is transferred to the other 

winding to charge the other MOSFET gate.  The equivalent circuit during the ON intervals is 

shown in Figure 4-9; with the system of equations defined by (4.4). 

 

Figure 4-9: Equivalent circuit of the driver of Figure 4-1 during ON intervals 

 

0 0
   (4.4) 
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Table 4-3: Variable definitions for ON intervals 

Interval iLr, Lr rON vg, Cg 
3 iLr1, Lr1 Rds2 + Rg1 vg1, Cg1 

8 iLr2, Lr2 Rds5 + Rg2 vg2, Cg2 

 

The initial capacitor voltage for these intervals is zero, and the ideal initial inductor current is 

Ipeak.  The actual initial current is given by (4.5). 

 

, 3
, 8

 (4.5) 

 

Inductor Discharge Intervals (Interval 4 and Interval 9): 

With both power MOSFET gates transitioned, the remaining inductor current returns to the 

source.   The equivalent circuit during the discharge intervals is shown in Figure 4-10; with the 

differential equation describing its operation given by (4.6). 

 

Figure 4-10: Equivalent circuit of the driver of Figure 4-1 during discharge intervals 

 

 (4.6) 

 

Table 4-4: Variable definitions for discharge intervals 

Interval iLr, Lr rdis VF 
4 iLr1, Lr1 Rds1 VF3

9 iLr2, Lr2 Rds6 VF8
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The ideal initial inductor current is Ipeak.  The actual initial current is given by (4.7). 

 

, 4
, 9

 (4.7) 

 

 

4.3.2 Loss Mechanisms in the Driver 

In this subsection, the different loss mechanisms of the proposed current source driver will be 

analyzed under the assumption of ideal driver waveforms like those in Figure 4-2. 

4.3.2.1 SR Gate Current 

The peak gate current is a function of the gate charge of synchronous rectifiers and the desired 

switching speed.  Assuming equal rise (tr) and fall times (tf) of the gate voltage, each gate is 

subject to a positive current pulse with magnitude Ipk at turn-on; and a negative current pulse with 

magnitude –Ipk at turn-off.  The RMS current through each gate can then be found to be (4.8).  

Since tr = tf, we can define a switching time tsw = tr = tf.  To provide a level of abstraction, a 

switching duty cycle is defined to be the amount of time turning the SRs on or off as a ratio of the 

switching period: Dsw = 4tsw/Ts.  The peak gate current can then be found with (4.9).  Through 

simple manipulation, the RMS gate current can be found with (4.10) as a function of the 

switching duty cycle and gate charge of the SRs. 
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,  (4.8) 

4
 (4.9) 

,
2√2

 (4.10) 

 

4.3.2.2 Conduction Loss 

4.3.2.2.1 Pre-charge Intervals 

The RMS value of pre-charge current can be found to be (4.11), where tpre is the time it takes 

the inductor current to rise linearly from zero to Ipk.  From the equation, the only way to minimize 

conduction loss in the pre-charge intervals is to reduce the RL time constant associated with the 

interval.   

, 3
 (4.11) 

The conduction loss during pre-charge is given by (4.12), where rpre is defined in Table 4-1. 

 

, ,  (4.12) 

 

4.3.2.2.2 OFF Intervals 

The RMS current during the OFF intervals is equal to the current found with (4.13).  The 

conduction loss of the driver is then found with (4.14), where rOFF is defined in Table 4-2 minus 

the MOSFET gate resistance. 
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, 2
 (4.13) 

, ,  (4.14) 

4.3.2.2.3 ON Intervals 

The RMS current during the ON intervals is equal to that of the OFF intervals (4.13).  The 

conduction loss of the driver is then found with (4.15), where rON is defined in Table 4-3 minus 

the MOSFET gate resistance. 

, ,  (4.15) 

 

4.3.2.2.4 Discharge Intervals 

During the discharge intervals, the RMS currents in the driver are found with (4.16), where tdis 

is the time it takes the inductor current to decay from Ipk to zero.  The average current is found 

with (4.17).  As with the pre-charge intervals, reduction of the RL time constant is the only way to 

reduce the magnitude for a given switching frequency and SR part number. 

 

, 3
 (4.16) 

, 2
 (4.17) 

 

The conduction loss during the discharge intervals are then defined by (4.18) and (4.19); 

where rdis and VF are defined in Table 4-4. 
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, ,  (4.18) 

, ,  (4.19) 

4.3.2.2.5 Comments on Driver Conduction Loss 

All currents are dependent on the peak inductor current which is proportional to gate charge 

and switching frequency.  To lower conduction loss, MOSFET channels are widened, increasing 

the effective gate charge.  Thus, in order to handle high current in the power converter, MOSFET 

technology imposes a practical limit on the operating frequency.  For this reason, to truly achieve 

ultra high switching frequency, MOSFET technology has to improve, or be replaced. 

4.3.2.3 Gate Loss 

In the driver there are a total of 8 MOSFETs.  Each one switches on once per switching cycle.  

Therefore, the gate loss associated with the driver FETs can be approximated by (4.20) where Qg,k 

is the gate charge of the kth MOSFET.   

, ,  (4.20) 

 

4.3.2.4 Core Loss 

The core loss of a coupled inductor is found with (4.21); where Cm, x, y, ct0, ct1, and ct2 are 

parameters obtained by curve fitting measured power loss data [46].  Bpk is the peak flux density 

in the core, f is the frequency of excitation, and T is the core temperature. 

 (4.21) 
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4.3.2.5 Switching Loss 

Most switches in the driver achieve soft transitions to allow high frequency operation.  

However, the top switches (M2 and M5) turn on to conduct Ipk during the ON intervals.  While 

incurring any switching loss is less than ideal, the penalty in this case is somewhat minimized by 

the fact that the switches are only active during the ON intervals.  Therefore, low Qg switches 

with fast transition times can be used. 

 

4.3.3 Driver Impact on Synchronous Rectifier Loss 

In the previous subsection it was shown that driver conduction loss is a function of the peak 

gate current; which is a function of the gate charge of the MOSFET and the speed at which it is 

turned on and off.  Conventional wisdom states that for synchronous rectifiers, it is desirable to 

switch as fast as possible to minimize diode conduction, and thus live with the gate loss.  While 

this may be true for inductively loaded systems, it is not the case for SRs in a series resonant 

converter. 

4.3.3.1 Conduction Loss of a Synchronous Rectifier 

The half sine wave current through a SR provides a number of benefits, and is highly 

advantageous in high frequency power conversion.  Assuming the SR conducts less than 100% of 

the conduction cycle, then the body diodes experience zero current transitions, and the SR 

experiences zero voltage transitions.  Elimination of switching loss means SRs in a series 

resonant converter only experience conduction and gate loss. 

To calculate SR conduction loss, the conductivity of the body diode and MOSFET channel 

must be known.  In Figure 4-11 the diode forward voltage and channel resistance is shown for an 

IRF6691 power MOSFET.  Both depend on junction temperature, and the on-resistance depends 
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on gate voltage while the diode voltage depends on the current through it.  To estimate 

conduction loss versus Dsw, equations were produced to model the devices at a junction 

temperature of 100°C.  Excel was used to obtain a quadratic equation for the diode voltage, 

VF=f(i(t)); and piece-wise linear equations for the on-resistance, Rds=f(vg(t)).  A MATLAB 

program was then written to calculate conduction loss for a given gate voltage profile and current 

magnitude. 

 

(a) (b) 

Figure 4-11: IRF6691 Datasheet information: (a) diode forward voltage; (b) channel 
resistance 

 

The results of the MATLAB program are shown in Figure 4-12, where the conduction loss is 

shown against the per cycle average of rectified resonant current for different switching speeds.  

The lowest conduction loss is obtained with the fastest switching speed, but the difference 

diminishes with load.  At a per cycle average of 50A, the conduction loss is 3.61W at Dsw = 0.1; 

but only increases to 5.17W when the switching duty cycle is quadrupled.  Thus, a four-fold 



 

 

 

78

increase in switching speed only saves 30% of the conduction loss.  This proves that diode 

conduction is not as detrimental in the series resonant converter. 

 

Figure 4-12: SR conduction loss at different switching speeds 

 

4.3.3.2 Gate Loss of a Synchronous Rectifier 

The gate loss of four IRF6691 MOSFETs is shown in Figure 4-13.  The greatest switching 

loss savings is achieved by increasing Dsw from 0.1 to 0.2.  Loss reduction is less dramatic with 

subsequent increases.  The loss as a function of gate resistance is shown in Figure 4-14.  As with 

driver conduction loss, the gate loss increases with driver speed and gate resistance.  At Dsw = 0.1, 

the gate loss is 8.32W; but reduces to 2.08W at Dsw = 0.4.  Therefore, there is a 1:1 loss reduction 

with switching speed reduction.  This highlights the importance of improving MOSFET 

technology through gate charge reduction to allow efficient high frequency operation. 
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Figure 4-13: Simulation of gate loss of four IRF6691 MOSFETs at 5MHz 

 

 

Figure 4-14: Simulation of gate loss of the driver in Figure 4-1 driving four MOSFETs at 
5MHz (2 MOSFETs per synchronous rectifier location) 
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4.3.3.3 Total SR Loss 

The total per cycle synchronous rectifier loss is shown in Figure 4-15 with a single MOSFET 

per SR location and two MOSFETs in parallel per SR location.  Thermal constraints require two 

MOSFETs at full-load.  Below 40% load, it is more efficient to use a single switch to rectify the 

current.  Notice the significant loss savings from slower gate transitions.  Using Dsw ≥ 0.2 cuts 

total SR loss by 33% or more compared to Dsw = 0.1.  This follows the analysis of the individual 

loss components as the gate charge savings with slower transitions outweighs the conduction loss 

penalty.  

(a) (b) 

Figure 4-15: Simulation of per cycle synchronous rectifier loss of the driver in Figure 4-1 
with (a) 1 SR; (b) 2 SRs in parallel 

 

4.3.3.4 Comparison with a Conventional Gate Driver 

At lower frequencies, resonant gate drive loss is compared to conventional drivers according 

to the equation Pg= QgVgf0.  However, the comparison loses its validity at high frequency.  In the 

general equation, time is ignored.  It then does not make sense to compare the loss of a high speed 

driver to one which cannot transition the gates in time.  To overcome this, the time it takes a 
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conventional driver to turn a switch ON can be calculated with (4.22); where the charges and 

voltages are defined in Figure 4-16.  The gate charge curve in the figure is available in any 

MOSFET datasheet. 

 

, ln  (4.22) 

 

 

Figure 4-16: Definition of gate drive voltages and charges 

 

, 4 ,
 (4.23) 

 

With a current-source driver, the turn-on time is calculated with (4.23).  Now, to make a fair 

comparison, the loss of a conventional driver with switching speed equal to a CSD can be 

obtained.  In Figure 4-17 the required overdrive voltage and associated gate loss is shown for a 

conventional driver driving a total of four MOSFETs at 5MHz with Dsw = 0.3, using the gate 

charge values of an IRF6691 MOSFET.  Above 0.9Ω gate resistance, the required voltage to 

achieve fast switching rises sharply; resulting in prohibitively large gate loss.   
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Figure 4-17: Overdrive voltage and power in a high speed conventional driver 

 

The loss of a conventional driver used for four IRF6691 MOSFETs can be read from Figure 

4-17 at Rg = 0.6Ω.  The assumption made in this analysis is zero driver impedance; which makes 

the results optimistic.  Any resistance in the driver path increases the required overdrive voltage 

to maintain high switching speed, and increases driver loss.  From the figure, a conventional 

driver would consume 4.17W; while a CSD driver dissipates 2.77W (Figure 4-13) in the gate 

resistances.  Thus, a current source driver offers a 33% reduction in gate loss compared to an 

ideal conventional driver. 

4.4 Design Considerations 

In this section, the issues surrounding the implementation of a dual-channel current source 

driver for SR gate drive in a series resonant converter will be discussed.  IRF6691 power 

MOSFETs will be used for the SRs due to their low gate resistance, relatively low gate charge, 
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and monolithic schottkey diode.  The desired operating frequency is 5MHz; and Dsw = 0.3 is 

selected to maintain high rectification efficiency with a discontinuous inductor current. 

4.4.1 Inductance Value 

The value of the driver inductance is critical for achieving fast, efficient operation.  In this 

subsection, limits on allowable values will be derived based on energy and efficiency 

considerations.  Once the limits are defined, waveforms from the results of Section 4.3.1 will be 

used to size the inductor. 

 

4.4.1.1 Resonance 

During the ON and OFF intervals, the driver inductor resonates with the gate capacitance of 

the synchronous rectifiers.  To maintain unidirectional energy flow, a quarter resonant cycle must 

be at least as long as the time required to charge or discharge a gate (4.24); where ωr,gate is the 

radian resonant frequency of the SR gate capacitance and driver resonant inductor.  Solving the 

inequality places a minimum value on the driver inductance (4.25) . 

2 ,
 

(4.24) 

4
 (4.25) 

 

4.4.1.2 Continuous Current /Discontinuous Current Operation Boundary 

Throughout this thesis, it has been argued that discontinuous current provides a substantial 

conduction loss savings compared to continuous current drivers.  Since the continuity of current 

is related to the inductance, there is a critical value that divides the two modes of operation. 
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During the pre-charge interval, the current ramps up to Ipk.  The time it takes to do so can be 

found by solving (4.1) and isolating t.  The result is given in (4.26).     

1
4

 (4.26) 

 

Similarly, the duration of the discharge interval is found to be (4.27). 

4
 (4.27) 

 

In each half period, there is one ON, OFF, pre-charge, and discharge interval.  At the 

boundary between continuous and discontinuous current, the driver does not experience a 

dormant interval.  That is, a new pre-charge interval begins the instant a discharge interval ends; 

according to (4.28).  Substitution of (4.26) and (4.27) into (4.28); and simple manipulation yields 

an equation to determine the critical inductance based on circuit parameters and implementation 

details (4.29).    

2
2 0 (4.28) 

  

,
1

2 1
4

4

 
(4.29) 

 

To maintain discontinuous current, the inductance must be less than the critical value.  

Moreover, to achieve gate transitions at the desired speed, the inductance cannot be more than the 

critical value.  The permissible range of driver inductance values are shown graphically in Figure 

4-18.  The lower limit (red trace) is imposed by the quarter period resonance limitation.  The blue 

trace is the solution of Lr,critical.  The drive voltage is 5V; the forward voltage is assumed to be 
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0.3V; and it is assumed that rpre = 150mΩ = 2rdis.  The rapid drop of valid inductance values 

reveals another benefit of the proposed driver is the potential to include the coupled inductor in 

IC implementation.   

 

Figure 4-18: Boundaries for the permissible inductance values of the coupled inductor used 

in the dual-channel current source driver in Figure 4-1 

4.4.1.3 Driver Waveforms 

A program was written in MATLAB to simulate the operation of the dual-channel current 

source driver.  Guided by the analysis above an inductance of 200nH was selected to ensure 

pronounced discontinuity of the current.  The operating frequency of the driver in the simulation 

is 1.75MHz.  Shown in Figure 4-19 are the currents through the coupled inductor windings; with 

the corresponding gate voltages in Figure 4-20.  The waveforms during the inductor pre-charge 

and discharge intervals are linear, and follow the idealized case.  The resonance between the 

inductor windings and gate capacitors is evident during the gate charge periods, but not 

detrimental to circuit operation.   
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Figure 4-19: Simulation of the inductor currents of the driver in Figure 4-1 

 

Figure 4-20: Simulation of SR gate voltages of MOSFETs being driven with the driver in 

Figure 4-1 
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4.4.2 Switch Selection 

Each switch in the driver, with the exception of M4 and M7, are subject to a peak current of 

Ipeak.   The current each switch conducts is presented in Table 4-5.  The difference in current 

indicates the potential to save silicon when the driver is implemented as an integrated circuit.  

Instead of requiring all driver FETs to be relatively large devices with high gate charge, it is 

possible to implement smaller devices for a majority of the switches.    

Table 4-5: Summary of current conduction intervals of the switches in the driver of Figure 

4-1 

Switch Ipre,rms Ig,rms Idis,rms Idis,avg 
M1 X X  
M2  X
M3 X X   
D3    X 
M4     
M5  X   
M6 X X  
M7     
M8 X X   
D8    X 

 

 

4.5 Experimental Results 

A proof-of-concept prototype was designed to implement the dual-channel current source gate 

driver.  The operating frequency was selected to be 1.8MHz based on resolution limitations of the 

FPGA used to implement the controller. 

 

4.5.1 Controller Logic Implementation 

The logic to generate the driver gating signals was implemented with an Altera Cyclone 

FPGA (EP1C6Q240C8) on a UP3 education board.  The simplified block diagram of the digital 
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circuit is shown in Figure 4-21.  A clock signal feeds a counter that feeds the “Gate_Signals” 

block that implements the state machine of Figure 4-22.    The vector gates[8..1] represents the 

gate signals to the 8 switches in the driver.  The state machine was implemented in VHDL to 

maintain correct timing of the gate signals and ensure the proper start-up and shut-down 

sequences are followed (shown in Figure 4-22).  State S0 represents the reset state.  When the 

driver is commanded to be on, a counter is started and the driver enters into the first state, S1, 

where inductor Lr1 is pre-charged to turn on SR1.  After the inductor pre-charge time, the driver 

enters into the second state, S2; where the gate of SR1 is charged.  This corresponds to interval 3 

in the timing diagram of Figure 4-2.    The state machine traverses the intervals of the timing 

diagram, and loops from S11 to S1 if the command signal is high; indicating another switching 

cycle has commenced.  Note the “Command Signal” in the block diagram corresponds to the 

“ON” signal in the state machine.  If the converter is to turn off after the current switching cycle, 

the inductor Lr2 must discharge after the gate of SR2 is discharged.  This is handled in the state 

machine by S12; after which the state machine enters S0 and waits for the next “ON” command. 

 

 

 

Figure 4-21: Block diagram of the control circuit for the driver in Figure 4-1 
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Figure 4-22: State machine logic to implement the Gate_Signals block of Figure 4-21 

 

In Figure 4-23, simulation results of the code are provided during steady-state operation.  The 

start-up and shut-down sequences are shown in Figure 4-24 and Figure 4-25, respectively.  The 

simulation results were produced by the Altera Quartus II Timing Simulator.  In the simulation 

results, the logic vector ‘gates’ represents the gate signals of the two full-bridges of the driver.  

The vector ‘internal_cnt’ identifies the current state of the driver, corresponding to Figure 4-22.  

The signal ‘DIP1’ is the active-low representation of the ON signal for the driver. 
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Figure 4-23: Steady-state simulation waveforms of the control circuit of Figure 4-21 

 

When DIP1 goes low in Figure 4-24 the switching sequence is initiated and the driver proceeds through each state.  When the signal goes high in 

Figure 4-25, the driver is in the first half of a switching cycle.  The driver sequence continues as required, and ends in state S12 before returning to 

state S0.  The simulation results show the controller behaves correctly. 

 

 

Figure 4-24: Start-up simulation waveforms of the control circuit of Figure 4-21 
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Figure 4-25: Shut-down simulation waveforms of the control circuit of Figure 4-21 
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The intended application of the driver is the synchronous rectifiers of a series resonant 

converter under VF-PDM.  Accordingly, the driver operates in an open-loop fashion, responding 

only to a command signal to turn on or off.  However it is possible to behave more intelligently 

should an application require it.  For example, a PWM signal could be used to control the driver; 

where the rising and falling edges of the signal initiate the driver timing sequences. 

The steady-state gating waveforms of the first bridge are shown in Figure 4-26.  As expected, 

the measured FPGA waveforms correlate well to the simulation results. 

 

 

Figure 4-26: Experimental waveforms of the gate signals generated by the control logic of 

Figure 4-21 for Bridge 1 of the dual-channel current source driver of Figure 4-1 [C1: Vg,M1, 

C2: Vg,M2, C3: Vgs,M3, C4: Vgs,M4; vertical scales: 2V/div, time scale: 200ns/div] 

 

4.5.2 Driver Power Train 

To implement the driver, TI CSD25302Q2 PMOS devices were used for high-side locations, 

and Fairchild NDS351AN NMOS devices were used for low-side locations.  MMDT4146-7-F 

NPN/PNP BJT pairs by Diodes Inc. implemented the buffers that conditioned the FPGA signals 
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to have sufficient drive strength to transition the power MOSFETs in the driver.  The coupled 

inductor was implemented on an ER9.5 core of 3F4 material by Ferroxcube.  The core was pre-

gapped to achieve a nominal AL value of 25nH. Identical gate charge requirements demand unity 

turns ratio of the coupled inductor.  Each winding consists of three turns of litz wire with an 

AWG equivalent of 22, made up of 30 strands of 38AWG.  A picture of the prototype is shown in 

Figure 4-27, with the different components identified.  In practice, the FPGA logic and driver 

semiconductors would be implemented on a single piece of silicon as an IC.  Based on the 

capabilities of industry today, it would be possible to package the driver in a 4x4mm package.  To 

put that into perspective, the layout of each bridge of MOSFETs on the prototype occupies 

88mm2, the BJTs and resistors for each bridge occupy 130mm2, the connection header consumes 

255mm2, and the SRs are each 27mm2.   

 

 

Figure 4-27: Picture of experimental prototype of the dual-channel current source driver of 

Figure 4-1 
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The following figures show the SR1 gate voltage with the current in Lr1.  In Figure 4-28, FPGA 

gate signals G1 and G4 are shown to illustrate the inductor pre-charge interval and synchronous 

rectifier on and off charge times.  Similar waveforms are shown in Figure 4-29, but include 

FPGA signals G2 and G3.  G2 is only active while the SR gate charges and G3 is only active 

during the inductor pre-charge interval to turn the SR off. 

In Figure 4-30, the SR gate-source voltages are shown with the two inductor currents.  The 

inductor currents correlate to the ideal waveforms and MATLAB simulations presented earlier in 

the chapter.  It is evident that there is no chance of shoot-through since the FET that turns-on only 

does so after the opposite FET turns off.   The inductor currents are discontinuous, and subject to 

the merits previously discussed. 

 

 

Figure 4-28: Experimental steady-state waveforms of the dual-channel current source 

driver of Figure 4-1: FPGA G1 & G4 signals with vgs,SR1 and iLr1 [C1: SR1 gate voltage vg1 

2V/div, C2: FPGA signal for M1 Vg,M1 2V/div, C3: inductor current iLr1 500mA/div, C4:  

FPGA signal for M4 Vg,M4 2V/div; time scale: 200ns/div] 
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Figure 4-29: Experimental steady-state waveforms of the dual-channel current source 

driver of Figure 4-1: FPGA G2 & G3 signals with vgs,SR1 and iLr1 [C1: SR1 gate voltage vg1 

2V/div, C2: FPGA signal for M2 Vg,M2 2V/div, C3: inductor current iLr1 500mA/div, C4:  

FPGA signal for M3 Vg,M3 2V/div; time scale: 200ns/div] 

 

 

Figure 4-30: Experimental steady-state waveforms of the inductor currents and SR gate 

voltages of the dual-channel CSD of Figure 4-1 [C1: SR1 gate voltage vg1 2V/div, C2: SR2 

gate voltage vg2 2V/div, C3: inductor current iLr1 500mA/div, C4:  inductor current iLr2 

500mA/div; time scale: 200ns/div] 
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Measurements were taken to evaluate the power savings offered by the proposed driver with 

respect to an off the shelf driver.  A TI UCC37322 high speed MOSFET driver provided the basis 

for the comparison.  The measurements are accurate within the range possible with the 

multimeters specified in Appendix D.  In Figure 4-31, the results of the measurements show the 

proposed CSD provides roughly 200mW of power savings at 1.8MHz.  This translates to a 22% 

driver savings, independent of the conduction of the power device.  As the frequency increases, 

the savings grow in accordance with the analysis performed in the preceding sections.   

 

 

Figure 4-31: Power consumption comparison of the prototype of Figure 4-27 with a 

conventional driver [switching at 1.8MHz, drive voltage Vcc = 5V] 

 

4.6 Summary 

In this chapter, a new dual-channel current source gate driver has been presented.  The 

operating intervals have been identified and analyzed.  Simulation results from MATLAB and 
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Quartus II have been presented to verify the results of the analysis.  An experimental prototype 

was built and tested to validate the design.  The proposed driver is able to achieve reduced 

component count and conduction loss savings compared to other resonant gate drivers through: 

non-zero gate charge current, discontinuous inductor current, a single coupled inductor, and a 

minimum number of semiconductors in the current conduction path.  Although implemented 

discretely, the driver MOSFETs and control logic lends itself to implementation as an integrated 

circuit to achieve higher frequency operation.  It was shown that as implemented, the driver is 

able to achieve 22% power savings compared to commercially available drivers. 
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Chapter 5 

Conclusions and Future Work 

5.1 Summary of Contributions 

In this thesis, the areas of resonant converter control and driving low on-resistance MOSFETs 

were identified as the main barriers to achieving high frequency operation.  The motivation 

behind this work was to create technologies that aid in overcoming the hurdles given the current 

state of the art in semiconductor technology.  In this section, the three contributions of this thesis 

will be summarized to highlight their improvements over existing work. 

5.1.1 Variable Frequency Pulse Density Modulation Control of Resonant Converters 

The first contribution of this work is a new control method for resonant converters that boasts 

many merits while overcoming the limitations of existing pulse density modulation control 

methods.  The main contributions of this control technique are: 

 Load-dependent modulating frequency for fast transient response and small filter size. 

 ON-periods composed of an integer number of resonant cycles to completely 

eliminate switching loss and enable high modulating frequency. 

 Pulsed operation to reduce frequency-dependent loss commensurate with load. 

 Inherently stable regulation of the series resonant converter across all operating 

points. 

 Low resonant component stress through relaxed quality factor requirements 

 Constant switching frequency for miniaturization and optimization of passive 

components.  
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 Simplifies SR timing by maintaining a nearly constant phase relationship between the 

resonant current and drive voltage.  This implies: 

o SR gate signals can be phase delayed versions of primary-side gate signals 

o Current sense circuits which may consist of some combination of 

transformers or integrated circuits are not required. 

 The advantages are achieved without sacrificing the natural benefits of resonant power 

conversion.  That is, with the proposed control technique: 

o All semiconductors experience soft transitions. 

o The voltage stresses of the primary devices are clamped to the input voltage. 

o The voltage stress of the rectifiers is twice the output voltage.   

o The resonant inductor can be composed solely by the leakage of the 

transformer to promote miniaturization and low loss. 

Measured results of a 12V/0.78V 10A converter at 1.5MHz confirmed peak power train 

efficiency close to 86%, and a 78% reduction in gate loss power at 2% load compared to a 

constant modulating frequency PDM resonant converter with equal capability. 

5.1.2 Variable Frequency Pulse Density Modulation Controller Implementation 

The second contribution is related to the first and involves the implementation of the 

controller for VF-PDM.  Through analysis it was shown that a ratio of clock frequency to 

switching frequency of 4:1 is sufficient to achieve the benefits of VF-PDM, and increasing the 

ratio provides diminishing returns.  This is particularly attractive for IC implementation as low 

clock frequency translates to low quiescent power consumption.  Staying in line with the general 

theme of this thesis, low quiescent power consumption will only help extend the life of a portable 

device powered by a converter with VF-PDM control. 
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5.1.3 Dual-Channel Current Source Gate Driver 

The third contribution is the analysis and design of a new dual-channel current source gate 

driver used to switch two complementary ground-referenced MOSFETs.  The main contributions 

of the work are: 

 Switching speed optimization is based on total semiconductor loss including gate loss 

and diode conduction loss. 

 The limits of permissible coupled inductor values were identified.  Miniaturization is 

possible based on the low inductance required, and the use of a single core. 

 Driver conduction loss is reduced through transferring of gate charge to reduce 

inductor charge intervals, while minimizing the number of semiconductors in the 

current path. 

 The achievement of soft transitions of the driver switches. 

An experimental prototype was built and tested to show a 22% power loss savings at 1.8MHz 

over a very high speed driver.     

5.2 Future Work 

This section presents possible future work for the topics presented in this thesis. 

5.2.1 Variable Frequency Pulse Density Modulation Control of Resonant Converters 

With the control topology addressed to enable high speed operation of the series resonant 

converter, component integration and semiconductor technology improvements are needed for 

further increases.  Multichip modules created by co-packaging the primary-side FETs and their 

drivers will outperform the prototype used in this work.  As will packaging a driver with each SR, 

or the proposed driver with both SRs (see Section 5.2.3).  To successfully realize a high 
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frequency series resonant converter, advanced semiconductor material like GaN is required to 

break the frequency limitations imposed by silicon.  

5.2.2 Variable Frequency Pulse Density Modulation Controller Implementation 

In this work, the output voltage was used as the feedback variable to determine the duration of 

an on cycle.  However, in some cases it may be beneficial to control the resonant current.  It 

would be a worth-while exercise to analyze the benefits and capabilities of VF-PDM to control or 

limit the current in the converter.  Applications of this approach and knowledge include solid 

state lighting and protection of voltage-mode VF-PDM. 

Although it digresses from the Power Electronics field, implementing the VF-PDM controller 

as a power application specific IC (PASIC) is a necessary step in commercial realization and truly 

achieving high frequency operation.   

5.2.3 Dual-Channel Current Source Gate Driver 

There are a couple of reasons industry is reluctant to adopt resonant gate drivers.  The first is 

that the power loss savings is not great enough to warrant the added cost.  It’s easier to simply 

reduce switching frequency and add an extra output capacitor if necessary.  Second, the 

requirement of an inductor for each gate is an expensive proposition in terms of money and PCB 

real estate.  There are two interesting ideas that can propagate this work ahead in both the 

academic and industrial worlds.  First, designing the proposed driver for an asymmetric half-

bridge structure like the buck converter would appeal to a wider audience.  The operating 

principles would be the same, but the turns ratio would not be unity.  Second, integrating the 

semiconductors and inductor in a single IC would address the size issue.  This is really a non-

trivial task as it would require diving into the world of advanced magnetic and IC packaging 

technology 
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Appendix A 

Literature Review of Resonant Converter Control 

A.1 Variable Frequency 

The classic way of controlling a resonant converter against line and load variation is to vary 

the frequency of the square wave produced by the chopper circuit [1]-[8].  The schematic is 

shown in Figure A-1, where the compensated output error voltage feeds a voltage controlled 

oscillator to generate the gate drive signals.   

 

 

Figure A-1: Variable frequency control of the series resonant converter 

 

Adjusting the drive frequency has the effect of changing the impedance of the resonant tank to 

vary the gain of the converter.  In Figure A-2 the principle of variable frequency control is 

illustrated at two different load points.  In both parts of the figure, the bell-curve is the gain of the 

resonant converter, and fr is the resonant frequency.  At full-load (and low-line) the converter 

operates close to the resonant frequency, as shown in the Figure A-2 (a).  As the load reduces 

(and/or the input voltage increases), less gain is required and the converter operates further from 

the resonant frequency. 
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Figure A-2: Principle of variable frequency control (a) full-load; (b) light-load 

 

The Fourier series of a square wave produced by a half-bridge is given by (A.1), where n is 

the harmonic index.  It is seen that: 1. only odd harmonics exist; 2. the magnitude of each 

harmonic only depends on the input voltage, and not the control variable f0.  This is one 

advantage of variable frequency control.  A major disadvantage of this control method is the wide 

range of operating frequencies required to regulate the output.  This complicates magnetic 

component design, and gate signal generation of the synchronous rectifiers.  Thus, efficiency and 

performance are negatively impacted.   

2
2

2  (A.1) 

 

However, the biggest problem with variable frequency control is that for the series resonant 

converter, regulation is lost at light-load.  Therefore, use of the series resonant converter under 

variable frequency control is limited to applications with a known minimum load level.   
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A.2 Self-sustained Oscillation Controller 

A non-constant frequency control is the self-sustained oscillation controller (SSOC) [9]-[12], 

which has been shown to achieve regulation with a smaller frequency range, and ZVS for all 

operating points.  SSOC works by allowing the converter to operate in its stable limit cycle at a 

given operating point.  In implementation, this is achieved by using the compensated output 

voltage error to control the delay between the zero crossing of the resonant current and the 

switching instant of the chopper voltage.  At full-load, low-line, the delay is minimal, implying 

operation close to the resonant frequency; but increases as the operating point deviates from this 

condition.  There are a couple of downfalls with SSOC when applied to the SRC in low power 

applications.  The first is the requirement of a current sensor which increases size and cost and/or 

efficiency.  The second is in the design requirements.  To achieve ZVS for a wide load range, the 

operating frequency must be relatively far from the resonant frequency.  This increases 

circulating current, which increases conduction loss.  To minimize the operating frequency range, 

a relatively high quality factor (>5) is required.  This increases the stress of the resonant 

components; which is particularly detrimental for the resonant capacitor. 

 

 

Figure A-3: Schematic of a series resonant converter under self-sustained oscillation control 
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A.3 Constant Frequency 

In some applications, constant frequency operation is required to allow synchronization 

between the power converters with the system clock.  This used to be true for telecom systems; 

but with the merging of telecom and datacom, synchronization is no longer a requirement.  

However, constant frequency does provide a means of regulating the output voltage of series 

resonant converters right down to no-load. 

There are a few ways of achieving constant frequency control of resonant converters; by 

controlling the on-time of the switches (i.e. PWM control), or the on-time of the converter (pulse-

density modulation). 

A.3.1 Asymmetrical PWM Control 

For low power, an asymmetric half bridge drive-train is used, and is referred to as 

asymmetrical pulse-width-modulation (APWM) [13]-[15].  The schematic of this control method 

(Figure A-4) is identical to basic PWM controllers where the compensated voltage error is 

compared to a sawtooth waveform to generate a pulse train with duty cycle D.   

 

 

Figure A-4: Asymmetrical Pulse-Width-Modulation control of the series resonant converter 
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The duty cycle variation of the main switch varies the shape of the ac waveform incident on 

the tank.  In Figure A-5, the principle of APWM control is illustrated for two operating points.  

At low line/full-load, the duty cycle is saturated at 50%, and only odd harmonics exist.  As the 

input voltage increases, or the load reduces, the duty cycle must reduce, which causes increased 

harmonic content in the drive voltage and resonant current.   

 

Figure A-5: Principle of APWM control (a) full-load; (b) light-load 

 

The Fourier series expansion of the drive voltage is given by (A.2) where D=ton/T is the duty 

cycle of the main switch.  With this control scheme, the magnitude of each harmonic component 

is a function of the input voltage, as well as the control variable D.   

√2 1 cos 2
sin 2  

Where tan
 

(A.2) 

 

The constant frequency operation allows magnetic component optimization, but does not solve 

the problem of synchronous rectifier gate signal generation.  Furthermore, reduction of duty cycle 
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creates high-side gate signal generation issues analogous to those experienced by a buck 

converter; which places practical limits on the achievable switching frequency. 

A.3.2 Pulse Density Modulation Control 

With PDM, the converter is turned on and off to regulate the output voltage.  This technique 

notably offers extreme efficiency improvements at light load by the simple fact that it is not 

operating most of the time [25]-[33]. 

The largest application of PDM control is for induction heating [25], [26], [28], with current 

research applied to lighting including cold cathode fluorescent lighting (CCFL) [30] and 

dielectric barrier discharge lamps [29].  In many of these works, a digital controller is 

implemented with a PDM cycle 16 times the switching period.  The limitation of discrete 

operating points is not a problem in these applications, so a practical (i.e. reasonable clock rate 

and resolution) programmable logic device can be used.  In the case of induction heating, the 

quality factor is assumed to be quite high such that the decay of resonant current is slow enough 

to not reach zero during the off-time. Thus, output power is controlled, not voltage.  In addition to 

high voltage stress on the resonant elements with a high quality factor tank, conduction loss is 

incurred during the OFF intervals.  To prevent wild fluctuations in power, the PDM duty cycle is 

distributed evenly about the PDM period as shown in Figure A-6.  To achieve noise shaping for 

radio frequency power amplifiers, a -Σ modulator was implemented to generate the PDM signal 

[31]. 
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Figure A-6: Operating waveforms of PDM controlled inverters 

 

PDM has been applied to dc/dc converters [32], with operating waveforms shown in Figure A-

7.  Analog implementation of the control scheme requires compensating the output voltage error 

and comparing it to a sawtooth waveform as with PWM control.  When the error is greater than 

the sawtooth, the converter is turned on and switches at f0.  Otherwise, the converter is off.  

Despite the high efficiency of PDM control, there are many drawbacks associated with it when 

applied to series resonant converters.  First, the required PDM duty cycle resolution limits the 

PDM frequency (fPDM).  This means that despite a high switching frequency, the response of the 

converter is limited by fPDM.  Further, fPDM is used to determine the size of the output filter 

capacitor.  Thus, with PDM, the two goals of high frequency operation: namely improved 

transient response and smaller size; are not achieved despite switching at high frequency.  A -Σ 
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modulator was introduced as a means of overcoming these limitations; however, the high quality 

factor of the resonant tank leads to the same problems experienced by inverters [33]. 

 

Figure A-7: Operating waveforms of a SRC with PDM control from [32] 

 

A.3.3 Secondary-Side Control 

In the aforementioned control schemes, the primary-side switches implement the control 

action in the presence of line and load variations.  In these cases, synchronous rectifiers operate in 

an open-loop fashion to provide efficiency benefits.  In isolated converters, crossing the isolation 

barrier requires the use of an opto-coupler with associated circuitry.  This introduces delay which 

hinders transient performance, and places a practical limit on the achievable switching frequency; 

thereby negating the benefits of resonant converters.  To eliminate the need to cross the isolation 

barrier, secondary-side control has been proposed where the output voltage is regulated by 

controlling the on-time of the synchronous rectifiers. 

In [16], SRs were controlled with a phase-shift with respect to the resonant current. Increase in 

phase angle reduces the converter gain by allowing negative current to flow through the switches; 
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thereby providing a path other than the load for the filter capacitor to discharge.  The result is 

increased filter requirements to maintain low ripple, and high circulating current to reduce light-

load efficiency.  Figure A-8 shows the resonant current and SR waveforms under this mode of 

control.   A similar concept was applied to half-wave rectifiers which suffer the same 

aforementioned drawbacks but to a larger degree [17]. 

 

 

Figure A-8: Waveforms of secondary-side control from [16] 

 

An alternative that regulates the output by controlling what portion of the resonant current is 

sent to the load was investigated in [18] and [19], and shown schematically in Figure A-9.  Both 

[18] and [19] use two uncontrolled and two controlled rectifiers to transmit some portion of each 

half cycle to the load, and circulate the remainder through the rectifiers.  The key waveforms of 

both references are shown in Figure A-10. The controller in [18] circulates the current first before 

transmitting it to the load; while [19] transmits first, and then circulates.  Unlike the previous 

method, current only flows to the filter capacitor from the rectifiers, and never reverses.  The 

problem however, is its limitation to full-bridge rectifiers which are too inefficient to be used in 

low voltage high current applications. 
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Figure A-9: Series resonant converter with controlled rectifiers 

 

 

(a) 

 

(b) 

Figure A-10: Secondary-side control waveforms with full-bridge rectifier (a) [18]; (b) [19] 

 

The idea of duty-cycle control where regulation is achieved by exploiting the conduction 

difference of the SR and its body diode was examined briefly in [20],[21] when an SSOC 

controller was modified to implement SR gating signals.  The same demerits experienced with a 

primary-side SSOC apply equally to secondary-side control.   
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A digital approach to a constant frequency series resonant converter was covered in [22].  

Although the gate drive signals are centred in each half cycle, the method suffers the same 

downfalls as any DPWM scheme.  That is, high resolution and clock rate is required, and places 

an upper limit on the achievable switching frequency.  An analog implementation for both 

voltage-type and current-type resonant converters was presented in [23], [24]; where simple 

linear compensation networks are used to achieve fast response with dual-edge PWM.  The 

schematic of the analog secondary-side controller is shown in Figure A-11, and its waveforms in 

Figure A-12. 

 

 

Figure A-11: Dual-edge PWM for secondary-side control of a series-resonant converter 
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Figure A-12: Waveforms of dual-edge PWM for secondary-side control from [24] 

 

The obvious concern raised with this method of control pertains to the affect diode conduction 

has on converter efficiency.  However, in the case of current-type resonant converters, when the 

current-dependent forward voltage of diodes is accounted for, high rectification efficiency across 

the load range (>87% for a 25A, 1.2V load) is possible.  The square-wave nature of current in 

voltage-type resonant converters lowers light-load efficiency to about 75% for the same converter 

ratings. 

A.4 Summary of Resonant Converter Control Methods 

The elimination of switching loss makes resonant converters natural candidates for high 

frequency power conversion.  In theory, their achievable switching frequency is limitless.  

However, hindering the widespread acceptance of resonant converters are the limitations imposed 

by their control methods.  Variable frequency loses regulation at light load; thereby eliminating it 

from contention in applications with near-zero power consumption when idle.  Self-sustained 

oscillation, a subset of variable frequency control, solves the regulation problem; but requires a 

current sensor and high tank quality factor.  These requirements are detrimental in low power, 

cost-sensitive, space constrained applications.  Constant frequency operation can solve the 
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problems of variable frequency, but introduces its own.  If an asymmetric drive train is used, 

generation of the high-side gate signal is problematic.  Secondary-side control can provide fast 

transient response, but introduces unnecessary conduction loss penalties in non-isolated supplies. 

Regardless of any of their benefits, the aforementioned control schemes depend on adjustment of 

a control variable that is a fraction of the switching period.  As frequencies increase, the difficulty 

in generating the control signal prevents further switching frequency advances.  Present pulse 

density modulation schemes are slow and bulky, and susceptible to switching loss at the 

modulating frequency.  They are therefore unsuitable in highly dynamic systems.  To achieve 

high switching frequency a form of pulse density modulation is required that overcomes the 

existing drawbacks. 
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Appendix B 

Literature Review of Resonant Gate Drivers 

 

B.1 Resonant Gate Drive 

A resonant gate driver uses an inductor (and possibly other reactive elements) to react with the 

power MOSFET gate capacitor to either charge it faster, recapture some of the gate energy, or 

both.  In general, the classification of resonant gate drivers follows the continuity of the inductor 

current.  Therefore, there are continuous current and discontinuous current gate drivers.  Both will 

be discussed in the following subsections, along with their merits and demerits. 

B.2 Continuous Current Resonant Gate Drivers  

As the name implies, continuous current resonant gate drivers (CC-RGD) maintain a non-zero 

inductor current when the MOSFET is being transitioned and a non-zero current slope when the 

MOSFET gate voltage is static [34]-[37].   

In Figure B-1, the schematic and waveforms of the first resonant gate driver is shown [34].  

Switches M1 and M2 form a half-bridge that excite the resonant tank made up of Lx and Cx with a 

unipolar quasi square wave.  During the dead-time between the switches, the peak current 

charges/discharges the gate capacitance of switch S.  Note that when the inductor current is 

negative and the gate is not charging, energy is being returned to the source.  The switches 

achieve zero voltage transitions, making conduction loss dominant.  At 2MHz, the driver offered 

a 75% loss savings over a conventional driver; which translates to a 3% efficiency improvement 

for the 20W multi-resonant buck converter example provided.   
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(a) 

Vgs,S

Vgs,M1

Vgs,M2

ILx

 
(b) 

Figure B-1: Continuous current resonant gate driver presented in [34] (a) schematic; (b) 

waveforms 

 

A gate drive circuit was presented in [35] to drive two gates with a single inductor.  The 

schematic and relevant waveforms are shown in Figure B-2.  This driver is only able to produce 

symmetric drive signals; which can overlap, be separated by significant dead time, or turn one 

switch on immediately following the turn off of the other (shown in the figure).  The latter case 

occurs at converter duty cycle D=0.5.  Deviation from this case requires the inductor current to 

circulate its peak current until the next switch transition is required.  The further from 50% duty 

cycle the converter operates, the greater time the driver spends in the circulating current state.  At 

high frequency and with large gate charge, this is extremely costly in terms of conduction loss.  A 

1MHz dual 6V/11.35V boost converter example was provided and shown to save 67% gate drive 

loss savings. 
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 (a) 

(b) 

Figure B-2: Resonant gate driver presented in [35]; (a) schematic, (b) waveforms 

 

To overcome the limitation of symmetric switch signals, a coupled inductor was used in [37].  

The schematic and waveforms are shown in Figure B-3.  The coupled inductor gives a degree of 

freedom with the ability to change the turns ratio to optimally drive asymmetric switches. The 

driver switches achieve zero voltage transitions, and energy is returned to the source.  However, 

the circulating current still exists, and increases with frequency and gate charge.  At 1MHz 

switching frequency, the loss savings decreases almost linearly from 92% to 49% as the gate 

resistance increases from 0 to 2Ω. 
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(b) 

Figure B-3: Resonant gate driver presented in [37]; (a) schematic, (b) waveforms 

 

The common advantage to continuous current resonant gate drivers is the speed at which they 

are able to transition the power MOSFET due to the non-zero inductor current at the switching 

instant.  This reduces switching loss in hard-switched converters and minimizes diode conduction 

in synchronous rectifiers.  The continuous current recovers a large portion of the gate energy, but 

at the expense of high conduction loss in the driver.  An additional and considerable problem is 

the dependence of peak current on duty cycle.  This is especially problematic in converters with 

highly dynamic loads. 
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B.3 Discontinuous Current Resonant Gate Drivers 

The conduction loss problem of CC-RGD can be circumvented by using a discontinuous 

inductor current.  With discontinuous current resonant gate drivers (DC-RGD), the inductor 

current is zero while the MOSFET gate is static, and is non-zero during the charging of the gate 

[38]-[40].  Thus they are often referred to as resonant pulse gate drivers in the literature. 

In Figure B-4, the schematic and waveforms of one of the first resonant pulse gate drivers is 

shown.  The current pulse is a result of the resonance between the resonant capacitor Cres and the 

leakage inductance of the transformer.  The driver switches achieve zero current transitions for 

efficient high frequency operation.  The transformer provides isolation for the gate, allowing this 

driver to be used on high-side switches.  However, there are a number of drawbacks with this 

technique.  First, there is no low impedance path to the supply rails, leaving the MOSFET 

susceptible to false turn-on in the presence of noise.  Then there’s also the issue of an ac gate 

voltage which increases the effective gate charge and degrades the efficiency of the drive circuit. 

 

 
(a) 

 
(b) 

Figure B-4: Pulse resonant gate driver presented in [38]; (a) schematic, (b) waveforms 
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A coupled inductor was used in [39] to drive complementary switches by transferring the 

energy from one gate to the other.  The schematic and waveforms are shown in Figure B-5.  The 

switches either achieve a zero voltage or zero current transition, which when combined with 

discontinuous current aids in achieving high efficiency.  Measured results for a 1MHz 5V/2V, 

10A buck converter show a 3% converter efficiency increase compared to a converter with 

conventional drivers.  However, there are some negative issues with this driver topology.  The 

zero initial inductor current leads to slow turn-off of the switches; and the two semiconductors in 

the high-side gate driver incur too much loss in high gate charge applications. 

 
(a) 

 
(b) 

Figure B-5: Resonant gate driver presented in [39]; (a) schematic, (b) waveforms 
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In [40] a single circuit is used for two power MOSFETs.  The leakage inductance of a 

transformer is used to transfer energy from one gate to the other.  The schematic and waveforms 

are shown in Figure B-6.  This circuit has the same merits of low conduction loss and lossless 

transitions as the one above.  It also has the same downfall of slow turn-off; and an additional 

problem of relying on transformer leakage inductance which is a difficult parameter to design.  

Experimental results showed a loss savings of roughly 53% when driving two 6.6nF loads at 

1MHz.   

 
(a) 

 
(b) 

Figure B-6: Resonant gate driver presented in [40]; (a) schematic, (b) waveforms 

 

DC-RGD experience lower conduction loss compared to their continuous current counterparts.  

However, the zero initial inductor current results in slower gate transition times; which increase 

other losses in the power switch. 
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B.4 Current Source Drivers 

Current source drivers (CSDs) are really a subset of DC-RGDs.  The difference being the 

inductor in a CSD has a non-zero value at the switching instant.  CSDs offer the switching speed 

of continuous current drivers with the low driver conduction loss of discontinuous current drivers 

[41]-[45].  In reality, for a given charge time, the peak current of a CSD is lower than that of a 

DC-RGD.  Thus, conduction loss should actually be lower. 

A pulse resonant gate driver presented in [41] charges the inductor to a non-zero value before 

sending the current to the gate.  Main switches M1 and M2 achieve zero voltage transitions, and 

auxiliary switches Ma and Mb achieve zero current transitions; thereby making the driver suitable 

for high frequency operation.  The schematic and pertinent waveforms are shown in Figure B-7, 

including overlap angle α which controls the value of inductor current.  For a gate rise and fall 

time equal to 3% of the switching period, this driver shows a 40% driving loss savings compared 

to a conventional driver at 4MHz.  The lower peak current compared to a reference DC-RGD [42] 

results in 20% lower driving losses. 

 

 



 

128 

 

 
(a) 

 
(b) 

Figure B-7: Current source driver presented in [41]; (a) schematic; (b) waveforms 

 

A CSD using a full-bridge configuration was presented in [43],[44], and is shown in Figure B-

8, with its corresponding waveforms.  In this circuit, the inductor is subject to a pre-charge 

interval where the current ramps up (down) to a predetermined level, and then used to charge 

(discharge) the MOSFET gate.  All driver switches achieve soft-switching transitions, and the 

power MOSFET rise and fall times are reduced.  These merits lead to a 2% efficiency 

improvement over a 1MHz buck converter driven with standard drivers. 
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(a) 

 
(b) 

Figure B-8: Current source driver presented in [43]; (a) schematic; (b) waveforms 

 

An adaptation of [43] was presented in [45] to use a single inductor for two MOSFET gates.  

The schematic and waveforms are presented in Figure B-9.  Driver switches M1-M4 achieve zero 

voltage transitions, while MA and MB achieve zero current transitions. However, the 

bidirectional switch in series with the inductor represents a substantial conduction loss penalty for 

every inductor conduction interval.  At high frequency and/or increased gate charge, the 

efficiency penalty overshadows any cost savings of a single inductor design. 
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(b) 

Figure B-9: Current source driver presented in [45]; (a) schematic; (b) waveforms 

 

B.5 Summary of Resonant Gate Drive Techniques 

Resonant gate drivers are able to offer efficiency improvements over conventional drivers by 

increasing the MOSFET switching speed and returning a portion of the gate energy to the source.  

Continuous current resonant gate drivers return the greatest amount of energy, but suffer from 

high driver conduction loss; and performance dependent on the duty cycle of the power 

MOSFET.  Therefore, they are not suitable in converters with highly dynamic loads.  

Discontinuous current resonant gate drivers have significantly reduced conduction loss compared 

to continuous current drivers, as well as independence from the converter duty cycle.  However, 

they suffer from slow transition times due to their zero initial inductor current; which limits the 
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switching frequency at which their use is practical.  Current source drivers, a subset of 

discontinuous current drivers, improve on the deficiencies of the both resonant drive techniques.  

Discontinuous inductor current promotes low conduction loss; and a non-zero initial current 

allows fast charging of the MOSFET gate.  The problems with them arise when they are applied 

to systems with complementary switches.  If two separate drivers are used, two inductors are 

required, and conduction intervals are repeated, thereby increasing loss.  Single inductor designs 

suffer from increased conduction loss incurred by multiple semiconductors in the current path.  It 

is necessary to lower component count by reducing the number of inductors required, and to 

reduce driver conduction loss through conduction interval reduction and minimal semiconductor 

devices in the current path. 
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Appendix C 

Present Day Technology and Computer Industry Trends 

C.1 Advances in Semiconductor Technology 

The introduction of the transistor by Bell Labs in the 1940s was the beginning of modern day 

power electronics [53].  Semiconductor technology advanced with each semiconductor device.  In 

the 1970s, power metal oxide semiconductor field effect transistors (MOSFETs) presented new 

possibilities in power conversion circuits and control methods due in part to their inclination 

towards zero voltage transitions.  Up to that point, bipolar devices were used and required natural 

current commutation to eliminate switching loss.  The adoption of MOSFETs for low power high 

frequency converters led to improvements in the technology and their structure.  Gate charge 

reduces with each generation of device, and on-resistance reduction has been achieved by silicon 

improvements as well as additional process steps like wafer thinning [54].    As a result, the 

product of gate charge and on-resistance figure of merit often used to assess the quality of a 

switch has been steadily reducing.  Still, for multi-megahertz operation, the parasitic capacitances 

of silicon MOSFETs are too great to achieve efficient operation. 

While improvements have been made and will continue to be made with silicon, different 

semiconductor material promises better high frequency performance [55].  Gallium nitride (GaN) 

devices are junction field effect transistors (JFETs); meaning they are normally-on devices; and 

have bidirectional blocking capabilities.  Compared to silicon MOSFETs, GaN devices have 

roughly one tenth the gate charge for a given on-resistance. This enables faster switching without 

a conduction loss penalty.  The implication of this last point is best illustrated by International 

Rectifier’s unveiling of their first state of the art GaN based 12V/1.8V, 20A buck converter able 

to achieve a peak 90% efficiency at 5MHz [56].   
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C.2 Component Integration and Packaging 

To increase power density, the trend in the power electronics industry is to integrate the 

various converter components.     

Semiconductor packaging technology has advanced to complement the advances made with 

the semiconductors.  Surface mount technology (SMT) has evolved from fully leaded packages 

like small outline integrated circuits (SOIC), to quad flat-pack no leads (QFN), to thermally 

enhanced packages like International Rectifier’s DirectFETs.  In each advance, the parasitic 

inductance of the connection from the die to the outside world is reduced.  In the case of 

DirectFETs, the inductance is at its absolute minimum possible value since the gate and source 

are soldered to the PCB and the drain is connected to the board by a metal clip; thereby 

eliminating all bond wires.  The use of multi-chip modules (MCM) is a common practice in 

industry, not only for improved performance, but for cost and PCB real estate savings as well.  

The complexity of MCMs varies from simple half-bridge structures to half-bridges that include 

drivers and protection circuitry; known as DrMOS (driver-MOS) [57].   DrMOS is an Intel-driven 

specification, and the major semiconductor companies that participate in it (Renesas, Infineon, 

Vishay, and Fairchild) differentiate themselves through their MOSFET technology as well as 

performance achievable by the interconnections used in the device: i.e. bond wire, copper or 

aluminum foil, or copper clip.  Despite the fact that the driver in a DrMOS device is a 

conventional square wave driver, and the power topology is a buck converter, efficient operation 

is achievable at 500-600kHz due simply to the reduction of parasitic elements in the power path.  

Full integration where the power MOSFETs, drivers, and control circuit is contained in a single 

package is commercially available for buck converters with operating frequencies around 600Khz 

for 12V inputs, and over 1MHz when the input is 3.3V. 
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C.3 Computing Applications 

Computing and communication systems are heavily reliant on conversion technology and 

represent a considerable fraction of the world’s energy usage.  According to the U.S. Department 

of Energy (DOE), data centres in that country consumed 61TWH of energy in 2006; which 

represented 1.5% of the U.S. electricity consumption that year.  The demand is projected to more 

than double by 2011; creating an environmental impact equal to 31.5 million typical U.S. cars; 

and a financial cost of $7.4 billion [58], [59].  Not surprising, included in the best practices 

strategy to reduce energy consumption is the use of efficient dc/dc power conversion.    Multiple 

conversion stages are used in data centres to convert the utility supply to a low dc voltage 

required by high speed integrated circuits (IC).  Reducing the loss incurred in any of the stages is 

crucial for the performance of the overall system; but particularly with the converters at the point 

of load. 

In the consumer market, the Energy Star Program sets efficiency targets at different load 

points, and maximum energy consumption in idle state must be met to be qualified under the 

program [60].  However, only ac/dc or dc/dc for distribution are covered by the Energy Star 

criteria; while the dc/dc converter powering the central processing unit (CPU) is neglected.  With 

the total efficiency being the product of efficiencies of each converter stage, the converter at the 

point of load represents a major factor of system efficiency. 

Government regulations and public awareness have put power supply efficiency in the 

spotlight.  However, size and performance are equally important to allow increased computing 

functionality on the system boards.  This is especially true as cloud computing gains momentum 

and small form-factor computers like ultra-books and tablets increase in popularity.  In mobile 
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computing, reduced power loss translates to increased battery life – a tangible metric that is 

appreciated by all users of the technology. 
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Appendix D 

Laboratory Equipment Specifications 

D.1 Fluke 189 True rms Digital Multimeter 
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D.2 Chroma 6310A Electronic Load (63103 Load Module used) 

 


