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Abstract 

Data centers and supercomputers have become the backbone to support today’s 

scientific researches, economic developments, and individual lives. The power 

consumption of data centers and supercomputers are enormously high, bringing the 

urgency of improving energy efficiency of the power conversion systems.  

The LLC resonant converter emerged in recent years. As an element of the front-end 

AC-DC power conversion systems, it brought significant efficiency improvement and has 

been popularly deployed. However, surrounding the LLC topology there are still several 

problems unsolved, including: (a) interleaving problem, (b) current sensing problem, (c) 

poor dynamic performance problem, and (d) peak gain design problem.  

The works in this thesis include several original ideas to solve above problems: 

Firstly, an SCC-LLC topology is proposed, featuring constant switching frequency 

operation to solve the interleaving problem.  

Secondly, theoretical analysis reveals that the constant frequency operation 

compromises the converter’s operation range to some degree. A new control strategy 

featuring variable switching frequency is proposed to achieve lower cost and better 

performance than its constant frequency counterpart.  

Thirdly, upon solving the interleaving problem, it is recognized that existing current 

sensing methods bring inaccuracy to the load sharing performance, as well as low 

bandwidth to the current-mode control. A cycle-by-cycle average input current sensing 

method is proposed obtain per-cycle average input current based on sampling the 

resonant capacitor voltage, which is simple, accurate, with no delay, and virtually has no 

cost.  
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Fourthly, inspired by the cycle-by-cycle average input current sensing method, a 

Bang-Bang Charge Control (BBCC) method is proposed to achieve very fast dynamic 

performance. The feedback loop bandwidth can achieve 1/6 of switching frequency at all 

operation conditions.  

Lastly, it is recognized that the design method of the LLC converter lacks an accurate 

and comprehensive mathematical solution. An accurate design algorithm is derived based 

on time-domain analysis to identify all the possible designs that provide the exact peak 

gain. The results of this algorithm will help identify the optimal design.  

Simulation models are developed to prove the accuracy of the proposed theories and 

algorithms. Prototype circuits are built to demonstrate the advantages of the proposed 

circuits and control methods.  
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aK  Partial derivative of 
seci  with respect to

ov . 
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q  
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acR  Equivalent load resistance reflected to the primary side. 

LR  Load resistance. 

,L burstR  Maximum load resistance just below burst mode is triggered. 

,L FLR  Load resistance at full load. 



xviii 

 

s  Laplace variable. 

AHofft  Time point when Leg A’s high-side gate is turned-off. 

ALofft  Time point when Leg A’s low-side gate is turned-off. 

Ct  Conduction point of output current of a positive half-cycle. 

ct  Conduction point of output current of a negative half-cycle. 

dt  Dead time length. 

Ft  Fall edge of high-side MOSFET gate. 

ft  Fall edge of low-side MOSFET gate. 

Hofft  Time point when high-side gate is turned-off. 

Lofft  Time point when low-side gate is turned-off. 

Xt  Extinction point of output current of a positive half-cycle. 

xt  Extinction point of output current of a negative half-cycle. 

compv  Compensated error signal. 

Crv  Voltage of total equivalent resonant capacitance. 

Csv  Series resonant capacitor voltage. 

,maxDACV  Full-scale range of digital-to-analog converter. 

inV  Input voltage. 

oV  DC operating point of output voltage. 

ov  Output voltage. 

ˆ
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Chapter 1 

Introduction 

1.1 Motivation and Background 

Data centers and supercomputers perform key roles in the modern society. They are 

widely developed and consume a huge amount of power. Their energy efficiency is a 

significant factor of the total cost of ownership and has great impacts on the environment.  

This section discusses the power systems of data centers and supercomputers, and 

reviews the LLC resonant converter and its role in such power systems.   

1.1.1 Data Centers and Supercomputers 

Five decades after the invention of integrated circuit (IC) and two decades since the 

explosive growth of internet, human productivities and everyday lives are much 

dependent on computing and digital contents.  

The widespread use of smartphones, HDTVs, laptop computers, and tablet computers 

sources an enormous amount of data from the “cloud”. The backbone of such services is 

data centers, consisting of large-scale computer systems, data storage systems, data 

communication systems, cooling systems, and power supply systems. 

Of similar scale are supercomputers. They are indispensable tools to support scientific 

researches, engineering developments, weather forecasting, resource explorations, and so 

on. 

At the heart of data centers and supercomputers are microprocessors. Modern 

microprocessors are made of over a billion transistors in a single IC, and switching at 

several gigahertzes. Each microprocessor may consume over 100 watt of power. If the 
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power consumption of peripheral devices, such as memory banks and graphic cards, are 

included, the total power consumption may exceed 200W each. According to TOP500 

supercomputer list [1], as of today, the world’s #1 supercomputer, Tianhe-2, consumes 

17.8 MW of power; the world’s #2, Titan, consumes 8.2 MW; the world’s #3 and #4, 

Sequoia and K computer, consume 7.9 MW and 12.7 MW, respectively. Above power 

consumptions do not include the supporting systems, such as cooling, uninterruptible 

power supply (UPS), and electricity transformer, which typically consume as much 

power as the supercomputer itself [2, 3]. It is expected that data centers have similar 

levels of power consumption as supercomputers. 

With such huge amount of power consumptions, the life-time energy costs of such 

computers are approaching or exceeding their purchase prices [4]. Also, the increasing 

awareness of climate change is calling for tightening the public policy on energy 

efficiency. Therefore, from both economic and environmental point of views, improving 

energy efficiency in data centers and supercomputers is of urgent importance.  

 

1.1.2 Front-end AC-DC Power Conversion 

The traditional electric grids distribute alternating current (AC) from the power station 

to the power consumption sites since the days of Nikola Tesla. However, the 

motherboard of supercomputers and data centers is powered by direct current (DC) 

voltage sources at 12V. Therefore, a front-end AC to DC power conversion system is 

needed to process the power. The energy savings in the power conversion system will be 

amplified by the savings in cooling systems and in power transmission lines, and 
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accumulated over the infrastructure’s life-time. Therefore, even a moderate efficiency 

improvement will have significant economic and environmental impact. 

Modern AC-DC systems usually include a power factor correction (PFC) stage and a 

DC-DC power stage, as shown in Fig. 1.1.  

 

Fig. 1.1.  Front-end AC-DC system including PFC stage and DC-DC stage. 

   

The PFC stage is required to maintain the power quality of the electric grid, primarily 

governed by the IEC 61000-3-2 Harmonics Standards. The PFC stage converts the AC 

input voltage to around 400 VDC. The DC-DC stage following the PFC stage converts 

the 400 VDC down to 12 VDC, which is delivered to the motherboard. Also, the DC-DC 

stage provides galvanic isolation between the grid-side and the user-side to ensure safety, 

which is mainly governed by IEC60950-1standard. 

Historically, several power supply topologies have been used for the DC-DC stage, 

such as Two-switch Forward [5] and Phase-shift Full Bridge (still popular) [6, 7]. In the 

past ten years, the LLC resonant topology [8-11] is gaining popularity due to its high 

efficiency. It is now adopted in flat panel TVs [12], laptop adaptors [13, 14], LED 

lighting [15, 16], computer [17], battery charger [18], renewable energy [19-22], 

transportation [23-25], and many other applications. The LLC topology is a suitable 

candidate for the DC-DC stage in Fig. 1.1 and is the subject-under-study of this thesis. 
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1.1.3 LLC Resonant Topology 

Resonant converters as a category of power converters have been under study since 

1970s [26, 27]. The most basic resonant topologies are two-element topologies, namely, 

series resonant and parallel resonant converters [28, 29]. The LLC resonant topology was 

proposed in late 1980s but has only attracted attentions since 2000s. The at-resonance 

operation mode of the LLC topology was first proposed in 1988 [30]. Then the above-

resonance mode and the below-resonance mode were studied in 1990 [31, 32]. Time-

domain equations in both above- and below-resonance modes were derived in 2001 [33]. 

The high efficiency of the LLC converter was reported in 2002 [8]. Since then, there was 

a wave of studies on the analysis and developments of the LLC topology which will be 

discussed in Chapter 2 of this thesis.  

The topology of the LLC converter is illustrated in Fig.1.2. The LLC resonant tank 

consists of a resonant inductor Lr, a resonant capacitor Cr, and a parallel inductor Lp in 

parallel with the transformer. Cj is the junction capacitance of power MOSFETs. SR1 and 

SR2 are synchronous rectifiers. Co is output capacitance. RL is load resistance. 

Conventionally, variable switching frequency is used to regulate the output voltage.  The 

half-bridge inverter (Q1 and Q2) applies a square-wave voltage across the LLC resonant 

tank.  

 

Fig.1.2.  Topology of the LLC Converter. 
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If use Fundamental Harmonic Approximation (FHA) method [34] to analyze the LLC 

converter, the resonant frequency ωr, the switching frequency ωs, the normalized 

switching frequency ωn, the quality factor Q, the inductance ratio K, and the output 

voltage gain M are derived in (1.1) to (1.5), respectively [10, 35]. 
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The output voltage gain curves of an LLC converter is plotted in Fig.1.3 using (1.5). 

The variation of Q reflects the change of load resistance RL. It can be observed that, in the 

below-resonance region, the gain is greater than 1; in the above-resonance region, the 

gain is less than 1. 
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Fig.1.3.  Calculated output voltage gain plot of an LLC converter using (1.5).  

Advantages of the LLC resonant converter include wider gain range and narrower 

frequency variation range comparing to other resonant topologies, such as series resonant 

and LCC resonant topologies. Another advantage of the LLC topology is the low cost. 

The series and the parallel inductors can be integrated into the transformer utilizing the 

leakage and the magnetizing inductances, respectively, thus the component count is 

reduced [36-39]. The LLC topology does not require a filter inductor, therefore the 

voltage stress on the output rectifier is low, and no snubber is required.  

The below-resonance region and the at-resonance point of the LLC converters is 

particularly advantageous, because the output current is discontinuous, thus zero-current 

switching (ZCS) is achieved for the output rectifiers, resulting in high efficiency. 

 

1.2 Objective and Contributions 

The LLC converter has demonstrated high efficiency and it is desirable for the 

applications in data centers and supercomputers. However, it has several problems which 

will be discussed in this section. The work in this thesis provides high-performance and 
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cost-effective solutions for these problems, thus has immediate contribution to industrial 

applications. 

1.2.1 Objective 

The objective of this thesis is to solve the following problems of LLC converters. 

1) Interleaving Problem. 

Today’s server computers demand more power and higher efficiency within a wide 

load range. Comparing to pulse-width modulation (PWM) converters, LLC resonant 

converter inherently has higher RMS current and lower switching loss. Although the LLC 

topology gives unmatched efficiency in medium-current applications (e.g. below 

12V/1kW), further increasing the current level will cause high conduction loss to 

dominate, thus decreasing the efficiency. To solve this problem, interleaving and phase-

shedding techniques are natural choices. They have the following advantages: (a) in 

heavy load condition, multiple phases can split the total current, thus mitigate the I
2
R loss 

and other associated losses; (b) in light load condition, unneeded phases can be shut 

down, thus the light-load efficiency can be improved; (c) output ripple current are 

significantly reduced by the interleaved phases, thus the output capacitor size can be 

smaller. 

However, interleaving LLC converters has a difficulty: when interleaved, all the LLC 

stages must operate at the same switching frequency; whereas due to the components’ 

tolerances, individual LLC stages may have different resonant frequencies, thus the 

output currents will be different. It has been demonstrated that with ±10% tolerance for 

the resonant capacitors only, one phase may supply all of the output current while the 

other phase may not output any current at all [40]. 
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Therefore, a load sharing and phase-shedding method is required to enable interleaved 

LLC converters for high-current applications. 

 

2) Current Sensing Problem. 

Average input current sensing is required for current-mode control, load sharing, and 

many other control techniques. However it is difficult to sense the average input current 

in LLC converters due to the following reasons. 

The first reason is that the current waveform is not a regular shape and changes with 

input and output conditions; therefore the average current in each switching period cannot 

be conveniently derived from the peak current or any instantaneous current level. As a 

result, low-pass filtering is required to derive the average current signal, which causes 

delay of current-mode control.  

The second reason is that in LLC resonant converter, the parallel inductance is 

connected in parallel with the transformer; therefore the sensed resonant current is the 

total current including the circulating current and the output current reflected to the 

primary side. As a result, the average resonant current signal cannot accurately reflect the 

output current. This will cause imbalance in load sharing. It will also cause a nonlinear 

relation between the sensed current signal and the actual output current, degrading the 

performance of current-mode control.  

As result, a fast and accurate average current sensing method is needed. 
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3) Poor Dynamic Performance Problem. 

One important requirement for power supplies is dynamic performance. The power 

supply must be able to regulate the output voltage or output current against input and load 

variations. The regulation requires feedback control.  

The LLC converter, although advantageous for its high efficiency, has unfavorable 

characteristics for dynamic control. With conventional voltage-mode control method, the 

small-signal characteristics of LLC converters vary with operating conditions. It changes 

between a 1
st
 order system and a 2

nd
 order system at different gain points [41-43]. The 2

nd
 

order scenario puts constraints to the compensator design, and thus limits the loop 

bandwidth. The feedback loop design is also complicated. 

Therefore, a new control method is required for LLC converters to achieve faster 

dynamic response. 

 

4) Peak Gain Design Problem. 

An LLC converter has three resonant elements and several design variables, such as 

dead time length and transformer turns ratio. They jointly affect the peak gain, the zero-

voltage switching (ZVS) condition, and the efficiency; therefore the design of LLC 

converter is complicated.  

When designing an LLC converter, a necessary condition is to meet the peak gain 

requirement, which reflects the voltage regulation capability of the designed converter. If 

the peak gain is more than necessary, the efficiency will suffer. Therefore, it is desirable 

to design for the exact peak gain. An accurate design algorithm is needed.  

In addition, due to the several degrees of design freedom, there are many designs that 

have the exact peak gain. The optimal design for a given application should be selected 
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among these designs. However, there is no mathematical solution to identify all these 

design candidates. Most existing design methods can find only one design solution that 

has the exact peak gain. Therefore, their design results cannot be optimal. A 

mathematical solution that can find all designs with the exact peak gain will help identify 

the optimal design. 

 

1.2.2 Thesis Contributions 

The works in this thesis propose the following original ideas to solve above-discussed 

problems: 

1. Proposal of an SCC-LLC topology operating at constant-switching frequency to 

solve the interleaving problem; 

2. Proposal of a simplified SCC-LLC topology and a control strategy operating at 

variable-switching frequency to improve performances and design trade-offs; 

3. Proposal of a cycle-by-cycle average input current sensing method for LLC 

converters to solve the current sensing problem; 

4. Proposal of a Bang-Bang Charge Control method to dramatically improve the 

dynamic response of LLC converters and solve the poor dynamic performance problem; 

5. Proposal of an accurate design algorithm for LLC converters that can find all design 

candidates that accurately meet the peak gain requirement, which solves the peak gain 

design problem.  

The technologies proposed in this thesis can also apply to many other resonant 

topologies. Therefore, their benefits are possibly beyond the scope of this thesis. 
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1.3 Thesis Outline 

The chapters in this thesis are arranged as follows: 

Chapter 2 reviews the latest developments that are related to the above-discussed 

problems of LLC converter. 

Chapter 3 proposes an SCC-LLC topology. A full-wave Switch-Controlled Capacitor 

(SCC) is utilized in the topology to achieve constant switching frequency operation, thus 

solves the interleaving problem. A design method is developed. A design example is also 

provided. A 600W SCC-LLC prototype is built to demonstrate the feasibility and good 

performance of the proposed method. 

Chapter 4 proposes an improved SCC-LLC topology with half-wave SCC and variable 

switching frequency operation. The SCC is only used for load sharing, thus has lower 

component stress and cost. The variable switching frequency operation provides higher 

peak gain range and narrower frequency variation range. An optimal design method for 

the SCC is developed. A 600W prototype is built to demonstrate the feasibility and good 

performance of the proposed method. 

Chapter 5 proposes a cycle-by-cycle average input current sensing method for LLC 

converters. It derives the per-cycle input current information by taking only one sample 

of the resonant capacitor voltage in each switching period. It is lossless, accurate, and 

simple. Simulation and experimental results with a 300W prototype show good accuracy 

of the proposed method. 

Chapter 6 proposes a Bang-Bang Charge Control method for LLC converters. It 

employs a hysteresis and self-oscillating control scheme instead of conventional 

switching frequency control. The essence of such a control scheme is charge control plus 

trajectory control. As a result, it can provide significantly better dynamic performance 
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than existing control methods. The control circuit is simple, and suitable for IC 

integration. A small-signal model of LLC converter with Bang-Bang Charge Control is 

developed. Experimental results show very good dynamic performance. 

Chapter 7 proposes an accurate design algorithm for LLC converters. It can identify 

all possible design candidates that provide the exact peak gain at the specified minimum 

switching frequency. Also, the design candidates can be transformed into any resonant 

frequency while the component stresses will be kept the same. Simulation results 

demonstrate the ultimate accuracy of the proposed algorithm. Several design examples 

are provided to cover different scenarios.  

Chapter 8 summarizes the thesis and discusses future works. 
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Chapter 2 

Literature Review of LLC Converter 

2.1 Introduction 

In Chapter 1, the problems of LLC converter are discussed, namely, interleaving 

problem, current sensing problem, poor dynamic performance problem, and peak gain 

design problem. Many technologies have been proposed in the past and have tried to 

solve the above-mentioned problems. In this chapter, the state-of-the-art technologies will 

be reviewed. Their advantages and disadvantages will be discussed, respectively.  

 

2.2 Review of Interleaving Methods for LLC Converters 

As discussed in Section 1.2.1, interleaving and load shedding are necessary to enable 

LLC converter for high-current applications. Previous works on interleaved LLC 

converters are summarized as follows. 

The topologies proposed in [44, 45] were multiphase LLC converters but they are not 

interleaved. The LLC converters in [46-49] are interleaved but they did not consider the 

load sharing problem caused by the component tolerances. Therefore, they do not have 

value in practical applications. 

The control method in [50] solves the load sharing problem by tracking the switching 

frequency point at which load sharing is achieved between the two non-identical LLC 

stages, as shown in Fig. 2.1. However, since the switching frequency becomes the control 

variable of the load sharing loop, the freedom for voltage regulation is lost. Therefore, an 

additional Buck stage is added to control the output voltage, which reduces the efficiency 
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and increases the cost. Also, as will be demonstrated in Chapter 4, such a current balance 

frequency point may not even exist.  

 

Fig. 2.1.  System diagram proposed in [50]. 

 

The structure in [51] solves the load sharing problem by connecting the input 

capacitors in series, as shown in Fig. 2.2. The LLC phase with higher output current will 

cause the input voltage to drop, bringing down the output current to the balanced point. 

However in this structure, the input voltage is half, thus for the same input power, the 

primary current will double, which will reduce the efficiency. In addition, phase shedding 

in this configuration is difficult, because if one phase is shut down, the input voltages of 

the operating phases will quickly reduce to zero.  

 

Fig. 2.2.  System diagram proposed in [51]. 
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The topology in [40, 52] ties three resonant tanks together and forms a star connection, 

as shown in Fig. 2.3. The three LLC converters operate at the same switching frequency 

and are interleaved. Load sharing is automatically achieved as the current circulates 

among the three phases. However, phase shedding is difficult because if one phase is shut 

down, the connected resonant tanks cannot operate properly.  

 

Fig. 2.3.  System diagram proposed in [40]. 
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The variable inductor method in [53-55] controls the saturation level of the resonant 

inductor in order to achieve load sharing, as shown in Fig. 2.4. However, it requires a 

controlled DC current source to saturate the inductor, thus is less efficient. 

 

Fig. 2.4.  System diagram proposed in [55]. 

 

2.3 Review of Current Sensing Methods for LLC Converters 

The average output current information is essential for load sharing and current mode 

control in most power conversion topologies. Sensing the input current is equivalent to 

sensing the output current because they are proportional when the voltage conversion 

ratio is fixed. In many cases, sensing the input current has advantages such as (a) lower 

conduction loss in sensing circuit, when input voltage is higher than output voltage; (b) 

minimum phase delay in feedback control loop. As discussed in Section 1.2.1, a fast and 

accurate average input current sensing method is required to improve load sharing and 
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current-mode control performances for LLC converter. Existing average current sensing 

methods are summarized as follows.  

Current transformer is a common method to sense current. There are many 

configurations as enumerated in [56]. An example is in Fig. 2.5. However they all rely on 

low-pass filtering to derive the average current signal, which has low bandwidth and 

delayed response. 

 

Fig. 2.5.  Current sensing in LLC converter utilizing current transformer. 

 

Capacitive divider and the peak resonant capacitor voltage can be used to reflect the 

resonant current level, as described in [57] and Fig. 2.6. However, they also require low-

pass filtering. In addition, they only reflect the resonant current level but not the average 

input current level, because circulating current exists in LLC converters.  
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Fig. 2.6.  Current sensing in LLC converter utilizing capacitive divider [57]. 

 

DCR method as described in [58] and Fig. 2.7 can be used to measure instantaneous 

inductor current, but cannot measure average current in resonant topologies.  

 

 

Fig. 2.7.  Current sensing in Buck converter utilizing inductor DCR [58]. 

 

2.4 Review of Dynamic Control Methods for LLC Converters 

As discussed in Section 1.2.1, with conventional voltage-mode control, the small-

signal characteristics of LLC converters vary with operating conditions, which causes 
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difficulties in feedback loop design. Existing technologies to improve the dynamic 

performance of LLC converters are summarized as follows. 

Average current-mode control for LLC converters [59, 60] can provide the same 

dynamic performance at different input voltages. However, it only removes the impact of 

input voltage variation. It does not show significant bandwidth improvement. The 

maximum achievable bandwidth is limited by two factors: (a) the low-pass filter required 

by the average resonant current sensing circuit; (b) the current-loop compensator, 

effectively another low-pass filter. 

Sliding-mode control for LLC converters [61] provides fast dynamic performance but 

sacrifices steady-state performances. It introduces steady-state error and increases output 

voltage ripple. Also, the method requires sensing ripple current in the output capacitors, 

which is impractical when the output capacitor bank consists of many surface-mount and 

through-hole capacitors spreading across the motherboard. 

Optimal trajectory control [62] based on state-plane analysis can provide very fast 

dynamic performance for series resonant converters. However, trajectory control for LLC 

converter is very complicated because of the increased state variables and operation 

modes. Simplified optimal trajectory control for LLC converters [63] is based on a 

closed-form solution of the resonance trajectory assuming that the switching frequency 

equals to the resonant frequency. It can provide very fast dynamic performance. 

However, its limitation is also the resonant frequency assumption, which means at other 

switching frequencies (e.g. at low input voltage) the solution is not valid. Also, 

calculating the optimal trajectory requires the inductor and the load current values; the 



 

20 

 

calculation accuracy is sensitive to the component tolerance and the current sensing 

accuracy. The output DC current sensing also causes efficiency loss. 

Charge control is proposed in [64, 65] as an equivalent of current-mode control. One-

cycle control [66] covers a broad range of control methods probably including the charge 

control. Both methods can be applied to PWM and quasi-resonant converters, but are not 

suitable for full/half-bridge type resonant topologies. Charge control devices [67, 68] are 

developed for half-bridge LLC converters. They are a variation of the charge control 

method, employing a resettable integrator to determine the time length of the first half-

cycle, and then making the second half-cycle an equal time length. However, in real 

world, the resettable integrator implementation is complicated, non-ideal, and subject to 

noise. Also, charge sensing for the negative portion of the resonant current requires 

sensing a negative voltage signal, which is a challenge for above charge sensing devices. 

In addition, during soft start, burst mode, and input voltage fluctuation, the DC 

component of the resonant capacitor voltage needs to be controlled at ½ of the input 

voltage for optimal resonance trajectory [63, 69, 70]. Existing charge control methods do 

not monitor resonant capacitor voltage, thus cannot provide optimal performance. 

 

2.5 Review of Design Methods for LLC Converters 

Several design methods for LLC converters have been developed in the past. They can 

be summarized into three categories: (a) Fundamental Harmonic Approximation (FHA) 

[10, 11, 71-73], (b) FHA with time domain correction [74-76], and (c) time-domain 

analysis [33, 35, 77-80]. While each design method contributes to the understanding of 

the LLC topology, the most essential insight is probably revealed in [71] through 
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simulation results, that although there are 3 element values to design, the characteristics 

of an LLC converter are determined by only two variables: the quality factor of the 

resonant tank, and the inductance ratio (ratio of parallel and series inductances). When 

these two variables are selected, even at different resonant frequencies, the LLC 

converters will have the same peak gain. As will be further demonstrated in Chapter 7 of 

this thesis, they will have the same component stresses, and even the same shape 

waveforms. Therefore, the design of an LLC resonant tank has two degrees of freedoms. 

Previous design methods for LLC converters often use the peak gain requirement and 

additional conditions to complete a design, such as, pre-defined dead time length [10, 11, 

77], operation at no load [10, 76, 77], soft start inrush current [35], secondary-side 

leakage inductance [71], maximum resonant capacitor voltage [74],  normalized 

switching frequency range [78], short-circuit operation [18], and so on. However, when 

the design objective is efficiency optimization, these additional conditions impose 

unnecessary restrictions and exclude possible design candidates. For example, the pre-

defined dead time determines the resonant current at the turn-off point, which in turn 

determines the parallel inductance value, but in reality the dead time length can be 

selected according to the parallel inductance value, not the opposite; the operation at light 

load determines the selection of inductance ratio, but in fact burst-mode operation can 

solve this problem without compromising resonant tank design [69, 81, 82]; similarly, 

there are soft-start methods [83] and over-current protection methods that do not affect 

the resonant tank design.  

In an efficiency-oriented design, the only restriction observed should be the peak gain 

requirement. Since there are two degrees of design freedoms, there will be many possible 
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designs that meet the peak gain requirement. The optimal design should be selected 

among them based on loss analysis. However, the difficulty is to identify all the possible 

designs. It has been agreed that FHA has large error in predicting the peak gain [11, 35, 

71, 76, 77, 79]. Simulation is much more accurate. In [71], a peak gain vs. quality factor 

vs. inductance ratio graph is generated using simulation approach. However, some 

applications may have design candidates beyond the graph (e.g. very large gain or very 

small quality factor), and then the graph method will be inadequate. In [79], the peak gain 

point can be mathematically calculated upon determining the normalized switching 

frequency range and the inductance ratio. However, these are additional restrictions to the 

problem, thus the design method yields only one design solution that offers the required 

peak gain. In summary, existing design methods cannot accurately identify all possible 

designs that meet the peak gain requirement. A new design method is required to solve 

this problem.  

 

2.6 Conclusion 

Interleaving, current sensing, poor dynamic performance, and peak gain design are the 

four problems faced by the LLC resonant converter. State-of-the-art technologies to solve 

above problems are reviewed in this section. It is evident that existing technologies all 

have drawbacks. New and better technologies will be presented in the following chapters. 
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Chapter 3 

Interleaved LLC Converter Operating at Constant Switching 

Frequency 

3.1 Introduction 

As discussed in Section 1.2.1 and Section 2.2, interleaving and load shedding are 

necessary to enable LLC converter for high-current applications. Previous methods all 

have limitations. In this chapter, switch-controlled capacitor (SCC) technology is 

employed to control the output voltage instead of the switching frequency. The switching 

frequencies in all the LLC phases are constant and the same. This advantage enables a 

simple structure for interleaving, load sharing, and phase shedding. The output 

power/current capacity can be expanded by paralleling an arbitrary number of phases.  

In this chapter, Section 3.2 describes the improved SCC structure and the proposed 

SCC-LLC topology; Section 3.3 analyzes the characteristics of the constant switching 

frequency LLC and provides a design procedure; Section 3.4 analyzes the characteristics 

of SCC and provides a design procedure; Section 3.5 gives a design example and 

simulation results; Section 3.6 demonstrates experimental results of a 600W prototype; 

and Section 3.7 concludes this chapter.  

3.2 The Improved SCC and the Proposed SCC-LLC Converter 

References [9-11] show that the gain of a LLC converter is modulated by the ratio of 

the switching frequency and the resonant frequency. Therefore, when switching 

frequency is constant, resonant frequency can be modulated to control the gain. This can 

be achieved by using SCC to modulate the equivalent resonant capacitance value. In an 
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SCC-controlled LLC converter (SCC-LLC), the SCC can control the gain of individual 

LLC stages to achieve voltage regulation and load sharing; and the switching frequencies 

are the same and constant to achieve interleaving operation. The proposed SCC-LLC is 

described in this section. 

3.2.1 The Improved Switch-controlled Capacitor 

The SCC technology was first proposed in [84]. It has been used in various types of 

resonant topologies to obtain constant frequency operation. In [85], the SCC was used in 

a Class-E resonant converter. In [86-88], the SCC was used in Class-D resonant 

converters. In [89], the SCC was used in series resonant and LCC resonant converters. In 

[90], the SCC was used in a Class-D inverter. In [91], the SCC was used in a charge-

pump type electronic ballast.  

In the original SCC in [84], the source nodes of both MOSFETs are connected to a 

floating node in the middle, therefore both MOSFETs require isolated driving.  In this 

chapter, one of the MOSFETs can have the source connected to ground; therefore the 

driving is simpler, as shown in Fig. 3.1. The improved SCC consists of two drain-to-drain 

connected MOSFETs, S1 and S2, and a parallel capacitor, Ca. The electric charge of Ca 

can be controlled by S1 and S2, therefore the equivalent capacitance can be modulated. 

The operation waveforms are in Fig. 3.2 and are described as follows.  
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Fig. 3.1.  Structure of SCC. 

 

Fig. 3.2.  Waveforms of SCC. 

 

When a sinusoidal current, IAB, is applied to an SCC, the current zero-crossing points 

are at angle 0, π, 2π …etc. For a positive half-cycle where the current flows from A to B, 

S2 is turned on to prevent body diode from carrying current; the gating signal of S1 is 

synchronized at 2nπ (n∈N), and it turns off S1 at angle 2nπ+α, where π/2<α<π. The 

current then flows from A to B via Ca and charges Ca until the angle (2n+1) π. At the 

angle (2n+1) π, the current reverses the direction, and begins to discharge Ca. After Ca is 
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fully discharged, the negative current flows from B to A via S1’s body diode. At the next 

sync point (2n+2) π, S1 is turned on, and then is turned off again at angle (2n+2) π + α. 

S2 controls the negative half-cycle and has the same procedure, except the sync point is 

at (2n+1) π. Because the source node has higher potential than the drain node at turn-on 

points which causes the body diode to clamp the drain-to-source voltage at -0.6V, and 

also because the Ca voltage is always zero at turn-off points, S1 and S2 are switched both 

on and off at ZVS conditions. The voltage amplitude of Ca can be designed to be very 

low, thus low voltage-rating MOSFETs can be used, whose on-resistance is usually also 

low; thus the power loss in the SCC is at minimum.  

The equivalent capacitance of SCC, CSC, is modulated by the turn-off angle α, given in 

(3.1) [84]. 

 
2 (2 sin 2 ) /

a
SC

C
C

  


 
 (3.1) 

Equation (3.1) is derived based on fundamental harmonic. The SCC voltage waveform 

has other harmonic components; therefore the above equation will have error. However, 

when designing the SCC, only two extreme conditions determine the equivalent 

capacitance range: when the SCC capacitor is always bypassed by the switches, and when 

the SCC capacitor is never bypassed by the switches. The equivalent capacitance values 

at these two extreme conditions are infinitely large and Ca, respectively. Equation (3.1) 

can provide accurate result at these two extreme conditions. Therefore, the inaccuracy in 

other conditions does not affect the design of SCC. 

3.2.2 The Proposed SCC Modulated LLC Converter 

The proposed SCC-LLC topology is shown in Fig. 3.3. An SCC is connected in series 

with the resonant tank in order to modulate the equivalent resonant capacitance, Cr, and 



 

27 

 

thus to control the resonant frequency. The resonant frequency in turn controls the output 

voltage gain. The control variable of SCC-LLC is the turn-off delay angle α instead of the 

switching frequency. The switching frequency is constant. Therefore, two or more SCC-

LLC converters can be connected in parallel and operate at interleaving mode. The 

current sharing among each SCC-LLC phase can be achieved by modulating the angle α 

in each phase. For example, if the current in one phase is lower than that of other phases, 

its control angle α should be decreased to increase its voltage gain and therefore, it can 

provide more current, and current sharing can be achieved.  

 

Fig. 3.3.  Topology of the proposed SCC-LLC. 

 

The design of the proposed SCC-LLC consists of two parts: (a) design of constant 

switching frequency LLC converters, and (b) design of SCC. The first part determines 

inductance values and the required resonant frequency range; the second part determines 

the capacitors’ values according to the required resonant frequency range. They are 

discussed in the following sections. 
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3.3 Analysis and Design Procedure of Constant Switching Frequency LLC 

Converters 

This section analyzes the characteristics of constant switching frequency LLC 

converters. A design procedure follows. 

3.3.1 Analysis of Constant Switching Frequency LLC Converter 

When analyzing the voltage gain of SCC-LLC converter operating at constant 

switching frequency, the series capacitance, Cs, and the SCC are considered together as 

one equivalent resonant capacitance, Cr, as shown in Fig. 3.3. Similar to conventional 

LLC converters, the gain expression of SCC-LLC converters can be derived using 

Fundamental Harmonic Approximation (FHA) method. However, since the resonant 

frequency is variable and the switching frequency is constant, the resonant frequency is 

normalized at the switching frequency. This is different from conventional LLC analyses, 

where the switching frequency is normalized at the resonant frequency. The resultant 

gain expression is shown in (3.2). 
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where N is the transformer turns ratio, M is the voltage gain of the resonant tank of a half-

bridge LLC converter, ωn is the resonant frequency normalized at the switching 

frequency, Lp is the parallel inductance, K is the ratio of the parallel inductance and the 
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series resonant inductance, and RL is the load resistance. Above definitions are listed in 

(3.3) for easy reference. Q factor is defined in (3.4), where Rac is the load resistance 

reflected to the primary side. 
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By introducing an intermediate variable X, defined in (3.5), Equation (3.2) can be 

rewritten in (3.6). 
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The denominator of (3.6) includes a parabolic function; therefore the peak value of M, 

Mpk (peak voltage gain), has a closed-form solution, as expressed in (3.7). 
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(3.7) 

Equation (3.7) reveals that the peak gain of the SCC-LLC converter is determined by 

Q and is independent from K. Recall (3.4), because the switching frequency ωs, the 

transformer turns ratio N, and the load resistance RL are known design parameters, Q is 

only a function of Lp. Therefore, the peak gain Mpk is solely determined by the parallel 

inductance Lp. This property is different from conventional frequency-controlled LLC 

converters, where the peak gain is jointly determined by Lp and K. 

Equation (3.8) is derived from (3.5) and (3.7). It reveals that the K only affects the 

resonant frequency at which the peak gain occurs. 
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where ωnPK is the normalized resonant frequency at which the peak gain occurs.  

The above properties of constant switching frequency LLC converters can be 

illustrated by the gain plots drawn using (3.2), as shown in Fig. 3.4 and Fig. 3.5. In Fig. 

3.4, Q is fixed, and varying K only changes the slope of the gain curves, whereas the peak 

gain amplitude remains the same. Fig. 3.5 illustrates that when K is fixed, the peak gain 

increases as Q decreases. According to (3.4), the decrement of Q can be contributed by 

either a smaller parallel inductance or a larger load resistance. 

 

Fig. 3.4.  Gain plot of constant switching frequency LLC, obtained by varying K. 
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Fig. 3.5.  Gain plot of constant switching frequency LLC, obtained by varying Q. 

Since the input/output voltages and the full-load resistance are known design 

parameters, the parallel inductance Lp should be determined by the peak gain requirement 

using (3.9), which is derived from (3.4) and (3.7).  

2

,

2 2

8

1

L FL

p

s pk

N R
L

M 



 

(3.9) 

where RL,FL is the load resistance at the full load condition. 

However, in addition to (3.9), there is another constraint for the Lp value: the full-load 

ZVS condition. Different from variable switching frequency LLC converters, the worst-

case ZVS condition in constant switching frequency LLC converters occurs at full-load 

scenario because of the following reasons. The ZVS condition is associated with the Lp 

current at switching points. At full load, the resonant frequency is the highest, thus the 

resonance time, during which energy transfers from the primary- to the secondary-side, 

and also the Lp current builds up linearly, is the shortest. After the resonance time, the Lp 

current will remain approximately unchanged, or even slightly decrease in the worst case. 

At lighter load, the resonant frequency is lower, thus the resonance time is longer, 

resulting in higher Lp current at switching points. Therefore, the smallest Lp current at 

switching points happens at full load scenario, which is the worst case for ZVS. If ZVS 

can be achieved at full-load, ZVS in lighter load conditions is guaranteed. 

The derivation for the full-load ZVS constraint is as follows.  

Let IZVS be the Lp current at the switching point and ωFL be the resonant frequency at 

full load. Assuming the Lp current builds up from -IZVS to IZVS linearly during the 
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resonance time π/ωFL, and remains approximately unchanged until the switching point, 

the following equation can be derived: 
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(3.10) 

IZVS must be sufficient to discharge the MOSFET junction capacitance Cj within the 

dead time td, thus: 
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Combine (3.10) and (3.11) and get: 
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(3.12) 

Equation (3.12) defines the required Lp for the full-load ZVS condition. 

Therefore, according to above analyses, the Lp value must meet both constraints set by 

(3.9) and (3.12). Usually the peak gain requirement is more restrictive, but for 

applications that only require a low peak gain, the full-load ZVS condition can be a more 

restrictive constraint. The designer must calculate Lp for both constraints, and select the 

smaller value. 

The ωFL in (3.12) can be derived as follows. 

According to (3.6), with a given gain M, the X can be solved as: 
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Then the expression of ωn can be derived from (3.13) and (3.5): 



 

33 

 

 

2
2

2

2

1

1 1
1

n

Q
K K Q

M
KX

Q



 

   


 
(3.14) 

As shown in (3.14), the ωn has two roots for a given gain M, which is also shown in 

Fig. 3.5, where two resonant frequencies will yield the same gain: one is in ZVS region; 

the other is in ZCS region. The smaller root is chosen because it is in the ZVS region. 

Equation (3.14) is a general equation to calculate the normalized resonant frequency 

according to given conditions M and Q. Thus, the normalized resonant frequency at full 

load, ωnFL, can be calculated by (3.15), where QFL is the Q calculated in (3.4) using the 

full-load load resistance, RL,FL.  
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(3.15) 

Then the ωFL in (3.12) can be obtained by un-normalizing the ωnFL value calculated in 

(3.15). 

The inductance ratio, K, in (3.15) can be selected based on the following 

considerations: 

(a) From Fig. 3.4, it is observed that, the smaller the K, the steeper the gain slope, thus 

the less the resonant frequency deviates from the switching frequency. Usually this is 

preferred in conventional LLC design. However, in constant switching frequency LLC 

converters, a smaller K does not result in lower primary RMS current. This is because the 

switching period is fixed, thus the Lp current does not notably vary with the selection of 

K. Nevertheless, the secondary RMS current will be higher at larger K value. Therefore, 
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from the RMS current point of view, it is still advantageous to use the smallest possible K 

value. 

(b) Since Lp is determined beforehand by the peak gain and ZVS requirements, a small 

K means a large Lr. If magnetic integration is desired, the designer must consider whether 

the large Lr can be implemented using the transformer’s leakage inductance. Therefore, a 

larger K is desired from magnetic design point of view. 

(c) As discussed above, a small K means a large Lr, which in turn means a small Cr. A 

resonant tank with a small Cr has high quality factor thus high voltage stress. Since SCC 

bears a portion of the total Cr voltage stress, the SCC MOSFETs must have higher 

voltage rating; whereas high-voltage rating MOSFETs usually have higher Rds(on) which 

in turn increase the conduction loss. Therefore, a reasonably large K value is sometime 

better than the minimum K value in improving the overall efficiency. 

With above considerations in mind, different K values can be tested in (3.16) to 

estimate the peak resonant capacitor voltage. The worst case is usually Vin=Vin.min, 

ωn=ωnPK, but may also be Vin=Vin.nom, ωn=ωnFL. 
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 (3.16) 

In summary, the K value should be determined by magnetic design, resonant capacitor 

voltage stress, and Rds(on) of the available MOSFET devices. Simulation or other 

numerical methods are suggested as FHA analysis is not accurate in calculating above 

parameters near peak gain point, which defines the worst-case stress. It is found that 

K=5~7 is a reasonable trade-off. In other words, Lp should be 5 to 7 times larger than Lr. 
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Smaller K values can slightly reduce the secondary RMS current but significantly 

increase resonant capacitor voltage. The detailed discussion is provided in Section 3.5.  

After K is selected, Equation (3.15) can be used to determine ωFL, then (3.12) can be 

used to determine Lp for the full-load ZVS requirement. The resultant Lp value is 

compared with that from (3.9), and the smaller value is the selected Lp value. 

3.3.2 Design Procedure of Constant Switching Frequency LLC Converter 

In light of the analysis discussed above, the design procedure of constant switching 

frequency LLC converter is summarized as follows: 

 

1. Determine the switching frequency, ωs, and the transformer turns ratio, 

N. The turns ratio is selected such that the required gain of the LLC 

resonant tank is slightly above unity during normal operation. The 

nominal gain required for the nominal input voltage is calculated in 

(3.17), where η is the estimated efficiency, the factor 2 is due to half-

bridge configuration.  
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The peak gain required for the minimum input voltage scenario is calculated in (3.18). 
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2. Use (3.9) to calculate Lp according to the peak gain constraint. 

3. Choose a K, use (3.8) and (3.15) to calculate ωnPK and ωnFL, 

respectively.  
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4. Plug the K value selected in Step 3 into (3.15) to calculate ωnFL, then 

un-normalize it to ωFL, and then use (3.12) to calculate Lp according to 

the full-load ZVS constraint. Compare the resultant Lp value to that 

obtained in Step 2, and select the smaller one as the Lp value. 

5. If the selected Lp is computed from (3.12), repeat Step 3 and Step 4 to 

find a proper K.  

6. Use Lp and K to calculate Lr. 

7. Use (3.16), plug in two sets of values, Vin=Vin.nom, ωn=ωnFL and 

Vin=Vin.min, ωn=ωnPK, respectively, to calculate the peak capacitor 

voltage. If the capacitor voltage stress is not satisfactory, try a different 

K values in Step 3 and iterate Steps 4—7. 

It is noted that the equations derived from FHA are less accurate when the resonant 

frequency is further away from the switching frequency. This is because FHA assumes 

sinusoidal current, which is not true when the resonant frequency deviates very far away 

from the switching frequency. As a result, the Lp calculated from (3.9) tends to provide a 

higher peak gain than calculated, hence in reality, the resonant frequency at the required 

peak gain point will be lower than that calculated in (3.8), and therefore the component 

stress will be lower than that given by (3.16). This inaccuracy results in a tendency of 

over-design, but nevertheless provides some useful margins for component tolerances. In 

order to find out the capacitor voltage stress more accurately, simulation approach is 

recommended in Step 7. 
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3.4 Analysis and Design Procedure of SCC in an SCC-LLC Converter 

3.4.1 Analysis of Switch-Controlled Capacitor 

As shown in Fig. 3.3, the SCC is connected in series with a series capacitor, Cs, in 

order to control the equivalent resonant capacitance Cr. The SCC equivalent capacitance, 

CSC, is given in (3.1). The total equivalent resonant capacitance, Cr, is derived in (3.19).  
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where α is turn-off delay angle and π/2  ≤ α ≤ π. 

Substitute (3.19) and the definition of ωn in (3.3) into (3.2), and then the SCC-LLC’s 

gain expression as a function of the control angle α is derived in (3.20). 
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(3.20) 

In order to determine the values of Cs and Ca, the required minimum and maximum Cr 

must be determined first. The minimum Cr is determined by the resonant frequency at 

which the peak gain is achieved: 
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The maximum Cr is determined by the lowest resonant frequency, which is at light 

load and just before burst mode is triggered. Generally speaking, the SCC-LLC enters 

into burst mode when load current is less than a threshold level. The triggering level is 

determined by the designers, which is normally 2% – 10% of the full load. Once the 
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triggering level is defined, the minimum resonant frequency can be derived from (3.14) 

and is written in (3.22). 
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Then the maximum Cr can be calculated in (3.23). 
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The maximum and the minimum control angle of the SCC also need to be determined 

in order to solve for the values of Cs and Ca. Ideally, the angle α is from 0.5π to π. Then 

the values of Cs and Ca can be calculated using (3.24) and (3.25), derived from (3.19). 

 ,maxs rC C  (3.24) 
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However, in order to ensure reliable operation of the driving scheme, it is suggested to 

make αmax slightly below π and αmin slightly above 0.5π. As was discussed above, the 

design procedure of constant switching frequency LLC based on FHA tends to provide an 

over design of the peak gain, which automatically leaves some margin for αmin. 

Therefore, αmin=0.5π can be considered has margin already, and only αmax needs 

additional margin from the theoretical maximum value π. Computer simulation should be 

used to find the optimal values of αmax, αmin, and Ca. 
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A plot of the control angle α versus the equivalent resonant capacitance Cr is drawn 

using (3.19), shown in Fig. 3.6, in which the Cr curve becomes flat when α is greater than 

0.9π. This characteristic is true for most reasonably designed Cs and Ca values. Hence, 

because the flat Cr curve indicates a reduction of the feedback loop gain, it is suggested to 

place αmax below 0.9π in order to ensure the dynamic performance. 

 

Fig. 3.6.  SCC Control Angle versus Equivalent Resonant Capacitance. 

 

Then the values of Cs and Ca can be solved by substituting two sets of values, Cr,max, 

αmax, and Cr,min, αmin, into (3.19), respectively. The derivation results are in (3.26) and 

(3.27). 
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Finally, an example of the SCC control angle versus the SCC-LLC gain is plotted 

using (3.20), as shown in Fig. 3.7. The parameters used in the simulation are: Cs=36nF, 

Ca=30nF, Lr=12µH, K=7, fs=200 kHz. The change in Q reflects the change in load.  

 

Fig. 3.7.  SCC Control Angle versus SCC-LLC Gain. 

 

It is desirable to limit the peak SCC voltage below 100V as MOSFETs rated below 

100V exhibit significantly lower Rds(on) than those above. The peak Ca voltage is 

estimated as follows. 

The maximum Ca voltage occurs at α=0.5π in which case Ca is considered always 

connected in series with Cs. Thus the voltage on Ca is proportional to the AC portion of 

the peak resonant capacitor voltage, which is calculated in (3.16) . Therefore the peak Ca 

voltage is estimated by (3.28). 
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If the estimated peak Ca voltage is higher than 100V, iteration of the LLC design 

procedure discussed in Section 3.3 may be required to lower the total resonant capacitor 

voltage.  

 

3.4.2 Design Procedure of Switch-Controlled Capacitor 

In light of the analysis discussed above, the design procedure of SCC is summarized 

as follows: 

1. Use (3.21), (3.22) and (3.23) to determine the desired minimum and 

maximum Cr. 

2. Determine the maximum and the minimum control angle α. For 

example, αmax=0.9π, αmin=0.5π. 

3. Use (3.26) and (3.27) to solve for Ca and Cs. 

4. Use (3.28) to check the peak Ca voltage. If it is not satisfactory, it is due 

to Lr is selected too large and causes high resonant capacitor voltage 

stress. Return to Step 3 of the constant switching frequency LLC design 

procedure discussed in Section 3.3 and choose a different K value. 

 

3.5 Design Example and Simulation Results 

3.5.1 Design Example 

The design procedures of constant frequency LLC and switch-controlled capacitor are 

given in Section 3.3 and Section 3.4, respectively. In this section, a design example is 

provided. The design specification for one SCC-LLC phase is shown in Table 3.1. 
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Table 3.1. Design Specification. 

Input voltage 400V nominal / 300V minimum 

Output voltage 12V 

Output power 
Maximum load: 300W (Io = 25A) 

Minimum load: 30W   (Io = 2.5A) 

Switching frequency 200 kHz (constant) 

MOSFET junction capacitance 0.5 nF 

Dead time 200 ns 

 

It is expected that when the output power is below the minimum load, burst mode 

operation is used to regulate the output voltage down to zero load. 

The design steps are as follows. 

1. Determine turns ratio, nominal gain and peak gain. 

Assume 0.1V drop of synchronous rectifiers, N=400V/2/12.1V=16.5 

Choose N=18 to leave some margin to ensure that the SCC-LLC converter always 

operate in the below-resonance region.  

 

Therefore the gain required for nominal input is calculated by (3.17): 
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Assuming 95% efficiency, choose Mnom = 1.15. 

 

The gain required for the lowest input is given by (3.18): 
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Assuming 95% efficiency, choose Mpk = 1.53. 

 

2. Calculate Lp according to the peak gain constraint using (3.9).  
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3. Select K, and then use (3.8) and (3.15) to calculate ωnPK and ωnFL 

In this step, K is selected to be 7. Other K values are also used for comparison 

purposes, as discussed in the following sections.   
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4. Use (3.12) to calculate Lp according to the full-load ZVS constraint. 
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5. Determine Lp based on both constraints.  
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The Lp value of 95µH given by the ZVS constraint is larger than that of 86µH given 

by the peak gain constraint, which means if the smaller value of 86µH is selected, 

both ZVS and peak gain constrains will be fulfilled. Therefore Lp=86µH is chosen. 

No iteration is needed. 

 

6. Calculate Lr according to (3.3). 
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7. Use (3.16) to calculate the peak resonant capacitor voltage. This is the total 

voltage across Cs and Ca. 
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8. Use (3.21), (3.22) and (3.23) to determine the maximum and minimum Cr.  
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According to the design specification, the SCC-LLC enters burst mode at 30W load, 

then: 
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9. Determine the maximum and minimum control angle. 

Based on the discussion in Section 3.4, the control angle range is determined below. 

αmax=0.9π 

αmin=0.5π 

 

10. Use (3.26) and (3.27) to determine Ca and Cs. 
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Cs is the series capacitor, as shown in Fig. 3.3. 
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Ca is the SCC capacitor connected in parallel with auxiliary MOSFETs. 

 

11. Use (3.28) to calculate the SCC voltage stress. 
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The above result shows the peak voltage across Ca is 182V, and the SCC MOSFETs 

should be selected accordingly. However, as was discussed in the last paragraph of 

Section 3.3, above formulae are derived based on FHA, which is usually an over-

design. The minimum equivalent resonant capacitance in actual design can be larger, 

thus the Ca value can be larger, and the voltage stress can be lower. Therefore, in 

order to achieve design optimization, simulation is recommended to substitute Steps 7 

and 8. The simulation can be carried out by using the equivalent resonant capacitor, 
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which combines the SCC and the series capacitor, thus the simulation model is simple 

to build. The Cs and Ca values can be calculated based on maximum and minimum Cr 

values obtained from simulation.  

If the resultant SCC voltage stress from Step 11 is satisfactory, the design procedure 

is completed. Otherwise, iteration from Step 3 is needed.  

3.5.2 Design Comparison and Discussion 

The design steps described above are performed for different N and K values, and are 

then verified against simulation results.  The calculated results and simulated results are 

listed in Table 3.2.  

Table 3.2. Design results comparison. 

Design Iteration Case #1 Case #2 Case #3 Case #4 

Design 

Parameters 

Lp=86µH 

K=2 

N=18 

Lp=86µH 

K=5 

N=18 

Lp=86µH 

K=7 

N=18 

Lp=90µH 

K=7 

N=20 

Design Method Calculated Simulated Calculated Simulated Calculated Simulated Calculated Simulated 

Cr,max at 

400V/min load 
12 nF 13.4 nF 23 nF 28.5 nF 28 nF 36 nF 20 nF 24.5 nF 

Cr,min  at 

300V/full load 
6 nF 9.4 nF 9 nF 14.9 nF 10 nF 16.5 nF 8 nF 13.3 nF 

Designed Cs 13 nF 14 nF 24 nF 29 nF 29 nF 37 nF 21 nF 25 nF 

Designed Ca 12 nF 32 nF 15 nF 31 nF 16 nF 31 nF 14 nF 29 nF 

 

From Table 3.2, the following facts are observed:  

1. The Cr values obtained from simulation are larger than the calculated values. It 

means the actual resonant frequency required to achieve a certain gain are lower than the 

calculated value, which confirms the over-design tendency discussed in Section 3.3. 

2. The over design effect significantly affects the Ca value. The Ca values based on 

simulated Cr values are more than twice of that based on the calculated Cr values, thus 

the voltage stress of SCC is in fact much lower than the calculated value. Therefore, for 
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optimal design so as to choose the lowest possible voltage-rating MOSFET, simulation 

tool should be used. 

3.5.3 Component Stress Study 

The current stress and voltage stress of the above design examples are studied using 

simulation approach. The results are shown in Table 3.3.  

Table 3.3. Component stress comparison. 

Design Iteration Case #1 Case #2 Case #3 Case #4 

Design Parameters 

Lp=86µH 

K=2 

N=18 

Lp=86µH 

K=5 

N=18 

Lp=86µH 

K=7 

N=18 

Lp=90µH 

K=7 

N=20 

Input Voltage Condition 400 V 300 V 400 V 300 V 400 V 300 V 400 V 300 V 

Primary RMS Current Stress 2.7 A 2.7 A 2.6 A 2.6 A 2.6 A 2.5 A 2.5 A 2.5 A 

Secondary RMS Current Stress 30 A 33 A 30 A 35 A 32 A 36 A 33 A 39 A 

Total Capacitor Voltage Stress 437 V 482 V 313 V 339 V 292 V 319V 320 V 359 V 

Cs Voltage Stress 411 V 381 V 301 V 248 V 282 230V 316 V 263 V 

Ca Voltage Stress 26 V 101 V 12 V 91 V 10V 89 V 4V 96 V 

 

From Table 3.3, the following trade-offs are observed: 

1. Comparing Design #3 and Design #4, the secondary-side RMS current and resonant 

capacitor voltage at N=20 are notably higher than that at N=18; therefore a lower 

transformer turns ratio is preferred to reduce RMS current and capacitor voltage stress. 

2. Comparing Design #1, #2, and #3, when the K value increases from 2 to 7, the 

primary-side RMS current almost doesn’t change.  

3. Comparing Design #1, #2, and #3, when the K value increases from 2 to 7, the 

secondary-side RMS current at 400V input is only increased by 2A (or 7%), but the peak 

resonant capacitor voltage at 300V input is reduced by 159V (or 33%). The capacitor 

voltage reduction is more significant than the RMS current increase, therefore Design #2 

and #3 (with larger K value) are better trade-offs than Design #1 (with smaller K value).  
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4. The voltage stress of Ca slightly decreases as K increases. Among the four designs, 

Design #3 has the lowest Ca voltage stress in the worst-case scenario (89V at 300V/full 

load). 

3.5.4 Tolerance Considerations 

In an interleaved SCC-LLC converter, the component tolerances cause the output 

voltage gain of each phase different at the switching frequency. Different control angle α 

values will be needed in each phase to achieve load sharing. Since the output current is 

entirely controlled by SCC from light load to full load, there is no performance limitation 

of the load sharing as long as all the SCC-LLC phases are capable of delivering the rated 

power level. However, if the tolerance is too large, the power train is no longer the one 

that was originally designed, therefore the output current capacity in some phases may be 

lower than the design specification. In this case, the below-specification phases will be 

incapable of matching the output current of other phases at heavy load. This is a design 

margin issue faced by all types of resonant converters. Therefore, the component 

tolerances should be within a reasonable range. Usually the design margin provided by 

the FHA design approach should be sufficient. However, if the component tolerances are 

particularly large, simulation is necessary to confirm the design margin. 

In order to prove the proposed SCC-LLC is able to achieve load sharing even with 

very large tolerance as long as the power stage is capable of delivering such power level, 

simulation is performed with 30% variation of resonant inductance and 15% variation of 

resonant capacitance. The simulation uses the parameters listed in Table 3.4. It is noted 

that the variation range cited above is very large in practical design. A more reasonable 

tolerance value would be 7% for inductors and 5% for capacitors. 
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The simulation results are shown in Fig. 3.8, where Ipri1 and Ipri2 are primary-side 

resonant current in Phase 1 and 2, respectively; Isec1 and Isec2 are secondary-side output 

current of Phase 1 and 2, respectively; VgS1 and VgS2 are SCC gating signals of Phase 

1; VgS3 and VgS4 are SCC gating signals of Phase 2; Vca1 and Vca2 are SCC capacitor 

voltages of Phase 1 and 2, respectively. 

Table 3.4. Simulation parameters in large tolerances condition. 

Switching frequency 200kHz 

Input Voltage 400V  

Output Voltage 12V 

Output Current 50A  2 

Transformer Turns Ratio 20:1 

Parallel Inductance 86μH  115% (Phase1)  86μH  85% (Phase2)    

Series Inductance 12μH  115% (Phase1) 12μH  85% (Phase2)    

Series Capacitance 36nF  108% (Phase1)  36nF  92% (Phase2)    

SCC Capacitance 30nF 

Output Capacitance 4mF 

 

 

Fig. 3.8.  Simulation results in large tolerances condition. 
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Fig. 3.8 shows that even with very large tolerances, the output current of the two 

phases are still very well balanced. The resonant component values in Phase 1 are 

significantly larger than those in Phase 2; therefore the SCC control angle α in Phase 1 is 

much smaller than that in Phase 2 in order to reduce the equivalent resonant frequency.   

 

3.6 Experimental Results 

A 600W two-phase interleaved SCC-LLC converter is implemented to verify the 

feasibility and to demonstrate the advantages of the proposed method. The diagram of the 

prototype is shown in Fig. 3.9, and the parameters are in Table 3.5.  

 

 

Fig. 3.9.  Diagram of the prototype two-phase interleaved SCC-LLC. 
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The resonant inductors are implemented using the transformers’ leakage inductance. 

They are intentionally made non-identical in order to verify the prototype’s load sharing 

performance. The two SCC-LLC phases have 90˚ phase shift for ripple cancellation. 

The power train parameters of Design #3 are in the prototype. The implemented 

capacitor values are close to the designed values as much as possible. The transformer 

turns ratio is later changed to 20:1, because the magnetic cores used in this prototype are 

relatively large for the designed power level, therefore increasing the transformers’ turns 

to reduce the core loss in order to obtain a higher overall efficiency can be justified in this 

particular case. 

Table 3.5 Prototype parameters 

Switching frequency 200kHz 

Input Voltage 400V nominal/300V minimum 

Output Voltage 12V 

Output Power 300W  2 

Transformer Turns Ratio 20:1, Center tapped 

Magnetizing Inductance 87μH(Phase1)   85μH(Phase2) 

Resonant Inductance 12μH(Phase1)   14μH(Phase2) 

Series Capacitance 36nF±5% (12nF 3, Polypropylene Film) 

SCC Capacitance 30nF±3% (10nF 3, Polypropylene Film) 

Output Capacitance 1790μF (100μF 8 + 330μF 3) 

Half-bridge MOSFET Infineon IPB60R190C6 

SCC MOSFET Infineon BSC060N10NS3 G (100V, 6mΩ) 

SR MOSFET Infineon BSC011N03LS 

 

A Microchip DSC dsPIC33FJ32GS606 is used to implement the digital controller. A 

linear opto-coupler is used to transmit output voltage signal to the primary side. The 

output voltage signal is sampled by an ADC, and then subtracted from a reference 

voltage value to create an error value. The error value is processed by a voltage-loop 

control law and becomes a base duty cycle for both SCC PWMs. Two additional ADCs 

are used to sample the peak resonant capacitor voltage of each phase which reflects the 
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output current level. The peak voltage sensing circuitry is adopted from [57], which is 

less accurate than the current sensing method that will be proposed in Chapter 5. The 

error between the two peak voltage values is processed by a load-sharing control loop and 

becomes adjustment values of the base duty cycle. The adjusted duty cycle values are 

then used to control the SCC PWMs. Each SCC PWM is synchronized with the zero-

crossing points of the primary-side current of the corresponding phase. The zero-crossing 

detection is implemented using a current transformer and a comparator. The 

synchronization is implemented using the DSC’s External PWM Reset (XPRES) 

function, which allows a logic signal from the current zero-crossing detection circuit to 

reset the digital PWM.  

Fig. 3.10 and Fig. 3.11 show the measured waveforms of SCC modulation. Vca is the 

voltage across Ca; Vgs_S1 is the gating signal of S1; Vgs_S2 is the gating signal of S2; 

Ipri is the primary current. Fig. 3.10 shows 40A (20A 2 phases) load current scenario; 

the control angle α is 131˚. Fig. 3.11 shows 20A load current scenario (10A 2 phases); 

the control angle α is 136˚. 

 

Fig. 3.10.  SCC operation. Vin = 400V, Vo = 12V, Io=40A (20A per phase), α=131˚. 
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Fig. 3.11.  SCC operation. Vin = 400V, Vo = 12V, Io=20A (10A per phase), α=136˚. 

 

Fig. 3.12 shows waveforms of the single-phase LLC converter with 12V, 600W 

output, with identical output capacitance used in the prototype SCC-LLC. The output 

voltage ripple is 500mV peak to peak at 50A load current.  

 

Fig. 3.12.  Output voltage ripple, Vin = 400V, Vo = 12V, Io=50A, single-phase LLC. 

 

Fig. 3.13 shows waveforms of the proposed two-phase interleaved SCC-LLC 

converter. The output voltage ripple at 50A load is reduced to 180mV peak to peak. The 

ripple cancellation can perform even better if external resonant inductors are used, which 

will make the resonant inductance of the two half-switching cycles better symmetrical. 

Fig. 3.13 also shows that the output current of the two phases are very well balanced. 

Given that the SCC MOSFETs have only 6mΩ on-resistance, and the primary-side RMS 
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current is only 2.5A per phase, the total conduction loss in SCC MOSFETs is negligible. 

There is no switching loss, as all the SCC MOSFETs have ZVS turn-on and turn-off. 

Fig. 3.14 shows the efficiency curves of the two-phase interleaved SCC-LLC with and 

without phase shedding. It is shown that the heavy load efficiency approaches 96%; and 

with phase shedding, the 5A load efficiency is significantly improved from 81% to 90%.  

Fig. 3.15 shows a photo of the prototype board. 

 

 

Fig. 3.13.  Output voltage ripple, Vin = 400V, Vo = 12V, Io=50A, two-phase interleaved SCC-LLC. 

 

Fig. 3.14.  Efficiency comparison. 
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Fig. 3.15.  Prototype photo. 

 

3.7 Conclusion 

A switch-controlled capacitor (SCC) modulated LLC converter (SCC-LLC) is 

proposed in this chapter to achieve constant switching frequency operation. The proposed 

SCC-LLC converter uses SCC to modulate resonant frequency, thus to control the 

voltage gain. This is favorable for interleaved operation because all the SCC-LLC stages 

can operate at the same switching frequency for ripple cancellation, and each phase still 

has independent control to achieve load sharing. The output power capacity can be easily 

expanded by interleaving multiple SCC-LLC stages, and the light-load efficiency can be 

improved by using phase shedding technique. Analyses show that the proposed constant 

frequency SCC-LLC converter has different characteristics from conventional variable 

switching frequency LLC converters; therefore a design procedure is developed. A design 

example is provided, and a group of design results are compared against simulation 

results in order to provide insights on the calculation accuracy and the design trade-offs. 

A two-phase 600W SCC-LLC prototype is built to prove the feasibility of the proposed 

method. The prototype shows good load sharing performance and light-load efficiency 

improvements, as well as current ripple cancellation. 
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Chapter 4 

Interleaved LLC Converter Operating at Variable Switching Frequency 

4.1 Introduction 

The SCC-LLC converter proposed in Chapter 3 uses a switch-controlled capacitor 

(SCC) [84] in each LLC power stage to control the resonant frequency. Therefore, output 

voltage regulation is achieved with constant switching frequency operation, which 

provides a simple solution for interleaving, load sharing, and phase shedding. However, 

the constant switching frequency operation imposes some limitations over the input 

voltage line and load current variation range as compared to conventional LLC converters 

with switching frequency control.   

In this chapter, a new control strategy is proposed for the SCC-LLC converter. It 

keeps the advantage of variable switching frequency control of LLC converters and 

achieves interleaving operation at the same time. Section 4.2 compares resonant 

frequency modulation and switching frequency modulation methods; Section 4.3 

proposes the new control strategy; Section 4.4 provides analyses and a design method of 

the new control strategy; Section 4.5 shows the experimental results; and Section 4.6 is 

the conclusion. 

 

4.2 Comparison between Resonant Frequency and Switching Frequency 

Modulations 

The proposed constant switching frequency SCC-LLC converter in Chapter 3 solves 

the load sharing problem for the interleaved LLC topology, which enables the highly 

efficient LLC topology to be applied in high-current applications. However, the constant 
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switching frequency SCC-LLC converter exhibits different characteristics from 

conventional LLC converters, because it uses resonant frequency modulation (FrM) 

instead of switching frequency modulation (FsM). The differences of the two modulation 

methods are discussed as follows. 

The voltage gain expression of a LLC resonant tank is derived in (4.1) using the 

Fundamental Harmonic Approximation (FHA) method. The definitions are in (4.2) for 

quick reference. M is the gain of the resonant tank, where the factor 2 is due to the half-

bridge configuration. N is the transformer turns ratio. Lp is the parallel inductance. K is 

the inductance ratio. RL is the load resistance. ωs is the switching frequency in radians. ωr 

is the resonant frequency in radians. 

2
2

24

224
2

2

1
64

1



























































s

r

L

ps

s

r

RN

L
K

K
M









 

(4.1) 

/ 2

o

in

NV
M

V
 , 

p

s

N
N

N
 , 

p

r

L
K

L
 , 2s sf  , 

1
r

r rL C
   (4.2) 

For a given set of values of Lp, K, RL and N, the gain curves resulted from FrM and 

FsM are plotted using (4.1), respectively, as shown in Fig. 4.1. When the FrM curve is 

plotted, ωs is fixed and ωr is variable; the normalized frequency is defined as ωr/ωs. 

When the FsM curve is plotted, ωr is fixed and ωs is variable; the normalized frequency 

is defined as ωs/ωr. It is evident that switching frequency modulation provides a higher 

peak gain within a narrower frequency variation range than the resonant frequency 

modulation does. This phenomenon can be understood from the impedance point of view: 

the FsM modulates the impedance of all the resonant components, whereas the FrM only 

modulates the impedance of the resonant capacitance, thus it is less effective.  
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Fig. 4.1.  Comparison of switching frequency modulation and resonant frequency modulation. 

 

The above analysis reveals that the previously proposed constant switching frequency 

SCC-LLC converter makes compromises in terms of peak gain range and normalized 

frequency variation range as compared to conventional LLC converters. In order to take 

full advantage of the LLC topology, switching frequency modulation is preferred. 

In addition, the full-wave SCC uses two MOSFETs and requires floating gate driving. 

This increases the circuit complexity and the conduction loss. Half-wave SCC is more 

desirable if it can be used. The related discussion on half-wave SCC is in the next section. 

 

4.3 Interleaved LLC Converters with Switching Frequency Control 

4.3.1 Switching Frequency Controlled SCC-LLC Converter 

It is noted that the interleaving operation only requires that the switching frequency of 

all the interleaved phases be the same, yet the switching frequency of all the phases can 

change together in different operating conditions. It is also noticed that the switching 
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frequency modulation is more effective than the resonant frequency modulation. 

Therefore, a new control strategy is proposed as following: 

1) All the interleaved SCC-LLC phases operate at the same but variable switching 

frequency.  The output voltage is controlled by the switching frequency; 

2) The gate driving signals of all phases are interleaved so that the output current of 

all phases are interleaved for ripple cancellation; 

3) The SCC technology is used to compensate the component tolerance among 

different phases so as to achieve load current sharing.  

In this way, the peak gain range and the frequency variation range of the SCC-LLC 

converter are the same as conventional LLC converters. The ZVS condition of the half-

bridge switches is also the same as conventional LLC converters. The required 

capacitance variation range for the SCC is much smaller because it is only responsible for 

compensating the component tolerances to achieve load sharing; consequently half-wave 

SCC can be used.  

 

Fig. 4.2.  Interleaved SCC-LLC converter suitable for the variable switching frequency control strategy. 
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The new control strategy can be applied in the topology in Fig. 3.3, but the full-wave 

SCC is unnecessary, thus it can be reduced to a half-wave SCC. The modified topology 

suitable for the new control strategy is shown in Fig. 4.2.  

4.3.2 Comparison of Full-wave SCC and Half-wave SCC 

Fig. 4.3 shows the structure and waveforms of a half-wave SCC. The control scheme 

is similar to that of the full-wave SCC, except that there is only one MOSFET, and the 

control angle α is from 0 to π.  

 
(a) 

 
(b) 

Fig. 4.3.  Structure and waveforms of half-wave SCC. (a) Structure of half-wave SCC. (b) Waveforms of 

half-wave SCC. 
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In order to reduce the power loss on the MOSFET’s body diode, in this chapter, the 

SCC MOSFET is turned on as soon as the Ca voltage is discharged to zero. From the Ca 

voltage zero-crossing point to the resonant current zero-crossing point, the MOSFET acts 

like a synchronous rectifier. It has no impact on the equivalent capacitance modulation. 

The equivalent capacitance of the half-wave SCC, CSC,HW, is given in [90], and is 

rewritten in (4.3) after rearrangement. 

 
,

2

2 (2 sin 2 ) /

a
SC HW

C
C

  


   
(4.3) 

The above equation is derived based on fundamental harmonic. The half-wave SCC 

voltage waveform has other harmonic components; therefore the above equation will not 

be very accurate. However, when designing the half-wave SCC, only two extreme 

conditions determine the equivalent capacitance range: when the SCC switch is always 

on, and when the SCC switching is always off. The accurate equivalent capacitance 

values at these two conditions are infinitely large and Ca, respectively. Therefore, the 

inaccuracy at other conditions does not affect overall design accuracy. 

The comparison of the full-wave SCC and the half-wave SCC includes the following 

aspects: 

1) Cost. The half-wave SCC has only one MOSFET and does not require isolated 

driving; therefore its cost is lower than that of the full-wave SCC. 

2) Power loss. The half-wave SCC has only one MOSFET, therefore its conduction 

loss and gate driving loss are lower than that of the full-wave SCC. Both the full-wave 

and the half-wave SCCs have ZVS conditions at turn-on and turn-off; therefore there is 

no switching loss. 
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3) Capacitance regulation capacity. The control angle α of a full-wave SCC is from 

π/2 to π. By substituting α into (3.1), it reveals that the equivalent capacitance variation 

range is from Ca to infinitely large (when the capacitor is equivalent to a short circuit).  

Likewise, the control angle α of a half-wave SCC is from 0 to π. By substituting α into 

(4.3), it reveals that the equivalent capacitance variation range is also from Ca to 

infinitely large (when the capacitor is equivalent to a short circuit). Therefore, the half-

wave SCC and the full-wave SCC have the same capacitance regulation capacity. This 

analysis result can be understood by considering the two extreme cases: when the control 

angle α is minimum (π/2 for full-wave SCC, and 0 for half-wave SCC), the capacitor Ca 

is always connected in the resonant circuit, therefore its equivalent capacitance is Ca. 

When the control angle α is maximum (π for both full-wave and half-wave SCCs), the 

capacitor Ca is always shorted by the MOSFET, therefore its equivalent capacitance is 

infinite. 

4) Symmetry. The full-wave SCC can perform modulation when the resonant current 

flows in both directions; therefore the SCC voltage waveform is symmetrical in both 

half-cycles. This is favorable for LLC converter because the output current in both half-

cycles will be the same. The half-wave SCC can perform modulation only in one 

direction; therefore the SCC’s waveforms will be asymmetrical, causing the output 

current of the two half-cycles non-identical. This effect can be observed in Fig. 4.14 in 

Section 4.5. In order to limit the asymmetrical effect within an acceptable level, the SCC 

voltage amplitude should be kept low, which means the capacitance variation range 

should be small. As a result, half-wave SCC is not desirable in constant switching 

frequency SCC-LLC converters, because the resonant capacitance needs to vary 
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significantly in different operating conditions (from 10nF to 28nF in the design example 

in Section 3.5). However, half-wave SCC is suitable in variable switching frequency 

SCC-LLC converters, because the resonant capacitance only needs to vary by a small 

amount to compensate the component tolerances (30nF to 36nF in the prototype of this 

chapter).    

To sum up the above analyses, the half-wave SCC has lower cost, lower power loss, 

the same capacitance regulation capacity, but asymmetrical waveforms compared to the 

full-wave SCC. Because the proposed control strategy only requires a small capacitance 

variation range for the SCC, the asymmetrical effect can be managed within an 

acceptable level. Therefore, the half-wave SCC is the best trade-off between the cost and 

the performance in the proposed control strategy. 

 

4.4 Analysis and Design Method for Interleaved Variable Switching Frequency 

SCC-LLC Converter 

The proposed control strategy uses the switching frequency to regulate the output 

voltage, therefore the design procedure is the same as in conventional LLC converters, 

which is available in many literatures [11, 71, 77-79, 92]. The only unknown parameter is 

the SCC capacitor value Ca. This section studies the load sharing characteristics of 

multiphase LLC converters, and then provides a design method to select the value of Ca 

according to component tolerance values. 

4.4.1 Load Sharing Characteristics 

Due to components’ tolerances, the resonant frequencies of interleaved LLC stages are 

slightly different from each other, resulting in different output-current-versus-switching-
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frequency curves. A set of such curves are obtained from simulation and plotted in Fig. 

4.4. In this example, ±7% tolerances are assumed for inductors (Lr and Lp), and ±5% 

tolerances are assumed for capacitor Cr. The specification is: Vin = 300V-400V, Vo = 12V. 

The power train parameters are: transformer turns ratio is 20:1; nominal component 

values of Cs, Lr, and Lp are 40nF, 12µH, and 86µH, respectively. The peak output current 

obtained by simulation are the theoretical maximum capacity of such a resonant tank.  

 

Fig. 4.4.  Output current vs. Switching frequency curves at different tolerances. Input voltage is 400V. 

Output voltage is 12V. Transformer turns ratio is 20:1. 

 

In Fig. 4.4, the rightmost curve represents the relation between output current and 

switching frequency when the resonant components are at their minimum tolerance 

values. The leftmost curve represents the relation between the output current and the 

switching frequency when the resonant components are at their maximum tolerance 

values. The middle curve represents the relation between output current and switching 

frequency with nominal resonant component values. This plot illustrates that when two 

LLC converters are connected in parallel, in the worst case, it is possible that no current 
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sharing would be achieved due to the component tolerances. For example, at 170 kHz 

switching frequency, the output current of the abovementioned two phases are 50A and 

0A, respectively. 

In order to achieve load sharing, SCC can be used to reduce the equivalent resonant 

capacitance of the lower-output-current phase, so that its output current will increase and 

match the higher-output-current phase. Note that the SCC can only increase the resonant 

frequency, but not decrease; therefore the highest-resonant-frequency phase in an 

interleaved SCC-LLC converter automatically becomes the reference phase. All the 

lower-resonant-frequency phases must be compensated by the SCC and match to the 

reference phase. The worst case for load sharing is to have these two extreme tolerance 

cases in the same interleaved SCC-LLC converter. In this scenario, the leftmost curve 

must be moved towards the rightmost curve until the two curves are matched. The 

compensation results are shown in Fig. 4.5. 

 

Fig. 4.5.  Output current vs. Switching frequency curves after compensation. Input voltage is 400V. Output 

voltage is 12V. Transformer turns ratio is 20:1. 
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Fig. 4.5 reveals that, from no load to heavy load, the required resonant capacitance 

reduction to achieve load sharing is almost invariant. In this example, across the entire 

load range, 17% reduction of Cs always results in lower output current than the highest-

resonant-frequency phase; 18% reduction of Cs results in the closest match of the output 

currents; and 19% reduction of Cs provides the best match at heavy load. Therefore, in 

this example, the worst case for SCC design is to achieve 19% reduction of the ideal Cs 

value. 

Above simulation studies are repeated for 300V input condition. The simulation results 

are shown in Fig. 4.6 and Fig. 4.7. They show that with the same component tolerance 

values, the required resonant capacitance to achieve load sharing is 19% reduction from 

Cs, identical to the case studied in Fig. 4.4 and Fig. 4.5.  

The same simulation studies are repeated for 18:1 turns ratio. The simulation results 

are shown in Fig. 4.8 and Fig. 4.9. They also show that with the same component 

tolerance values, the required resonant capacitance to achieve load sharing is 19% 

reduction from Cs, identical to the case studied in Fig. 4.4 and Fig. 4.5. 
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Fig. 4.6.  Output current vs. Switching frequency curves at different tolerances. Input voltage is 300V. 

Output voltage is 12V. Transformer turns ratio is 20:1. 

 

 

Fig. 4.7.  Output current vs. Switching frequency curves after compensation. Input voltage is 300V. Output 

voltage is 12V. Transformer turns ratio is 20:1. 
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Fig. 4.8.  Output current vs. Switching frequency curves at different tolerances. Input voltage is 400V. 

Output voltage is 12V. Transformer turns ratio is 18:1. 

 

 

Fig. 4.9.  Output current vs. Switching frequency curves after compensation. Input voltage is 400V. Output 

voltage is 12V. Transformer turns ratio is 18:1. 

 



 

70 

 

The above case studies show that the worst case of SCC design is only affected by the 

component tolerances, and does not change with input condition and turns ratio. 

4.4.2 Visual-Assist Design Method for Resonant Capacitance Range 

The expression of output current can be derived from (4.1), and is shown in (4.4). 
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(4.4) 

Coefficients a, b, and c are defined as the ratios of the actual and ideal component 

values of Lp, Lr, and Cs, respectively, as shown in (4.5), where the subscript 0 stands for 

ideal values without tolerances. 
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Then the inductance ratio becomes: 
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The resonant frequency and switching frequency become: 
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0s n r     (4.8) 

where ωn is the switching frequency normalized at the ideal resonant frequency ωr0.  

Substitute (4.6), (4.7), and (4.8) into (4.4), then Io can be expressed as a function of 

ωn, a, b, and c, shown in (4.9). 
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(4.9) 

Equation (4.9) shows that the output current of a given LLC stage is determined by the 

switching frequency and the component tolerances in an interleaved LLC converter 

system.  

With a good SCC design, after compensating the tolerance of resonant components, 

the output current of the highest-resonant-frequency phase and the lowest-resonant-

frequency phase should be the same. Equation (4.10) can describe such a relation.  

max maxmin min min( , , , ) ( , , ),o n o nI a b c I a b q   (4.10) 

where 
0

r

s

C
q

C
 reflects the SCC modulation. 

The left-hand side of (4.10) is the output current of the highest-resonant-frequency 

phase; the right-hand side of (4.10) is the output current of the lowest-resonant-frequency 

phase after SCC compensation. The coefficient q is the ratio of the required equivalent 

resonant capacitance, Cr, and the ideal series capacitor value, Cs0. As shown in Fig. 4.5, 

the required q value slightly varies in different load conditions. The minimum value of q, 

qmin, is the worst-case scenario for the SCC design, which happens when the 

corresponding SCC control angle α is minimum. 

The expression of q can be derived from (4.9) and (4.10). Then its values can be 

calculated at different switching frequency points. The minimum value of q can be 

identified accordingly. However, this approach could result in severe over-design. This is 

because the equation is based on FHA, which assumes sinusoidal waveforms; but when 

the LLC converter operates near the peak gain point, the switching frequency is far below 
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the resonant frequency, thus the waveforms are no longer sinusoidal, and consequently, 

large errors are resulted [35, 76, 79]. Because the qmin always happens at the peak gain 

point, the FHA approach is less than ideal.  

Nevertheless, the FHA-based equation provides good accuracy when the switching 

frequency is close to the resonant frequency. Therefore, the q value at light load condition 

can be accurately estimated using the FHA-based equations. Also, according to the 

observations made in the previous section, the required resonant capacitance to achieve 

load sharing only varies a little from light load to heavy load. Therefore, after the light-

load q value is obtained from the FHA-based equation, it is observed that the heavy load 

q value can be estimated by subtracting 0.02 from the light load q value for the worst-

case SCC design. Using the idea described above, a visual-assist design method is 

proposed as follows. 

Still considering the example in Fig. 4.5, output current curves with different q values 

are plotted using (4.9), and are shown in Fig. 4.10. The solid line represents the output 

current of the highest-resonant-frequency phase, which is the reference curve for the SCC 

compensations.  
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Fig. 4.10.  Visual assisted design method to find qmin.  

 

(1) Identify q value for the closest under-compensated condition 

The first step is to try different q values in (4.9) and plot output current curves, and 

then identify the under-compensated curve that is the closest to the reference curve. Fig. 

4.10 shows that when q=0.83, the resultant output current curve is always below the 

reference curve, meaning that it is under-compensated; whereas the next curve (q=0.82) 

intersects the reference curve, meaning that it is a critically compensated curve. Above 

two curves suggest that q=0.83 (Cs-17%) is the under-compensated curve that is the 

closest to the reference curve. This result is in accordance with the observation made in 

Fig. 4.5.  

(2) Selection of worst case q value, qmin 

Next, in order to guarantee sufficient SCC compensation at heavy load, qmin=0.81, 

which corresponds to series capacitance reduction of -19%,  is chosen to be the worst-

case SCC design, which has additional 2% reduction of the series capacitance value 
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based on the under-compensated curve. The 2% deviation is due to the quality factor 

difference of the interleaved LLC resonant tanks. Although the interleaved LLC 

converters are compensated to have similar resonant frequencies, the resonant tanks’ 

quality factors still have slight difference since only the resonant capacitance can be 

modulated. The SCC compensation should slightly change to achieve load sharing. The 

2% deviation is on par with the component tolerances. This result is also in accordance 

with Fig. 4.5. Fig. 4.10 also suggests that the heavy-load compensation curve intersects 

the reference curve at ωn=0.71 (or 164 kHz), which also agrees with the simulation 

results in Fig. 4.5.  

Fig. 4.10 also provides the output current curve at q=0.67 (Cs-33%), which is obtained 

by solving (4.10) directly. It is very far from the reference curve and it is very much over-

compensated. This comparison demonstrates the accuracy advantage of the proposed 

visual-assist design method. 

Above steps derived the resonant capacitance variation range for worst-case SCC 

design. The SCC capacitor value, Ca, is calculated in the next section. 

4.4.3 Design of Half-wave SCC Capacitor Value 

The half-wave SCC is in series with Cs, therefore the equivalent resonant capacitance 

is derived by substituting (4.3) into (3.19), given in (4.11): 

2

2 2 2 sin(2 )

a s
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a s s s

C C
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C C C C



   


  
 (4.11) 

The control angle α is from 0 to π, which modulates the resonant capacitance from 

Cr,min to Cr,max. Cr,max occurs at α=π , which means the SCC MOSFET is always turned on 

and the current always bypasses Ca. Therefore, Cr,max equals to Cs. Cr,min occurs at α=0, 
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which means the SCC MOSFET is always turned off, and the current always flow 

through Ca. Therefore, Cr,min equals to Cs and Ca connected in series.  

According to the discussion in the previous section, Cr,min must be equal to or smaller 

than qminCs0 so that it is able to achieve load sharing in the worst-case scenario. If Cr,min is 

smaller than qminCs0, the SCC is over-designed: the Ca value will be smaller than 

necessary, and the Ca peak voltage will be higher, and thus the asymmetrical effect 

discussed in Section 4.3.2 will be severer. For an optimal design of SCC, Cr,min should 

equal to qminCs0.  

In the worst-case scenario, Cs has the largest possible tolerance, thus Cs= Cs0∙cmax. 

Substituting Cr=qminCs0, α=0, and Cs= Cs0∙cmax into (4.11) gives (4.12): 
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  (4.12) 

Then solving (4.12) gives the expression of Ca: 

max min
0 0

mimax n
a s c

c q
C C

q



 (4.13) 

where Ca0 is the ideal value of Ca.  

Considering that the Ca capacitor also has tolerance, the selected Ca capacitor value 

should be chosen such that its maximum possible value is still smaller than the designed 

Ca0 value in (4.13). Therefore the Ca capacitor value should be selected according to 

(4.14). 
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4.4.4 Design Procedure 

The design procedure of the variable switching frequency half-wave SCC-LLC 

converter is summarized as follows. 

1. Design the LLC power train parameters using existing methods. It is prudent to 

design the maximum output current higher than the specification. For example, if 

the required capacitance reduction to achieve load sharing is -20% (as will be 

obtained in Step 3, the designed maximum output current should be about 20% 

higher than the specification. 

2. Identify the tolerances of the resonant components. 

3. Visual-assist design method: Use (4.9) to plot the output current curve of the 

highest-resonant-frequency phase (reference curve). Still use (4.9), but substitute 

the tolerance ratio c with the compensation value q, and plot the compensated 

output current curve of the lowest-resonant-frequency phase. Try different q 

values and visually identify the under-compensated curve that is the closest to the 

reference curve. Then subtracting a few percent (e.g. 2%) from the under-

compensated q value will give a good estimation of the heavy-load compensation 

q value, qmin.  

4. Use (4.13) and (4.14) to calculate the final Ca capacitor value. 

4.5 Experimental Results 

A 600W two-phase interleaved variable switching frequency half-wave SCC-LLC 

converter is implemented to verify the feasibility and the advantages of the proposed 

control strategy. The system block diagram is shown in Fig. 4.11. The parameters are 

listed in Table 4.1. 
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Table 4.1.  Prototype parameters. 

Switching frequency Variable around 200kHz 

Input Voltage 400V nominal/300V minimum 

Output Voltage 12V 

Output Power 600W (300W  2 phases) 

Transformer Turns Ratio 20:1, Center tapped 

Magnetizing Inductance 87μH(Phase1)   85μH(Phase2) 

Resonant Inductance 12μH(Phase1)   14μH(Phase2) 

Series Capacitors 36nF±5% 

SCC Capacitors 

30nF±3% (over-design case) or 155nF±5% 

(optimal case) 

Output Capacitance 1790μF (100μF 8 + 330μF 3) 

Half-bridge MOSFET IPB60R190C6 

SCC MOSFET BSC060N10NS3G(100V,6mΩ) 

SR MOSFET BSC011N03LS 
 

 

 

 

Fig. 4.11.  The implemented two-phase interleaved SCC-LLC converter with the proposed control strategy. 
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The resonant inductors are implemented with the transformers’ leakage and are 

intentionally made non-identical in order to test the load sharing performance. Because 

Phase 1’s inductances are intentionally made smaller, its resonant frequency is higher 

than Phase 2; therefore only Phase 2 needs a half-wave SCC to modulate the output 

current to match Phase 1. Two values of the SCC capacitor are tested in the circuit in 

order to show the effects of SCC over-design. The gate driving signals of these two LLC 

converters operate at 90˚ phase shift for output capacitor current ripple cancellation. 

A Microchip DSC dsPIC33FJ32GS606 is used to implement the digital controller. A 

linear opto-coupler is used to transmit output voltage signal to the primary side. The 

output voltage signal is sampled by an ADC, and then subtracted from a reference 

voltage value to create an error value. The error value is processed by a voltage-loop PI 

controller; the outcome is the switching period for both the half-bridge PWM and the 

SCC PWM. The phase shift between the two interleaved LLC stages is adjusted 

according to the switching period to maintain 90˚ phase shift. Two other ADCs are used 

to sample the resonant capacitor voltage, which reflects the output current level. The load 

sensing method can be adopted from either [57] or the cycle-by-cycle average input 

current sensing method that will be proposed in Chapter 5. The load current error 

between the two phases is processed by a load-sharing PI controller and controls the duty 

cycle of the SCC. The SCC duty cycle is multiplied by the switching period and becomes 

the duty cycle period. The SCC PWM is synchronized with the zero-crossing points of 

the primary-side resonant current. The zero-crossing detection is implemented using a 

current transformer and a comparator. The synchronization is implemented using the 

DSC’s External PWM Reset (XPRES) function, which allows the current zero-crossing 
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signal to reset the digital PWM. An SCC gating logic circuit is used to turn on the SCC 

MOSFET at the SCC voltage zero-crossing points, in order to eliminate the power loss in 

its body diode [93]. 

Fig. 4.12 shows the operation of the half-wave SCC. The half-wave SCC MOSFET is 

turned on as soon as the SCC voltage returns to zero in order to prevent the MOSFET 

body diode from carrying current. The SCC MOSFET is always turned on and off at ZVS 

condition, therefore the switching loss is negligible.  

 

Fig. 4.12.  Operation of half-wave SCC.  

 

Fig. 4.13, Fig. 4.14, and Fig. 4.15 demonstrate the effectiveness of current ripple 

cancellation and load sharing. Small ripple indicates good load sharing performance. A 

separate 600W single-phase LLC converter with the same input/output specification and 

output capacitance has been built for the purpose of comparison.  

Fig. 4.13 shows waveforms of the single-phase LLC converter at 50A load. The output 

voltage ripple is 500mV peak to peak with switching frequency of 160 kHz and output 

capacitance of 1790μF.  
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Fig. 4.13.  Output voltage ripple of single phase LLC converter. Io=50A, Co=1790µF. 

Fig. 4.14 shows waveforms of the SCC-LLC converter with the proposed control 

strategy at 50A load. With the same output capacitance, the output voltage ripple is 

reduced to 210mV peak to peak. From the resonant current waveforms, it can be 

observed that the output currents of the two phases are well balanced even though the 

resonant tanks are intentionally made different. This waveform is obtained when the Ca is 

30nF. It is noted that the resonant current of the two half-cycles in Phase 2 are slightly 

asymmetrical due to the half-wave SCC modulation.  

 

Fig. 4.14.  Output voltage ripple of two-phase interleaved SCC-LLC converter with the proposed control 

strategy. Io=50A, Co=1790µF, Ca=30nF. 
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Fig. 4.15 shows waveforms of the SCC-LLC converter with the proposed control 

strategy at 50A load, with the SCC capacitance increased to 155nF. It is observed that 

when Ca is larger, the α angle is smaller to achieve the same load sharing task. The SCC 

voltage amplitude is also significantly lower. As a result, the asymmetrical effect of the 

resonant current is mitigated, and is almost invisible. The output voltage ripple is further 

reduced to 130mV peak to peak. As discussed in Section 4.4.3, for optimal performance, 

the Ca value should be as large as possible, but still sufficiently small to achieve load 

sharing in the worst-case scenario.  

 

Fig. 4.15.  Output voltage ripple of two-phase interleaved SCC-LLC converter with the proposed control 

strategy. Io=50A, Co=1790µF, Ca=155nF.  

 

Fig. 4.16 shows the efficiency improvement using the phase-shedding technique in the 

proposed SCC-LLC converter. When the load current is below 50%, one phase is shut 

down. The 25A (50%) load efficiency is improved from 94% to above 95.5%, and the 5A 

(10%) load efficiency is improved from 81% to 90%. 
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Fig. 4.16.  Efficiency comparison, with and without phase shedding. 

 

4.6 Conclusion 

A new control strategy is proposed for interleaved SCC-LLC converters. The 

switching frequency control is used for output voltage regulation, thus it can provide 

uncompromised peak gain range and frequency variation range compared to conventional 

LLC converters. The resonant frequency of each LLC stage is controlled by half-wave 

SCC to achieve load sharing. The half-wave SCC will reduce the circuit complexity, cost, 

and conduction loss. The load sharing characteristic of SCC-LLC converters is studied, 

and a visual-assist design method is proposed to determine the optimal SCC capacitance 

value. A 600W two-phase interleaved SCC-LLC prototype is built and shows good 

performances of load sharing, current ripple cancellation, and light-load efficiency 

improvement. 
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Chapter 5 

Cycle-by-Cycle Average Input Current Sensing Method for LLC 

Converter 

5.1 Introduction 

According to the discussions in Section 1.2.1, a fast and accurate average current 

sensing method is needed to improve load sharing and current-mode control 

performances for LLC converters. This chapter proposes a cycle-by-cycle average input 

current sensing method by sensing the series resonant capacitor voltage at a particular 

time instant. It accurately measures the average input current and input power over each 

switching period; therefore it is very advantageous in current-mode control, load sharing, 

and other advanced digital control techniques that require real-time average input current 

information. Half-bridge LLC resonant converter is used as an example in this chapter; 

but the proposed method can apply to many other topologies that include a series 

capacitor, such as half-bridge and full-bridge, LLC and LCC, converters and inverters. 

This chapter is organized as follows: Section 5.2 describes the operation principle of 

proposed method; Section 5.3 discusses possible implementations in different 

applications; Section 5.4 discusses sources of errors and proposes a calibration method; 

Section 5.5 is the simulation results; Section 5.6 provides experimental results; and 

Section 5.7 is conclusion. 

5.2 Operation Principle 

The cycle-by-cycle average input current measurement is equivalent to cycle-by-cycle 

input charge measurement, because the average input current multiplied by the switching 
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period is the input charge of the switching cycle. In resonant topologies, the input current 

of each switching cycle often consists of forward current (flowing from DC input source 

to resonant tank) and reverse current (flowing from resonant tank to DC source) due to 

the reactive resonant tank, resulting in positive input charge and negative input charge, 

respectively. The net input charge reflects the input power.  

For half-bridge topologies, the energy exchange between the input voltage source and 

the resonant power stage only takes place during a half-cycle. The period begins when 

the low-side switch is turned off, at which instant the resonant current begins to flow 

back to the input voltage source; the period ends when the high-side switch is turned off, 

shortly after which the high-side junction capacitance is charged to the input voltage, and 

then the input current reduces to zero. The current flows at the two instants are illustrated 

in Fig. 5.1. 

 

Fig. 5.1.  Initial and end instants of an energy exchange period. 
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Fig. 5.2 shows typical waveforms of half-bridge LLC converters. For simplicity, 

assume the MOSFET junction capacitances are zero in the following discussion. The 

input current waveform iQ1 begins as a negative current at the low-side switch’s turn-off 

point tLoff. It then reverses the polarity at the zero-crossing point tc. The input current 

stops at the high-side switch’s turn-off point tHoff. The net input charge is the integral of 

the input current, which is the same as the resonant current, during the energy exchange 

period. Because the resonant current flows through the resonant capacitor Cs, the net 

input charge can be calculated from the Cs voltage change over the energy exchange 

period. The equation is derived in (5.1). 

( ) ( ) ( ) ( )

( ) ( )

net neg pos

s Cs c Cs Loff s Cs Hoff Cs c

s Cs Hoff Cs Loff

Q Q Q

C v t v t C v t v t

C v t v t

 

         

   

 (5.1) 

 

 

Fig. 5.2.  Typical waveforms of half-bridge LLC converter. 
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A closer inspection of the energy exchange process reveals that the input charge 

resulted from the junction capacitances should be considered. Refer to Fig. 5.1. Shortly 

after tLoff, a portion of resonant current flows into the low-side junction capacitance and 

charges it from 0V to Vin. In (5.1), this portion of electric quantity was considered as 

negative electric quantity back to the voltage source in the previous discussion; in fact, it 

stays in the power stage; therefore it should be deducted from the negative input charge. 

Similarly, shortly after tHoff, the input current continues to flow until the high-side 

junction capacitance is charged from 0V to Vin. This portion of input charge is not 

considered in (5.1); therefore, it should be added to the positive input charge. As a result, 

the accurate net input charge is derived in (5.2). 

 ( ) ( ) 2net s Cs Hoff Cs Loff j inQ C v t v t C V      (5.2) 

Accordingly, the average input current over one switching period is derived in (5.3): 

 
( ) ( ) 2

in net s

s s Cs Hoff Cs Loff j s in

I Q f

C f v t v t C f V



    
 (5.3) 

The average input power over one switching period is derived in (5.4). It is assumed 

that the input voltage does not change over one switching period. 

 2( ) ( ) 2

in in in

in s s Cs Hoff Cs Loff j s in

P V I

V C f v t v t C f V



    
 (5.4) 

It can be observed from (5.3) that by measuring the series resonant capacitor voltage at 

the high-side and the low-side switches’ turn-off points, the average input current over 

that switching period can be calculated, if switching frequency, resonant capacitance, 

MOSFET junction capacitance and input voltage information are available.  
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In steady state, the Cs voltage waveform is symmetrical to its DC component. For 

half-bridge topologies, there is: 

 
( ) ( )

2 2

( ) ( )

in in
Cs Loff Cs Hoff

Cs Hoff Cs Loff in

V V
v t v t

v t v t V

  

  

 (5.5) 

Thus (5.2), (5.3), and (5.4) can be simplified to (5.6), (5.7), and (5.8), respectively. 

 
2 ( ) 2

2 ( ) 2

net s Cs Hoff in j in

s in Cs Loff j in

Q C v t V C V

C V v t C V

    

    

 (5.6) 
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 (5.8) 

 

Therefore, in steady state, by using (5.7), the average input current can be monitored 

by sampling Cs voltage at only one point, either vCs(tHoff) or vCs(tLoff). This is a simpler 

method for steady state applications, such as load sharing.  

When transient current information is needed, such as in current mode control, (5.3) 

should be used to sense the average input current in each switching cycle, because the vCs 

waveform may not be symmetrical during transient condition.  

A similar idea can be applied to full-bridge topologies, as shown in Fig. 5.3 and Fig. 

5.4. The only difference is that the input current occurs in both half-cycles. Let Q1 and 

Q2 be Leg A, and Q3 and Q4 be Leg B. During the half-cycle in which Q1 and Q4 

conduct current, the input current starts when Q2 is turned off, and stops when Q1 is 



 

88 

 

turned off. Therefore, the sampling points are tALoff and tAHoff, respectively. During the 

half-cycle in which Q3 and Q2 conduct current, the input current starts when Q4 is turned 

off, and stops when Q3 is turned off. Therefore, the sampling points are tBLoff and tBHoff, 

respectively. The input charges of both half-cycles should be added together to derive the 

total input charge of a switching cycle. Because the two legs operate simultaneously, 

vCs(tAHoff) and vCs(tBLoff) are the same point, and vCs(tALoff) and vCs(tBHoff) are the same point. 

Therefore there are only two sampling points. The equations are derived in (5.9)—(5.11). 

 

Fig. 5.3.  Cycle-by-cycle current sensing in full-bridge topologies. 

 

Fig. 5.4.  Typical waveforms of full-bridge LLC converter. 
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 2 ( ) ( ) 4net s Cs AHoff Cs ALoff j inQ C v t v t C V      (5.9) 

 2 ( ) ( ) 4in s s Cs AHoff Cs ALoff j s inI C f v t v t C f V      (5.10) 

 
22 ( ) ( ) 4in in s s Cs AHoff Cs ALoff j s inP V C f v t v t C f V      (5.11) 

 

Note that when sampling vCs(tALoff), which is at the turn-off instant of Q2, Cs is tied to 

Vin through Q3. Therefore the voltage across Cs is Vin subtracting the sampled voltage. 

Further to (5.9)—(5.11), due to the symmetrical waveforms in steady state where 

vCs(tAHoff) = -vCs(tALoff), the equations can be further simplified, as shown in (5.12)—

(5.14).  

 4 ( ) 4net s Cs AHoff j inQ C v t C V   (5.12) 

 4 ( ) 4in s s Cs AHoff j s inI C f v t C f V   (5.13) 

 
24 ( ) 4in in s s Cs AHoff j s inP V C f v t C f V   (5.14) 

Equation (5.13) shows that, similar to half-bridge topologies, the average input current 

in steady state can be monitored by sampling Cs voltage at only one point, vCs(tAHoff). For 

applications that require transient current information, such as current-mode control, 

(5.10) should be used as the vCs waveform may not be symmetrical during transients.  

The above-described current sensing method is lossless and simple. It is especially 

easy to implement with digital controllers. 
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5.3 Implementations of the Average Input Current Sensing Method 

This section discusses possible implementations of the proposed current sensing 

method in different applications. A system block diagram is shown in Fig. 5.5. One node 

of the series capacitor is connected to ground, and the voltage of the other node is 

sampled by a controller. Digital controller with ADC peripheral is the most convenient 

solution, yet analog controller with a sample-and-hold circuit can also achieve the same 

objective. The sampled signals are vCs(tHoff) and/or vCs(tLoff), and then they are processed 

by an algorithm according to (5.1)—(5.8) to derive cycle-by-cycle average input current 

or power. 

 

Fig. 5.5.  Implementations of the proposed input current sensing method. 

 

Although equations (5.1)—(5.8) require additional information such as input voltage, 

series capacitance, junction capacitance, and switching frequency to calculate the input 

current, depending on the applications, these parameters may not be needed. Several 

variations of the proposed method are discussed as follows. 

1) Load Sharing Among Identical Power Stages  
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For load sharing application among interleaved identical resonant power stages, such 

as in topologies proposed in Chapter 3 and Chapter 4, input current in each phase should 

be calculated and balanced according to (5.7). But because the interleaved phases operate 

at the same switching frequency, with same input voltage and the same type of 

MOSFETs, fs, Vin, and Cj are identical. The Cr voltage alone is sufficient to represent the 

input current. The load sharing loop’s control objective is simply to balance the vCs(tHoff) 

or vCs(tLoff) value in all the interleaved phases. No arithmetic is needed. An illustration is 

in Fig. 5.6. In this case, the load sharing performance is only affected by the Cs tolerance. 

For example, if Cs has ±5% tolerance, the load sharing will have only ±5% error. As it 

will be shown further below in this chapter, Cs in each power stage can be calibrated, and 

then the load sharing will be very accurate even with large component tolerances. The 

SCC does not impact the accuracy of the proposed current sensing method, because the 

SCC is in series with Cs, and the equations derived above are still valid. 

 

Fig. 5.6.  Load sharing of interleaved identical LLC converters. 

 



 

92 

 

2) Load Sharing Among Non-identical Power Stages 

For current sharing among non-identical power stages, the input voltage, the resonant 

parameters, and the selected MOSFETs may be different, thus the switching frequency 

and the junction capacitance will be different. Therefore, in order to achieve load sharing, 

the input powers need to be balanced using (5.8). In this scenario, a DSP is necessary to 

perform the algorithm. An illustration is in Fig. 5.7. 

 

Fig. 5.7.  Load sharing of non-identical LLC converters. 

 

3) Current-mode Control 

In current-mode control applications, Equation (5.3) should be used to sense the cycle-

by-cycle input current. Because the current control loop only requires a linear relation to 
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reflect the input current, the Cj term can be dropped because it does not affect the 

linearity. The fs parameter also can be dropped because in small-signal scale the 

switching frequency changes very little. The Cs parameter can be dropped as well 

because it is a constant. As a result, the [vCs(tHoff) - vCs(tLoff)] value can reflect the per-

cycle input current information for current-mode control. An illustration is in Fig. 5.8. 

 

Fig. 5.8.  Dual-loop current-mode control of LLC converter. 

 

Above discussions elaborate possible implementations of the proposed method in load 

sharing and current-mode control. However, if the objective is to calculate the exact per-

cycle input charge, non-ideal components may cause errors. The next section discusses 

the sources of errors and proposes a calibration method to resolve the problem. 

 

5.4 Sources of Error and Calibration Method 

Several sources may contribute to the error of the proposed current sensing method. 

They are usually small and do not affect the functionality of the intended applications 

such as load sharing and current mode control. For completeness they are discussed in 

this section. Also provided is a simple calibration method to compensate the errors. 
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5.4.1 Sources of Error 

1) Value of Cj  

The value of Cj includes output capacitance of the MOSFET, Coss, and any capacitance 

in parallel with the MOSFET drain-to-source nodes. Coss is a nonlinear capacitance that 

varies with the drain-to-source voltage of the MOSFET. A charge-equivalent linear 

capacitance must be derived from datasheet, which is the average value of the Coss–VDS 

curve from 0V to Vin [94]. Therefore, the equivalent Cj slightly differ at different input 

voltage. A simple calibration method is provided below to determine the Cj value 

experimentally. 

2) Value of Cs  

As discussed in Section 5.3, the tolerance of the resonant capacitor Cs will affect the 

measurement accuracy of the proposed method. Usually the resonant capacitor should 

have a small tolerance, e.g. ±5%. This is a favorable situation for the proposed method. In 

addition, a simple calibration method is provided below to determine the Cs value 

experimentally. 

3) Power loss  

The proposed method can accurately measure the input power. Because the resonant 

capacitor is in series with the primary-side circuit, regardless the power loss in the circuit, 

the resonant capacitor voltage change over a half-cycle will accurately reflects the input 

charge of that switching cycle.  

If the objective is to measure the output power, power loss in the power stage will 

cause measurement error. Nevertheless, this inaccuracy exists in any primary-side current 

sensing method. A calibration method provided in the next section can compensate this 

error.  
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4) Propagation delay  

MOSFET drivers usually have about 100 ns propagation delay. And depending on the 

strength of the driver, there is a delay from the edges of the gating signal to the gate-to-

source voltage actually falling below the gate threshold. Therefore, the sampling point 

should be delayed accordingly.  

5) Sampling circuitry  

The resonant capacitor voltage must be scaled down from several hundred volts to the 

ADC scale range; therefore a large value resistor divider is required. However the 

maximum ADC input impedance is in the range of 100 Ω, therefore sampling errors may 

occur due to the high input impedance. An amplifier circuit is recommended to decouple 

the impedance.  

5.4.2 Calibration Method 

An easy-to-implement calibration method is provided here to identify Cj and Cs values 

experimentally. The purpose of the calibration is not to get the accurate Cj and Cs values, 

but to match them with actual input power in order to get accurate measurement. The 

calibration has two steps: 

1) Set the resonant power stage (e.g. by changing load current) to a steady state at 

which the two voltage samples, vCs(tHoff) and vCs(tLoff) , are equal. Then (5.3) can be 

reduced to (5.15):  

 2in j s inI C f V  (5.15) 

In (5.15), the input current and input voltage can be measured from the input voltage 

source; the switching frequency can be directly measured; and then the equivalent Cj 

value can be solved. 
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2) Operate the resonant power stage at another load condition, measure vCs(tHoff) and 

vCs(tLoff). Read input voltage and current from the input voltage source, and measure the 

switching frequency. Since the Cj value has been obtained in Step (1), the equivalent Cs 

value can be solved using (5.3). 

Above steps calibrate the Cj and Cs values with respect to input power. If the purpose 

is to measure the output power, calibrations should be performed with respect to the 

output power. In that case, the calibrated Cs value may be smaller than the actual value 

because the power loss is lumped into the calibrated Cs value. When the efficiency 

changes, however, the measurement will have error. If this is a concern, multiple-points 

calibration under different input/output conditions can be performed, and several sets of 

calibration values can be used in corresponding operating conditions.  

 

5.5 Simulation Verification 

Simulation can provide accurate results and is free from component tolerance and 

measurement error, thus is the best approach to verify the theory of the proposed current 

sensing method. The simulation verification consists of two parts: (a) demonstrate the 

proposed method is accurate even in extreme operating conditions; (b) demonstrate the 

proposed method has better load sharing performance than conventional current sensing 

methods. 

5.5.1 Accuracy Verification 

In order to demonstrate the proposed method is accurate even in an extreme condition, 

e.g. ZVS is lost, MOSFET Rds(on) is relatively large, and switching frequency is very far 

away from the resonant frequency, the following parameters are used in simulation. 
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Table 5.1.  Simulation parameters of an extreme operating condition. 

Topology Half-bridge LLC Converter 

Input Voltage 400V 

Output Voltage 12V 

Transformer turns ratio 20:1 

Parallel Inductance    (Lp) 100 µH 

Series Inductance      (Ls) 4 µH 

Series Capacitance     (Cs) 100 nF 

Junction Capacitance (Cj) 2 nF  (each MOSFET) 

Dead Time 200 ns 

MOSFET Rds(on) 500 mΩ 

Switching Frequency 100 kHz 

 

The simulation waveforms are shown in Fig. 5.9, where vCs is the voltage across the 

series capacitor; iLs and iLp are the current of the series and the parallel inductor, 

respectively; vHB is the half-bridge node voltage; and Iin is the input current. 

 
 

Fig. 5.9.  Simulation waveforms of a half-bridge LLC converter in an extreme operating condition. 

 

The inductor current waveforms show that the switching frequency of 100 kHz is very 

far from resonant frequency of 251.6 kHz. The sharp edges of vHB and the high pulses of 

Iin at the MOSFETs’ turn-on points indicate that ZVS condition is lost. The measurement 
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results are summarized in Table 5.2. It demonstrates that the proposed method has only 

0.566% error in such an extreme condition. 

Table 5.2.  Comparison of calculation and simulation results. 

vCs (tLoff) 105.925V 

vCs (tHoff) 294.075V 

Iin (calculated using the proposed method) 2.041A 

Iin (measured from simulation waveform) 2.030A 

Error 0.566% 

 

5.5.2 Load Sharing Performance 

In order to demonstrate that the proposed method has better load sharing performance 

than conventional current sensing methods, simulations of a two-phase interleaved SCC-

LLC converter are performed with different current sensing methods. The simulation 

parameters are shown in Table 5.3. 

Table 5.3.  Simulation parameters of an interleaved LLC converter. 

Switching frequency 200kHz 

Input Voltage 400V  

Output Voltage 12V 

Output Current 50A  2 

Transformer Turns 

Ratio 
20:1 

Parallel Inductance 99 μH (Phase1)  73 μH (Phase2)    

Series Inductance 14 μH (Phase1)  10 μH (Phase2)    

Series Capacitance 39 nF  (Phase1)   33 nF (Phase2)    

Junction Capacitance  2 nF (each MOSFET) 

SCC Capacitance  30 nF 

Output Capacitance  4 mF 

 

The load sharing performance based on primary-side current transformer sensing 

method is shown in Fig. 5.10. This method aims to balance the average resonant current. 

It shows that although the resonant tank currents of the two phases are controlled to be 
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the same (2.7A RMS), the output current of these two phases are not the same (31.4A and 

17.6A) because their circulation currents differ.  

 

Fig. 5.10.  Load sharing performance based on primary-side current transformer sensing method. Top: 

resonant capacitor voltage. Middle: resonant tank current. Bottom: output current. 

 

The load sharing performance based on peak resonant capacitor voltage sensing 

method is shown in Fig. 5.11. This method aims to balance the peak resonant capacitor 

voltage. It is shown that although the peak resonant capacitor voltages of the two phases 

are controlled to be the same (336V peak), the output currents are not well balanced 

(22.3A and 28.5A) because the peak resonant capacitor voltage does not reflect the 

average input current. 

The load sharing performance based on the proposed method using (5.6) is shown in 

Fig. 5.12. This method aims to balance the cycle-by-cycle input charge, thus the input 

power. The output current of the two phases are very well balanced (25.5A and 24.2A). It 

demonstrates the most accurate load sharing performance among the three methods. 
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Fig. 5.11.  Load sharing performance based on peak resonant capacitor voltage sensing method. Top: 

resonant capacitor voltage. Middle: resonant tank current. Bottom: output current. 

 

 

Fig. 5.12.  Load sharing performance based on the proposed cycle-by-cycle input current sensing method. 

Top: series resonant capacitor voltage. Middle: resonant tank current. Bottom: output current. 
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5.6 Experimental Verification 

A half-bridge LLC converter is used for experimental verification. The input voltage is 

400V; the rated output is 12V/300W. Cs is calibrated to be 36.8nF, and Cj is calibrated to 

be 1.12nF by the calibration methods proposed in Section 5.4.2. Waveform snapshots of 

5A, 10A, 15A, and 20A load conditions are shown in Fig. 5.13—Fig. 5.16. The cursor 

measurements shown on the screen read the Cs voltage at the high-side and low-side 

switches’ turn-off points as well as the length of a half-switching period.  The cursors are 

placed exactly at the 3V threshold voltage.  

The experimental results are summarized in Table 5.4. Table 5.4 demonstrates that the 

calculated input power values using the proposed method are highly consistent with the 

actual input power values. Note that in the case of Pin=71.6W, the ΔvCr is 0, indicating 

all the input power is contributed by the second term of (5.4).  

 

 
Fig. 5.13.  Waveform captured at 5A load.  
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Fig. 5.14.  Waveform captured at 10A load. 

 

 
Fig. 5.15.  Waveform captured at 15A load. 

 

 
Fig. 5.16. Waveform captured at 20A load. 
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Table 5.4.  Experimental data and calculation results based on oscilloscope cursor measurements. 

Load 

current 

Actual Pin (read 

from source panel) 
vCs at tLoff vCs at tHoff fs Calculated Pin Error 

5A 71.6 W 199.2 V 199.2 V 199,458 Hz 71.6 W 0.00% 

10A 136.1 W 188.8 V 211.2 V 197,348 Hz 135.9 W -0.13% 

15A 199 W 178.4 V 221.6 V 197,016 Hz 196.0 W -1.50% 

20A 263.6 W 166.4 V 233.6 V 195,483 Hz 263.6 W -0.02% 

 

5.7 Conclusion 

Average input current is an important control parameter for many power supply 

control techniques, but is difficult to obtain in LLC converter due to the irregular current 

waveform. Conventional current sensing methods are subject to error and slow response. 

This chapter proposed a cycle-by-cycle average input current sensing method that is 

lossless, accurate, with no delay, and low-cost. The operation principle, possible 

implementations, sources of error, and a calibration method to compensate the 

component tolerance are discussed in this chapter. Simulation and experimental results 

demonstrated excellent accuracy (1.5% worst case) and good load sharing performance. 

The proposed method can be extended to other topologies that include a series capacitor, 

thus it is potentially advantageous in many applications. 
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Chapter 6 

Bang-Bang Charge Control for LLC Converters to Achieve Better 

Dynamic Performance 

6.1 Introduction 

As discussed in Section 2.4, the LLC converter has difficulties to achieve fast dynamic 

response. Many control methods were proposed to improve the dynamic performance but 

all have drawbacks.  

This chapter proposes a Bang-Bang Charge Control (BBCC) method for LLC resonant 

converters. It employs a unique hysteresis and self-oscillating scheme that utilizes the 

series resonant capacitor voltage levels to trigger the switching actions. According to the 

theory proposed in Chapter 5, the series resonant capacitor voltage at the switching points 

determines the per-cycle input charge. Therefore, the proposed method directly controls 

the input charge of each switching cycle. Consequently, the resonant power stage 

becomes a 1
st
 order system, which is favorable to high-bandwidth loop compensation. In 

addition, the BBCC method forces the resonant tank’s trajectory into new steady states 

within only a few switching cycles, much faster than switching-frequency control 

methods do, further accelerating the transient response. Comparing to existing control 

methods, the proposed BBCC method has the following advantages: (a) provides very 

fast dynamic response in all operating conditions; (b) does not require current sensing, 

current control loop, resettable integrator, or algorithm, thus is simple and suitable for IC 

integration; (c) does not sacrifice performance, such as steady-state error, output voltage 

ripple, efficiency, and so on.  
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Half-bridge LLC resonant converter is used as an example in this chapter; but the 

proposed BBCC method can be extended to other topologies that include a series 

capacitor. The following sections are organized as follows: Section 6.2 explains the 

operation theory and the control mechanism; Section 6.3 provides small-signal analysis; 

Section 6.4 discusses considerations in digital implementation; Section 6.5 demonstrates 

the experimental results; and Section 6.6 concludes the chapter. 

 

6.2 The Basic Idea of Bang-Bang Charge Control 

The proposed BBCC method is based on the physics that the input charge of each 

switching cycle can be derived from the series resonant capacitor voltage level at the 

switches’ turn-off points. The theory is proposed in Chapter 5, and is summarized below 

for convenience. The control mechanism of the proposed BBCC method is described 

further below in this section. 

6.2.1 Review of Relationship between Input Charge and Series Resonant Capacitor 

Voltage 

The series resonant capacitor voltage is the integral of resonant current. In half-bridge 

topologies, the resonant current is also the input current during the first half-switching-

cycle. Therefore, the change of the series capacitor voltage during the first half-cycle 

reflects the per-cycle input charge. As discussed in Chapter 5, the per-cycle input charge 

can be derived from the series capacitor voltage at the turn-off points of high-side and 

low-side switches, plus the contribution of the junction capacitances. The relation is 

expressed in (6.1) again, and the consequent input power is derived in (6.2).  

 ( ) ( ) 2net s Cs Hoff Cs Loff j inQ C v t v t C V      (6.1) 



 

106 

 

 
2( ) ( ) 2in in s s Cs Hoff Cs Loff j s inP V C f v t v t C f V      (6.2) 

where Qnet is the net input charge of a switching period, Cs is the series resonant capacitor 

value, Cj is the junction capacitance, vCs(tHoff) is the series capacitor voltage at the high-

side switch turn-off point, and vCs(tLoff) is the series capacitor voltage at the low-side 

switch turn-off point. The Cj is a charge-equivalent value of the MOSFET junction 

capacitance, which can be derived from the MOSFET datasheet. It is the average value of 

the Coss–VDS curve from 0V to Vin [94]. 

Because the Cs voltage waveform is symmetrical to ½ of the input voltage, vCs(tHoff) and 

vCs(tLoff) have a relation described in (6.3).  

 ( ) ( ) ( ) ( )
2 2

in in
Cs Loff Cs Hoff Cs Loff in Cs Hoff

V V
v t v t v t V v t       (6.3) 

6.2.2 Proposed BBCC Control Method 

As discussed in Section 2.4, the difficulty in improving the dynamic performance of 

LLC converter is the complicated transfer function which limits the compensator design. 

In order to achieve fast dynamic response, it is desirable to control the cycle-by-cycle 

input charge, such that the resonant power stage can be reduced to a 1
st
 order system, 

favorable for high-bandwidth loop compensation. As discussed above, the per-cycle input 

charge is determined by the series resonant capacitor voltage at the switches’ turn-off 

points, namely, vCs(tHoff) and vCs(tLoff). The proposed BBCC method controls two voltage 

thresholds in the control circuitry, vthH and vthL, to define the desired vCs(tHoff) and vCs(tLoff) 

levels. The vCs waveform is scaled down to signal voltage level, and is then compared 

with the two thresholds. When the sensed vCs exceeds either threshold, the corresponding 

switch is turned off and the complementary switch is turned on. As a result, the per-cycle 
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input charge is directly controlled by the thresholds. The simplified structure of the 

BBCC controller is illustrated in Fig. 6.1. The operation waveforms are shown in Fig. 

6.2. The description is as follows. 

 

 

Fig. 6.1.  Simplified structure of Bang-Bang Charge Controller. 

 
Fig. 6.2.  Operation waveforms of a BBCC controlled LLC converter.  

 

Vin and vCs are both scaled down by the same attenuation factor, Ksen, before connected 

to the BBCC control circuitry. The two thresholds, vthH and vthL, are generated by the 

BBCC control circuit. The vthH is generated by the voltage loop compensator. Because the 
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two thresholds are symmetrical to ½ of Vin, the vthL is generated by subtracting vthH from 

the sensed input voltage according to (6.3). By definition, vthH and vthL have the following 

relation with vCs(tHoff) and vCs(tLoff), respectively: 

 ( )Cs Hoff sen thHv t K v  (6.4) 

 ( )Cs Loff sen thLv t K v  (6.5) 

Both vthH and vthL are compared to the sensed vCs using two comparators. When the 

sensed vCs is below vthL, the Set-Reset latch (SR latch) is SET, thus the low-side gate is 

turned off and the high-side gate is turned on, allowing the energy exchange between the 

input voltage source and the resonant power stage. When the sensed vCs is above vthH, the 

SR latch is RESET, thus the high-side gate is turned off and the low-side gate is turned 

on, then the energy exchange will stop. When the sensed vCs is between vthL and vthH, both 

comparators output logic LOW, and the SR latch maintains the previous state. It is noted 

that with BBCC control, the switching actions of the LLC converter are triggered by 

voltage thresholds instead of a controlled switching frequency.  

A full diagram of a BBCC-controlled LLC converter is shown in Fig. 6.3. The input 

signals to the BBCC controller include the input voltage, the resonant capacitor voltage, 

and the output voltage. Comparing to the simplified BBCC controller in Fig. 6.1, two 

mono-stable blocks and two AND gates with an inverting input are placed between the 

comparators and the SR latch. The reasons of adding such elements are discussed in the 

next subsection. 
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Fig. 6.3.  System diagram of the proposed BBCC control. 

 

6.2.3 Practical Issues 

Light Load Operation 

As discussed in Chapter 5, the MOSFETs’ junction capacitance has a fixed 

contribution to the total input charge, which is represented by the second term on the 

right-hand side of (6.1). Therefore at light load, when the desired net input charge is less 

than the fixed input charge contributed by the junction capacitance, the first term on the 

right-hand side of (6.1) should be a negative value. This means vthH must be smaller than 

vthL – effectively reversing the extra charge back to the source. In this scenario, when the 

sensed vCs is between the two thresholds, it is above vthH and below vthL at the same time. 

Then both comparators will output logic HIGH, causing illegal input combination of the 

SR latch, and the circuit will malfunction. In order to avoid this problem, mono-stable 

blocks are placed between the comparators and the SR latch, converting the comparators’ 

positive level signals into positive pulses. Adding the mono-stable blocks does not 
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change the normal operation, but will prevent the illegal input combination from 

happening. The waveforms of light-load operation are shown in Fig. 6.4. 

 
Fig. 6.4.  Light load operation. When sensed vCs is within the shadow area, both comparators output logic 

high.  

 

Robust Operation in Fast Transient and Burst Mode 

Even with the mono-stable blocks in place, however, during large transients, when the 

thresholds and the vCs are fast changing, a set/reset pulse may be missed due to several 

reasons, causing the bang-bang operation to stop. For example, when the sensed vCs is 

already above the vthH threshold, but the high-side turn-off pulse is missed, the high-side 

switch will be kept on, then the sensed vCs will run away and never fall below vthL to 

trigger the next switching action.   

A similar runaway problem happens in burst mode, as illustrated in Fig. 6.5. During 

burst-off, vthH is lower than vthL. The sensed vCs may be above the vthH threshold and 

oscillates around vthL. Each time when the vCs falls below vthL, it triggers a SET pulse to 

the SR latch. As a result, when the LLC converter enters burst-on mode, the high-side 

switch will be turned on first. Then the sensed vCs will increase further above the vthH 

threshold, and could never fall back and trigger a RESET pulse to turn off the high-side 

switch. Consequently, the switching operation will stop. 
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Fig. 6.5.  vCs runaway problem during burst mode.  

 

In order to ensure robust operation, two AND gates, along with their inverting inputs, 

are used to reinforce the input state of the SR latch as shown in Fig. 6.3: when the sensed 

vCs is above both thresholds, the lower AND gate outputs a steady RESET signal to force 

the high-side switch to turn off; and when the sensed vCs is below both thresholds, the 

upper AND gate outputs a steady SET signal to force the low-side switch to turn off. An 

illustration of the mechanism is in Fig. 6.6. During burst-off, the sensed vCs oscillates 

around vthL, which generates a series of SET pulses to set the SR latch. However, the 

AND gate generates a RESET signal once the sensed vCs is above vthL (it is always above 

vthH). This mechanism makes sure that, if the sensed vCs is above both thresholds when 

the LLC converter enters burst-on mode, the low-side gate will be turned on first, and 

thus the vCs will decrease instead of run away.  
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The same mechanism can correct any unexpected output state of the SR latch, thus 

keeps the switching operation going. With above arrangements, the BBCC operation is 

robust and reliable. 

 

Fig. 6.6.  vCs runaway problem solved by adding AND gates.  

 

6.3 Small-Signal Analysis 

The proposed BBCC method can directly control the cycle-by-cycle input charge; 

therefore it is expected to provide very good dynamic performance. This section provides 

small-signal analysis and related discussions. 

6.3.1 Derivation of Small-Signal Model 

The BBCC method directly controls the input charge from the input voltage source in 

each switching cycle. This is equivalent to programming the input power. Assuming 

100% efficiency and that the energy in resonant tank does not change, the output power 

equals to the input power. In addition, the output power is a product of the output voltage, 

vo, and the average secondary-side current (the current from the output rectifier to the 
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output capacitor), isec. Therefore, the large-signal average secondary-side current can be 

expressed in (6.6).  

 sec
in

o

P
i

v
  (6.6) 

Strictly speaking, the energy stored in the resonant components will change at 

different steady state points. When the control variable, vthH, gives a step change, the 

resonant tank will take several switching cycles to reach the new steady state. During this 

period, the output energy in each switching cycle is not exactly the input energy of that 

switching cycle because the energy of the resonant tank also changes. This effect is not 

considered in (6.6). However, as will be discussed in Section 6.3.4, with BBCC control, 

the state variables (resonant inductor current and resonant capacitor voltage) can arrive at 

the adjacency of a new steady state within 1 switching cycle following a step change. 

Consequently, the BBCC-controlled LLC converter can be approximated as a fast 

programmed power source; and (6.6) is valid even during transients. 

Equation (6.6) can be used to derive the small-signal expression of isec. Then the 

small-signal expression of the output voltage can be derived using (6.7), where Zo is the 

output network’s impedance, as defined in (6.8). In (6.8), Co is the output capacitance, 

and RL is the load resistance. From (6.7), the control-to-output transfer function can be 

further derived. 

 sec
ˆ ˆ

oo Z iv   (6.7) 

 
1

L
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R
Z

sC R
  (6.8) 
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The energy conversion relation described in (6.6), (6.7), and (6.8) is similar to that in 

boundary-conduction mode Flyback converter, in which the input power in each 

switching cycle is programmed, all the input power in a switching cycle is transferred to 

the secondary side in the same switching cycle, and the secondary-side current is 

determined by the input power and the output voltage. Its small-signal analysis is 

discussed in [95]. A similar approach can apply to BBCC-controlled resonant converters. 

The derivation process is as follows. 

Substituting (6.2), (6.3), (6.4) into (6.6), the average secondary-side current can be 

expressed in (6.9). 

 
  2

sec

2 2in s s sen thH in j s in

o

V C f K v V C f V
i

v

 
  (6.9) 

When deriving control-to-output transfer function, the input voltage is treated as a 

constant. Then the secondary-side current isec is only affected by vo, vthH, and fs. Its small-

signal model can be obtained by linearization around the steady state operation point 

[95], as derived in (6.10). 

sec
ˆˆ ˆ ˆ

a o b thH c si K v K v K f    (6.10) 

where Ka, Kb, and Kc are partial derivatives defined as follows: 
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where Vo , VthH, Fs are the DC operation points of vo, vthH, and fs, respectively. 
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The output voltage vo is a function of the switching frequency fs. Therefore, in small-

signal model, fs can be mathematically expressed as a function of vo: 

ˆ ˆ
s d of K v  (6.14) 

Kd is the partial derivative of fs with respect to vo. It takes into account the slight 

switching frequency variation with respect to the output voltage fluctuation. This amount 

is related to the resonant tank property, namely, the frequency-versus-gain curve.  

It is possible to derive the expression of the frequency-versus-gain curve using 

fundamental harmonic approximation (FHA) approach, and then further derive the value 

of Kd. However, the result would be inaccurate if the switching frequency is distant from 

the resonant frequency [76, 79]. In order to demonstrate the accuracy of the proposed 

small-signal model, Kd is measured in simulation in this chapter. 

Substituting (6.14) and (6.10) into (6.7), the small-signal expression of the output 

voltage is derived in (6.15). 

  sec
ˆ ˆ ˆˆ ˆ

o o a o b thH co d ov Z K vi K vZ v K K   (6.15) 

From (6.15), the small-signal transfer function from vthH to vo is derived in (6.16). 
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 (6.16) 

Substituting (6.11), (6.12), (6.13), and (6.15) into (6.16) gives (6.17). 
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(6.17) 

Equation (6.17), although appears complicated at the first glance, only has one pole in 

the denominator. It reveals that the BBCC-controlled resonant power stage is a 1st order 
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system regardless the input voltage and the load current conditions. The pole frequency 

(in Hz) is derived in (6.18), and the DC gain (absolute) is derived in (6.19).  
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(6.18) 
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6.3.2 Verification of Small-Signal Model 

SIMPLIS simulation software [96] is used to verify the above small-signal model. The 

parameters used in simulation are summarized in Table 6.1. 

Table 6.1.  Simulation parameters. 

Topology Half-bridge LLC resonant 

Input voltage (Vin) 400V – 300V 

Output voltage (Vo) 12V 

Transformer turns ratio 20:1 

Parallel inductance (Lp) 86 µH 

Series inductance (Ls) 12 µH 

Series capacitance (Cs) 36 nF 

Junction capacitance (Cj) 1 nF 

Output capacitance (Co) 4 mF 

Attenuation factor (Ksen) 125 

Switching frequency (fs) 120kHz – 170 kHz 

 

Open-loop Bode plots for heavy load (RL=0.48Ω, Io=25A) and light load (RL=2Ω, 

Io=6A) at 400V and 300V input conditions are shown in Fig. 6.7. As predicted by (6.17), 

the transfer function is 1
st
 order in all operating conditions. The phase delay is 90° up to 
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near the switching frequency, reassuring it is a 1
st
 order system. A double-pole is 

observed at the switching frequency, which is not included in the derived small-signal 

model. The related discussion is in Section 6.3.4. Since the double-pole stays at the 

switching frequency, it does not impose complexity in loop compensation.  

 
Fig. 6.7.  Simulated Bode plots of BBCC-controlled LLC converter from vthH to vo. 

In order to verify the accuracy of the derived small-signal model, the calculated Bode 

plots using (6.17) is shown in Fig. 6.8. Comparisons of calculated and simulated DC 

gains and pole frequencies are summarized in Table 6.2 and Table 6.3, respectively. 

When (6.17), (6.18) and (6.19) are used, the DC operation points of fs and Kd are obtained 

from simulation. The DC point of vthH can be measured in simulation as well, or 

calculated from (6.20). 
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Fig. 6.8.  Calculated control-to-output Bode plots using (6.17). 

 

Table 6.2.  Comparison of calculated and simulated DC gains. 

 DC gain 

Operating 

condition 
Calculation 

Simulation by 

SIMPLIS 

400V light load 29.8 dB 29.5 dB 

400V heavy load 17.3 dB 17.3 dB 

300V heavy load 14.2 dB 14.2 dB 

Table 6.3.  Comparison of calculated and simulated pole frequencies. 

 Pole frequency 

Operating 

condition 
Calculation 

Simulation by 

SIMPLIS 

400V light load 66.3 Hz 67.2 Hz 

400V heavy load 276.7 Hz 270.1 Hz 

300V heavy load 226.1 Hz 207.7 Hz 
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Fig. 6.8, Table 6.2, and Table 6.3 demonstrate that the derived small-signal model is 

highly consistent with the simulation results; only the double-pole at the switching 

frequency is neglected. 

6.3.3 Compensator Design 

From the Bode plots, it is observed that the gain and phase curves in all operating 

conditions are very close to each other from medium frequency range to the adjacency of 

the switching frequency. Optimal loop compensation can be achieved for all operating 

conditions by placing the cross over frequency at as high frequency as possible.   

Taking advantage of the 1
st
 order system, a simple Type-2 or a PI controller is 

sufficient to compensate the BBCC controlled resonant converter. The compensation zero 

should be placed to compensate the lowest pole frequency as the worst-case scenario. The 

Bode plots of the compensated system using Type-2 compensation are simulated using 

SIMPLIS software and shown in Fig. 6.9. In this example, the compensation zero is 

placed at 10 Hz. A high-frequency pole is placed at 400 kHz, which is intentionally left 

outside the frequency-of-interest to mimic the behavior of a PI controller. In practice, it 

can be placed near the switching frequency to damp the high-frequency noise. 

The compensation results in Fig. 6.9 are summarized in Table 6.4. It shows that the 

bandwidth is 34 kHz at 400V input condition, and 20 kHz at 300V input condition. In 

both cases, the bandwidths are around 1/6 of their switching frequencies, respectively. 

Also, the gains at 100 Hz are above 40 dB in all conditions, which is sufficient to 

attenuate input voltage ripple from the upstream PFC stage. 
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Table 6.4.  Compensation results shown in Fig. 6.9. 

Operating condition Bandwidth 
Phase 

margin 

400V light load 34 kHz 70° 

400V heavy load 34 kHz 73° 

300V heavy load 20 kHz 83° 

 

 

Fig. 6.9.  Simulated Bode plots of BBCC-controlled LLC converter after compensation. 

 

Transient responses simulated at 400V and 300V input voltages are shown in Fig. 6.10 

and Fig. 6.11, respectively. The output voltage is recovered within 7 switching cycles in 

both cases (44 µs and 58µs, respectively) using the same compensator. It demonstrates 

that the BBCC control can provide very fast dynamic performance across the entire input 

voltage range (300V–400V). The ripples on the threshold signals are due to the output 

voltage ripple feeding into the high-bandwidth compensator. It can be removed if use 
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synchronized sampling (digital sampling or analog sample-and-hold). Large ripple on the 

threshold signals may cause asymmetrical output current in the two half-cycles. 

 

Fig. 6.10.  Load step from 5A to 25A (400V input). 

 

Fig. 6.11.  Load step from 5A to 25A (300V input). 

 

6.3.4 Discussions on Resonant Tank Behavior 

It is noted that, the small-signal model derived in this section is not topology-specific. 

It does not include the resonant component values except Cs. Also, it does not include the 

high-order behavior of the resonant tank, which is the double-pole observed in Fig. 6.7. 

The reason is discussed as follows. 

Although all the resonant components are state variables, the end result is the output 

power. The BBCC method directly controls the input energy in every switching cycle. 

Because the resonant components are not energy transfer components and they operate in 
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resonance mode, their total stored energy only changes a little at different operating 

conditions. If the energy variation in the resonant tank is neglected, the input power 

always equals to the output power. Therefore, when the BBCC method controls the 

cycle-by-cycle input energy directly, the resonant power stage delivers approximately the 

same amount of power to the output port, even before the resonant tank enters steady 

state. Therefore, from output power point of view, the resonant tank disappears from the 

small-signal transfer function in low to medium frequency range. Consequently, the 

energy transfer relation in (6.9) dominates the low to medium frequency response, which 

is not topology specific.  

In comparison, switching frequency modulation does not guarantee per-cycle output 

energy. The output power depends on the resonant tank state. After a step change of the 

switching frequency, the resonant tank takes many switching cycles to reach the desired 

output power level. The transition time is long, and notably varies in different operating 

conditions. This long transition time is topology-related, and affects the low-frequency 

dynamic response.  

Simulation waveforms in Fig. 6.12 and Fig. 6.13 can illustrate above insights.  

Fig. 6.12 and Fig. 6.13 show open-loop step responses of switching-frequency 

controlled and BBCC-controlled LLC converters, respectively. The same power train 

parameters in Table 6.1 are used in simulation. A step change is applied to the control 

signals such that the average secondary-side current is changed from 10A to 20A. The 

output voltage is set to 12V. 
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Fig. 6.12.  Step response of switching-frequency control, resulting in average secondary-side current 

changing from 10A to 20A. Vo=12V. (a) Vin=400V. fs changes from 171,118Hz to 170,941Hz;  (b) 

Vin=300V. fs changes from 132,573Hz to 131,596Hz. 

 
Fig. 6.13.  Step response of BBCC control, resulting in average secondary-side current changing from 10A 

to 20A. Vo=12V. (a) Vin=400V. vthH changes from 1.703V to 1.898V;  (b) Vin=300V. vthH changes from 

1.465V to 1.807V. 
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Fig. 6.12 shows that with switching-frequency control, the average secondary-side 

current takes 69 and 13 cycles to reach 20A, at 400V and 300V input voltages, 

respectively. Fig. 6.13 shows that with BBCC control, although it takes 6 and 5 cycles to 

enter steady state at 400V and 300V input voltages, respectively, the average secondary-

side current immediately reaches 20A after the step change.  

In order to gain more insight on this aspect, average secondary-side current, RMS 

resonant current, and RMS resonant capacitor AC voltage of above simulations at 400V 

input voltage are summarized in Table 6.5 and Table 6.6, respectively. Graphic 

comparisons of BBCC and switching frequency control are provided in Fig. 6.14 to Fig. 

6.16. It is evident that with BBCC control, the secondary-side current and resonant state 

variables (resonant capacitor voltage and resonant inductor current) immediately reach 

the adjacency of the new steady state following a step change, which means the power 

plant is a zero-order system. On the contrary, with switching frequency control, the state 

variables can only gradually approach the new steady state, which means it is a high-

order system. 
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Table 6.5.  Average secondary-side current and state variables of individual switching cycles following a 

step change using BBCC control. Vin=400V. vthH changes from 1.703V to 1.898V. 

# of Switching Cycle following a 

step change 
Average Isec 

(A) 
RMS Resonant 

Current (A) 

RMS Cr Voltage 

(VAC) 

-2 10 2.56 65.5 

-1 10 2.56 65.5 

0 9.62 2.62 64.5 

1 20.9 2.86 72.6 

2 20.5 2.84 72.3 

3 20.3 2.83 72.2 

4 20.1 2.83 72.1 

5 20.1 2.82 72.1 

6 20.1 2.82 72.1 

7 20 2.82 72.1 

8 20 2.82 72 

9 20 2.82 72 

10 20 2.82 72 

 

Table 6.6.  Average secondary-side current and state variables of individual switching cycles following a 

step change using switching frequency control. Vin=400V. fs changes from 171,118Hz to 170,941Hz. 

# of Switching Cycle following a 

step change 
Average Isec 

(A) 
RMS Resonant 

Current (A) 

RMS Cr Voltage 

(VAC) 

-10 10 2.56 65.6 

0 10 2.56 65.5 

10 12.4 2.62 67.2 

20 14.8 2.69 68.8 

30 17 2.74 70.2 

40 18.5 2.78 71.1 

50 19.3 2.8 71.6 

60 19.8 2.81 71.9 

70 19.9 2.82 72 

80 20 2.82 72 

90 20 2.82 72 
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Fig. 6.14.  Comparison of average secondary-side current using BBCC control and switching frequency 

control following in step change. 

 

Fig. 6.15.  Comparison of RMS resonant current using BBCC control and switching frequency control 

following in step change. 

 

Fig. 6.16.  Comparison of RMS resonant capacitor AC voltage using BBCC control and switching 

frequency control following in step change. 
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The above simulation studies reveal that, the BBCC-controlled LLC converter can be 

seen as a fast programmed power source up to high frequency range (close to switching 

frequency), thus the high-order resonant tank property is not shown in the low-medium 

frequency small-signal model.   

In addition to the charge control advantage discussed above (i.e. equivalent to a fast 

programmed power source), the BBCC method also inherently features trajectory control 

advantage: the control thresholds vthH and vthL also define the steady-state operation of the 

resonant capacitor voltage waveform. The time durations of the two half-cycles are not 

necessarily identical during dynamic transients. By controlling the resonant capacitor 

voltage at the MOSFETs’ turn-off points, the BBCC method forces the resonant tank to 

enter the new steady state via a much shorter trajectory than the switching-frequency 

control methods do. The comparisons in Fig. 6.12 – Fig. 6.16 can illustrate above insight: 

the BBCC method takes only 6 and 5 switching cycles to settle in the new steady state, 

whereas the switching-frequency control method takes 69 and 13 cycles to settle. 

Comparing to the simplified optimal trajectory control method in [63], the BBCC 

method only provides a sub-optimal trajectory, because the controller does not calculate 

the new steady state. However, it uses a fast feedback loop to approach the new steady 

state; in return it does not need to sense the load current, or to know the component value. 

More importantly, it is applicable to the entire input voltage range. 

6.3.5 Discussions on Impact of MOSFET Junction Capacitance 

The junction capacitance value Cj is an estimated value. It contributes a fixed amount 

of power as described in (6.2). Therefore, it is of interest to understand its impact on the 

system performance. A case study based on quantitative analysis is provided as follows.  
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When Cj=1nF, at 200 kHz switching frequency and 400V input voltage, the Cj related 

input power is: 

  
222 2 1 200 400 64Cj j s inP C f V nF kHz V W       (6.21) 

 

Therefore, in above scenario, when the load is below 64W, the vthH threshold must be 

lower than the vthL threshold, as discussed in Section 6.2.3. 

Comparisons of calculated DC gains and pole frequencies with and without the Cj 

term can reveal its impact on system performance. The comparisons are based on the 

same parameters in Table 6.1. The comparison results are summarized in Table 6.7 and 

Table 6.8. 

Table 6.7.  Comparison of calculated DC gains with and without Cj term. 

 DC gain  

Operating 

condition 

Accurate 

Calculation 
Assume Cj=0 Difference 

400V light load 29.8 dB 36.2 dB 6.4 dB 

400V heavy load 17.3 dB 18.5 dB 1.2 dB 

300V heavy load 14.2 dB 14.6 dB 0.4 dB 

 

Table 6.8.  Comparison of calculated pole frequencies with and without Cj term. 

 Pole frequency  

Operating 

condition 

Accurate 

Calculation 
Assume Cj=0 Difference 

400V light load 66.3 Hz 31.6 Hz 34.7 Hz 

400V heavy load 276.7 Hz 241.8 Hz 34.9 Hz 

300V heavy load 226.1 Hz 215.1 Hz 11.0 Hz 

 

The comparisons in Table 6.7 and Table 6.8 show that the light-load performance is 

notably affected by the Cj value, but not so at low-input voltage and heavy load. 

However, even though the impact is notable, the errors of 6 dB DC gain and 35 Hz pole 



 

129 

 

frequency would have little impact to the compensator design and system stability. 

Besides, if the MOSFET datasheet is available, the estimation will be very good. As a 

conclusion of the case study, the estimation of the Cj value will have notable impact to 

the light-load performance, but it can be easily resolved. 

6.3.6 Input Voltage Step Response 

In practice, the input source of a LLC converter is usually a large DC-link capacitor. 

Therefore, a real input voltage step cannot happen in reality. For completeness, simulated 

dynamic responses to input voltage step are provided below. Fig. 6.17 and Fig. 6.18 show 

400V to 300V input voltage step at 5A and 25A load conditions, respectively. The power 

train parameters are the same in Table 6.1. The simulation results demonstrate that, with 

such a drastic input voltage step change, the output voltage generally recovers in 100 µs 

(or 13 cycles), and the resonant tank settles in the new steady state within 200 µs (or 26 

cycles). The output voltage deviation is about 20mV (0.17%) at light load condition and 

50mV (0.42%) under heavy load condition. The fast response is due to the high 

bandwidth of the BBCC control loop. 
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Fig. 6.17.  Input voltage step from 400V to 300V (5A load). 

 

 

Fig. 6.18.  Input voltage step from 400V to 300V (25A load). 
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6.4 Considerations in Digital Implementation 

The proposed BBCC method is suitable for both digital and analog circuit 

implementations.  

The digital implementations are better suitable for relatively low switching frequency 

applications (several hundred kHz). When the control loop bandwidth is very high with 

respect to the switching frequency, the compensator does not provide sufficient 

attenuation for noise signals at the switching frequency; thus output voltage ripple signal 

will appear on the compensated error signal, degrading the performance. Digital control 

has advantages in sampling synchronization and oversampling which can easily remove 

the ripple. However, special considerations are needed due to the limited resolution and 

computing speed. 

Analog implementations are better suitable for high switching frequency applications 

(MHz range). Analog controllers have unlimited resolution and can work well beyond 

MHz range. With a reasonable output capacitor size, the output voltage ripple can be 

made small at high switching frequency, thus it may not need treatment. Besides, analog 

sample-and-hold is also available to solve the ripple problem.  

In this section, considerations in DSP-based BBCC implementations are discussed. 

The diagram of the proposed digital BBCC controller is in Fig. 6.19. The operation 

and design considerations are discussed as follows. 
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Fig. 6.19.  Digital implementation of the proposed BBCC controller. 

6.4.1 Design of Amplifier Circuit 

The DSP uses a digital-to-analog converter (DAC) to convert the PI calculation result 

into an analog voltage signal. The DAC output voltage range is from 0 to its reference 

voltage. However, the minimum vthH voltage, VthH,min, is near ½ of the sensed Vin. 

Therefore, in order to maximize the utilization of the DAC quantization levels, the vthH 

voltage is derived from summing VthH,min and the DAC output voltage, vcomp, as shown in 

Fig. 6.19. This way, all the DAC quantization levels can be utilized. 

The VthH,min corresponds to zero input charge. It can be derived as follows.   

At no load, the expression of input power can be derived from (6.2), (6.3), (6.4), 

shown in (6.22). 
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   2

,min0 2 2in in s s sen thH in j s inP V C f K V V C f V     (6.22) 

Then the VthH,min can be derived in (6.23): 
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The coefficient KH is the ratio of VthH,min and the sensed Vin voltage. The sensed Vin 

voltage is available in the control circuit. The VthH,min voltage can be generated by a 

resistor divider. 

6.4.2 Attenuation Factor Ksen  

The selection of Ksen should maximize the utilization of DAC quantization levels. The 

maximum swing range of vCs(tHoff) should be identified by simulation or by (6.24): 
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where Po,max is the maximum output power; Vin,min is the minimum input voltage; fs,min is 

the lowest switching frequency. 

The maximum swing range of vcomp can be expressed in (6.25).  

 ,max ,max
in

comp thH H

sen

V
V V K

K
   (6.25) 

Combining (6.24) and (6.25) gives: 
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 (6.26) 

Substitute Vcomp,max= VDAC,max into (6.26), which means the vcomp voltage range is equal 

to the DAC full-scale range, then all the DAC quantization levels can be utilized. The 

Ksen value can be calculated accordingly. This is the minimum value for Ksen. If smaller, 
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the DAC cannot provide enough modulation range for the rated maximum power. If 

larger, the DAC quantization levels are not fully utilized.  

In addition to maximizing the DAC resolution, the Ksen should be large enough to 

scale down all the voltage signals into the range of the analog circuit.  

6.4.3 DAC Resolution to Avoid Limit-Cycle Oscillation   

The control signal, vcomp, is quantized by DAC, and the output voltage is quantized by 

analog-to-digital converter (ADC). One criterion to avoid limit-cycle oscillation is that, 

the DAC controlled output-voltage  quantization step must be finer than the ADC 

sampled output-voltage quantization step [97].  

The required output voltage accuracy is usually defined by the design specification, 

which in turn determines the required ADC resolution. Consequently, the DAC must 

provide a finer resolution to control the output voltage. However, the DAC only controls 

input charge; for the same input charge, the input energy is determined by input voltage; 

and for the same amount of input energy, the output voltage is determined by the load 

current. Therefore, the DAC controlled output voltage quantization step varies with input 

voltage and load current. The worst-case scenario happens at minimum load current and 

maximum input voltage, because 1 DAC quantization step represents the maximum input 

energy step at maximum input voltage, and this input energy step will cause the 

maximum output voltage step at minimum load current. The following derivation 

calculates the required DAC resolution. 

The required output voltage resolution is given by the design specification. The ADC 

resolution and the sensing gain should be selected accordingly to meet or exceed the 
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specification. Once the ADC and the sensing gain are selected, the output voltage 

quantization step can be calculated by (6.27):  

 
,max

2

ADC

Vo ADCbits

Vo

V
q

K
  (6.27) 

where qVo is the quantization step of the output voltage; KVo is the sensing gain of Vo; 

VADC,max is the ADC full-scale range. 

To provide the above output voltage quantization step in the worst case (at the 

minimum output current), the per-cycle energy quantization step is determined by (6.28):  
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where qE is the quantization step of the per-cycle energy; Io,min is the minimum load 

current before entering burst mode; fs,max is the switching frequency corresponding to 

Io,min, which is also the maximum switching frequency of the converter. 

To provide the above per-cycle energy quantization step in the worst case (at the 

maximum input voltage), the per-cycle input charge quantization step is determined by 

(6.29): 
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To provide the above per-cycle input charge quantization step, the quantization step of 

vthH is determined by (6.30): 
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The DAC quantization step, qDAC, should be finer than qthH to avoid limit-cycle 

oscillation. Typically, qDAC can be chosen as ½ of qthH. Then qDAC is expressed in (6.31): 
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Then the required DAC bits can be calculated by (6.32): 
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where VDAC,max is the DAC full-scale range. 

6.4.4 Sensing Resistor Precision   

The same attenuation factor Ksen is used to scale down both the input voltage and the 

Cs voltage. The purpose of sensing the input voltage, in addition to the input over/under-

voltage protections, is to derive the vthL threshold based on the vthH threshold, such that 

the two thresholds are always symmetrical to the DC component of the Cs voltage. If the 

two sensing gain blocks have a small mismatch, the two control thresholds will not be 

perfectly symmetrical. The result is slightly unbalanced output current of the two half-

cycles. Therefore, the required sensing resistor precision must be investigated. 

The sensing gain blocks utilize resistive dividers, which consists of two resistors. The 

upper arm is defined as Ra, and the lower arm is defined as Rb. Then Ksen can be 

expressed as: 

 a b
sen

b

R R
K

R




 
(6.33) 

From (6.33), Ra can be expressed as a function of Rb: 

  1a b senR R K  
 (6.34) 

Assuming the resistors have a tolerance of ±e, the worst-case mismatch of the two 

sensing gain blocks happens when: 
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where Ksen1 and Ksen2 are non-ideal attenuation factors of the sensing gain blocks. 

The ratios of the non-ideal Ksen and the ideal Ksen are: 
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Substituting (6.34) into (6.37) and (6.38) gives: 
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(6.39) 

 
 

2 2

1

sen sen sen

sen sen

K K e e K

K e K

 
 


 

(6.40) 

 Considering that surface mount resistors usually have less than ±1% tolerance, thus 

Ksen>>e. Therefore above equations can be simplified to: 
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Then the mismatch of the two sensing gain blocks is: 
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If choose resistors with ±1% tolerance, substituting e=0.01 into (6.43) gives:  

 1

2

1.04sen

sen

K

K


 
(6.44) 

It means that the two sensing blocks will have a maximum mismatch of 4%. This 

asymmetrical threshold will cause notable unbalanced current in the two half-cycles. 

If resistors with ±0.1% tolerance are selected, substituting e=0.001 into (6.43) gives: 

 1

2

1.004sen

sen

K

K
  (6.45) 

It means that the worst-case mismatching is only 0.4%. The asymmetry effect is 

negligible. 

Based on above analysis, sensing resistors with ±0.1% tolerance are recommended. 

If implemented in integrated circuits, these sensing resistors can be made by the same 

process, deposited on the same substrate, and trimmed to the same value to achieve 

optimal matching. 

6.4.5 Comparator Hysteresis   

The hysteresis of the comparators creates a fixed offset to the threshold voltages vthH 

and vthL. Their effects are discussed as follows. 

If the two comparators have the same hysteresis, the offset voltage becomes a part of 

the threshold voltage, and is automatically compensated by the closed-loop feedback 

system, thus has no impact to the system performance. It is recommended to have the two 

comparators in a single package, thus the two comparators have closely matched 

hysteresis. 

If the two comparators have different hysteresis, the offset voltages on the thresholds 

vthH and vthL will be different. Consequently, they will be imperfectly symmetrical to the 
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DC component of the vCs. However, calculation shows that the effect of the hysteresis is 

negligible. 

For example, Linear Technology LT1712 contains two comparators in a single 

package. The hysteresis is 0.5mV typical. Assuming the DAC full-scale range is 1.6V, 

the hysteresis voltage only counts for 0.5mV/1600mV=0.03% of the control signal range. 

This is completely negligible.  

Even if a low-cost comparator with typically 6mV hysteresis is used, comparing to the 

1.6V DAC output voltage range, the hysteresis voltage only counts for 

6mV/1600mV=0.38% of the control signal range. The mismatch of the hysteresis voltages 

between two comparators is even smaller. Therefore it is again negligible. 

In conclusion, the comparator hysteresis has no impact to the system performance if 

the two comparators are matched; and has negligible impact if the two comparators are 

not matched. For the best performance, matched, low-hysteresis comparators are 

recommended.  

6.4.6 Devices’ Speed Limits   

As discussed at the beginning of this section, digital BBCC and analog BBCC are 

suitable for different switching frequency ranges. Therefore, it is of interest to estimate 

the limits of both solutions. 

1. Speed of digital devices. 

The DSP consumes the longest time during the loop execution. Taking Microchip 

dsPIC33F family DSCs as an example:  

The maximum CPU speed is 50 MIPS. Assuming the routine PI algorithm and 

monitoring functions have 50 instructions, the total computing time is 1µs. 
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The successive approximation ADC (SAR) takes 2 ADC clock cycles for sampling 

and 14 ADC clock cycles for analog-to-digital conversion. An ADC clock cycle is 35.8ns 

minimum. Therefore the ADC consumes approximately 0.6 µs. 

The DAC takes 0.65µs to settle a swing from 50% to 75% of the full-scale range.  

Summing up above time lengths gives 2.25µs processing time. Therefore, even if all 

other components are ideal, the DSP can only execute a control loop routine up to 444 

thousand iterations per second. Increasing the switching frequency beyond 444 kHz does 

not bring improvement in control loop bandwidth. 

The time consumptions of other logic devices are negligible. For example, the 74LVC 

family logic gates have around 4ns propagation delay; Altera MAX II CPLDs have 

around 200ps combinational path delay. Because the proposed BBCC logic is very 

simple, the total propagation delay time is no more than a few nanoseconds. 

2. Speed of analog devices. 

Today’s comparators and op-amps can work well beyond MHz range. Thus they do 

not impose limitations to neither digital nor analog BBCC solutions.   

For example, Linear Technology LT1711 and Texas Instruments TLV3502 

comparators have only 4.5ns propagation delay. For a BBCC-controlled LLC converters 

operating at 1.2 MHz switching frequency, assuming the loop bandwidth is 200 kHz, the 

delay time only causes 4.5ns/5000ns×360°=0.3° phase delay.  

Linear Technology LTC6240 and LT1358 op-amps have 1 MHz and 11.7 MHz full 

power bandwidth, respectively. They are suitable for the analog circuits in the proposed 

BBCC circuit. 



 

141 

 

MOSFET gate driving usually have 100ns to 200ns delay time, from logic gating 

signal input to the gate driver, to the MOSFET gate voltage falling below the threshold. 

In the above example of 200 kHz loop bandwidth, it will cause 

200ns/5000ns×360°=14.4° phase delay. Thus it will become a concern in high switching 

frequency applications. But this problem is also faced by all types of control methods. 

In conclusion, the speed limit of digital BBCC solutions is imposed by the DSP 

processing time; the speed limit of analog BBCC is imposed by MOSFET gate driving 

delay.  

6.4.7 Soft Start Operation 

The simplest method for soft start is with analog BBCC controller, where the soft start 

can be simply implemented using burst mode and closed-loop control. The reference 

voltage slowly rises from zero. The feedback loop tries to regulate output voltage 

according to the reference voltage. When the output voltage is very low, the resonant 

current tends to have very large amplitude, thus the secondary-side current is very large, 

causing the output voltage to rise faster than the reference voltage. In this case, the 

controller enters burst mode, disabling the operation immediately. This burst mode is the 

same as in light-load operation. It has two functions during soft start: (a) cut out the 

resonant current to prevent damage; (b) regulate the output voltage to follow the 

reference voltage. As the output voltage increases, the resonant current amplitude will 

decrease. Eventually, the BBCC control will operate continuously to reach the rated 

output voltage.  

However, above method is not suitable for digital control. In digital control, the output 

voltage is sampled at intervals, thus the burst mode may not disable the operation in time 
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to cut out the large resonant current. Instead, frequency sweep is easy to implement in 

DSPs. The switching frequency is swept from high to low as in conventional control 

methods. When the soft start is near completion, an ADC takes samples of the vCs at the 

switches’ turn-off points, and then use the sampled values to initialize the PI controller. 

The PI controller will generate the same voltage thresholds according to the sampled 

values; thus the BBCC logic operation is synchronized with the resonant tank. Then the 

BBCC controller can smoothly take over.  

6.4.8 Maximum and Minimum Switching Frequency Limits   

Maximum and minimum switching frequency limits are practical issues for 

conventional switching-frequency control methods. These limits ensure proper operation 

of the LLC converters. The BBCC method does not control the switching frequency 

directly; but the proposed control mechanism naturally limits the switching frequency 

range. 

The maximum switching frequency happens at maximum input voltage and light load. 

Same as in conventional frequency-controlled LLC converters, the maximum switching 

frequency can be limited by introducing burst-mode operation [69, 81, 82]. When the 

BBCC control threshold, vthH, is lower than a pre-defined level, it indicates the light load 

condition, which triggers the burst-mode operation. As a result, the switching frequency 

will not further increase.  

The minimum switching frequency happens at minimum input voltage and full load. It 

is determined by the power train design, not by the BBCC controller. Nevertheless, the 

BBCC control logic inherently ensures that the operation is always in the ZVS region, 
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thus it needs not to set a minimum frequency as in conventional LLC controllers. The 

mechanism is explained as follows. 

In the ZVS region, the resonant current zero-crossing points are lagging the MOSFET 

switching points. The current zero-crossing points are also the peak/valley resonant 

capacitor voltage points, thus the resonant capacitor voltage reaches the peak/valley after 

the MOSFET switching points. As a result, referring to Fig. 6.2, to trigger the low-side 

gate to turn-off, the resonant capacitor voltage must be descending and cross the vthL 

threshold; the ascending cross of vthL signal is ignored by the logic. To trigger the high-

side gate to turn-off, the resonant capacitor voltage must be ascending and cross the vthH 

threshold; the descending cross of vthH signal is ignored by the logic. 

In the ZCS region, the logic is the opposite. The peak/valley resonant capacitor 

voltage points are leading the MOSFET switching points. Therefore, the two signals that 

are ignored in the ZVS region should be used to trigger the MOSFET switching in the 

ZCS region, and the other two signals that are used in the ZVS region should be ignored 

in the ZCS region. 

The proposed BBCC control logic is designed for the ZVS region. Referring to Fig. 

6.1, the SR latch ignores the ascending cross of vthL and the descending cross of vthH 

signals. As a result, it will never operate in the ZCS region.  

For the sake of completeness, the BBCC method can be also designed for the ZCS 

region, by simply swapping the input polarities of the comparators in Fig. 6.1. In this 

case, it will always operate in the ZCS region, and never enter the ZVS region. 

Instead of limiting the minimum switching frequency, the BBCC method should limit 

the maximum vthH threshold. This is because the maximum sensed vCs voltage happens at 
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the peak gain point; if the vthH threshold rises above this level, the sensed vCs voltage 

cannot reach the thresholds, and the switching operation will stop. In fact, if Ksen is 

selected according to (6.26), the DAC output voltage range naturally limits the maximum 

vthH voltage.  If Ksen is selected larger, the maximum vthH voltage can be calculated from 

(6.24). 

6.4.9 Over-Current Protection 

The power train of the BBCC-controlled LLC converter is identical to the 

conventional frequency-controlled LLC converters. Therefore, the same over-current 

protection techniques can apply.  

One commonly used method is monitoring the peak resonant capacitor voltage. When 

over load/short-circuit condition happens, the peak resonant capacitor voltage will surge, 

which triggers the over-current protection procedure, in which case the operation will 

either stop or enter soft start. This technique also applies to the BBCC-controlled LLC 

converters. 

 

6.5 Experimental Results 

The experiment is carried out using a half-bridge LLC converter. The BBCC method 

does not change the steady state operation of the LLC power train, thus conventional 

methods for selecting parameters of LLC converters also apply to BBCC-controlled LLC 

converters. The power train parameters are listed in Table 6.9. The system diagram is the 

same as in Fig. 6.19. A Microchip dsPIC33F DSC is used to implement the ADC, PI 

controller, soft start, and protections. The BBCC logic is implemented in an Altera MAX 

II CPLD. It uses only 37 logic elements. In order to exploit the potential of the BBCC 
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control, a high-speed linear opto-coupler circuit [98] is used to transmit output voltage 

signal to the primary side, so that the isolator is not a bottleneck of the loop bandwidth.  

Table 6.9.  Prototype parameters. 

Topology Half-bridge LLC resonant 

Input voltage (Vin) 400V – 300V 

Output voltage (Vo) 12V 

Transformer turns ratio 20:1, Center tapped 

Parallel inductance (Lp) 86 µH 

Series inductance (Ls) 12 µH 

Series capacitance (Cs) 36 nF 

Output capacitance (Co) 1790 μF (100μF 8 + 330μF 3) 

Attenuation factor (Ksen) 100 

 

The steady state waveforms at 5A and 25A load conditions are shown in Fig. 6.20 and 

Fig. 6.21, respectively. A 200 ns propagation delay can be observed from the waveforms, 

which is mainly contributed by the gate driver. Note that in Fig. 6.20, the threshold vthH is 

lower than vthL. This is predicted in Section 6.2.3, meaning that the output power is lower 

than that contributed by the junction capacitance.  

 
Fig. 6.20.  Steady state at 400V input and 5A load. 
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Fig. 6.21.  Steady state at 400V input and 25A load. 

 

Fig. 6.22 and Fig. 6.23 show 5A to 25A load step at 400V and 300V input voltage, 

respectively. In both cases, the output voltage is recovered within 7 switching cycles. 

This is an outstanding performance provided by a simple PI controller, and the same fast 

response is achieved at both 400V and 300V input voltage. This result is also highly 

consistent with the simulation results in Fig. 6.10 and Fig. 6.11.  

 

 
Fig. 6.22.  Load step from 5A to 25A (400V input). 
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Fig. 6.23.  Load step from 5A to 25A (300V input). 

 

Fig. 6.24 and Fig. 6.25 show 25A to 5A load step at 400V and 300V input voltage, 

respectively. The output voltage is also recovered within only a few switching cycles. 

 

 
Fig. 6.24.  Load step from 25A to 5A (400V input). 
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Fig. 6.25.  Load step from 25A to 5A (300V input). 

 

It is noted that the output voltage deviation is larger than that in the simulation. This is 

because the output capacitance in the prototype (1790 µF) is much smaller than that used 

in simulation (4000 µF). Another possible reason is that the ceramic capacitors’ 

capacitance may significantly reduce when DC voltage is applied [99]. Nevertheless, the 

voltage deviation does not change the conclusion on loop bandwidth.  

Above experimental results demonstrate the effectiveness of the proposed BBCC 

control method, as well as the fast dynamic performance at both 400V and 300V input 

voltages. If conventional control methods are used, the load transient would normally 

take tens of, or even over a hundred switching cycles.  

 

6.6 Conclusion 

A Bang-Bang Charge Control method is proposed for LLC resonant converters. 

Instead of conventional switching-frequency control, the BBCC method utilizes the series 

resonant capacitor voltage and a pair of voltage thresholds to determine the MOSFETs’ 
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switching points. The essence of such a control scheme is charge control plus trajectory 

control; therefore it provides very fast dynamic performance in all operating conditions. 

Small-signal analysis reveals that the BBCC-controlled LLC converter is a clean 1
st
 

order system in all operating conditions, favorable to achieving high loop bandwidth. 

Simulation results are highly consistent with the derived small-signal model, and show 

that the compensated loop bandwidth can achieve 1/6 of the switching frequency in all 

operating conditions. A digital implementation of the BBCC controller is presented, and 

practical design considerations are discussed in detail. Experimental results demonstrate 

its feasibility and the very fast dynamic performance at both 400V and 300V input 

voltages, which are also consistent with simulation results. 

 The proposed BBCC method is simple: it does not require current sensing, current 

control loop, resettable integrator, or complicated mathematical calculation; and it 

simplifies the high-order resonant topology into a 1
st
 order system, thus the control loop 

design is made simple. For above reasons, the BBCC method is suitable for IC 

integration, in either analog or digital controllers. Its applications can be extended to 

other topologies that include a series capacitor.   



 

150 

 

Chapter 7 

Accurate Design Algorithm for LLC Converters 

7.1 Introduction 

As discussed in Section 2.5, existing design methods cannot find all the designs that 

meet the peak gain requirement, because they rely on unnecessary restrictions to make 

design decisions. As a result, they cannot provide optimal design. Also, most existing 

design methods have difficulties in predicting the magnitude and frequency of the peak 

gain point. This is because they are based on fundamental harmonic approximation, 

which is inaccurate when the switching frequency is far away from the resonant 

frequency.  

This chapter provides an algorithm to find all LLC design candidates with the exact 

peak gain value. It is based on time-domain equations established at the peak gain point. 

The solutions are very accurate. Initially, the proposed algorithm finds all design 

candidates that have the same minimum switching frequency. This is convenient for 

designers to determine the transformer core size, since all of the design candidates will 

have the same worst-case flux swing. In a later section, by describing all the candidates 

by characteristic impedance and turn-off current, the candidate designs can be 

transformed into any resonant frequency. Therefore, the proposed algorithm covers all 

possible LLC designs. 

As will be demonstrated in this chapter, the design candidate with the lowest 

characteristic impedance has the lowest component stress at the resonant frequency but 

the highest component stress at the peak gain point. Therefore, if the optimization point is 

at the resonant frequency, this design is considered optimal.  
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The sections are organized as follows: Section 7.2 introduces operation modes and 

design variables; Section 7.3 discusses the physical relations that will be used in 

algorithm derivation; Section 7.4 and Section 7.5 derive the peak gain solutions and the 

design procedures in two different modes; Section 7.6 demonstrates the accuracy of the 

proposed algorithm and provides design examples and discussions; Section 7.7 extends 

the design results to arbitrary resonant frequencies; Section 7.8 summarizes the design 

steps and provides a design flow chart; Section 7.9 concludes the chapter.     

 

7.2 Operation Modes and Derivation Methodology 

7.2.1 Definition of Operation Modes and Time Points 

In frequency-domain analysis, the output voltage gain can be calculated by the 

impedances of the resonant tank using FHA [34]. When the resonant current is lagging 

the applied square-wave voltage, the LLC resonant tank is inductive. Further increasing 

the switching frequency will increase the inductive impedance, thus reduce the output 

voltage gain. Likewise, when the resonant current is leading the applied square-wave 

voltage, the LLC resonant tank is capacitive. Further decreasing the switching frequency 

will increase the capacitive impedance, thus also reduce the output voltage gain. 

Therefore, the peak gain point occurs when the resonant current is in phase with the 

applied square-wave voltage.  In this scenario, the resonant tank impedance is the lowest 

(only resistive), thus the output voltage gain reaches the peak.  

However, the peak gain magnitude and the switching frequency at which the peak gain 

occurs are difficult to determine using frequency-domain analysis, because Lp is 

periodically clamped by the output capacitor, thus the operation of resonant tank is 
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nonlinear and time-variant depending on the operating conditions. The equivalent 

impedance of the resonant tank is changed accordingly, and is difficult to calculate. 

Therefore, in order to accurately solve the peak gain problem, time-domain analysis is 

necessary.  

Time-domain analysis shows that, the LLC converter has 4 operation modes when the 

output voltage gain is below unity, and 4 operation modes when the output voltage gain is 

above unity [33]. These operations modes have different naming conventions in [33] and 

[79]. This chapter adopts the naming convention from [79], i.e., use PN mode and PON 

mode to describe the two possible modes that the peak gain point may occur.  

Depending on the design of the resonant tank, the peak gain point may occur in either 

PN or PON mode. The waveforms are shown in Fig. 7.1 and Fig. 7.2. The definitions of 

time points are summarized in Table 7.1. 

Table 7.1. Definition of time points. 

Time point Definition 

tF Fall edge of the high-side MOSFET gate. 

tf Fall edge of the low-side MOSFET gate. 

tX Extinction point of the output current of a positive half-cycle. 

tx Extinction point of the output current of a negative half-cycle. 

tC Conduction point of the output current of a positive half-cycle. 

tc Conduction point of the output current of a negative half-cycle. 
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Fig. 7.1.  Waveforms at the peak gain point in PN mode. 

 

Fig. 7.2.  Waveforms at the peak gain point in PON mode. 

 

In Fig. 7.1, a full switching cycle of the PN mode is shown. Assuming the dead time is 

negligible, the half-bridge output voltage (vHB) is a square wave, which divides the 

positive and negative half-cycles. During the positive half-cycle, the output current of the 

opposite output diode (N interval) begins as soon as the output current of the P interval is 

extinct. The mode name PN depicts this operation.  
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In Fig. 7.2, a full switching cycle of the PON mode is shown. There is an interval with 

no output current between tX and tc (O interval). The mode name PON depicts this 

operation.  

In both Fig. 7.1 and Fig. 7.2, the resonant current, iLr, is zero at tf and tF, indicating that 

the operation is at the peak gain point. As will be demonstrated in the next section, each 

segment of the iLr waveform is a sinusoidal curve. Therefore, the curve angles at tf and tF 

are 0 and π, respectively. Also, the intervals can be expressed in radians. They are 

summarized in Table 7.2 and Table 7.3.  

Table 7.2. Definition of intervals in PN mode. 

Interval Boundary Time length Radian 

P From tf  to tX tfX θ 

N From tX  to tF tXF λ 

 

Table 7.3. Definition of intervals in PON mode. 

Interval Boundary Time length Radian 

P From tf  to tX tfX θ 

O From tX  to tc tXc ψ 

N From tc  to tF tcF λ 

 

7.2.2 Design Variables and Derivation Methodology 

The objective of the proposed algorithm is to find all possible designs of Lr, Cr, Lp, 

that have the exact peak gain value as required. Based on the design results, one can 

further derive design solutions that have higher peak gain than required, however 

unnecessarily high peak gain will compromise the efficiency [11]. Therefore, in most 

cases, the optimal design has the exact required peak gain value. The proposed algorithm 

is based on accurate time-domain solution at the peak gain point; therefore it can push the 

design parameters to the optimal point closer than existing design methods. The ZVS 
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condition should be verified after all the design solutions are found. This is because the 

ZVS condition depends on the resonant current (the reversing current at the beginning of 

each half-cycle); this information is only available after a design solution is given.  

The proposed algorithm assumes the input voltage range, output voltage, maximum 

load current, minimum switching frequency, and required peak gain value are known 

information. The input voltage range, output voltage, and maximum load current are 

determined by the design specification. The minimum switching frequency can be 

selected based on the available magnetic core size to avoid saturation. Since the 

efficiency is optimal at the unity gain point, the turns ratio N can be chosen accordingly, 

and then the peak gain value is determined. 

 The algorithm derivation is based on equations established using time-domain 

resonant tank waveforms and insights of charge conservation and conservation of energy 

in LLC converters. The basic physical relations used in derivation are discussed in the 

next section.    

 

7.3 Basic Physical Relations Used in Derivations 

The basic physical relations in an LLC circuit are discussed in this section. They are 

used in algorithm derivations in Section 7.4 and Section 7.5. 

7.3.1 Input Charge and Resonant Capacitor Voltage 

The input charge of a switching cycle can be derived from the resonant capacitor 

voltage at the turn-off point. This relation is discussed in Chapter 5. For convenience, the 

mathematical expressions are shown in (7.1). 
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 , ,net r Cr tF Cr tfQ C v v   (7.1) 

For half-bridge LLC converters, vCr,tf and vCr,tF are symmetrical to ½ of the input 

voltage. Therefore vCr,tF can be expressed as a function of vCr,tf in (7.2). 

, , , ,
2 2

i i
Cr tf Cr tF Cr tF i Cr tf

V V
v v v V v       (7.2) 

Combining (7.1) and (7.2) gives (7.3): 

 ,2net r in Cr tfQ C V v   (7.3) 

Here, the electric charge in MOSFET junction capacitance is not shown, because at 

the peak gain point the resonant current is zero at switching points, thus the electric 

charge in the junction capacitance is dissipated as switching loss, and does not contribute 

to the input energy. 

Assuming all the input energy is converted to output energy in the same switching 

cycle, the input energy can be derived from the input charge and the input voltage. This 

relation can be expressed in (7.4).  

2

,
o

o per cycle in net

L s

V
P V Q

R f
    (7.4) 

Combining (7.3) and (7.4) gives (7.5).  

2 2

,
2

r L in s o
Cr tf

L s r in

C R V f V
v

R f C V


  (7.5) 

The minimum switching frequency occurs at minimum input voltage and full load. 

According to (7.5), the vCr at tf and the Cr value have a relation described in (7.6). From 

here onwards, RL represents the full-load resistance. 
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  (7.6) 

 

7.3.2 Input Charge and Resonant Current 

In a half-bridge LLC converter, the energy exchange between the input voltage source 

and the LLC power stage only occurs in the positive half-cycles. Therefore, the input 

charge of each switching cycle can be derived from the area under the resonant current 

waveform iLr in a positive half-cycle (which is also the input current), as shown in the 

shadowed area in Fig. 7.3. Assuming 100% efficiency, in steady state, the input energy 

calculated from the input charge equals the output energy of the entire switching cycle. 

 

 

Fig. 7.3.  Input charge derived from the resonant current waveform. 

 

7.3.3 Output Charge and Resonant Current 

The instant output current of the LLC resonant tank (on the primary side) is the 

difference of iLr and iLp. Therefore, the output charge of each half-cycle (reflected to the 

primary side) equals to the area bounded by the iLr and the iLp waveforms, as shown in the 

shadowed area in Fig. 7.4.  
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Fig. 7.4.  Output charge derived from the resonant current waveform. 

 

Above physical relations are used in the following sections to solve the time-domain 

equations at the peak gain point. 

 

7.4 Design Algorithm Derivation (PN Mode) 

This section derives the design algorithm when the peak gain point happens in the PN 

mode.  

7.4.1 Derivation 

The variables used in the derivations are summarized in (7.7) for quick reference. N is 

the transformer turns ratio. Np is the primary turns, and Ns is the secondary turns. K is the 

inductance ratio. ωs,min is the minimum switching frequency; ωr is the resonant frequency 

of Lr and Cr; ωp is the resonant frequency of Lp, Lr, and Cr, all in radians. 
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 (7.7) 

1. KVL Equations 

In PN mode, Lp is clamped by the output capacitor in both P and N intervals. The 

waveforms are shown in Fig. 7.1. The equivalent circuit of the P interval is shown in Fig. 
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7.5. The equivalent circuit of the N interval is shown in Fig. 7.6. Using KVL, the 

differential equations of the two intervals are derived in (7.8) and (7.9), respectively. 

For P interval: 

  

2

,min2r r Cr Cr in o

d
L C v v V NV

dt
    (7.8) 

For N interval: 

  

2

,min2r r Cr Cr in o

d
L C v v V NV

dt
    (7.9) 

where Vin,min is the minimum input voltage, which is corresponding to the peak gain point 

operation. 

 

Fig. 7.5.  Equivalent circuit for the P interval. 

 

Fig. 7.6.  Equivalent circuit for the N interval. 
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The general solution for (7.8) is given in (7.10), where k1 and k2 are coefficients, 

determined by the initial condition. 

     1 2 ,mincos sinCr r r in ov k t k t V NV      (7.10) 

From (7.10), the general solution for the resonant current can be derived in (7.11). 

     1 2sin cosLr r r r ri C k t k t        (7.11) 

Similarly, the general solution for (7.9) is given in (7.12), where k5 and k6 are 

coefficients, which are determined by the initial condition. 

     5 6 ,mincos sinCr r r in ov k t k t V NV      (7.12) 

From (7.12), the general solution for the resonant current can be derived in (7.13). 

     5 6sin cosLr r r r ri C k t k t        (7.13) 

 

2. Initial Conditions  

At tf, the resonant current iLr is zero, and the Cr voltage is expressed by (7.6). To solve 

for the initial condition, t is substituted by 0 in (7.10) and (7.11). Then the coefficients k1 

and k2 can be solved below. 

  

2 2

,min ,min ,min ,min

1

,min ,min

2

2

r L o in s r L in s o

L s r in

NC R V V f C R V f V
k

R f C V

 
  (7.14) 

  2 0k   (7.15) 
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At tF, the resonant current is also zero, and the Cr voltage is expressed by combining 

(7.2) and (7.6). To solve for the initial condition, t is substituted by 0 in (7.12) and (7.13). 

Then the coefficients k5 and k6 can be solved below. 

  

2 2

,min ,min ,min ,min

5

,min ,min

2

2

r L o in s r L in s o

L s r in

NC R V V f C R V f V
k

R f C V

 



 (7.16) 

  6 0k   (7.17) 

 

3.  θ and λ Values 

According to the definitions in Table 7.2, θ and λ have relations with time length: 

  r fXt   (7.18) 

  r XFt   (7.19) 

Then the circuit state at tX can be derived from the initial condition at tf by substituting 

(7.14), (7.15), and ωrt=θ into (7.10) and (7.11): 

  
   2 2

,min ,min ,min ,min

, ,min

,min ,min

2 cos

2

r L o in s r L in s o

Cr tX in o

L s r in

NC R V V f C R V f V
v V NV

R f C V

 
    (7.20) 

  
   2 2

,min ,min ,min ,min

,

,min ,min

2 sin

2

r L o in s r L in s o

Lr tX

L s in r r

NC R V V f C R V f V
i

R f V L C

 
   (7.21) 

Also, the circuit state at tX can be derived from the initial condition at tF by 

substituting (7.16), (7.17), and ωrt = -λ into (7.12) and (7.13): 
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   2 2

,min ,min ,min ,min

, ,min

,min ,min

2 cos

2

r L o in s r L in s o

Cr tX in o

L s r in

NC R V V f C R V f V
v V NV

R f C V

  
  


 (7.22) 

  
   2 2

,min ,min ,min ,min

,

,min ,min

2 sinr L o in s r L in s o

Lr tX

L s in r r

NC R V V f C R V f V
i

R f V L C

  
  (7.23) 

Connecting (7.20) and (7.22) can solve for cos(λ): 

 
  

 

   

,min ,min ,min ,min

2 2

,min ,min

2 2

,min ,min ,min ,min

2 cos 4

cos cos
cos

2

r L o in s r L o in s

r L in s o

r L o in s r L in s o

N C R V V f NC R V V f

C R V f V

NC R V V f C R V f V



 




 
 

 
 

(7.24) 

Connecting (7.21) and (7.23) can solve for sin(λ): 

   
   2 2

,min ,min ,min ,min

2 2

,min ,min ,min ,min

2 sin
sin

2

r L o in s r L in s o

r L o in s r L in s o

NC R V V f C R V f V

NC R V V f C R V f V




 


 
 (7.25) 

From (7.24) and (7.25), θ has an analytical solution: 

  
 

 

2

,min ,min ,min ,min

2 2

,min ,min ,min ,min

4 2
arccos

2 2

in r L o s r L in s o

r L o in s r L in s o

V N C R V f NC R V f V

N NC R V V f C R V f V


  
 
  
 

 (7.26) 

From (7.25) and (7.26), λ also has an analytical solution: 

  
   2 2

,min ,min ,min ,min

2 2

,min ,min ,min ,min

2 sin
arcsin

2

r L o in s r L in s o

r L o in s r L in s o

NC R V V f C R V f V

NC R V V f C R V f V




  
 
  
 

 (7.27) 

Cr is treated as a known value in (7.26) and (7.27). As will be discussed in the design 

procedure in Section 7.4.2, the initial Cr value is selected based on component stress, and 

then increases with an arbitrary interval after each iteration. Each Cr value results in a set 
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of Lr and Lp values which provide the exact peak gain. The iteration continues until the 

boundary between PN and PON modes is reached. 

 

4. K Value 

Lp is clamped by the output capacitor in both P and N intervals, therefore its current 

slope is linear. The Lp current at tf and tF are symmetrical. Also, the Lp current and Lr 

current are equal at tX.  Above relations can be described in (7.28), (7.29), and (7.30). 

 
 , ,

o
Lp tF Lr tX

p r

NV
i i

L




  (7.28) 

 
 , ,

o
Lp tf Lr tX

p r

NV
i i

L




   (7.29) 

  , ,Lp tf Lp tFi i   (7.30) 

Combining (7.28), (7.29), (7.30), and (7.21), after manipulation, the analytical solution 

of K is derived in (7.31): 

  
 

   
,min ,min

2 2

,min ,min ,min ,min2 sin

r L o in s

r L o in s r L in s o

NC R V V f
K

NC R V V f C R V f V

 



 


 
 (7.31) 

 

5. Inductor Values  

The total time length of the two intervals equals to a half of the switching period. This 

relation is described in (7.32). Then the analytical solution for ωr can be derived in 

(7.33). 
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,min

1

2r sf

 




  (7.32) 

  ,min ,min2 2r s sf f     (7.33) 

Because Cr is a known value, Lr and Lp can be solved as follows. 

  
2

1
r

r r

L
C 

  (7.34) 

  p rL KL  (7.35) 

 

6. Checking vCr,tX Margin  

At tX, the output current of the positive half-cycle is extinct, thus there is no flux 

linkage between the primary- and the secondary-side. Hence, the output voltage source 

shown in Fig. 7.5 is removed from the equivalent circuit, thus Lp is no longer clamped, 

and the two inductors proportionally divide the total voltage that is applied on them, 

which is the difference of Vin and vCr. In PN and PON mode, vCr,tX is higher than Vin, thus 

the voltage on the inductors are negative. If the negative voltage at tX across Lp exceeds -

NVo, the output current of the N interval will immediately conduct, and the operation is in 

PN mode. If vCr,tX is not high enough to enter the N interval, the operation is in PON 

mode. The design procedure developed in this section is only valid in PN mode. 

Therefore, it is necessary to check the design results using the vCr,tX criterion.  

The mathematical expression of the above-described relation is in (7.36):   
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, ,min

1o

Cr tX in

NV K
v V

K



  (7.36) 

Using (7.20) and (7.36), the vCr,tX margin is derived in (7.37).  

 
 

 
 

,min ,min

2 2

,min ,min

,min ,mi

, ,

n

2
cos

1

2
Cr tX margi

r L o in s

r L in s o o

on

L s r in

NC R V V f

C R V f V NV K
NV

R f C V K
v


 
 
        

(7.37) 

When the margin is less than 0, the design result is invalid, and the design search 

should continue in PON mode. 

 

7.4.2 Design Procedure 

The procedure to find all possible designs with the exact peak gain in PN mode is 

described as follows. 

1. Determine the smallest Cr value as a starting point of the design search. The 

smallest Cr value is determined by its component voltage rating. The reason is 

below. When operating at the peak gain point, the resonant current changes 

polarity at tF; therefore the Cr voltage at tF is also its peak voltage. Using (7.6) 

and (7.2), the relation of the Cr value and vCr,tF can be derived in (7.38), where 

vCr,rating is the capacitor voltage rating, which is also the highest vCr,tF. If the 

capacitor is not selected beforehand, a rough value can used, e.g. 1kV.   

 
 

2

,min

,min , ,min ,min2

o
r

L s Cr rating in in

V
C

R f v V V



 (7.38) 

2. Use (7.26) and (7.27) to calculate θ and λ, respectively. 

3. Use (7.31) to calculate K. 
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4. Use (7.33), (7.34), and (7.35) to calculate Lr and Lp, respectively. 

5. Check the validity of the design results (positive and real). Use (7.37) to check 

the vCr,tX margin. If the results are invalid, or the margin is less than 0, it means 

the design iterations in PN mode is completed. If the results are valid and the 

margin is greater than 0, continue to Step 6. 

6. Increase Cr value by a small step, e.g. 1nF, and repeat steps 2 to 5. 

 

7.5 Design Algorithm Derivation (PON Mode) 

7.5.1 Derivation 

1. KVL Equations 

In PON mode, Lp is clamped by the output capacitor during P and N intervals, but 

participate in the resonance during the O interval.  The waveforms are shown in Fig. 7.2. 

The equivalent circuit for the P and the N intervals are shown in Fig. 7.5 and Fig. 7.6, 

respectively. The equivalent circuit for the O interval is shown in Fig. 7.7. Using KVL, 

the differential equations of the P and the N intervals are derived in (7.8) and (7.9), 

respectively, and the differential equation of the O interval is derived in (7.39). 

 

Fig. 7.7.  Equivalent circuit of the O interval. 
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2

,min2
( )r p r Cr Cr in

d
L L C v v V

dt
    (7.39) 

The general solution for (7.39) is given in (7.40), where k3 and k4 are coefficients, 

which are determined by the initial condition. 

     3 4 ,mincos sinCr p p inv k t k t V     (7.40) 

From (7.40), the general solution for the resonant current can be derived in (7.41). 

     3 4sin cosLr r p p pi C k t k t     
 

 (7.41) 

 

2. Initial Conditions  

The initial conditions at tf and tF can be solved the same way as in PN mode. The 

solutions for k1, k2, k5, and k6 are in (7.14) to (7.17), respectively.  

The circuit state at tX can be derived the same way as in PN mode. The solutions are in 

(7.20) and (7.21).  

The circuit state at tX can be also derived by substituting t=0 into (7.40) and (7.41), 

written in (7.42) and (7.43).  

  , 3 ,minCr tX inv k V  (7.42) 

 , 4Lr tX r pi C k   (7.43) 

By connecting (7.20) and (7.42), and (7.21) and (7.43), respectively, the expressions 

of k3 and k4 are derived below: 
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,min ,min ,min ,min

2 2

,min ,min

3

,min ,min

2 cos 2

cos cos

2

r L o in s r L o in s

r L in s o

L s r in

N C R V V f NC R V V f

C R V f V
k

R f C V



 



 
  

(7.44) 

    2 2

,min ,min ,min ,min

4

,min ,min

1 sin 2

2

r r r L o in s r L in s o

r L s in r r

L K C NC R V V f C R V f V
k

C R f V L C

  



 (7.45) 

 

3. Expression of K  

The circuit state at tc can be derived from the initial condition at tF by substituting 

(7.16), (7.17), and ωrt = -λ into (7.12) and (7.13): 

  
   2 2

,min ,min ,min ,min

, ,min

,min ,min

2 cos

2

r L o in s r L in s o

Cr tc in o

L s r in

NC R V V f C R V f V
v V NV

R f C V

  
  


 (7.46) 

  
   2 2

,min ,min ,min ,min

,

,min ,min

2 sinr L o in s r L in s o

Lr tc

L s in r r

NC R V V f C R V f V
i

R f V L C

  
  (7.47) 

Lp is clamped by the output capacitor in P and N intervals, therefore its current slope is 

linear. The Lp current at tf and tF are symmetrical. Also, the Lp current and Lr current are 

equal at tX and tc, respectively. Above relations can be described in (7.48), (7.49), and 

(7.50). 

 , ,
o

Lp tf Lr tX

p r

NV
i i

L




    (7.48) 

 
 , ,

o
Lp tF Lr tc

p r

NV
i i

L




  (7.49) 
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  , ,Lp tf Lp tFi i   (7.50) 

Substituting (7.21) into (7.48) gives the expression of iLp,tf: 

  
   2 2

,min ,min ,min ,min

,

,min ,min

2 sin

2

r L o in s r L in s o o r r

Lp tf

rL s in r r

NC R V V f C R V f V NV L C
i

KLR f V L C

  
 


 (7.51) 

Substituting (7.47) into (7.49) also gives the expression of iLp,tf: 

  
   2 2

,min ,min ,min ,min

,

,min ,min

2 sin

2

r L o in s r L in s o o r r

Lp tf

rL s in r r

NC R V V f C R V f V NV L C
i

KLR f V L C

  
   (7.52) 

Connect (7.51) and (7.52), and after manipulation, the expression of K is derived in 

(7.53): 
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 (7.53) 

 

4. Cr Voltage at tc  

As discussed in Section 7.4.1.6, at tc, the Cr voltage is on the edge to conduct the 

output current. This relation can be described in (7.54). 

  , ,min

1
Cr tc in ov

K
V NV

K
 

 
 
 

 (7.54) 

Substituting (7.46) and (7.53) into (7.54) yields an equation of θ and λ, written in 

(7.55): 
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(7.55) 

 

5. Input and Output Charge  

As discussed in Section 7.3.2, the input charge of a switching cycle can be derived 

from the integral of the input current during a positive half-cycle. In PON mode, this 

relation is illustrated in Fig. 7.3 and expressed in (7.56). On the right-hand side of the 

equation, the iLr(t) in the first term is defined in (7.11); the iLr(t) in the third term is 

defined in (7.13). 

   
0

, ,

0

( ) ( )
r

r

in Lr Cr tc Cr tX r LrQ i t dt v v C i t dt











      (7.56) 

Also, as discussed in Section 7.3.3, the output charge of the LLC resonant tank during 

a half-cycle can be derived from the difference of iLr and iLp waveforms. In PON mode, 

this relation is illustrated in Fig. 7.4 and expressed in (7.57). On the right-hand side of the 

equation, the iLr(t) in the first term is defined in (7.11); the iLr(t) in the fourth term is 

defined in (7.13). 
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(7.57) 
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Assuming there is no power loss, (7.56) and (7.57) can be connected by the law of 

conservation of energy. The relation can be expressed in (7.58). 

  
, ,min

1

2
out half cycle o in inQ NV Q V   (7.58) 

Substitute (7.56), (7.57), (7.14) to (7.17), (7.20), (7.47), (7.54), (7.52), (7.6), and 

(7.53) into (7.58), and after complicated mathematical manipulation, an equation of θ and 

λ can be derived in (7.59). 
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 (7.59) 

Equation (7.55) and (7.59) are both transcendental functions of θ and λ. They can be 

numerically solved by two-dimensional Newton’s Method.  

Cr is treated as a known value in (7.55) and (7.59). As will be discussed in the design 

procedure in Section 7.5.2, the initial Cr value is from the last Cr value used in the PN 

mode, and then increases with an arbitrary interval after each iteration. Each Cr value 

results in a set of Lr and Lp values which provide the exact peak gain. The iteration 
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continues until no solution can be found, which means all Cr values in PON mode have 

been swept. 

 

6. ψ Value  

The Cr voltage at tc can be derived by substituting ωpt=ψ, (7.42), and (7.43) into 

(7.40). It is also derived in (7.54). Connecting the two equations gives (7.60). 
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(7.60) 

The expression of ψ can be directly derived from (7.60) using symbolic tools such as 

MATLAB and Maple. However, the expression is too large to display in this chapter. A 

place holder (7.61) is used in the following text to refer to this expression.  

 Expression of ψ, directly derived from (7.60).  (7.61) 

 

7. Inductor Values  

According to the definitions in (7.7), ωp and ωr have the relation below: 

  
1

r
p

K


 


 (7.62) 
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The total time length of the three intervals equals to a half switching period. This 

relation is described in (7.63). Substituting (7.62) into (7.63), the analytical solution for 

ωr can be derived in (7.64). 

 
 

,min

1

2r p sf

  

 


   (7.63) 

  ,min ,min ,min2 1 2 2r s s sK f f f        (7.64) 

Because Cr is a known value, Lr and Lp can be solved in (7.34) and (7.35), 

respectively. 

 

8. Checking vCr,tf Margin  

In PON mode, the Cr voltage must reach the threshold to conduct the output current 

before tf . If the Cr voltage at tf is still below the threshold, it means the boundary of PON 

mode is reached. Because the design procedure developed in this section is only valid in 

PON mode, it is necessary to check the design results using the vCr,tf criterion.  

The mathematical expression of the vCr,tf criterion is in (7.65):   
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  (7.65) 

Using (7.6) and (7.65), the vCr,tf margin is derived in (7.66).  
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    (7.66) 

When the margin is less than 0, the design result is invalid, indicating that the design 

search in PON mode is completed. 
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7.5.2 Design Procedure 

The procedure to find all possible designs with the exact peak gain in PON mode is 

described as follows. 

1. Use the last Cr value that has been failed in the PN mode as the starting point 

of the PON mode design search. The θ and λ values of the last successful PN 

mode solution are used as the first set of initial values to solve the PON mode 

equations. 

2. Use two-dimensional Newton’s Method to solve the transcendental equation 

set (7.55) and (7.59). For the first iteration, the initial values are from Step 1. 

For the subsequent iterations, the initial values are from the solutions of the 

previous iteration.  

3. Use (7.53) to calculate K. 

4. Use (7.61) to calculate ψ. 

5. Use (7.64), (7.34), (7.35) to calculate Lp and Lr, respectively.  

6. Check the validity of the design results (positive and real). Use (7.66) to check 

the vCr,tf margin. If the results are invalid, or the margin is less than 0, it means 

the design research in PON mode is completed. If the results are valid and the 

margin is greater than 0, continue to Step 7. 

7. Increase Cr value by a small step, e.g. 1nF, and repeat steps 2 to 6. 

 

 



 

175 

 

7.6 Verification and Discussions 

The formulae derived in Section 7.4 and 7.5 are automated by MATLAB 

programming. The execution time of the proposed algorithm to find all possible design 

candidates is less than 2 seconds using a Lenovo X200 computer with Intel Core 2 Duo 

P8600 CPU. Simulation is the best approach to demonstrate the accuracy of the proposed 

algorithm, because it is free from component tolerances and measurement errors. This 

section first demonstrates the accuracy of the proposed algorithm, and then provides 

discussions on component stresses. 

7.6.1 Design Example 1: Algorithm Accuracy Verification 

The specification of a Design Example 1 is summarized in Table 7.4. The design 

results from the proposed algorithm are listed in Table 7.5. 

Table 7.4. Specification of Design Example 1. 

Nominal input voltage 384 V 

Minimum input voltage 280 V 

Minimum input voltage with ZVS 375 V 

Output voltage 12 V 

Minimum switching frequency 100 kHz 

Full load power 600 W 

Transformer turns ratio 16 : 1 

MOSFET junction capacitance 1 nF 
 

 

It is noted that all the parameters listed in Table 7.5 should provide 12V/50A output 

power at 280V input voltage and 100 kHz switching frequency. PSIM simulation 

software is used to verify the design accuracy of the Design No. 1, 10, 20, and 25. The 

simulation results are shown in Fig. 7.8 to Fig. 7.11. 
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Table 7.5. Design results from the proposed algorithm. 

Design 

No. 
Cr(nF) Lr(µH) Lp(µH) Resonant Frequency (kHz) 

1 6 380.9 111.7 105.3 

2 7 320.3 113.3 106.3 

3 8 274.7 114.9 107.4 

4 9 239.1 116.7 108.5 

5 10 210.6 118.7 109.7 

6 11 187.1 120.7 110.9 

7 12 167.5 122.9 112.3 

8 13 150.8 125.4 113.7 

9 14 136.4 128.1 115.2 

10 15 123.7 131.2 116.8 

11 16 112.6 134.5 118.6 

12 17 102.6 138.1 120.5 

13 18 93.6 141.9 122.6 

14 19 85.5 146 124.9 

15 20 78.0 150.3 127.5 

16 21 71.0 154.9 130.3 

17 22 64.5 159.7 133.6 

18 23 58.4 164.8 137.3 

19 24 52.6 170.2 141.7 

20 25 47.0 175.7 146.8 

21 26 41.6 181.3 153.0 

22 27 36.4 186.9 160.6 

23 28 31.2 192.1 170.2 

24 29 26.2 196.3 182.8 

25 30 21.3 198.3 199.1 
 

 

In Fig. 7.8 to Fig. 7.11, the resonant currents cross zero at the exact MOSFETs’ 

switching points, indicating the peak-gain point operation; the average output currents are 

exactly 50A. These simulation results prove the accuracy of the proposed algorithm – the 

design candidates have the exact peak gain at the exact minimum switching frequency. 
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Fig. 7.8.  Peak gain point of Design Example 1. Design No. 1. Vin=280V, Vo=12V, Fs=100kHz. Output 

current is exactly 50A. 

 

 

Fig. 7.9.  Peak gain point of Design Example 1. Design No. 10. Vin=280V, Vo=12V, Fs=100kHz. Output 

current is exactly 50A. 
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Fig. 7.10.  Peak gain point of Design Example 1. Design No. 20. Vin=280V, Vo=12V, Fs=100kHz. Output 

current is exactly 50A. 

 

Fig. 7.11.  Peak gain point of Design Example 1. Design No. 25. Vin=280V, Vo=12V, Fs=100kHz. Output 

current is exactly 50A. 
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7.6.2 Component Stress Comparison 

The design results with the exact peak gain are listed in Table 7.5. A component stress 

comparison is necessary to reveal the performance differences of the candidate designs. 

Design No. 1, 10, 20, and 25 are selected to perform the study using simulation approach. 

Table 7.6 summarizes component stresses of above design candidates at nominal input 

voltage and 50% load, which is usually the optimization point of a practical design. It can 

be observed that, as the Design No. increases from 1 to 25, both the Lr and the Lp’s RMS 

current and flux swings decrease; the peak Cr voltage decreases as well; the secondary-

side RMS current is almost the same. These trends show that the designs with larger 

Design No. (or higher resonant capacitor value) have lower RMS current and magnetic 

flux swing at the optimization point (nominal input voltage, 50% load), thus have lower 

total loss. The reduced RMS current is mainly due to the increased Lp value which 

decreases the primary-side circulating current. The reduced flux swing is mainly due to 

the increased resonant frequency.  In Table 7.6, because the magnetic core size is 

unknown, the flux density (in Tesla) cannot be calculated, thus the flux linkage (in 

Weber) is used to evaluate core loss. 

Table 7.6. Component stresses of Design Example 1 (nominal input voltage and 50% load).   

Design 

No. 

Resonant 

frequency 

Switching 

frequency 

RMS 

secon-

dary 

current 

RMS Lr 

current 

Peak Lr 

current 

Peak Lr 

flux 

linkage 

RMS Lp 

current 

Peak Lp 

current 

Peak Lp 

flux 

linkage 

Peak Cr 

voltage 

1 105.3 kHz 105.3 kHz 29.5 A 3.4 A 4.9 A 1.867 mWb 2.4 A 4.1 A 0.458 mWb 1436 V 

10 116.8 kHz 116.8 kHz 28.8 A 2.8 A 4.1 A 0.507 mWb 1.8 A 3.1 A 0.407 mWb 559 V 

20 146.8 kHz 146.8 kHz 28.2 A 2.2 A 3.1 A 0.146 mWb 1.1 A 1.9 A 0.339 mWb 329 V 

25 199.1 kHz 199.1 kHz 28 A 2 A 2.9 A 0.062 mWb 0.7 A 1.3 A 0.258 mWb 267 V 
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Table 7.7 summarizes component stresses of above design candidates at minimum 

input voltage and full load, which is usually the worst-case point. It can be observed that, 

as the Design No. increases (or resonant capacitance increases), the RMS secondary-side 

current will increase, which has the most significant impact on efficiency; the Lr current 

stress increases slightly but flux swing significantly decreases; the Lp current stress 

decreases but the flux swing is almost identical; the Cr voltage stress decreases. Above 

observations show that, (a) the same transformer core can be used for all of these designs 

because the transformer flux swings are the same; (b) larger Design No. candidates 

possibly have lower efficiency at the worst-case point due to the increased RMS 

secondary current, but the resonant inductor can be made smaller due to the reduced flux 

swing. 

Table 7.7. Component stresses of Design Example 1 (minimum input voltage and full load). 

Design 

No. 

Resonant 

frequency 

Switching 

frequency 

RMS 

secon-

dary 

current 

RMS Lr 

current 

Peak Lr 

current 

Peak Lr 

flux 

linkage 

RMS Lp 

current 

Peak Lp 

current 

Peak Lp 

flux 

linkage 

Peak Cr 

voltage 

1 105.3 kHz 100 kHz 57.7 A 4.8 A 6.9 A 2.628 mWb 2.5 A 4.3 A 0.480 mWb 1926 V 

10 116.8 kHz 100 kHz 60.6 A 4.9 A 7.3 A 0.903 mWb 2.1 A 3.7 A 0.485 mWb 854 V 

20 146.8 kHz 100 kHz 68.6 A 5.2 A 8.7 A 0.409 mWb 1.6 A 2.7 A 0.474 mWb 569 V 

25 199.1 kHz 100 kHz 80.6 A 5.8 A 11.4 A 0.243 mWb 1.3 A 2.2 A 0.436 mWb 497 V 
 

 

In conclusion, above comparisons show that, the largest Design No. candidate (No. 25 

in this example) has the lowest component stress at the optimization point (the unity-gain 

point), and possibly uses the smallest physical resonant inductor, but sacrifices the worst-

case efficiency (in below-resonance region) due to the increased RMS secondary current. 

If the design objective is to optimize efficiency at the unity-gain point, the largest Design 
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No. candidate should be selected. However, since the largest Design No. candidate also 

has the largest Lp value, the ZVS condition must be verified.  

7.6.3 ZVS Consideration 

The proposed design algorithm is derived based on the peak gain requirement, but 

does not consider the ZVS requirement. This is because the dead time can be defined 

according to the resonant current at the MOSFETs’ turn-off point. As a general thought, 

the dead time can be set as long as needed to achieve ZVS. However, depending on the 

applications, there are two scenarios: 

a) Peak gain-dominated designs. This scenario happens in high-power and/or high-

gain applications. The Lp value must be sufficiently small to provide the required peak 

gain, such that all of the candidate designs can provide the ZVS condition. A design 

example is provided in Section 7.6.5.  

b) ZVS-dominated designs. In this scenario, the design candidate with the largest Lp 

value cannot achieve ZVS even with the longest possible dead time. Therefore, a design 

candidate with a smaller Lp value should be selected. A detailed explanation is below. 

The analysis in Section 7.6.2 shows that, design candidates with large Lp values are 

preferred because they feature lower RMS current stress and thus higher efficiency at the 

optimization point. However, larger Lp values also result in smaller turn-off current and 

thus require longer dead time to achieve ZVS. But the maximum dead time length is 

limited by the resonant current’s zero-crossing point: the resonant current’s phase angle 

reduces when output voltage gain and load current increase; if the dead time interval is 

extended to the current zero-crossing point, the ZVS condition is lost. As a result, in a 
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ZVS-dominated design, the Lp value and the dead time length must have trade-off to 

provide ZVS for the required operation range. 

Continuing the above design example, simulation results suggest that the Design No. 

25 (with 30nF resonant capacitance) cannot provide ZVS at 375V input voltage / full 

load. According to the above discussion, this is a ZVS-dominated design. After 

examining Design No. 24, 23, and 22, consecutively, simulation results show that Design 

No. 22 (with 27nF resonant capacitance) can provide ZVS at 375V input voltage using 

550ns dead time. This design has the largest Lp value and meets the ZVS requirement. 

Therefore it will provide the best efficiency at nominal input voltage compared to other 

design candidates in Table 7.5. The simulation waveforms to demonstrate the ZVS 

condition are shown in Fig. 7.12. 

 

Fig. 7.12.  ZVS condition for Design No. 22. Vin=375V, Vo=12V, Po=600W, Cj=1nF. 

7.6.4 Peak Gain Reduction by Dead Time 

The dead time interval is usually ignored in the analysis because it is short compared 

to the switching period. However, the charging/discharging of MOSFETs’ junction 
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capacitance slightly changes the resonant tank’s trajectory and has an effect to reduce the 

output voltage gain. In normal operation, this gain reduction is compensated by operating 

at a slightly lower switching frequency. But at the peak gain point, the switching 

frequency cannot be reduced anymore, thus the peak voltage gain will be lower than the 

designed value. In addition, at the peak gain point, the resonant current reverses direction 

during the dead time interval; thus the high-side MOSFET will block input current for a 

time period, further reducing the output power. An example is shown in Fig. 7.13, where 

the Design No. 25 with 500 ns dead time can only provide 45.2A load current instead of 

50A as in Fig. 7.11. 

 

Fig. 7.13.  Peak gain point for Design No. 25. Vin=280V, Vo=12V, Fs=100kHz, Cj=1nF, td=500 ns. Output 

current is reduced to 45.2A. 

 

Two methods can be used to solve this problem: (a) design margin, (b) adaptive dead 

time.  

Leaving some design margin to compensate for the peak gain reduction is very 

convenient; however, it will compromise the peak efficiency to some degree.  
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Adaptive dead time control is also convenient with digital controllers. At near the peak 

gain point, the dead time should be reduced to minimum – just long enough to avoid 

shoot-through. Losing ZVS is not a concern in this scenario, because ZVS is not 

achievable near the peak gain point anyway. Nevertheless, ZCS can be achieved since the 

MOSFET is turned on near the resonant current zero-crossing point. 

7.6.5 Design Example 2: Peak Gain-Dominated Design 

As discussed in Section 7.6.3, in high-power and/or high-gain applications, the design 

results are dominated by the peak gain requirement, and they all provide ZVS. This 

section provides such an example. 

The design specification for a telecom application is summarized in Table 7.8. The 

design results from the proposed algorithm are in Table 7.9. The main difference of 

Design Example 2 and Design Example 1 is that the output power is increased from 

600W to 2400W with output voltage of 56V. 

Table 7.8. Specification of Design Example 2. 

Nominal input voltage 400 V 

Minimum input voltage 350 V 

Minimum input voltage with ZVS 375 V 

Maximum Output voltage 56 V 

Minimum switching frequency 100 kHz 

Full load power 2.4 kW 

Transformer turns ratio 16 : 4 

MOSFET junction capacitance 2nF 
 

 

The ZVS requirement is not a limiting factor in this design example, because the 

design result with the largest Lp value (Design No. 35) can easily meet the ZVS 

requirement. The ZVS waveforms are shown in Fig. 7.14.  
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Table 7.9. Design results of Design Example 2. 

Design 

No. 
Cr(nF) Lr(µH) Lp(µH) 

Resonant Frequency 

(kHz) 

1 16 144.5 44.7 104.7 

2 17 135.2 45.0 105.0 

… … … … … 

33 48 36.8 57.0 119.8 

34 49 35.6 57.6 120.5 

35 50 34.5 58.3 121.2 
 

 

Fig. 7.14.  ZVS condition for Design No. 35. Vin=375V, Vo=56V, Po=2.4 kW. 

 

It is noted that, in this example, the nominal operating condition is not at the unity-

gain point. Therefore the optimal design may not be the Design No. 35. The design 

decision should be made based on component stress study. 

7.6.6 Component Tolerance Consideration 

The design results in above design examples are given to 1 decimal place. This is 

exaggerated in order to demonstrate the accuracy of the proposed algorithm. In practice, 

the component values have tolerances and can never be that accurate. However, the 
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accurate design results draw a boundary of the theoretical limit. The designers can rely on 

it and add design margins as they feel comfortable. The following observations will be 

helpful when component tolerances are taken into consideration: 

1) Deviated from the accurate design results, reducing Lp value will provide higher 

peak gain. 

2) Deviated from the accurate design results, reducing Lr value and increasing Cr value 

will provide higher peak gain. 

3) Since the accurate design results exactly meet the peak gain requirement, when 

consider component tolerances, the maximum possible inductor values must be smaller 

than the accurate design results, and the minimum possible resonant capacitor value must 

be greater than the accurate design result. 

4) When take efficiency loss into consideration, the full-load current used in the 

design algorithm should be the rated full-load current divided by the worst-case 

efficiency. 

 

7.7 Design of LLC Converter at Arbitrary Resonant Frequency 

The proposed design algorithm so far only provides design solutions that achieve the 

same peak gain at the same minimum switching frequency. The resonant frequencies are 

different, which means the switching frequencies at nominal operating conditions cannot 

be specified by the designer. It is recognized that some designers prefer specifying the 

resonant frequency instead of the minimum switching frequency. In this section, 

characteristics of the design results are explored, and the design results from the proposed 

algorithm can be used to design an LLC converter with a specified resonant frequency.  
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7.7.1 Characteristic Impedance and Turn-off Current 

Using the same design specification in Table 7.4, but execute the proposed design 

algorithm with 100 kHz, 200 kHz, 400 kHz, and 800 kHz minimum switching frequency, 

the design results are shown in Table 7.10 to Table 7.13, respectively. In each table, the 

characteristic impedance of each design is calculated using (7.67), and the turn-off 

current at the resonant frequency is estimated using (7.68). The inductance ratio is 

defined as Lp/Lr. 

Table 7.10. Design results of Design Example 1 with 100 kHz minimum switching frequency. 

Design 

No. 
Cr(nF) Lr(µH) Lp(µH) 

Resonant 

Frequency 

(kHz) 

Characteristic 

Impedance 

(Ω) 

Inductance 

Ratio 

Turn-off 

Current at 

Fr (A) 

1 6 380.9 111.7 105.3 252.0 0.293 4.082 

2 7 320.3 113.3 106.3 213.9 0.354 3.987 

3 8 274.7 114.9 107.4 185.3 0.418 3.891 

4 9 239.1 116.7 108.5 163.0 0.488 3.792 

5 10 210.6 118.6 109.7 145.1 0.563 3.690 

6 11 187.1 120.7 110.9 130.4 0.645 3.586 

7 12 167.5 122.9 112.3 118.1 0.734 3.478 

8 13 150.8 125.4 113.7 107.7 0.832 3.367 

9 14 136.4 128.1 115.2 98.69 0.940 3.252 

10 15 123.7 131.2 116.8 90.83 1.060 3.133 

11 16 112.6 134.5 118.6 83.89 1.195 3.009 

12 17 102.6 138.1 120.5 77.70 1.346 2.884 

13 18 93.6 141.9 122.6 72.13 1.516 2.759 

14 19 85.5 146 124.9 67.07 1.708 2.632 

15 20 78.0 150.3 127.5 62.43 1.928 2.505 

16 21 71.0 154.9 130.3 58.15 2.181 2.378 

17 22 64.5 159.7 133.6 54.15 2.476 2.250 

18 23 58.4 164.8 137.3 50.39 2.822 2.121 

19 24 52.6 170.2 141.7 46.81 3.235 1.991 

20 25 47.0 175.7 146.8 43.37 3.737 1.861 

21 26 41.6 181.3 153.0 40.02 4.356 1.730 

22 27 36.4 186.9 160.6 36.71 5.138 1.599 

23 28 31.2 192.1 170.2 33.39 6.153 1.468 

24 29 26.2 196.3 182.8 30.03 7.506 1.338 

25 30 21.3 198.3 199.1 26.64 9.315 1.215 
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Table 7.11. Design results of Design Example 1 with 200 kHz minimum switching frequency. 

Design 

No. 
Cr(nF) Lr(µH) Lp(µH) 

Resonant 

Frequency 

(kHz) 

Characteristic 

Impedance 

(Ω) 

Inductance 

Ratio 

Turn-off 

Current at 

Fr (A) 

1 3 190.5 55.9 210.5 252.0 0.293 4.082 

2 4 137.3 57.5 214.7 185.3 0.418 3.891 

3 5 105.3 59.3 219.3 145.1 0.563 3.690 

4 6 83.8 61.5 224.5 118.1 0.734 3.478 

5 7 68.2 64.1 230.4 98.69 0.940 3.252 

6 8 56.3 67.3 237.2 83.89 1.195 3.009 

7 9 46.8 71.0 245.2 72.13 1.516 2.759 

8 10 39.0 75.2 254.9 62.43 1.928 2.505 

9 11 32.3 79.9 267.2 54.15 2.476 2.250 

10 12 26.3 85.1 283.3 46.81 3.235 1.991 

11 13 20.8 90.7 305.9 40.02 4.356 1.730 

12 14 15.6 96.1 340.5 33.39 6.153 1.468 

13 15 10.6 99.2 398.3 26.64 9.315 1.215 
 

Table 7.12. Design results of Design Example 1 with 400 kHz minimum switching frequency. 

Design 

No. 
Cr(nF) Lr(µH) Lp(µH) 

Resonant 

Frequency 

(kHz) 

Characteristic 

Impedance 

(Ω) 

Inductance 

Ratio 

Turn-off 

Current at 

Fr (A) 

1 2 68.67 28.73 429.4 185.3 0.418 3.891 

2 3 41.88 30.74 449.0 118.1 0.734 3.478 

3 4 28.15 33.63 474.3 83.89 1.195 3.009 

4 5 19.49 37.58 509.8 62.43 1.928 2.505 

5 6 13.15 42.54 566.6 46.81 3.235 1.991 

6 2 68.67 28.73 429.4 185.3 0.418 3.891 
 

 

Table 7.13. Design results of Design Example 1 with 800 kHz minimum switching frequency. 

Design 

No. 
Cr(nF) Lr(µH) Lp(µH) 

Resonant 

Frequency 

(kHz) 

Characteristic 

Impedance 

(Ω) 

Inductance 

Ratio 

Turn-off 

Current at 

Fr (A) 

1 1 34.34 14.36 858.9 185.3 0.418 3.891 

2 2 14.07 16.82 948.6 83.89 1.195 3.009 

3 3 6.574 21.27 113.3 46.81 3.235 1.991 
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In Table 7.10 to Table 7.13, there are fewer design results in higher frequency ranges. 

This is because the design algorithm takes 1 nF as incremental step for Cr to search for 

potential designs. In higher frequency ranges, several design solutions may be 

concentrated within a 1 nF incremental step, thus are omitted by the algorithm.  

When comparing Table 7.10 to Table 7.13, it is observed that, although the frequency 

ranges of these designs are very different, if we look at the characteristic impedance, the 

inductance ratio, and the turn-off current, the same values in one table (highlighted by 

shade) appear again in the next table.  

Above observation suggests that, LLC resonant tanks can be characterized by the 

characteristic impedance and the turn-off current (or the inductance ratio). They are 

irrelevant to the resonant frequency. This is not a surprising observation, as an equivalent 

insight has been observed in [71], that an LLC resonant tank can be characterized by 

quality factor and inductance ratio. Here, characteristic impedance and quality factor are 

equivalent by their definitions; inductance ratio and turn-off current are equivalent as 

proved below. From (7.67), (7.68), and the definitions of K (inductance ratio) and Fr 

(resonant frequency), it can be easily derived that: 
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Therefore, the turn-off current at resonant frequency can be expressed by a function of 

inductance ratio, thus they are equivalent variables to define an LLC design. Using turn-

off current instead of inductance ratio to characterize an LLC resonant tank is better, 

because it intuitively suggests the ZVS condition.  

As a result, the design solution at one resonant frequency can be easily transformed 

into another design at an arbitrary resonant frequency by keeping the characteristic 

impedance and the turn-off current the same. The two designs will have the same peak 

gain value. 

The transformation can take place using the following equations, where Z0 and Iturn-off 

are calculated from the existing design result using (7.67) and (7.68), Fr is the desired 

resonant frequency, Lp, Lr, Cr, are the transformed new design. 
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The above-described relation enables the proposed algorithm to design LLC 

converters with an arbitrary resonant frequency. It is also convenient for designers who 

wish to make decisions based on the turn-off current. 
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7.7.2 Design Example 3: Frequency Transformation 

Using the same design specification in Table 7.4, except specify the resonant 

frequency at 500 kHz instead of specify the minimum switching frequency. One can 

utilize (7.70), (7.71) and (7.72) to transform the design results in Table 7.5 to new 

designs with 500 kHz resonant frequency. Four selected design results are shown in 

Table 7.14.   

Table 7.14. Original designs in Table 7.5 and transformed designs. 

 Original Designs Min. Fs = 100 kHz Transformed Designs Fr = 500 kHz 

Design 

No. 
Cr(nF) Lr(µH) Lp(µH) 

Resonant 

Frequency 

(kHz) 

Cr(nF) Lr(µH) Lp(µH) 

Resonant 

Frequency 

(kHz) 

1 6 380.9 111.7 105.3 1.263 80.20 23.52 500 

10 15 123.7 131.2 116.8 3.505 28.91 30.64 500 

20 25 47.02 175.7 146.8 7.340 13.80 51.58 500 

25 30 21.29 198.3 199.1 11.95 8.480 78.99 500 
 

 

Fig. 7.15 to Fig. 7.18 show simulated peak gain point waveforms of the transformed 

designs in Table 7.14.  

Comparing with the original designs’ waveforms in Fig. 7.8 to Fig. 7.11, the 

transformed designs have the same waveforms and load current, except different 

switching frequency. It is also observed that the normalized minimum switching 

frequencies of the original designs and the transformed designs are the same.  
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Fig. 7.15.  Peak gain point of Design Example 3. Design No. 1. Vin=280V, Vo=12V, Fs=474.9kHz. Output 

current is exactly 50A. 

 

Fig. 7.16.  Peak gain point of Design Example 3. Design No. 10. Vin=280V, Vo=12V, Fs=429kHz. Output 

current is exactly 50A. 
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Fig. 7.17.  Peak gain point of Design Example 3. Design No. 20. Vin=280V, Vo=12V, Fs=344kHz. Output 

current is exactly 50A. 

 

Fig. 7.18.  Peak gain point of Design Example 3. Design No. 25. Vin=280V, Vo=12V, Fs=251kHz. Output 

current is exactly 50A. 
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Table 7.15 and Table 7.16 summarize component stresses of the transformed designs 

in Fig. 7.12, at the optimization point (nominal input voltage and 50% load) and the 

worst-case point (minimum input voltage and full load), respectively. Comparing to the 

component stresses of the Design Example 1 in Table 7.6 and Table 7.7, the transformed 

designs have the same RMS current and resonant capacitor voltage; the flux swings are 

smaller due the increased switching frequency. 

Table 7.15. Component stresses of Design Example 3 (nominal input voltage and 50% load).   

Design 

No. 

Resonant 

frequency 

Switching 

frequency 

RMS 

secon-

dary 

current 

RMS Lr 

current 

Peak Lr 

current 

Peak Lr 

flux 

linkage 

RMS Lp 

current 

Peak Lp 

current 

Peak Lp 

flux 

linkage 

Peak Cr 

voltage 

1 500 kHz 500 kHz 29.5 A 3.4 A 4.9 A 0.323 mWb 2.4 A 4.1 A 0.096 mWb 1411 V 

10 500 kHz 500 kHz 28.7 A 2.8 A 4 A 0.116 mWb 1.8 A 3.1 A 0.095 mWb 560 V 

20 500 kHz 500 kHz 28.1 A 2.2 A 3.1 A 0.043 mWb 1.1 A 1.9 A 0.098 mWb 327 V 

25 500 kHz 500 kHz 28.2 A 2 A 2.8 A 0.024 mWb 0.7 A 1.3 A 0.103 mWb 268 V 
 

 

Table 7.16. Component stresses of Design Example 3 (minimum input voltage and full load). 

Design 

No. 

Resonant 

frequency 

Switching 

frequency 

RMS 

secon-

dary 

current 

RMS Lr 

current 

Peak Lr 

current 

Peak Lr 

flux 

linkage 

RMS Lp 

current 

Peak Lp 

current 

Peak Lp 

flux 

linkage 

Peak Cr 

voltage 

1 500 kHz 474.9 kHz 57.7 A 4.8 A 6.9 A 0.553 mWb 2.5 A 4.3 A 0.101 mWb 1926 V 

10 500 kHz 429 kHz 60.6 A 4.9 A 7.3 A 0.211 mWb 2.1 A 3.7 A 0.113 mWb 853 V 

20 500 kHz 344 kHz 68.7 A 5.2 A 8.6 A 0.119 mWb 1.6 A 2.6 A 0.134 mWb 565 V 

25 500 kHz 251 kHz 80.6 A 5.8 A 11.5 A 0.098 mWb 1.3 A 2.2 A 0.174 mWb 497 V 
 

 

The above studies demonstrate that, if two LLC designs have the same characteristic 

impedance and the same turn-off current at their respective resonant frequencies, they 

will have the same component stresses. 
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7.7.3 Design Example 4: ZVS-Dominated Design (Extreme Case) 

This section demonstrates an extreme case for low-power and low-gain applications 

where none of the design results can meet the ZVS requirement. A design example is 

provided below. 

A laptop adapter’s specification is summarized in Table 7.17. Taking into 

consideration the design margins, the full load power value used in the design algorithm 

is set to 90W. The proposed design algorithm yields only two design results, listed in 

Table 7.18.  

Table 7.17. Specification of Design Example 4. 

Nominal input voltage 400 V 

Minimum input voltage 350 V 

Output voltage 20 V 

Resonant frequency 100 kHz 

Full load power 65 W 

Transformer turns ratio 10 : 1 

MOSFET junction capacitance 1 nF 
 

 

Table 7.18. Design results of Design Example 4. Assume minimum switching frequency is 100 kHz. 

Design 

No. 
Cr(nF) Lr(µH) Lp(µH) 

Resonant 

Frequency 

(kHz) 

Characteristic 

Impedance 

(Ω) 

Turn-off 

Current at 

Fr (A) 

1 1 2264.6 1456.4 105.8 1504.9 0.325 

2 2 952.7 1804.0 115.3 690.2 0.240 
 

 

It is apparent that the turn-off current of both design results are too small to provide 

ZVS for MOSFETs. This is because the output power and gain requirements in this 

application are very low, any design with greater turn-off current will result in over-

design in terms of peak gain, thus they are not identified by the algorithm. Nevertheless, 

the design results provide the theoretical boundary for the peak gain requirement. Based 
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on either of the two designs, any greater turn-off current or/and smaller characteristic 

impedance will have greater peak gain; and then the design decision can be based on 

other requirements (e.g. ZVS, capacitor voltage stress, practical value of leakage 

inductance, etc.). 

Based on Design No. 1 in Table 7.18, without loss of generality, the turn-off current 

can be arbitrarily chosen to be 2A to meet the ZVS requirement; then the corresponding 

solution at 100 kHz resonant frequency is calculated by (7.70) to (7.72). The results are 

shown in (7.73).  

  250pL H , 2395rL H , 1.058rC nF  (7.73) 

The design in (7.73) is guaranteed to meet the peak gain and the ZVS requirements. 

Simulation show that at 350V input voltage and 20V output voltage, the design is capable 

of delivering 193W, much higher than the required value. However, in (7.73), the Lr 

value is too large to utilize leakage inductance. Again, without loss of generality, the Lr 

and Cr can be reduced/increased by 47.9 times and the corresponding result is in (7.74). 

 250pL H , 50rL H , 50.7rC nF  (7.74) 

The design in (7.74) has further increased peak gain, because its characteristic 

impedance is lower than that in (7.73). Simulation show that at 350V input voltage and 

20V output voltage, the resonant tank is capable of delivering 1.1 kW. It is evident that, 

in order to meet the ZVS requirement and utilize the leakage inductance for a low-power, 

low-gain application, the peak gain requirement is not a limiting factor. 

Design Example 4 shows that in low-power low-gain applications, the proposed 

algorithm tends to provide design results with very large characteristic impedance and 
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very low turn-off current. In this case, the designers can increase the turn-off current and 

decrease the characteristic impedance in order to accommodate other requirements. The 

peak gain will only be increased by making such changes. 

 

7.8 Design Flow Chart 

Based on the design examples demonstrated in this chapter, a flow chart is developed 

in Fig. 7.19 to help designers better utilize the proposed algorithm. The steps in the flow 

chart are explained as follows. 

Step 1: Specification. 

The input parameters include: minimum input voltage, output voltage, minimum load 

resistance, minimum switching frequency, and transformer turns ratio.  

The minimum switching frequency can be determined by considering the saturation 

limit of the selected core. 

 ,min

,min

o o
sat e p s

s sat e p

V N V N
B A N f

f B A N

 
    

 
 (7.75) 

where Bsat is the saturation limit of the selected material, Ae is the effective area of the 

selected core, Np is the primary-side turns, N is the turns ratio. 

In the case where the resonant frequency is specified, the minimum switching 

frequency can be selected as an arbitrary number in this step, as long as it yields 

sufficient design candidates. Usually a lower minimum switching frequency will yield 

more design candidates.  
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It may be desired by the designer to give some margins in the design specification. For 

example, the minimum input voltage and minimum load resistance can be slightly lower 

to ensure a robust design. 

 

Step 2: Run the LLC design program.  

 

Step 3: Collect a list of design candidates from Step 2. 

 

Step 4: (Optional) Conversion to specified resonant frequency. 

The frequency transform can be carried out by the following steps:  

1) Use (7.67) and (7.68) to convert the list of design candidates into an intermediate 

form which are expressed by the characteristic impedance and the turn-off current. 

2) Use (7.70) to (7.72) to convert the intermediate-form design candidates into the 

specified resonant frequency.  

 

Step 5: Verify ZVS condition and component stresses, and find the optimal 

design solution. 

This step requires the designer’s engineering judgment. Simulation can be used as an 

evaluation tool.  

In general, the design with the largest Lp value has the lowest RMS current at the 

resonant frequency (the normal operation point) but the highest RMS current at the peak 

gain point (lowest input voltage and full load). The designer should evaluate design 
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candidates at difference operating conditions, and find a proper trade-off for the 

application. 

Also, the designer should verify the ZVS condition and determine a proper dead time 

length. In general, the design with the largest Lp value has the lowest turn-off current for 

ZVS. If ZVS is not achievable with the longest possible dead time, the design with the 

next largest Lp value should be considered.  

In addition, if adaptive dead time control is not used, the designer should also check 

that, with the selected dead time length, whether the design can provide sufficient output 

power at minimum input voltage. 

After the above evaluation, an optimal design can be identified. If the design result is 

satisfactory, the design procedure is completed. If no satisfactory design is found, enter 

Step 6. 

 

Step 6: Modify design candidates. 

There are two possible reasons that no satisfactory design result is found: (a) ZVS is 

not achievable; (b) resonant capacitor voltage stress is too high. In both cases, the peak 

gain requirement is no longer a limiting factor, thus the design candidates from previous 

steps should be modified to meet other requirements: Reducing the Lp value can provide 

higher turn-off current. Reducing the characteristic impedance can reduce the resonant 

capacitor voltage stress. The related discussion is in Design Example 4. 
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Step 7: Design completion. 

Upon completion of the design, available component values and component tolerances 

should be considered when selecting components. The discussion is in Section 7.6.6.   

 

 
 

Fig. 7.19.  Design flow chart. 
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7.9 Conclusion 

This chapter provides an accurate design algorithm for LLC converters. The algorithm 

is derived from time-domain equations at the peak-gain point, without any 

approximation. The equations are established using resonant tank waveforms, law of 

charge conservation, and conservation of energy. Simulation results show that the 

proposed algorithm is very accurate—all of the design results have the exactly specified 

peak gain. 

In the initial development, the proposed algorithm requires specifying the minimum 

switching frequency, which is favorable to accommodate restrictions from magnetic 

design. All of the design results have the same peak gain at the same minimum switching 

frequency but different resonant frequencies. It is also demonstrated that, all of the LLC 

designs can be described by the characteristic impedance and the turn-off current, 

irrelevant to the resonant frequency. Therefore, the design results from the proposed 

algorithm can be easily transformed into any specified resonant frequency. The 

transformed designs have the same peak gain and component stress. 

Component stress studies show that, the candidate design with the largest Lp value 

features the lowest component stress at the resonant frequency (normal operation point). 

In a peak gain-dominated design, this is usually the design of choice. However, in a ZVS-

dominated design, a design with a smaller Lp value should be chosen in order to meet the 

ZVS requirement. In an extreme case where no design results can provide ZVS, the 

designer can simply increase the turn-off current and/or decrease the characteristic 

impedance of a candidate design; the modified design will be dominated by the ZVS 

requirement and have more than required peak gain. 
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The peak gain reduction effect caused by the dead time and the component tolerance 

are also discussed in this chapter. Adaptive dead time control method is suggested to 

maximize the peak gain without compromising any other aspects. 

Advantages of the proposed design algorithm include: (a) accuracy – it can eliminate 

over-design of the peak gain value so as to find the design solution that has the lowest 

component stress; and (b) comprehensiveness – it can find all possible designs that meet 

the peak gain requirement, such that designers can make trade-offs according to the 

applications.  
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Chapter 8 

Summary and Future Works 

8.1 Summary 

The research in this thesis is motivated by the increasing power demand of data 

centers and supercomputers, and the requirement for better understanding and 

performance for LLC converters which is becoming more popular in front-end AC-DC 

power conversion.   

The LLC topology, although highly efficient at medium power level, has several 

inherent limitations: (a) inability to interleave due to component tolerances, which 

prevents it from being deployed in high current applications; (b) irregular-shape resonant 

current and existence of circulating current, which lead to slow and inaccurate current 

sensing; (c) complex small-signal characteristics if use conventional control methods, 

which causes poor dynamic performance and complicated compensator design; (d) many 

design variables, causing the peak gain design solution difficult to find. 

This thesis have proposed and verified the following techniques to solve the above 

problems. 

(1) To solve the interleaving problem, this thesis proposed an SCC-LLC topology. It 

introduced an additional control freedom – resonant capacitance – to achieve load 

sharing. The thesis further proposed a variable switching frequency control strategy to 

improve the performance and reduce cost of the SCC-LLC topology. Using the proposed 

topology and control strategy, the interleaved LLC converter can be applied to high 

output current applications with improved efficiency and uncompromised peak gain 

range. 
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(2) To solve the current sensing problem, this thesis proposed a cycle-by-cycle 

average input current sensing method. It utilizes the resonant capacitor voltage to derive 

the per-cycle input charge. It is accurate, lossless, with no delay, and has virtually no 

cost, thus is superior to conventional current sensing methods. Using the proposed current 

sensing method, load sharing is more accurate, and current-mode control can have higher 

bandwidth. 

(3) To solve the poor dynamic performance problem, this thesis proposed a Bang-

Bang Charge Control method. It is a self-oscillating control scheme, utilizing the resonant 

capacitor voltage levels to trigger the switching points, as oppose to controlling the 

switching frequency. The physics behind this control method is charge control plus 

trajectory control. Using the proposed control method, the small-signal transfer function 

of LLC converter is simplified to a first order system. A simple PI controller can achieve 

a bandwidth of 1/6 of the switching frequency, which is significantly faster than existing 

control methods. 

(4) To solve the peak gain design problem, this thesis developed an accurate design 

algorithm from time-domain analysis. The proposed algorithm can find all the design 

candidates that exactly meet the peak gain requirement, and thus can help identify the 

optimal design.  

The interleaving method, cycle-by-cycle average input current sensing method, and 

Bang-Bang Charge Control method proposed in this thesis can be also applied to many 

other resonant topologies. Therefore the works in this thesis can improve performance 

not only for LLC converter but also for resonant topologies in general.  
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All of above works are practical solutions for industrial applications. The theoretical 

analyses are thoroughly studied. Their effectiveness and accuracy are rigorously proved 

by both computer simulation and experimental prototypes. 

 

8.2 Future Works 

The development of front-end AC-DC systems as well as LLC converter will continue 

to evolve.  

Synchronous rectification (SR) in LLC converters still lacks solution at high switching 

frequency (above 1 MHz). Most currently available SR solutions are limited below 500 

kHz. This is because the secondary-side current in LLC converters is often not 

synchronized with the primary-side gating signals, thus the SR driving signals must be 

derived from independent sensing, which incorporates time delay to avoid false 

triggering. Since increasing the switching frequency is an unavoidable path towards 

higher power density, the SR speed limit may become a bottleneck of the LLC topology. 

Therefore, an SR solution for high switching frequency operation is urgently needed. 

High-voltage direct current (HVDC) power distribution becomes an industrial trend in 

data center and supercomputer systems. It simplifies the power conversion infrastructures 

and brings down the energy bill. In an HVDC system, the DC-DC converter is required to 

operate at low-input voltage condition for an extended period of time. This is because the 

backup battery is connected at the input port of the DC-DC converter; the battery voltage 

will reduce as the charge depletes. This input voltage requirement imposes challenge for 

the LLC topology. Therefore, topology improvement will be necessary to enable LLC 

converters to operate at low-input voltage condition for an extended time period. 
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Small-signal model of voltage-mode switching frequency controlled LLC converter is 

still not available for power supply designers. Due to the simplicity and low-cost of 

voltage-mode control, it will still dominate many applications that do not require fast 

dynamic performance. Due to the variable switching frequency and the many operation 

modes, the small-signal model is very difficult to derive. Although many studies have 

been conducted on this subject, the practicing engineers require a clear-cut simple 

method to design the feedback loop for LLC converters, which is still absent. 

The Bang-Bang Charge Control method proposed in this thesis features very fast 

dynamic performance and very simple compensator design. However, because it does not 

directly control the switching frequency, interleaved operation is difficult to achieve. An 

interleaving method for BBCC-controlled resonant converter is desirable. 

The optimal design of LLC converter will continue to be an exploration area. At low 

to medium switching frequency (below 300kHz), the resonant capacitance is usually tens 

of nano-farad, much larger than the parasitic capacitances (e.g. MOSFETs’ junction 

capacitance, transformer’s inter-winding capacitance, output rectifier’s junction 

capacitance), thus the parasitic components can be ignored. However, at high switching 

frequency, the resonant capacitance will be only a few nano-farad, thus the parasitic 

components will have notable impact on the converter performance. The impacts of 

parasitic components need to be studied. 
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