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Abstract 

     Navigation devices used to be bulky and expensive and were not widely commercialized for personal 

use. Nowadays, all useful electronic devices are turning into being handheld so that they can be 

conveniently used anytime and anywhere. One can claim that almost any mobile phone, used today, has 

quite strong navigational capabilities that can efficiently work anywhere in the globe. No matter where 

you are, you can easily know your exact location and make your way smoothly to wherever you would 

like to go. This couldn’t have been made possible without the existence of efficient and small microwave 

circuits responsible for the transmission and reception of high quality navigation signals.  

     This thesis is mainly concerned with the design of novel highly miniaturized and efficient filtering 

components working in the Global Navigational Satellite Systems (GNSS) frequency band to be 

integrated within an efficient Radio Frequency (RF) front-end module (FEM). A System-on-Package 

(SoP) integration technique is adopted for the design of all the components in this thesis. Two novel 

miniaturized filters are designed, where one of them is a wideband filter targeting the complete GNSS 

band with a fractional bandwidth of almost 50% at a center frequency of 1.385 GHz. This filter utilizes a 

direct inductive coupling topology to achieve the required wide band performance. It also has very good 

out-of-band rejection and low IL. Whereas the other dual band filter will only cover the lower and upper 

GNSS bands with a rejection notch in between the two bands. It has very good inter band rejection. The 

well-known “divide and conquer” design methodology was applied for the design of this filter to help 

save valuable design and optimization time. Moreover, the performance of two commercially available 

ultra-Low Noise Amplifiers (LNAs) is studied. The complete RF FEM showed promising preliminary 

performance in terms of noise figure, gain and bandwidth, where it out performed other commercial front-

ends in these three aspects. All the designed circuits are fabricated and tested. The measured results are 

found to be in good agreements with the simulations.  
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Chapter 1 

Introduction 

     With the tremendously increasing number of global users utilizing the various available navigational 

satellite services, whether on mobile phones, cars and many other forms, arises the pushing demand of 

using new frequency bands and satellite systems that can support more number of users at an improved 

quality of service (QoS). Such new systems are called the Global Navigational Satellite Systems (GNSS), 

which are a group of new satellites operating within a wide range of the low RF frequency L-band. 

     GNSS band extend over the wide frequency range from 1.164 GHz to 1.61 GHz (L-band) [1]. A brief 

overview about this band will be given shortly in Section 1.3. Even though this band has many 

advantages and applications, however the main limitation of low frequency bands is the size of passive 

circuits. Based on the fact that the sizes of many passive components vary inversely with frequency (i.e. 

vary directly with wavelength), then the lower the frequency the larger will be the size of these 

components. Innovative radio transceiver circuits tend to achieve extremely small form factors to fit into 

modern portable and hand-held compact devices, therefore the large dimensions of such passive 

components (at low frequencies) won’t be effective in achieving the desired miniaturization level of the 

overall device.  

     It’s quite well-known that the method of realization of passive components depends on the frequency 

of operation. The quality factor (Q-factor) of some passive components is critical to the performance of 

any device. At higher frequencies, distributed elements dominate. Distributed circuits are known for their 

outstanding performance. Most probably such distributed elements always have some kind of wavelength 

dependency, for example they are quarter or half of the wavelength at the operating frequency. Therefore, 

as we move lower in frequency, and the wavelength becomes correspondingly longer, distributed 

elements become too large to be of any practical use. This situation is illustrated in Fig. 1.1. Below 1.5 
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GHz is the domain where lumped elements are primarily needed to make Radio Frequency (RF) and 

microwave circuits small and cost-effective. However, RF lumped elements have poor quality factors and 

thus limiting the circuit efficiency [2]. Moreover, they need to be soldered to the circuit which adds more 

losses and negatively affects the overall circuit performance. Here comes the need to adopt new design 

technologies that can realize miniaturized passive components with sufficiently high Q-factors and thus 

improved general performance. One of those technologies is the multilayered System-on-Package (SoP) 

integration technique that can achieve high miniaturization levels without compromising the 

quality/performance of the overall device. More details about this technology, compared to other 

available technologies, will be discussed in Chapter 2.  

     Therefore, the main objective of this thesis was to design good quality and highly miniaturized SoP 

embedded passive components to be used for the design of highly performing and miniaturized novel 

GNSS filters. Those filters, along with hybrid Low Noise Amplifiers (LNAs), will then serve as the basic 

building blocks of an RF front-end specifically designed for GNSS receiver applications.   

     In this chapter, the motivation for this work, along with the associated challenges, objectives and 

contributions will be described. A brief overview of the GNSS technology and its corresponding 

applications will then be given. Some of the major requirements for an efficient front-end system will be 

highlighted as well, since the overall system performance will be influenced by the performance of the 

individually designed filters. Finally, the thesis outline and organization will be discussed. 

 

Fig. 1.1 – Frequency spectrum and the corresponding components realization methodology [3]. 
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1.1 Motivation and Challenges 

     The major motivations for the design of improved filtering components serving GNSS applications are 

efficiency and miniaturization. The designed filters needed to have improved performance in terms of 

insertion loss (IL), bandwidth requirements and out-of-band rejection and at the same time miniaturized 

dimensions have to be maintained so that they can easily fit within modern compact devices operating in 

the GNSS frequency range. The designed filters are believed to have good performance as well as very 

small dimensions. The performance and size of those filters will impact, to a great extent, the overall 

performance and size of the complete front-end module, therefore they have to be carefully designed. 

The main challenges associated with the design of such filters can be summarized as follows: 

1) Making the best use of the SoP integration technique by efficiently using all of the different 

substrate layers to achieve the required level of size miniaturization and performance. This was 

done by choosing the suitable filter topology that can use all of the available substrate layers in an 

efficient manner. For example, if a coupled line filter topology is adopted then it will only utilize 

the top most layer of the substrate without utilizing the other layers and thus such design didn’t 

make good and efficient use of the SoP technique and the readily available resources. 

2) Size-Performance trade-off is a well-known trade-off in the microwave field. In order to partially 

overcome this annoying trade-off, intelligent and compromising design methodologies were used 

to reach a high level of size miniaturization without much affecting the overall performance of 

the designed filters. 

3) Designing high Q-factor embedded passives is another major challenge that has to be carefully 

addressed. The major building blocks of any filtering structure are inductors and capacitors (since 

they both build an efficient resonator). Designing high Q-factor inductors is not an easy task. 

Many different inductor and capacitor topologies were studied and the most suitable ones, in 

terms of Q-factors, effectively achievable inductance/capacitance values and size, were adopted 

for this work. 
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4) Unwanted parasitic coupling, between various embedded components, is considered to be another 

arising challenge that has to be efficiently looked into. Actually, one of the main drawbacks of 

size miniaturization is the unwanted couplings between components densely packed inside a 

small volume substrate. Final designs were optimized to reduce the effect of such couplings by 

compensating for them. 

1.2 Research Objectives and Contributions 

     The main objective of this work was to design a GNSS RF front-end module in SoP technology which 

can outperform other commercial front-ends in terms of NF, gain and BW. In order to achieve this main 

objective: 

 A novel highly miniaturized wideband filter covering the full GNSS frequency range (1.16 – 1.61 

GHz) was realized. This filter proved to have very good performance at quite small dimensions. It 

has very good out-of-band rejection and low in-band IL. It’s considered to be the first highly 

performing and miniaturized LTCC filter, according to our knowledge, designed to cover a 

wideband range (about 50% FBW) with only two shunt resonators and an innovative direct 

inductive coupling technique (see Chapter 3). 

 A novel highly miniaturized dual band filter covering the lower and upper GNSS bands (1.16 – 

1.3 GHz and 1.56 – 1.61 GHz respectively) with very good intermediate band rejection and 

selectivity for both bands was designed. It’s considered to be one of the smallest highly 

performing dual band LTCC filters covering both GNSS bands. The commonly known “divide 

and conquer” methodology was applied for the design of this filter to help save valuable design 

and optimization time (see Chapter 4). 

 The performance of two commercial ultra-LNAs mounted on LTCC substrates were investigated, 

to be integrated with the designed filters to build the complete RF FEM.   
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1.3 GNSS Overview   

     Although many people may have already heard of the term “GPS”, they may not be as familiar with 

“GNSS”, which is normally used to describe the collection of satellite positioning systems that are now 

operating or planned to operate in the near future. Here’s a brief overview of these navigational satellite 

systems that make up the complete GNSS band [1]: 

 GPS (United States): GPS was the first GNSS positioning system. GPS was launched in the late 

1970s by the United States Department of Defense. It provides global coverage. 

 GLONASS (Russia): GLONASS is a global coverage satellite system operated by the Russian 

government.  

 Galileo (European Union): Galileo is a civil GNSS system operated by the European Global 

Navigation Satellite Systems Agency (GSA). It’s planned to be fully deployed by 2020. It 

provides global coverage as well. 

 Compass BeiDou (China): BeiDou is the Chinese navigation satellite system. BeiDou is 

expected to provide global coverage by the end of 2020. 

 IRNSS (India): The Indian Regional Navigation Satellite System (IRNSS) provides service to 

India and the surrounding area. It was fully deployed in 2015. 

 QZSS (Japan): QZSS is a regional navigation satellite system that provides service to Japan and 

the Asia-Oceania region. The QZSS system is planned to be deployed by 2018. 

     The GNSS radio signals are centered around 1.5 GHz. They operate at frequencies higher than FM 

radio, but lower than that of a microwave oven. It’s worth mentioning that by the time the GNSS signals 

reach the ground they are extremely weak (signal levels of about -160 dBm) [1]. Fig. 1.2 shows the 

spectrum division allocation of the GNSS frequency band among all of the above mentioned global 

satellite systems (expect for the Indian and Japanese systems since they are not globalized yet). It’s 

obvious that the GNSS band occupies a frequency range from about 1.164 GHz up to 1.61 GHz. This will 

be the frequency range of interest for this presented work. 
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Fig. 1.2 – Frequency spectrum division allocation of the GNSS band among the various satellite systems 

(Source: ©Microwave Journal). 

     The numerous amount of GNSS applications has influenced the way many businesses and 

governmental sectors operate. It has also revolutionized our life style. The first non-military applications 

of GNSS technology were in surveying and mapping. Today, GNSS is being used for commercial 

applications in many fields such as: agriculture, transportation, unmanned vehicles, machine control, 

marine navigation, and other industries where efficiencies can be gained from the application of precise, 

continually available position and time information [1]. GNSS is also used in a broad range of consumer 

applications, including vehicle navigation, mobile communications, entertainment and athletics. As 

GNSS technology improves and becomes less expensive, more and more applications will be conceived 

and developed. 

1.4 System Requirements 

     Fig. 1.3 shows a simplified GNSS satellite system. The system consists mainly of satellites, receiver 

antenna, receiver unit and user equipment. The receiver unit usually consists of an RF front-end which 

normally performs the filtering and gain adjustments for the weak GNSS signals captured by the antenna 

and then the filtered and amplified signals are passed to a receiver integrated circuit (IC) chip. There, the 
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signal gets processed (either in an analog or a digital format) to extract the useful information out of it. 

This useful extracted data (for example the positioning information) is then passed to the user equipment 

(for example a mobile phone or a car’s navigation system) and shows in front of a user to help him know 

his exact location (if it was a localization application). Since this thesis is concerned with the design of 

the individual components of an RF front-end, Fig. 1.4 shows the front-end system arrangement adopted 

in this thesis.  

 

Fig. 1.3 –GNSS satellite system (Source: ©Novatel). 

     Designing an efficient front-end system, and accordingly an efficient GNSS receiver system, needs 

good understanding of the overall system requirements and thus designing the separate components (i.e. 

filters and LNAs in our case) to satisfy, as much as possible, the expected performance of the receiver 

system.  
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Fig. 1.4 – Adopted GNSS RF front-end system arrangement. 

     A GNSS front-end should be able to provide sufficiently high gain to the weak received GNSS signals 

and any added noise should be as minimal as possible. Due to the nature of the extremely weak GNSS 

signals, if not sufficiently amplified, they may run the risk of not being detected by the GNSS receiver 

especially if it’s not an expensive one (i.e. smaller dynamic range). Moreover, if high noise was added by 

the front-end then the weak GNSS signals can easily get buried under the amplified noise and might not 

be readily detected by the GNSS receiver. Therefore, an efficient front-end should have sufficiently high 

gain and ultra-low NF.  

The system arrangement in Fig. 1.4 was chosen for the following reasons: 

 A wideband filter (see Chapter 3), operating in the frequency range from 1.16 GHz to 1.61 GHz, 

is responsible for filtering out any out-of-band, unwanted interferers received by the antenna. The 

output from this filter should be the received signals in the GNSS band only. This filter should 

have very low IL (i.e. NF for a passive device [18]) so that it would have minimal influence on 

the overall NF of the system. For this reason, it was placed at the first position in the front-end 

chain to achieve relatively low NF for the complete system. It’s worth mentioning that the NF for 

multiple cascaded systems is governed by Friis NF formula written as [18, Chapter 10, eq. 

10.23]: 

𝑁𝐹𝑐𝑎𝑠𝑐𝑎𝑑𝑒𝑑(𝑟𝑎𝑡𝑖𝑜) = 𝑁𝐹1 +
𝑁𝐹2 − 1

𝐺1
+

𝑁𝐹3 − 1

𝐺1𝐺2
+ ⋯ +

𝑁𝐹𝑁 − 1

𝐺1𝐺2 … 𝐺𝑁−1
 

(1.1) 
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Where 𝑁𝐹𝑁 represents the NF (in ratio) for block N and 𝐺𝑁−1 represents the gain (in ratio) for 

block N-1. 

 LNA block consists of two different commercially available LNAs (see Chapter 5). This 

amplifying block should be able to amplify the extremely weak GNSS filtered signals without 

adding much noise to them. Receivers usually have a lower power level detection limit (governed 

by their dynamic range) and if a weak signal (basically weaker than this limit) is received they 

might not be able to detect or process it and that’s why signal amplification is very important. 

Moreover, those amplifiers, because of their high gain, will help reduce the overall NF of the 

cascaded systems according to eq. 1.1. 

 A dual band filter (see Chapter 4) is responsible for filtering out any unwanted signals lying in the 

intermediate GNSS band in the frequency range from 1.3 GHz up to 1.56 GHz according to Fig. 

1.2. This filter should still have low IL for both the lower and upper GNSS bands, however due to 

the fact that this filter is placed at the end of the front-end chain its effect on the overall NF is 

much weaker than that of the first element (i.e. wideband filter in this case) according to eq. 1.1. 

Designing a wideband filter with low IL is a much easier task than designing a dual band filter 

with the same requirement, as will be seen later.  

1.5 Thesis Organization 

     This thesis is organized as follows: First, Chapter 2 compares the different system level integration 

approaches and shows the advantages of the SoP integration technique compared to all other available 

integration techniques. Moreover, detailed overview of this technique along with the LTCC multilayer 

SoP implementation medium will be discussed. Chapter 3 then describes, in details, the design of the 

wideband GNSS filter. It first starts by comprehensively building up and characterizing the passive 

components library. Many different components are simulated, fabricated and measured. They are also 
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compared together in terms of various performance measures and finally the most suitable ones are 

chosen for implementing the filters in this thesis. The complete filter is then simulated, fabricated and 

measured. The simulated and measured results are compared and any differences are explained and 

logically justified. Chapter 4 is concerned with the design of the dual band GNSS filter. Where it first 

starts by explaining the new adopted design methodology. Then, a single band filter covering the lower 

GNSS band is designed, simulated, fabricated and measured. The simulated and measured results are 

compared and any discrepancies are explained. This designed filter along with another upper band 

designed filtering section are integrated together to build up the complete dual band filter. The final filter 

structure is simulated, fabricated and measured and comparisons between simulations and measurements 

are done. Afterwards, some concluding remarks on the experienced fabrication errors and tolerances are 

discussed. Chapter 5 then investigates the measured performance of the fabricated hybrid LNAs in LTCC. 

These results along with those from Chapters 3 and 4 (for the designed filters) are all combined together 

using the co-simulation approach and promising preliminary results for the complete front-end are 

described. Finally, Chapter 6 concludes the thesis and suggests some possible future work.  
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Chapter 2 

SoP Solution for System Level Integration 

     This chapter will carry out a comparison between the available system level integration techniques that 

can be adopted for the realization of miniaturized and efficient microwave components. Where four major 

techniques, namely SoC, MCM, SiP and SoP, will be compared in terms of their advantages and 

disadvantages. Then the differences between the two SoP integration media, LTCC and LCP, will be 

described as well. Moreover, the reasons for selecting the SoP/LTCC as our integration medium will be 

also highlighted. Afterwards, a comprehensive review of the adopted LTCC technology will be carried 

out. This will include: 

 An introduction to the technology. 

 LTCC fabrication process. 

 LTCC measurement techniques. 

 Calibration (de-embedding) techniques.  

 Common fabrication errors and tolerances. 

 LTCC advantages. 

2.1 System Level Integration Techniques  

      There exist multiple integration techniques that can be used to implement small and highly efficient 

microwave components. Those techniques are: SoC, MCM, SiP and SoP [4, 6-9]. They all differ in cost, 

level of miniaturization and performance, therefore performing a detailed comparison between all of them 

will help show the pros and cons of each technique, and accordingly select the most appropriate one for 

the implementation of the components in this work.  

     First, each technique will be briefly overviewed and then the major performance measures of all the 

techniques will be compared together in a table. 
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2.1.1 System-on-Chip (SoC)       

     SoC is an IC that has the capability of horizontally integrating numerous system functionalities and 

components of an electronic system onto a single chip. It may contain digital, analog, mixed-signal 

functions, filters and passive components (including integrated on-chip antennas) all on a single chip 

substrate as can be seen in Fig. 2.1. If this chip can be designed and fabricated cost effectively with all the 

necessary functionalities and components required to form a complete end-product system, then all what 

is needed to package such a system is to power and cool. SoCs are quite common in the mobile 

electronics market because of their low power consumption. A typical application is in the area 

of embedded systems [4, 6].  

 

Fig. 2.1 – The SoC system integration approach. 

     Managing to contain this huge number of system components and functionalities onto a single chip 

minimizes cost by leveraging the benefits of mass production. To realize this benefit, however, an 

advanced manufacturing process is required. It’s worth mentioning that mixing so many different types of 

electronics onto a single IC usually necessitates performance compromises. One of the most well-known 

compromises, inherent to all low resistivity bulk CMOS processes, is the limitation of inductor Q-factors 

to below 20 [5].       

https://en.wikipedia.org/wiki/Electronics
https://en.wikipedia.org/wiki/Digital_signal
https://en.wikipedia.org/wiki/Analog_signal
https://en.wikipedia.org/wiki/Mixed-signal_integrated_circuit
https://en.wikipedia.org/wiki/Substrate_(electronics)
https://en.wikipedia.org/wiki/Embedded_systems
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     The other key challenges to SoC progress include long design cycles, due to integration complexities, 

and design verification, manufacturability, IP and legal issues, time-to-market, high wafer fabrication 

costs, test costs and mixed-signal processing complexities [4]. Until these significant challenges are 

overcome, SoC technology will remain a relatively unfavorable solution to the system integration 

problem. Therefore, this technique was excluded from being a valid integration option for the work 

carried out in this thesis. 

2.1.2 Multi-Chip Module (MCM) 

     Instead of integrating all or most of the system components and functionalities on large and complex 

single horizontal chips, system companies pursued a different approach to system integration other than 

SoC.  This approach consisted of fabricating smaller, high-yielding chips and combining them to behave 

like large chips as Multi-Chip Modules (MCMs). MCMs saved the computing era back then (around the 

1980s). Even though they were capital-intensive and technology-complex, they still offered a better 

solution than SoCs by interconnecting dozens of chips in a small, horizontal form factor for high signal 

speed (see Fig. 2.2) [4, 8]. 

 

Fig. 2.2 – The MCM system integration approach [4]. 

2.1.3 System-in-Package (SiP) 

     Portable systems such as cell phones brought on a different demand – signal processing, flash 

memory, and wireless communications in a system that is held in one’s hand and sold at consumer prices. 

This required a different approach to IC and component packaging, and led the industry to 3-D chip 

stacking of either bare chips or packaged chips. Since both required chip-to-chip interconnections, 

packaging was a critical technology element. This kind of approach was referred to as Systems-in-
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Package (SiP). Some view SiP as a vertical MCM, in contrast to horizontal MCMs for high performance 

computers of the previous era [4, 6, 8]. 

     The SiP method addresses some of the drawbacks of the SoC technology by making it possible to 

combine separate ICs on one package substrate [6]. This allows for the partitioning of the system into 

separate blocks that can each use uniquely optimized fabrication technologies. This ability removes a 

difficult decision that a SoC designer would have to make between compatibility and performance. As an 

example, high speed digital electronics can be fabricated in leading edge CMOS technology, while 

sensitive RF analog electronics may be realized in Silicon Germanium (SiGe) technology. Therefore, one 

could say that SiP helps surpass the limits of the SoC designs [6]. Benefits to SiP include user IP 

integration and reuse, mixed analog/digital design, simpler design and verification, less complex 

fabrication, lower design risk, integration of large memories, low developmental cost, and shorter time-to-

market. In short, SiP brings together ICs including SoCs and discrete components using lateral or vertical 

integration technologies. Generally, most SiP modules vertically stack ICs to minimize overall size as 

displayed in Fig. 2.3. 

 

Fig. 2.3 – The SiP system integration approach [3]. 

     On the other hand, one of the major disadvantages of the SiP approach is higher complexity associated 

with packaging and reliability issues. A significant drawback of SiP integration is the fact that it is 

actually still limited by IC technology [4]. If a particular feature is required by the system such as high Q-

factor passives (highly performing passive filters, for example), a SiP approach is likely to fail because IC 
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technology is not well suited to meet such a requirement. Due to such a problem, SiP may not be the best 

integration solution that satisfies the targeted objectives of this thesis. 

2.1.4 System-on-Package (SoP) 

     Now it’s becoming more obvious that neither the SoC, MCM nor the SiP approaches represent ideal 

solutions to the problem of system integration because of their few disadvantages such as the degraded 

passives’ performance (i.e. Q-factors) and accordingly the overall system efficiency. SoP is the newest 

system integration technique that can be used to improve upon the shortcomings of SoC, MCM and SiP 

while achieving the highest system performance at the lowest cost [4, 7-9]. SoP conceptually changes the 

definition of a "package". For SoC, MCM and SiP techniques, the "package" can be defined as a 

container for ICs that form a system when they are combined with a large number of discrete components 

on a Printed Circuit Board (PCB). However, in SoP, this concept is completely changed and the package 

provides all the essential system functions in just one module [4, 7-9]. In SoP, vertically and horizontally 

stacked, bare or packaged, ICs are supported by the package. Moreover, thin-film high-quality passives as 

well as signal routing and additional active electronics can be embedded within the package (i.e. 

substrate). Replacing conventional copper chip-to-chip interconnects, with optical waveguides, can 

mitigate many of their related drawbacks such as cross-talks and losses. The concept of SoP system 

integration is graphically explained in Fig. 2.4. 

 

Fig 2.4 – The SoP system integration approach [4]. 
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     Therefore, it can be claimed that SoP provides better system performance compared to the three 

previously reviewed integration techniques (i.e. SoC, MCM and SiP) because it uses CMOS and the 

package in an efficient manner [4]. Where CMOS is used for transistor integration (i.e. high-speed digital 

electronics) and the package for high quality passives and low loss interconnects. The availability of low 

loss packaging media, like LTCC and LCP, is a major enabling factor for the success of SoP system 

integration. Moreover, the availability of cheap, yet powerful, computer resources and full 3D EM solvers 

is another important enabling factor for the successful realization of such systems. These powerful 

resources help account for couplings and unwanted parasitics between the embedded components within 

the package as well as thermal issues that are associated with complex SoP designs. It’s worth mentioning 

that the development of a hierarchical design flow, like the one that is so prevalent in the SoC realm, is 

still an outstanding issue due to the relative newness of SoP technology.  

     In this section the relative strengths and weaknesses of different system level integration techniques, 

namely SoC, MCM, SiP, and SoP, have been described in some detail. Table 2.1 summarizes them all. Of 

these three, it is SoP that’s considered to be the most promising approach for satisfying the needs and 

objectives of the work in this thesis. 

Table 2.1 – An overview of the major available system level integration techniques. 

Tech. Technology Overview Pros Cons 

SoC All system components and functionalities are 

integrated onto a single horizontal IC chip. 

(Passive and Active components) 

1. Relatively Low Cost. 

2. Mass Production. 

3. Hierarchal design flow. 

1. Long design cycles. 

2. IP and legal issues. 

3. Long time-to-market. 

4. Low quality passives. 

MCM Independently fabricated smaller, high-yielding chips 1. Simpler design (each chip 1. Capital intensive. 
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horizontally stacked to behave like large chips. is separately designed and 

fabricated). 

2. Fabrication errors in each 

chip can be easily detected 

and fixed without having to 

fabricate the complete 

module again. 

2. Technology complex. 

3. Chip-to-chip bond wiring 

issues (losses and cross-

talks). 

SiP Independently designed chips mostly arranged in a 

vertical manner in a package. 

1. Simpler design. 

2. Fabrication errors in each 

chip can be easily detected 

and fixed without having to 

fabricate the complete 

module again. 

1. Still limited by IC 

technology (i.e. low quality 

passives). 

2. Chip-to-chip bond wiring 

issues (losses and cross-

talks). 

SoP The package supports multiple vertically and 

horizontally stacked ICs as well as housing thin-film 

embedded high-quality passives, routing, and even 

additional active electronics 

1. Makes the best use of 

CMOS and the package (i.e. 

high quality passives are 

now made possible). 

2. Relatively best 

performance 

3. Less bond wiring issues. 

4. Shorter time-to-market. 

1. Requires full 3D EM 

simulation tools. 

2. Relatively difficult design 

process. 

3. No hierarchal design flow 

available yet. 

     Since SoP is the selected integration technology, one should get an idea of the available SoP 

implementation media, mainly LCP and LTCC. The next section will give an overview of both design 

media with more concentration on the LTCC technology which is going to be used for the 

implementation of the components in this thesis. 
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2.2 LTCC Technology 

     To realize a SoP module one should utilize a substrate material (medium) that possess a number of 

important attributes such as low loss, multilayer capability, high reliability, dielectric constant stability 

and reduced fabrication cost. Today, the two leading substrate materials that are best suited for SoP 

designs are LTCC [10] and LCP [11]. LTCC is considered to be a relatively mature technology with its 

first reported application dating back to the 1990s [10]. On the other hand, LCP was fully characterized 

only in 2004, which makes it relatively new if compared to LTCC [11]. Despite of their difference in age, 

they still offer quite a number of similar benefits. A brief comparison of both materials is presented in 

Table 2.2.  

     In terms of electrical performance, reliability, and cost, these two materials are very similar. Some of 

the most important differentiating factors for SoP designers is that LTCC offers a wider range of 

dielectric constants and even the capability of creating heterogenous ferrite substrates as in [12], while 

LCP is only limited to a small range of homogeneous examples. Moreover, LTCC has an added flexibility 

of stacking a larger number of layers (see Table 2.2) if compared to LCP. This could help minimize the 

horizontal/longitudinal area of a microwave circuit to a big extent, for cases when this area is so precious 

and the volume can be compromised a little bit.  

Table 2.2 – LTCC versus LCP integration media [3, 11, 13-14]. 

Comparison Aspect LTCC LCP 

Dielectric Constant 4.3-4.7, 5.9, 7-8, 9.1, 13-14, 16-

17, (18, 50, 100, 250) Capacitor 

tapes ©IMST Germany 

2.9 (< 10 GHz)  

3.16±0.05 (31 < 𝑓 (GHz) < 104) 

Relative Permeability 1, 60, 200, 450 (Magnetic tapes, 1 
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Ferrite) ©IMST Germany 

Loss Tangent ≤0.006 (depends on the 

substrate used) 

0.0025 (𝑓 < 10 GHz) 

≈0.004 (31 < 𝑓 (GHz) < 104) 

Maximum No. of Layers 60+ 4+ 

Frequency Range 0 to 110 GHz 0 to 110 GHz 

Water Absorption N/A ≈ 0.04% 

Relative Cost Medium Low 

     Owing to its relative maturity, LTCC was selected for realizing the circuits in this thesis, therefore, 

more concern will be given to it. The coming few sections will present the fabrication process steps 

followed by any LTCC foundry to realize LTCC circuitry. Then the available measurement techniques for 

LTCC components will be discussed. Moreover, the calibration techniques and standards used to 

manually calibrate a VNA will also be presented. The expected fabrication errors and tolerances will be 

overviewed as well. Finally, some of the advantages of this technology will be summarized. 

2.2.1 LTCC Overview  

     LTCC is a multi-layer ceramic technology, which provides the capability of embedding passive 

elements, such as resistors, capacitors and high quality inductors into a ceramic package (i.e. ceramic 

substrate) while active elements, such as packaged or bare transistor ICs for example, are readily mounted 

onto the top substrate layer and some of them can even be embedded inside a substrate cavity, however 

this will require some design and fabrication intelligent considerations. This technology was originally 

confined in the early 1980s to the telecommunication and avionics sector, until the LTCC tapes were fully 

commercialized upon increasing customer demands and application areas. Today, LTCC is the major 
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materials system for production of advanced high-frequency components such as filters, antennas, 

integrated RF modules, and so on [16]. 

     Figs 2.5a and b show different cross-sectional side views of two different LTCC circuit structures. Fig. 

2.5b shows more details of what an LTCC structure can achieve in terms of embedded components and 

other functionalities. An LTCC structure is composed of a number of substrate layers. Each layer has a 

number of conductive metallic vias penetrating through it. On top of each substrate layer, conductive 

metallic traces are printed to realize specific functionalities and signal interconnections. As an example, a 

spiral inductor and a multilayer capacitor are embedded inside the ceramic substrate as can be seen in Fig. 

2.5a. Moreover, an unpackaged (i.e. bare) IC is placed in a cavity and bond wired to the rest of the circuit. 

Also, a lumped element SMT component is soldered to pre-designed pads on the top layer of the substrate 

(see Fig. 2.5a). A strip line is sandwiched within the middle layers of the substrate (see Fig. 2.5a). A CPW 

line is printed on the top substrate layer as well. Fig. 2.5b clearly shows how this LTCC structure can 

perform huge amount of functionalities (see numbered explanations on the figure). Now it’s becoming 

more obvious how this LTCC design methodology can be advantageous in implementing complex as well 

as hybrid (i.e. active and passive, analog and digital) microwave circuitry in just one module, as 

previously mentioned. 
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(a) 

 

(b) 

Fig. 2.5 – (a) LTCC circuit structure (Source: ©Infotech University of Oulu, OPME & ©VTT 

Electronics) (b) A more detailed LTCC circuit structure [4]. 
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2.2.2 LTCC Fabrication Process 

     The process of fabricating LTCC circuits is composed of multiple consecutive steps. Unlike other 

technologies, LTCC circuits are fabricated in a parallelized fashion, which means that each layer is 

separately and independently fabricated (i.e. all layers are fabricated at the same time). This gives the 

added advantage of being able to examine and inspect each individual layer separately. Once a fabrication 

error (or failure) is detected in any of the individual layers, only the defective layer, instead of the whole 

substrate stack, needs to be fabricated again. This process can therefore help achieve high yields, 

reduction in cost and significant time saving. The fabrication process steps are can be seen in Fig. 2.6. 

Those steps can be briefly summarized as follows [15, 16, 17]: 

 (Step 1) Blanking & Pre-conditioning: The LTCC fabrication process begins with a flexible 

material, or what so called a “green-sheet”, that can be easily formed, perforated and stacked to 

form layers. This “green-sheet” tape is blanked at the process coupon size and pre-conditioned - if 

necessary - in a convection oven.  

 (Step 2) Via hole/Cavity formation (Punching): Registration and via holes are mechanically 

punched for electrical connections on each layer. Arbitrarily shaped cavities and windows can 

also be formed using a rectangular punching tool. 

 (Step 3) Via filling: Via holes are then filled using a porous stainless-steel print nest by pulling 

via fill paste through the holes using a vacuum pump. 

 (Step 4) Conductor/Passives printing: Afterwards, metallic patterns of conductors and passives 

(i.e. resistors, capacitors and inductors) are deposited, on each individual sheet, using screen 

printing techniques. High resolution line width down to 80 𝜇𝑚 [43], or even less, can be achieved 

using high-quality screens. 

     All of the above explained process steps are carried out for every individual substrate layer (i.e. 

parallel process). Sheets are examined after each step using an automated optical metrology system. In 
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case a problem was encountered with any of the sheets, the erroneous sheet only will have to be re-

processed. The following steps are carried out for each fabricated coupon: 

 (Step 5) Stacking (Collating): Layers are carefully aligned, stacked and tacked using the 

registration holes created at the beginning of the process (refer to Step 2). 

 (Step 6) Lamination: The stacked-up layers are laminated using an isostatic press in order to 

guarantee maximum process repeatability and avoid de-lamination. 

 (Step 7) Co-firing: The laminated coupon is finally fired in a sintering oven (between 800° and 

900°) in a well controlled atmosphere. Excellent profile control and temperature homogeneity 

inside the process chamber are essential in order to guarantee maximum shrinkage control and 

highest process yield. 

 (Step 8) Singulation/Pre-cutting: If multiple devices are fabricated on the same coupon, the 

components can be singulated using a dicing saw. Singulation can also be done after lamination 

(i.e. before sintering/co-firing). 

 (Step 9) Electrical Test and Dimension Measurements: The singulated devices can then be 

electrically tested to detect any potential short or open circuits which can definitely affect the 

performance of the overall device. Moreover, the fine features (line widths and gaps for example) 

and the overall dimensions of the fabricated circuit can also be measured to make sure they are 

still within the range of the accepted tolerances (refer to Section 2.2.6). It’s worth mentioning that 

a similar test was earlier performed for each fabricated layer/sheet (during Steps 1-4) to fix any 

individual errors found on any of the layers since such errors cannot be fixed after the layers are 

stacked and co-fired together. 

 (Step 10A) Post-processing: Die attach, wire bonding, SMD or flip-chip assembly are typical 

back-end processes that can be eventually carried out. Additional post-firing steps or fine-line 

photolithography can also be performed at this point. 
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     The last three steps can be flexibly arranged in a different order. For example, post fabrication 

processing can be first done for the co-fired coupon, then electrical testing can then be performed and 

finally separate devices can be singulated (see the order in Fig. 2.6).  

 

Fig. 2.6 – LTCC fabrication process steps (Source: ©Microwave Journal) 

     When the fabrication process is complete (Steps 1-10A), measurement (Step 10B) of the electrical 

behavior of the circuit can begin (more details about the measurement procedures are outlined in Section 

2.2.4). This is a significant portion of the overall design process and requires a corresponding amount of 

time and consideration to ensure optimal results. 

2.2.3 Materials  

     Owing to the fact that materials (i.e. ceramic substrates and conductors) are the basic building blocks 

of any LTCC circuit and that the quality and properties of a material can greatly affect the performance of 

a circuit, the next two subsections will investigate the materials used for LTCC circuit fabrication. 
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2.2.3.1 Conductors 

     The low-temperature process in LTCC fabrication allows the use of the highly conductive metals, such 

as gold and silver, as the conductive material within the ceramic structure. Due to the different physical 

characteristics of different metallic materials, which are shown in Table 2.3, appropriate materials can be 

chosen based on the required design specifications. Generally speaking, silver is usually used as the 

conductive material in view of its low cost and high conductivity (i.e. low resistivity) compared to other 

metals. Gold, or sometimes nickel and tin, is usually coated on the top surface layer, such as on the 

measurement ports or bond pads for facilitating the wire-bonding, measurement or interconnection to 

other systems [16]. 

Table 2.3 – Properties of utilized conductive materials. 

Conductive 

Material 

Resistivity (𝛍𝛀. 𝐜𝐦) Conductivity (𝐌𝐒/𝐦) Melting 

Point (°𝐂) 

Silver (Au) 1.6 62.1 961 

Copper (Cu) 1.7 58.5 1083 

Gold (Ag) 2.3 44.2 1064 

Tungsten (W) 11.2 8.9 3422 

 

2.2.3.2 Ceramics 

     Several ceramic materials are available from multiple LTCC foundries. Their dielectric constant (휀𝑟) 

ranges from 4.3 to 250 (refer to Table 2.2), with their loss tangent (tan 𝛿) normally lying in the range of 

0.001 to 0.006. The current material suppliers are: DuPont, Ferro, Heraeus, CeramTec and ESL Electro-
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Science (Source: ©IMST Germany). The most commonly known ceramic materials available for LTCC 

fabrication are DuPont 951, 943, 9k7 and Ferro A6M, L8. However, DuPont951 material is the most 

popular with less limitations on its thickness and the selection of conductive materials. The dielectric 

constant of DuPont 951 is 7.8±0.2 at 10 GHz with four available thicknesses of 2, 4.5, 6.5 and 10 mils 

[44]. This material is usually used with silver as an internal conductor while solderable silver/palladium 

alloy and wire-bondable gold as external conductors. This was the chosen ceramic substrate material used 

for the work presented in this thesis. In our case silver was used everywhere within the structure (inside 

and on top), no gold was used in order to reduce the fabrication cost. 

2.2.4 Measurement Techniques 

     Two different, widely known, measurement techniques are usually used for the measurement of an 

LTCC circuit, those techniques are: 

 Connector based (e.g. using SMA/SMK connectors). 

 Probe-based, which is used when the size of the device under test is too small to host connectors. 

Based on the small size of the realized circuits in this thesis, the second technique will be adopted. 

However, for completeness of this work, both techniques will be briefly reviewed. 

2.2.4.1 Connector Based Measurements 

    Measuring LTCC circuits using connectors is generally considered to be the simplest and most 

straightforward measurement technique, however it might not be always the easiest option depending on 

how small the circuit size is. The smaller the circuit size, the harder to solder the connector to it. 

     The connector is simply soldered to the surface of the LTCC component at the designated port location 

and RF measurement is then readily performed through applying well-known procedures (i.e. using 

measurement cables, calibration kits and a VNA). When selecting the suitable connector one has to put in 

mind the following two things [15]: 
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 Frequency rating of the connector, based on the frequency range of the designed LTCC 

component. Every connector has a maximum frequency rating after which it becomes too lossy to 

be of any useful use. If frequency rating was not taken into consideration, significant loss can 

result because of the connector’s associated high-frequency losses, which will definitely affect 

the measured performance of the circuit under test (i.e. measurements will not reflect the real 

performance of the circuit under test). Calibration techniques may not be able to account for such 

kind of loss. 

 Mating configuration based on the available measurement facilities (i.e. cables for example) and 

the designed LTCC circuit. Available mating configurations are either edge mounted or surface 

mounted. 

     Fig. 2.7 shows an edge mounted SMA connector rated up to 18 GHz. Other common connector types 

include SMK (up to 40 GHz), and V-connector (up to 67 GHz) [15]. 

 

Fig. 2.7 – SMA connector mounted onto a PCB (Source: ©Digi-Key, Part number: J10196-ND) 

     After an appropriate connector is chosen based on its maximum usable frequency, the suitable mating 

configuration can accordingly be selected. It can either be edge mounted or surface mounted. Edge 

mounting is easier to accomplish if the board thickness matches the connector gap. Surface mounting can 

have better and more convenient access to different parts of the circuit (i.e. not necessarily input and 

output ports only at the edges of the circuit). Both mounting configurations are explained in Fig. 2.8a. 
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(a) 

 

(b) 

Fig. 2.8 – (a) Surface Mount and Edge Mount connector configurations [15]. (b) HSC miniature 

surface-mount connector along with the cable (Source: ©Digi-Key, Part numbers: 490-8447-1-ND and 

931-1192-ND respectively). 

     If the ordinary SMA and SMK connectors (edge and surface mounted) are too large to be 

accommodated by the circuit, a miniaturized surface-mount connector, called the HSC connector can be 

used instead. It only measures 2 mm × 2 mm and is rated up to 6 GHz. This connector can be seen in Fig. 

2.8b. 
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2.2.4.2 Probe Based Measurements 

     Some circuits are still very small to accommodate any of the previously mentioned connectors 

(whether edge or miniaturized surface mounted) and in that case a different measurement approach has to 

be adopted, which is called probe based measurements. Probes have very thin, small and fragile tips that 

can land on very small (fine) parts (features) of the circuit that cannot be normally accessed using 

ordinary connectors. There exist many different types of measurement probes with different properties 

including low or high impedance, single ended or differential, and various layouts or footprints [15]. 

Some examples of high performance microwave probes are shown in Fig. 2.9a. The frequency rating of 

such probes can reach up to 110 GHz. 

     One of the advantages of this measurement technique is the fact that calibration is done at the probe 

tip, which excludes any added losses due to the utilized probe and thus gives a more realistic result that 

reflects the true performance of the circuit under test. 

 

(a) 

 

(b) 

Fig. 2.9 – (a) High performance microwave measurement probes (Source: ©Cascade Microtech). 

(b) LTCC probe pads (Designed on CST Microwave Studio®). 
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     The probe footprint refers to the tip configuration of the probe, which can be Ground-Signal-Ground 

(G-S-G), Ground-Signal (G-S), or Signal-Ground (S-G). Differential versions of these configurations 

have double the number of pins. The separation distance between the probe tips is called the pitch, and it 

can normally vary between 50 and 1250 μm [15].  

     After a suitable probe has been selected, the LTCC design must include pads that are compatible with 

the pin layout and pitch of that probe. An example of an LTCC probe pad, designed for a 150 μm pitch 

probe, is depicted in Fig. 2.9b. 

     A probe station and calibration substrates are also needed to complete the measurement setup. 

Advanced stations can automatically land probes on LTCC circuits. However, simpler manual stations 

require a skilled user to make the contact, between the probe tips and the pads, because tips are extremely 

fragile and very easy to damage. The probe station used for the measurements of the LTCC fabricated 

components in this work is shown in Fig. 2.10. The model number for this station is Summit 9101 and it’s 

fabricated by Cascade Microtech®. This station belongs to the LACIME group at Ecole Technologie 

Superieur (Universite du Quebec) in Montreal.  
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(a) (b) 

Fig. 2.10 – (a) Probe station and PNA-X N5247A. (b) Zoomed-in version of the probe station with 

the fabricated circuits under test. 

2.2.5 Calibration Techniques 

     Vector network analyzers (VNAs) are unique among RF instrumentation because they have the 

potential to provide exceptional accuracy. User calibration is one of the reasons for this exceptional 

performance. Calibration refers to the process of removing any residual errors associated with the utilized 
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measurement equipment (i.e. VNA, probes, cables and connectors). This calibration procedure has to be 

performed before each measurement otherwise the measurements will not be as accurate as it should be. 

     Different calibration techniques exist, of those techniques, two are considered to be the most well-

known (and well-studied) techniques, namely: 

 SOLT (Short, Open, Load, Thru) 

 TRL (Thru, Reflect, Line) 

2.2.5.1 SOLT 

     SOLT calibration is considered to be the most familiar VNA calibration technique. It uses a well-

defined Short, Open, and Load (of characteristic impedance, usually 50 Ω or 75 Ω). Each calibration 

standard is connected – one by one at a time – at the reference plane so the VNA can accurately measure 

and save the response due to each one of them. When these three measurements are completed, the two 

reference planes are connected together to form a through (Thru) connection for the final measurement to 

calibrate both measurement ports. If the VNA is calibrated for a 1-port measurement, then there is no 

need to do this final thru connection (only calibrating one port is enough). After all the four measurements 

are done, the VNA mathematically calculates and removes any residual errors associated with the 

measurement equipment and it becomes fully calibrated. This process is internally and automatically done 

by all VNAs. This technique was the one used for the measurements of the LTCC components in this 

work. 

2.2.5.2 TRL 

     TRL requires an electrically short Thru connection (preferably zero length or very short with the same 

impedance as the line standard), a highly reflective standard (i.e. Open or Short terminations), and a Line 

at or near the characteristic impedance of the system. The electrical length of this line standard should be 

specified within a quarter of the guided wavelength.  The phase difference between the thru and the line 
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standards should be greater than 20° and less than 160°. Similar to the SOLT technique each measurement 

is independently done at a time and the VNA internally calculates and removes any sources of residual 

error and it becomes fully calibrated. The basic equations used by the TRL technique are derived and 

explained in [18, Chapter 4, Section 4.5]. 

2.2.6 LTCC Fabrication Errors and Tolerances 

     After an LTCC circuit is fabricated, it should be expected that the measured results can be a bit 

different from the simulated ones. This discrepancy is due to the fact that every fabrication process has 

variations in geometry and material properties that deviate from the theoretically expected design values. 

A statistical analysis is performed by the manufacturer to determine the limits of these variations so that 

reliable tolerances may be determined. Based on these figures, the designer may be able to predict the 

worst case scenario that may occur and decide if the performance in this scenario is still acceptable. If it is 

not, extra considerations should be made to compensate for the tolerances [15]. 

     The following subsections discuss some of these tolerances and their effect on the performance of a 

realized LTCC circuit (a filter, since that is the circuit of concern in this thesis). 

2.2.6.1 Substrate Layer Thickness 

     Any fabricated LTCC circuit can have a thinner or thicker than expected substrate layer height. Any 

alteration in the fabricated substrate layer thickness (height) can have a noticeable effect on the value of a 

parallel plate capacitor embedded inside the LTCC substrate, for example. The capacitance of a parallel 

plate capacitor basically depends on the area of the capacitor plate, dielectric constant of the substrate and 

the distance between the capacitor plates, which in our case represent the thickness of each substrate 

layer. Therefore, the change in the thickness of one – or more – of the substrate layers could easily change 

the expected value of any of the capacitors embedded in the LTCC structure, and depending on the 

function of the capacitor this could affect the overall performance of the filter. For example, if the value 
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of an input/output matching (coupling) capacitor changed this could, in turn, change the input/output 

matching performance of the filter (see Chapter 3), and if the value of the resonator’s capacitor was 

altered this will affect the resonance frequency of the filter.  

     Moreover, the change in the layer thickness can affect the effective inductance of a multilayer helical 

inductor (see Chapter 3). The parasitic capacitive coupling between the multiple layers (turns) of a helical 

inductor can be affected by the distance between those layers (turns), which, in our case, is the thickness 

of each substrate layer. The change in the value of this parasitic capacitance could affect – to some extent 

– the effective realizable inductance and the SRF of the inductor which could in turn affect the overall 

performance of the filter.  

     Also the change in the substrate layer thickness can increase the parasitic coupling between two 

different components placed on different layers and thus affect the overall performance of the LTCC 

circuit (see Chapter 4). 

2.2.6.2 Dielectric Constant (𝜺𝒓) 

     The dielectric constant tolerance of a substrate can have an effect similar to the layer thickness 

tolerance. Any change in the dielectric constant of the substrate can affect – to some extent – the 

effectively realizable capacitance of a parallel plate capacitor, as explained previously, which in turn 

could affect the overall performance of the LTCC circuit (filter). 

     The change in the dielectric constant of a substrate could also affect – to a small extent – the 

effectively achievable inductance and SRF of a helical inductor because of the change in the parasitic 

capacitance induced between the layers (turns) of the inductor due to the change in the dielectric constant.  

2.2.6.3 Dielectric Loss Tangent (𝒕𝒂𝒏𝜹) 

     Any change in the value of the dielectric loss tangent of the substrate could affect the Q-factor of the 

various embedded passives (different types of capacitors and inductors) and accordingly affect the 
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insertion loss of the filter. Capacitors might be less sensitive to the change in the dielectric loss tangent 

because of their sufficiently high Q-factors if compared to inductors. In general, the dielectric loss tangent 

of LTCC materials has a weak dependency on frequency and is stable with negligible variation at a given 

frequency. Its effect on circuit performance can be ignored if the exact loss tangent is quoted at or near 

the frequency of interest. 

2.2.6.4 Line width and Spacing 

     The change in the linewidth can affect the performance of an inductor – to some extent – by changing 

its expected inductance due to the change in the characteristic impedance of the line. On the other hand, 

structures like coupled spirals could be affected by the change in the separation distance between lines, 

because of its effect on changing the coupling coefficient, and this could in turn affect a parameter like 

the filter’s bandwidth (see Chapter 4). 

     It’s worth mentioning as well that manufacturing control over line width and spacing parameters 

available from state-of-the-art LTCC fabrication houses has recently become very well controlled [15]. 

Tolerance values at or below ± 0.3% are common. Therefore, sensitive structures such as coupled line 

structures can be designed with a high degree of confidence. 

2.2.6.5 Surface Roughness 

     The conductivity of the metal traces is dependent on surface roughness. Performance of a device may 

be impaired if the surface roughness is poor. For example, the Q-factor of an inductor is sensitive to the 

resistivity of its metallization. This effect can be avoided to some degree by gold plating the external 

layers. 

The above mentioned expected tolerances can be compensated for by [15]: 

 Tunability  
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     Tunability is a widely used technique in industry where redundant components are 

incorporated into a design. By selectively activating or deactivating these components, the circuit 

performance can be adjusted with some flexibility so as to compensate for deviations from the 

design target that arise due to tolerance effects. For example, a capacitor can be enlarged by 

connecting adjacent capacitors in parallel (see Fig. 2.11). Conversely, these tabs can be short-

circuited or you can cut them to reduce the capacitance. You can cut them either with a scalpel 

blade, if the feature size is large, or with a laser, if the feature size is very small. This technique is 

not very practical since it will affect the designed layout to some extent and moreover it will only 

allow compensating for any changes on the top layer of the LTCC circuit which might not be the 

case for example for multilayer capacitors or inductors where changes, in any of the above 

mentioned parameters, can happen on the middle layers and not only the top layer. Therefore, for 

our case this technique was not applied, the next one was utilized instead. 

 

Fig. 2.11 – Capacitor tuning with open or shorted tabs [15]. 

 Design duplicates  

     Instead of attempting to compensate for tolerances with one design, multiple copies of a single 

design can be fabricated with slightly different dimensions. The sizes would be based on different 

assumptions for the tolerances so that in almost every eventuality there will be a successful 

design. This technique is more practical than the previous one, since the LTCC foundry already 

provides relatively large area to fabricate the circuits on, and thus the rest of the area can be filled 
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by scaled duplicates of the original design. This technique will not change any of the design 

details of the LTCC circuit, it is rather size scaling of the complete circuit. This compensation 

technique was used in this thesis.  

2.2.7 Advantages of LTCC technology 

     This section will discuss some of the advantages of LTCC technology [16]. These many advantages 

justify the reason behind selecting this integration medium for the design of all the circuits in this thesis. 

 Reliability  

    The LTCC end product is a mechanically strong, hermetic (i.e. very robust against 

environmental stress), chemically inert and dimensionally stable ceramic structure with very 

stable dielectric properties. Owing to the fact that all of the passive components are embedded 

inside the LTCC substrate this could effectively reduce the risk of accidental short circuit by the 

atmospheric moisture and environmental dirt, without using any extra sealing as other packaging 

technologies, such as glass-to-metal seals or soft solder seals. Moreover, during the fabrication 

process, the circuit trace definition is considered to be more exact than other technologies, 

resulting in a lower rate of electrical failure. 

 Cost Reduction  

     Although the cost of fabrication of LTCC circuits and components is still high if compared to 

conventional PCB technologies (such as FR-4), it is expected to go down in the near future. 

Moreover, LTCC has low production costs for medium and high quantities. 

 Size Miniaturization 

     Due to the fact that most of the lumped components (resistors, inductors and capacitors) can 

be readily embedded inside the LTCC substrate in a vertically stacked manner this could lead to 

the realization of highly miniaturized circuits.  

 Low Loss at Microwave Frequency  
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     It was already mentioned – in previous sections – that the loss tangent of various LTCC 

substrates (ceramic materials) can vary between 0.001 and 0.006, which is considered relatively 

low if compared to other conventional PCB substrates. Low loss substrates could help realize 

higher Q-factor embedded components and thus lead to better performing circuits. 

 Dielectric Constant Stability  

     It was previously highlighted that LTCC substrates has excellent dielectric stability over a 

wide range of frequencies. For example, for DuPont® 943-A5, the dielectric constant ranges 

between 7.6 and 7.8 for a frequency range from 1 GHz to 20 GHz. This stability would result in 

stable performance of the realized LTCC circuits [16]. 

2.3 Summary 

     This chapter started by comparing the four available system level integration techniques, namely SoC, 

MCM, SiP and SoP in some detail. The relative strengths and weaknesses of each technique were 

outlined. SoP showed quite a number of advantages and that’s why it was selected as the integration 

technique used for realizing the components in this thesis. Then the two main SoP integration media, 

namely LCP and LTCC, were compared together. LTCC was selected as the integration medium for this 

work. A comprehensive overview of this integration medium was given. This included a brief 

introduction to the technology, it’s fabrication process, measurement and calibration techniques and 

fabrication tolerances and errors. The next chapter will give a detailed explanation of the design process 

followed to realize a GNSS wideband filter fully embedded in an LTCC substrate. 
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Chapter 3 

Wideband GNSS Filter in LTCC Technology 

     This chapter presents the design of a novel highly miniaturized wide bandpass filter covering the entire 

GNSS band. As explained before (see Chapter 1), this filter will be the first component in the receiver 

front-end chain. It’s responsible for selecting the GNSS signals lying within the frequency band from 1.16 

GHz to 1.61 GHz and rejecting any out-of-band interferers. It was already mentioned that GNSS signals 

are extremely weak signals with power levels as low as -160 dBm. Therefore, this wideband filter is 

essential in the front-end chain to limit the signals received to the GNSS band only to protect the LNA 

from being exposed to high power interferers out of the GNSS band. High power signals can easily derive 

the LNA into saturation (i.e. non-linear region) as well as significantly affecting the receiver’s dynamic 

range and its detection capabilities. Moreover, the in-band insertion loss of this bandpass filter is 

important since it will affect the overall NF of the whole front-end chain – according to eq. 1.1 – which 

has to be kept as low as possible as explained before in Chapter 1. 

     The design of a wide bandpass filter follows many steps. This chapter explains, in detail, the 

procedures one should go through to design a bandpass filter fully embedded in an LTCC substrate. This 

process starts by selecting the suitable filter topology (i.e. ideal circuit model) that can conveniently 

realize the required filter’s specifications. The main specifications that are of concern when designing a 

bandpass filter are: 3-dB FBW, in-band IL, roll-off factors and out-of-band rejection. It’s well known that 

wideband response can generally be achieved by increasing the order of the filter through adding more 

resonators. However, adding more resonators might have the effect of increasing the in-band IL of the 

filter. It will also lead to a significant increase in the overall size of the filter. This implies that all of the 

above mentioned filter specifications are strongly related to each other (i.e. they are interdependent). As 

an example, increasing the bandwidth of the filter could affect its in-band IL by introducing in-band 

ripples. Moreover, the out-of-band rejection is strongly affected by the upper and lower roll-off factors of 
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the bandpass filter response (i.e. faster roll-off factors can deteriorate the out-of-band rejection). Roll-off 

factors can also affect the in-band insertion loss and bandwidth of a bandpass filter (i.e. faster roll-off 

factors could result in in-band ripples and thus higher insertion loss at some points of the passband). It’s 

clear that there is a trade-off that has to be well understood when designing a bandpass filter. Therefore, 

all of the above mentioned parameters have to be optimized simultaneously to achieve the best possible 

response that matches our expected specifications and finally result in a miniaturized filtering structure. A 

second order bandpass filter topology, based on the inductively-coupled resonators filter structure [20-22, 

24], will be used for the realization of this bandpass filter. The ideal circuit schematic of the utilized filter 

is shown in Fig. 3.1. 

     This filter is made up of different lumped components, each of which has a unique function. The major 

functionality of each component is summarized in Table 3.1. Where, the input/output coupling capacitors 

(𝐶𝑖𝑛 and 𝐶𝑜𝑢𝑡) are mainly responsible for matching the input/output impedance of the filter to the 

system’s reference impedance. The components 𝐿𝑟 and 𝐶𝑟 form the filter’s resonator which acts as the 

basic building block of the filter, without which the filter can’t resonate at the specified resonance 

frequency. The two resonators’ inductors are either edge coupled and in this case 𝐾 (Fig.3.1, left) 

represents the coupling coefficient between them or they are direct inductively coupled and in this case 𝐿𝑐 

(Fig. 3.1, right) represents the coupling inductor. The grounding inductor 𝐿𝑔 is responsible for creating 

the third transmission zero after the upper passband edge [20, 23]. Two finite transmission zeroes, one 

before the passband and another one after the passband can be created by a feedback capacitor 𝐶𝑓 as in 

[20-24] or through using a grounding capacitor as in [25]. The former approach was adopted as can be 

seen in Fig. 3.1, where a feedback capacitor was used. The detailed design equations and their 

derivations, for this filter schematic, can found in [18, 19].  

     As an example, the reason why the feedback capacitor and the grounding inductor can both generate 

the transmission zeroes is based on the derived transfer coefficient (𝑍21) of the filter. Based on [20], the 

magnitude of the numerator of the transfer coefficient can be written as follows: 
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|𝑍21|𝑛 = 𝐴𝜔6 + 𝐵𝜔4 + 𝐶𝜔2 + 𝐷 (3.1) 

Where 𝐴, 𝐵, 𝐶 and 𝐷 are functions of the filter individual components and they are detailed in [20]. The 

above shown equation is a sixth order polynomial function of 𝜔. When this polynomial is zero three 

transmission zeroes can occur, one before the passband and two after the passband. This was explained 

graphically in [20]. 

     The filter was first ideally optimized and the ideal component values compared to the final EM 

simulated ones can be found in Table 3.2. 

Table 3.1 – Individual components’ functionality. 

𝐿𝑟 and 𝐶𝑟 Create and control filter’s resonance frequency 

𝐶𝑖𝑛 and 𝐶𝑜𝑢𝑡 Input and Output impedance matching 

𝐶𝑓 Creates two transmission zeroes (1st and 2nd) 

𝐿𝑔 Creates a third transmission zero (3rd) 

𝐾 Coupling coefficient control BW and IL 

 

Table 3.2 – Ideal component values compared to final EM simulated values. 

Component Ideal EM Simulated  

𝐶𝑖𝑛 and 𝐶𝑜𝑢𝑡 3.64 pF 10.69 pF 

𝐶𝑓 0.66 pF 1.8 pF 

𝐿𝑔 0.4 nH 0.9 nH 

𝐿𝑐 7 nH 8 nH 

𝐿𝑟 5 nH 5.26 nH 

𝐶𝑟 2.7 pF 2.05 pF 
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     According to our best knowledge, this novel filter is considered to be one of the very few wideband 

LTCC filters that realized an almost 50% FBW at such a low RF frequency using only two inductively 

coupled resonators with small dimensions [30-35]. 

 

Fig. 3.1 – Second order inductively coupled resonators filter (Left: edge coupled, Right: direct 

inductively coupled) [20]. 

     After selecting the suitable filter topology and optimizing all the component values to achieve the 

required performance measures based on the design equations in [18, 19], the following step would be to 

physically realize this filter in LTCC technology. This is considered one of the most time-consuming 

steps since it includes large number of full-wave EM simulations. In such a highly miniaturized multi-

layer structure where many components are embedded inside the substrate, significant parasitic mutual 

couplings – whether capacitive or inductive – can happen between all these closely packed components 

and thus these structures have to be simulated using a full-wave EM simulator which could readily take 

into account the majority of these higher order coupling effects and compensate for them by adjusting the 

individual component values (i.e. dimensions) as will be seen later on in this chapter.  

     First of all, a component library for all different embedded passives has to be accurately and efficiently 

built. Then, the values (i.e. dimensions) of these components are adjusted based on the values from the 

previously optimized filter (i.e. ideal circuit schematic). Afterwards, the adjusted components are 

physically connected together in a highly miniaturized manner to form the complete bandpass filter 

structure. The whole filter is then EM simulated. Most probably, the initial response from this first EM 

simulation is different from our expectations, in terms of the resonance frequency, bandwidth, in-band IL 
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and out-of-band rejection because of parasitic couplings arising between the different embedded 

components. These couplings can result in an increased or decreased capacitances or inductances along 

with many other effects which can accordingly lead to shifting the frequency response of the filter, for 

instance. They can also affect the IL and bandwidth in a way or another because of affecting the coupling 

(or transmission) between the filter’s resonators. Therefore, multiple EM simulations have to be carried 

out to compensate for the effects of these parasitic couplings. However, it’s worth mentioning that 

running these extensive number of simulations without understanding the filter topology and how each 

component can impact the overall filter response can significantly increase the time needed to optimize 

the filter response and lengthen the design cycle. Therefore, one must have a very good understanding of 

the filter topology so that the change of any parameters of the physical filter would lead to the expected 

effect of compensating for any unwanted parasitics. Thus one could readily reach the required response 

with minimal number of EM simulations and avoid any unnecessary waste of time. 

    After the physical filter is optimized and the required characteristics are achieved the filter is fabricated 

along with its individual embedded passives. Measurements for the fabricated filter and components are 

done. The measured results are compared to the simulated ones where any discrepancies can be explained 

based on the performance of the individually measured components compared to the expected simulated 

one. If the measured response is greatly different from the simulated one, post-fabrication simulations can 

be done and further improvements can be made to compensate for any previously unexpected fabrication 

errors or tolerances and then another fabrication run can be made based on the cost considerations and the 

available resources. Fig. 3.2 explains the above mentioned LTCC filter design process in a simple 

flowchart. 
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Fig. 3.2 – A flowchart explaining the LTCC filter design process. 

     The first part of this chapter will start by building the LTCC embedded passives component library. 

Each component is individually EM simulated. Different components are then compared together in terms 

of various performance measures and the most suitable components are chosen for the physical realization 

of the LTCC filter. Some of these components are fabricated and measured, and their measured results 

will be compared to the simulated ones. The second part of this chapter will show the physical realization 

of the fully embedded LTCC bandpass filter as well as the fabricated prototypes. Simulated and measured 

results will then be compared. Finally, the chapter will be concluded with some general comments on the 

fabricated prototypes and their measurement results. 

3.1 Embedded Passives Library 

     This part of the chapter will thoroughly investigate the different lumped components that will be used 

for the physical realization of the LTCC filters discussed in this thesis. The two most important 

components that build up any filter are inductors and capacitors. Combining these components together 

forms the resonator which is considered to be the main building block of any filtering structure. Different 

types of inductors and capacitors will be studied in this section. Their performance will be compared in 

terms of the effective achievable inductance or capacitance, Q-factor and SRF. The simpler the embedded 

passive structure the easier the design of the complete filter and accordingly the optimization process. 

Simple, yet effective, passives are chosen in this thesis. Due to the fact that a wideband response is 

required, for the filter discussed in this chapter, and only two resonators are used for this task, then large 
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coupling coefficients between both resonators should be effectively and readily realized. Different 

coupling mechanisms are studied in this section as well.  

     The inductor normally affects the in-band IL of a resonator, and thus the complete filter, more than a 

capacitor because of its low Q-factor value. Therefore, the first component that will be studied is the 

inductor. When optimizing an inductor/capacitor value, the outer width/diameter is varied. The line width 

is kept constant throughout the thesis (0.1 mm). Also, the line gaps (for planar spirals) is kept constant 

(0.1 mm). 

Note (1): All simulated values for inductances, capacitances and Q-factors will be compared at a 

constant frequency of 1.385 GHz which is considered to be the center frequency for the GNSS band [1]. 

However, the complete plot for the frequency range of interest from 1 – 2 GHz will be provided to get an 

idea of how the component values should vary with the change in frequency. This will be useful when 

specific components are tailored for the lower and upper band filter designs for the dual band filter as 

will be explained in the coming chapters (see Chapter 4). 

Note (2): All the EM simulations are done over CST Microwave Studio®. Table 3.3 presents the 

properties of the material system employed in this work. 

Note (3): All the input CPW G-S-G probe pads are designed to accommodate a 150 𝜇𝑚 pitch 

measurement probe. The gap between the center conductor and the surrounding grounds is 45 𝜇𝑚. The 

width of the center conductor is 100 𝜇𝑚 (Refer to Section 2.2.4.2 for more details). 

Note (4): The dimensions of the studied components in this chapter (i.e. inductors or capacitors) are 

selected from the optimized LTCC filter structures. 

Note (5): The ground plane is removed in all figures for the sake of clarity and unobstructed view of the 

structures. Moreover, the color of some of the layers are changed for viewing clarity as well. 

Note (6): Please refer to the “List of Acronyms” at the beginning of the thesis for the meaning of all the 

abbreviations included in this chapter as well as the upcoming chapters. 
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Note (7): We based our comparisons between the structures (i.e. inductors and capacitors) on the 

simulated values because they proved to be far more accurate than the measured values. 

 

Table 3.3 – Material system properties employed in this work. 

 

 

Ceramic Substrate 

DuPont 951PT® 

εr ≅ 7.8 

tanδ ≅ 0.006 

Height ≅ 0.7 mm (7 layers) 

 

Metallic Conductor 

Silver (Ag) 

Thickness ≅  10 μm 

Conductivity =  6.3012 × 107 S/m 

 

3.1.1 Inductor 

     Two different inductors, namely a planar spiral inductor (PSI) and a multi-layer helical inductor (MHI) 

will be studied here. Each one can have two different versions, namely circular and square topologies, and 

both will be considered for the sake of completeness of this work. Other types of inductors like strip or 

arbitrary shaped inductors are not desirable since they can’t achieve conveniently high inductance values 

in small areas like the ones we are considering here in. 

     First we will start by studying the CPSI, and the term planar implies that the inductor only occupies 

one layer of the whole LTCC stack. This layer is commonly the upper most top layer of the substrate. 

However, it can be conveniently placed on any other layer depending on the required design. 

3.1.1.1 Circular Planar Spiral Inductor (CPSI) 

     The planar spiral inductor is one of the most famous inductor topologies used for the realization of 

LTCC filters [22, 26-28]. One of its well-known advantages is that it can achieve high inductance values, 
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along with decent Q-factors, in a relatively small area, which could, in turn, result in significant filter 

miniaturization. However, due to the fact that all the turns are placed on the same substrate layer, this 

leads to a significant amount of inter-turn capacitive coupling which leads to increased parasitic 

capacitance and thus reduced SRF for such a topology. The SRF for any structure can be written as in 

[18] as follows: 

𝑆𝑅𝐹 =
1

√𝐿𝐶
 

(3.2) 

 

Where 𝐿 represents the effective or parasitic inductance of an inductor or capacitor respectively, and 𝐶 

represents the parasitic or effective capacitance of an inductor or capacitor respectively. 

     Moreover, higher inductor values need larger diameter spiral inductors, since inner turns are smaller in 

circumference than outer ones, which would, in turn, increase the overall dimensions of the inductor and 

thus limit the level of size miniaturization that could be achieved. 

     Fig. 3.3 shows the structure (both (a) designed and (b) fabricated) of a 1.5 turn CPSI. The width of the 

conductor trace is 0.1 mm (100 μm) and the gap in between the turns is 0.1 mm as well, based on the 

LTCC foundry rules in [43]. The outer diameter of the structure was set to 1.15 mm. This structure was 

EM simulated and the fabricated prototype was measured. Fig. 3.4 compares both simulated and 

measured results. It’s clear from Fig. 3.4a that an effective simulated inductance value of 4.11 nH can be 

achieved at these specific dimensions. It has a simulated SRF of 5.84 GHz which is safely above our 

frequency range of interest (i.e. 1-2 GHz). The simulated Q-factor shown in Fig. 3.4b has a value of 

109.1, which is considered to be a high value for such type of inductors. Fig. 3.4 shows that the measured 

inductance is around 4.3 nH and the measured Q-factor is lower than 20. 

     Discrepancies between measured and simulated results for all different fabricated prototypes 

throughout this chapter as well as the next chapter will be collectively studied in Section 3.2.1, where 

common reasons for such behaviors (higher inductance/capacitance and lower Q-factor for example) will 

be investigated. 
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(a)  (b)  

Fig. 3.3 – CPSI structure (a) Designed on CST® (Top View). (b) Fabricated (Top View). 

 

  

(a) (b) 

Fig. 3.4 – Measured and simulated performance of the CPSI (a) Inductance (nH). (b) Q-factor. 

The calculated inductance and Q-factor were based on equations (3.2) and (3.3) which are valid for a one-

port simulation [28, 38]: 

𝐿 =
𝐼𝑚(𝑍𝑖𝑛)

𝜔
 

(3.3) 

𝑄 =
𝐼𝑚(𝑍𝑖𝑛)

𝑅𝑒(𝑍𝑖𝑛)
 

(3.4) 
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Where 𝐼𝑚(𝑍𝑖𝑛) and 𝑅𝑒(𝑍𝑖𝑛) represent the imaginary and real components of the input impedance of the 

one-port structure, respectively. Whereas 𝜔 represents the radian angular frequency, which can be written 

as 2𝜋𝑓, at which the respective inductance and Q-factor values are being calculated. 

3.1.1.2 Square Planar Spiral Inductor (SPSI) 

     This type of inductor can inherently achieve higher inductance values, because of the longer conductor 

trace, if compared to its circular counterpart (i.e. CPSI). However, higher inductance means lower Q-

factor because of the increased resistive ohmic losses associated with the longer metallic trace. A 1.5 turn 

SPSI can be seen in Fig 3.5. The measured versus simulated results are displayed in Fig. 3.6. It has an 

effective simulated inductance value of 4.49 nH and a simulated Q-factor of 79.2. Whereas the measured 

inductance is around 5.7 nH and the measured Q-factor goes below 20. The simulated SRF for this 

structure is 5.37 GHz.  

    Fig. 3.7 compares the simulated results for both the SPSI and the CPSI. It’s obvious that the SPSI can 

achieve about 9.25 % inductance increase in comparison to the CPSI. Accordingly, the SRF for the SPSI 

is about 8% lower than that of the CPSI, however it’s still safely above our frequency range of interest. 

As expected, the Q-factor for the SPSI is reduced by almost 27% if compared to the CPSI, because of the 

increased resistive ohmic losses associated with the elongated conductor trace (i.e. increased inductance 

as well). This above shown results show that the SPSI can make better and efficient use of the area it 

occupies – by filling out the right angled corners – to be able to achieve higher inductance values at the 

expense of reduced Q-factor and SRF. This could help achieve more size miniaturization. 
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(a)  (b)  

Fig. 3.5 – SPSI structure (a) Designed on CST® (Top View). (b) Fabricated (Top View). 

  

(a) (b) 

Fig. 3.6 – Measured and simulated performance of the SPSI (a) Inductance (nH). (b) Q-factor. 
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(a) (b) 

Fig. 3.7 – Comparison of the simulated results for the CPSI and SPSI (a) Inductance (nH). (b) Q-factor. 

3.1.1.3 Circular Multilayer Helical Inductor (CMHI) 

     Despite the fact that the planar spiral inductor, whether circular or square, can achieve high inductance 

values in relatively small areas, it is not making efficient use of the multi-layer LTCC substrate (i.e. 7 

substrate layers, refer to Section 1.1), since it only utilizes the top most layer of the substrate. Further size 

miniaturization can still be achieved by deploying a multilayer helical inductor. Fig. 3.8 shows a 1.5 turn 

CMHI. A helical inductor topology differs from a planar spiral one in the sense that its turns are 

distributed (i.e. vertically arranged) among multiple layers of the LTCC substrate. Each substrate layer 

accommodates a half-turn of the helical inductor, and all turns are connected together using metallic 

conductive vias passing through the individual substrate layers as can be seen in Fig. 3.8a. Therefore, 

helical inductors can achieve higher inductance values, compared to planar spirals, in the same area as 

before. This means extra size miniaturization. 

     Moreover, due to the fact that the turns are not anymore placed on the same layer (rather separated by 

at least one substrate layer. Each two overlapping half turns are separated by two substrate layers), the 

inter-turn capacitive coupling capacitance is significantly reduced and is now replaced by the capacitive 

coupling capacitance between the different half turns stacked on different substrate layers, where this 
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capacitance is much lower than the inter-turn capacitance of a planar spiral because of the intermediate 

substrate layers and their associated loss mechanism. Reduced parasitic capacitance means higher SRF 

and effective inductance if compared to planar spirals.  

  

(a)  (b)  

Fig. 3.8 – CMHI structure (a) Designed on CST® (Oblique View). (b) Fabricated (Top 

View). (The structure is expanded in the Z-direction as well as the second layer is colored 

for viewing clarity) 

     Fig. 3.9 compares the simulated and measured results for this structure. It has a simulated inductance 

value of 4.55 nH and a Q-factor of 88.3. The measured inductance value is about 5.5 nH and the 

measured Q-factor is just below 30. The simulated SRF for this structure is 5.26 GHz.  

     It’s clear that the CMHI can achieve about 10.7% increase in the inductance value if compared to the 

CPSI with the same dimensions. On the other hand, it experienced almost 19% reduction in the Q-factor 

if compared to the CPSI, and this was expected because of the increased resistive ohmic losses associated 

with the elongated metallic trace. Moreover, part of the loss can be contributed to the fact that the turns 

are now going through the substrate and thus can be easily affected by the dielectric loss properties of the 

substrate. The good thing about this helical structure is its ability to achieve higher inductance values in 

much smaller areas and thus could help in realizing extremely miniaturized structures if compared to its 



 

53 

 

planar counterpart. It’s worth mentioning that the Q-factor of this 1.5 turn CMHI is still 11.5% better than 

that of the 1.5 turn SPSI, although it can achieve about 1.3% increase in the inductance value.  

  

(a) (b) 

Fig. 3.9 – Measured and simulated performance of the CMHI (a) Inductance (nH). (b) Q-factor. 

3.1.1.4 Square Multilayer Helical Inductor (SMHI) 

     Similar to the square and circular planar spirals (SPSI and CPSI), a square helical inductor should 

inherently achieve higher inductance value if compared to a circular helical inductor (CMHI) because of 

its longer conductor trace (i.e. it makes better use of the area by filling the right angled corners and thus 

achieving higher inductance values). A 1.5 turn SMHI is presented in Fig. 3.10. The simulated versus 

measured results are shown in Fig. 3.11. This helical inductor has a simulated inductance value of 5.26 

nH and a Q-factor of 82.3. The measured inductance is about 3.2 nH and the measured Q-factor is about 

35. Possible reasons for such differences will be highlighted in an upcoming section, as mentioned. The 

simulated SRF is 4.6 GHz which is still safely above our frequency range of interest. The measured 

results for this inductor are different from all other inductors. Since the measured inductance is lower than 

the simulated one and thus the measured Q-factor is approaching the simulated value as the frequency 

increases. 
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     Fig. 3.12 shows a comparison between the SMHI and its circular counterpart (i.e. CMHI). It’s obvious 

that the SMHI can achieve about 15.6 % increase in the inductance value with respect to the CMHI with 

the same dimensions. As expected, the Q-factor of the SMHI is reduced by about 6.7 % if compared to 

the CMHI because of the increased ohmic losses associated with the elongated current path. The 

simulated SRF is almost 12.5% lower than that of the CMHI because of the increased inductance value. 

     Fig. 3.13 compares the simulated performance of the 4 studied inductor structures in terms of their 

effective achievable inductances and Q-factors. It’s worth mentioning that all the structures have the same 

dimensions (i.e. outer width or outer diameter of 1.15 mm) and thus occupies the same planar surface area 

but not necessarily the same volume or number of substrate layers. Moreover, the number of turns is fixed 

to 1.5 turns. It can be seen that the SMHI can achieve the highest inductance value as expected if 

compared to all other inductor topologies. Whereas, the CPSI achieves the smallest inductance value. In 

terms of Q-factor, the CPSI can achieve the highest Q-factor because of its small achievable effective 

inductance. It’s important to mention that although the SMHI is able achieve about 17% increase in the 

inductance value if compared to the SPSI, however it still has better Q-factor at the frequency of interest. 

Although helical inductors can achieve high inductance values they still possess quite good performance 

(i.e. Q-factor and SRF). 

     According to the above discussion, the SMHI was selected for the resonators in this work (for size 

miniaturization based reasons), and its circular counterpart (i.e. CMHI) will be used as the coupling 

inductor for achieving the wideband performance as will be shown shortly. 
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(a)  (b)  

 

Fig. 3.10 – SMHI structure (a) Designed on CST® (Oblique View). (b) 

Fabricated (Top View). 

 

  

(a) (b) 

Fig. 3.11 – Measured and simulated performance of the SMHI (a) Inductance (nH). (b) Q-factor. 
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(a) (b) 

Fig. 3.12 – Comparison of the simulated results for the SMHI and CMHI (a) Inductance (nH). (b) Q-

factor. 

  

(a) (b) 

Fig. 3.13 – Comparison of the simulated results for all inductors (a) Inductance (nH). (b) Q-factor. 

     As mentioned previously, the second important element in any filter is the capacitor. Capacitors may 

come in different forms based on the targeted application and available space. This will be the concern of 

the next section. 
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3.1.2 Capacitor 

     Four different capacitor topologies which are the VIDC, VHIDC, IDC and MIDC are studied in this 

section. High capacitance values could normally be achieved using VIDs or VHIDs and thus this type of 

capacitor is studied for the sake of realizing the input/output matching capacitors and the resonator’s 

capacitor. On the other hand, smaller capacitance values like the ones used for the feedback capacitor 

could be readily achieved using IDCs and MIDCs. VIDCs can generally come in two versions, namely 

circular and square versions. The CVIDC will be considered first and then compared with the SVIDC. 

3.1.2.1 Circular Vertically Interdigitated Capacitor (CVIDC)   

     Fig. 3.14 shows the 4 plate CVIDC with an outer plate diameter of 0.66 mm (the 4 lower most layers 

of the substrate were used in order to leave the first 3 layers for the resonator’s inductor as will be shown 

in the next section). It consists of multiple circular plates vertically stacked on different layers of the 

LTCC substrate. The even numbered plates are connected to the input (i.e. the second and the fourth in 

our case), whereas the odd numbered ones are connected to the output (i.e. the first and the third in our 

case) as can be seen in the same figure. This type of capacitor is known for its ability to achieve high 

capacitance values in relatively small areas. Higher capacitance values mean larger plate diameter or 

increased number of parallel plates. This means that even very large capacitance values can be readily 

achieved using this geometry, however the major drawback will be the size. In our case, reasonable 

values can be achieved at reasonable dimensions and number of parallel plates. Fig. 3.15 shows the 

simulated results of this structure. It has a simulated capacitance of 1.67 pF and a Q- factor of 384. The 

simulated SRF is 4.78 GHz which is safely above our frequency range of interest. This capacitor was 

previously used in literature for realizing LTCC bandpass filters as in [26-28].  
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(a)  (b)  

 

Fig. 3.14 – CVIDC structure designed on CST® (a) Top View. (b) Oblique View. 

 

  

(a) (b) 

Fig. 3.15 – Simulated performance for the CVIDC (a) Capacitance (pF). (b) Q-factor. 

3.1.2.2 Square Vertically Interdigitated Capacitor (SVIDC) 

     Similar to the square and circular spiral inductors, the SVIDC can inherently achieve higher 

capacitance values if compared to its circular counterpart since it makes better use of the small area it 
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occupies by filling out the right angled corners. Fig. 3.16 shows the 4 plate SVIDC with the same outer 

width of 0.66 mm. The simulated versus measured results are presented in Fig. 3.17. This capacitor has a 

simulated capacitance value of 2.05 pF and a Q-factor of 321. Whereas the measured capacitance is 

around 3.75 pF and the measured Q-factor is lower than 50. Its simulated SRF is 4.34 GHz. The SVIDC 

can achieve almost 22.7 % increase in capacitance if compared to the CVIDC. As expected, the Q-factor 

for the SVIDC is reduced by about 16.4 % if compared to its circular counterpart because of its higher 

achievable capacitance value. In both cases, the SVIDC and CVIDC, the SRF is safely above our 

frequency range of interest. 

  

(a)  (b)  

 

Fig. 3.16 – SVIDC structure (a) Designed on CST® (Oblique View). (b) Fabricated, 

embedded inside the substrate (Top View).  
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(a) (b) 

Fig. 3.17 – Measured and simulated performance of the SVIDC (a) Capacitance (pF). (b) Q-factor. 

 

3.1.2.3 Square Vertically Horizontally Interdigitated Capacitor (SVHIDC) 

     Another type of capacitor is the SVHIDC [20], which is known for its high capacitance value if 

compared to the ordinary SVIDC. This type of capacitor is also available in a circular topology; however, 

it’s not included here for the sake of brevity. Fig. 3.18 shows the topology of the SVHIDC. The reason 

behind the high capacitance values achievable by this capacitor is that it depends on vertical as well as 

horizontal capacitive coupling as can be seen in Fig. 3.18b. That’s why it can achieve higher capacitance 

values if compared to ordinary SVIDCs which incorporates vertical capacitive coupling only. Fig. 3.19 

shows the simulated results of this 4 plate SVHIDC for varying gap widths. The smallest gap of 10 μm 

has the largest capacitance of 3.98 pF and the smallest Q-factor of 170.8 and SRF of 2.97 GHz. On the 

other hand, the largest gap of 50 μm has the smallest capacitance value of 1.49 pF and the largest Q-

factor of 367 and SRF of 4.66 GHz. It’s clear how one can actually achieve a wide range of capacitances 

and thus corresponding Q-factors using the same outer width parallel plate by only changing the width of 

the horizontal gap between the horizontally interdigitated arms. Fig. 3.20 shows the simulated versus 

measured results for a 50 μm gap. The measured capacitance is lower than 0.9 pF which is lower than the 
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simulated value. The measured Q-factor approached 200, however it’s still lower than the simulated 

value.  

  

(a)  (b)  

 

(c) 

Fig. 3.18 – SVHIDC structure (a) Designed on CST® (Top View: first and second layers). (b) 

Oblique View (c) Fabricated (Top View). 
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(a) (b) 

Fig. 3.19 – Simulated performance for the SVHIDC for varying gap widths (a) Capacitance (pF). (b) Q-

factor. 

  

(a) (b) 

Fig. 3.20 – Measured and simulated performance for the SVHIDC for a 50 μm gap (a) Capacitance (pF). 

(b) Q-factor. 

     Although the VHIDC topology has the advantage of being able to achieve impressively high 

capacitance values in very small areas, it has a more complex geometry than that of the ordinary VIDC 

and this might lead to raising the fabrication costs because of the very small horizontal gaps that might 

impose some difficulties during the fabrication process (i.e. requires fine feature laser ablation). 
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Therefore, an ordinary VIDC was utilized – in this work – because of its simpler design and relatively 

lower fabrication costs if compared to its VHIDC counterpart. 

3.1.2.4 Interdigital Capacitor (IDC) 

     Creating transmission zeroes just before and after the passband of the filter can be achieved by 

utilizing a feedback capacitor between the input and output terminals of the filter (see Fig. 3.1) [20-24]. 

This capacitor can have a smaller value if compared to any of the other capacitors in the filter structure 

(i.e. resonator’s capacitor and input/output coupling capacitors), therefore it can be readily realized by an 

IDC topology with reasonable number of interdigitated fingers like the one seen in Fig. 3.21. 

      IDCs are known for their low capacitance values (≈0.1-2 pF) and thus much higher Q-factors if 

compared to ordinary VIDCs or VHIDCs. They are also characterized by being able to fit into very small 

areas where there is not enough space available for VIDCs or VHIDCs. In order to increase the 

capacitance achieved by an IDC in a limited area, the gaps in between the fingers can be reduced, to 

increase the capacitive couplings between the fingers and thus the effective achievable capacitance, 

however this may impose difficulties in fabrication and result in raising the fabrication costs (as 

mentioned previously in the case of the SVHIDC) and that’s why it’s not preferable to reduce the size of 

the gaps below a specified foundry limit [43]. On the other hand, the capacitance can also be increased by 

duplicating the IDC on multiple layers of the substrate (odd numbered layers in our case) and this was the 

technique utilized here as can be seen in Fig. 3.21b (right). The measured versus simulated results, for a 

50 μm gap, are presented in Fig. 3.22. It has a simulated capacitance value of 1.88 pF and Q of 344. 

Whereas the measured capacitance goes up to 3.2 pF and the measured Q-factor goes lower than 50. The 

simulated SRF is 4.73 GHz. This technique can be called the “Layer Duplication Technique” (LDT). In 

order to see the effect of this technique on increasing the achievable capacitance value, a 1-layer IDC (see 

Fig. 3.21b, left) was simulated and the results were compared with those obtained from the multilayered 

IDC simulation as can be seen in Fig. 3.23. The 4-layers IDC can achieve about 400% increase in 

capacitance. 
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     LDT can only work when there are no other embedded components placed below the feedback 

capacitor which is the case for the wideband filter we are considering in this chapter. However, this won’t 

be the case for the dual band filter where an embedded inductor will be placed just below the feedback 

capacitor, to allow for more size miniaturization, and that’s why another version of the IDC was proposed 

in this thesis which is the MIDC explained in the next section.  

 

 

 

(a)  (b)  

 

(c) 

 

Fig. 3.21 – IDC structure (a) Designed on CST® (Top View). (b) Oblique View (left: 1-layer, 
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right: 4-layers). (c) Fabricated (Top View). 

 

  

(a) (b) 

Fig. 3.22 – Measured and simulated performance for the IDC (4-layer) for a 50 μm gap (a) Capacitance 

(pF). (b) Q-factor. 

 

  

(a) (b) 

Fig. 3.23 – Comparison between a 1-layer and 4-layer IDC for a 50 μm gap (a) Capacitance (pF). (b) Q-

factor. 
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3.1.2.5 Meandered Interdigital Capacitor (MIDC) 

     The MIDC topology seen in Fig. 3.24 is another way of increasing the effective achievable capacitance 

of an IDC without the necessity of increasing its outer dimensions (i.e. length and width). This is a novel 

topology that was introduced in this thesis for the first time. Meandering was adopted to increase the area 

through which the capacitive coupling occurs between the fingers and thus increase the effective 

achievable capacitance without the need to duplicate the IDC on multiple layers as was done before. This 

topology can only be used in structures where there’s some available horizontal space and this will be the 

case for the dual band filter presented in Chapter 4. Moreover, it’s most suited for structures where some 

embedded passives might need to obstruct the region below the capacitor so the LDT can’t be simply 

applied.  

  

(a)  (b)  
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(c) 

Fig. 3.24 – (a) MIDC. (b) IDC both for 50 μm gap. (c) Fabricated (Top View). 

     The simulated results for varying internal meandered gap widths are depicted in Fig. 3.25. The 

smallest gap width of 10 μm yielded the largest capacitance value of 1.4 pF and the smallest Q-factor of 

333 and SRF of 3.59 GHz. While the largest gap width of 50 μm yielded the smallest capacitance value 

of 0.98 pF and accordingly the largest Q-factor of 409 and SRF of 4.39 GHz. It can be noticed that for an 

MIDC one can actually have more degrees of freedom in controlling the value of the realized capacitance 

by not only changing the gaps between the interdigitated fingers (as is the case for an IDC) but also the 

internal meandered gaps as can be seen in Fig. 3.26. Sometimes, it’s possible to realize very small gaps 

for very short distances, however it might not be as simple to realize the same gap width for longer 

distances (possible short circuits). That’s why this added degree of freedom – by solely changing the 

inner gaps – can lead to a more convenient fabrication process and improved realizable capacitances. Fig. 

3.27 shows the simulated versus measured performance for the structure in Fig. 3.24a. The measured 

capacitance is almost 0.1 pF lower than the simulated one. The measured Q-factor approaches the 

simulated one at some frequencies, such as 1.1 GHz, however it’s still lower than the simulated one. 
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(a) (b) 

Fig. 3.25 – Simulated performance for the MIDC for varying meandered gap width (a) Capacitance (pF). 

(b) Q-factor. 

 

 

Fig. 3.26 – MIDC with varying internal gap (inter-finger gap is fixed to 50 μm). 
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(a) (b) 

Fig. 3.27 – Measured and simulated performance for the MIDC for a 50 μm internal gap (a) Capacitance 

(pF). (b) Q-factor. 

     Fig. 3.28 shows a comparison between both an MIDC and an ordinary IDC with the same exact 

dimensions (i.e. external dimensions are the same as well as inter-finger gaps are all set to 50 μm, see Fig. 

3.24b). It can be noticed that an MIDC can achieve at least 3.2 % increase in capacitance because of those 

extra meandered internal gaps. However, as the width of the internal gaps increases the effective 

capacitance value approaches that of an ordinary IDC. Therefore, the gaps have to be kept as small as 

possible (i.e. as small as it can be allowed according to the foundry rules [43]) to make the best return out 

of this proposed structure. It was already seen from the results shown in Fig. 3.25 that higher capacitance 

values could be readily achieved at very small gap widths. 

1 1.1 1.2 1.3 1.4 1.5 1.6 1.7 1.8 1.9 2
0.8

0.85

0.9

0.95

1

1.05

1.1

1.15
C

a
p

a
c
it
a

n
c
e

 [
p

F
]

Frequency [GHz]

 

 

Measured

Simulated

1 1.1 1.2 1.3 1.4 1.5 1.6 1.7 1.8 1.9 2
150

200

250

300

350

400

450

500

550

Q
-f

a
c
to

r

Frequency [GHz]

 

 

Measured

Simulated



 

70 

 

  

(a) (b) 

Fig. 3.28 – Comparison between an MIDC and IDC (a) Capacitance (pF). (b) Q-factor. 

3.1.3 Resonator 

     After investigating and studying both the inductor and the capacitor structures, they will be combined 

together to form the resonator which is considered to be the main building block of any filtering structure. 

It was shown that the SMHI had the potential to achieve high inductance values along with good Q-

factors in relatively small areas if compared to other inductor topologies, that’s why it was the chosen 

topology for the resonator’s inductor. It was also shown that the SVIDC had the ability to achieve 

reasonably high capacitance values with decent Q-factors and for that reason it was selected as the 

resonator’s capacitor. Having the ability to realize high inductance and capacitance values in a small area 

with the selected structures, one can realize miniaturized resonators even at low frequencies like the one 

we are considering in this work. The SMHI and the SVIDC were combined together to form a shunt 

resonator as can be seen in Fig. 3.29. Different types of multilayer resonators were explained in literature 

in [20, 22, 24, 26-29] however the one proposed herein makes better use of all the 7 layers of the 

substrate. Where the 1.5 turn SMHI occupied the first 3 layers, whereas the 4 plate SVIDC occupied the 

remaining 4 layers. This helped achieve size miniaturization. Both structures (i.e. inductor and capacitor) 

were connected in parallel to form a shunt resonator. Due to the fact that all half turns of the SMHI are 
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vertically stacked (alternating) directly over each other this leaves much space for the SVIDC capacitor to 

be integrated inside the inductor topology. On the other hand, if the SPSI was used instead, the size of the 

SVIDC would have been limited by the inner width of the inductor, not the outer one, which will, in turn, 

limit the maximum achievable capacitance to a lower value. 

 

 

(a) (b) 

 

Fig. 3.29 –Resonator structure (a) Designed on CST® (Oblique View). (b) Fabricated (Top View). 

    The simulated and measured real and imaginary parts of the input impedance of this shunt resonator 

can be seen in Fig. 3.30. The values, and thus sizes, of the inductor and the capacitor were optimized to 

maintain resonance at a center frequency of 1.385 GHz. The unloaded Q-factor of the resonator can be 

calculated based on the following equation from [28, 38]: 

𝑄 =
𝑅

𝜔0𝐿
 

(3.5) 

Where 𝑅 is the real input impedance 𝑅𝑒(𝑍𝑖𝑛) of the resonator structure at resonance, 𝜔0 is the resonance 

frequency, and 𝐿 is the inductance of the shunt inductor. The simulated inductance of the resonator’s 

inductor is 5.9 nH (Q-factor is 81.3). Based on the simulated results from Fig. 3.30, the value of 𝑅 at 

resonance corresponds to the peak of the real part of the resonator’s input impedance which is found to be 
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2461 Ω. The simulated resonance frequency is almost 1.385 GHz. Accordingly, the simulated unloaded 

Q-factor is about 48.  

     It is obvious that the measured real and imaginary parts of the input impedance are shifted back in 

frequency (a center frequency of almost 1.3 GHz as opposed to 1.385 GHz) if compared to the simulated 

ones.  

  

(a) (b) 

Fig. 3.30 – Simulated and measured input impedance of the resonator (a) Real part (Ω). (b) Imaginary 

part (Ω). 

3.1.4 Coupling Mechanisms 

     It’s well known that the bandwidth of the filter can be controlled by the amount of energy coupled 

between its resonators [18, 19]. In our case, we only have two resonators. If those two resonators are 

strongly coupled to each other, wider bandwidth can be achieved (filter designed in this chapter), and in 

case they are loosely coupled only small bandwidths can be realized (filters designed in Chapter 4). To 

realize a wideband filter those two resonators have to be strongly coupled to each other, meaning that a 

significant amount of energy has to be transferred from the first resonator to the second one and vice 

versa. The energy can be coupled between the resonators in an inductive or capacitive manner. Our 

adopted filter topology incorporated inductive coupling. However, it has to be noted that capacitive 
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coupling is inevitably and parasitically existing and thus coupling in that case is called mixed coupling. 

However, if the inductive coupling is larger (i.e. dominating) than the capacitive coupling (which is the 

case here) then we can say it’s mainly inductive coupling.  

     In order to be able to realize inductive coupling, the inductors of both resonators have to be coupled 

together in a way or another. Commonly, planar spiral inductors – shown in Fig. 3.31e - have been edge 

coupled in previous literature to realize narrowband filters such as in [22, 29]. Planar edge coupling is in 

general a weak coupling mechanism and can only realize small coupling coefficients on the order of few 

dBs. Coupling can be enhanced by increasing the size of the inductor to increase the edge area through 

which coupling occurs. However, this will have the effect of lowering the filter’s resonance frequency – 

because of the increased resonator’s inductance – and thus will alter the filter’s performance. Coupling 

can also be improved by reducing the separation gap between both inductors, however very small gaps 

may not be easily fabricated as previously mentioned. Another approach to increase coupling is to make 

use of the multilayer topology of the helical inductors and introduce the concept of “multilayer coupling”. 

This concept can be seen in Fig. 3.31a-d. This figure suggests that coupling can be done on multiple 

layers instead of only one layer. It also shows different variations of the multilayer coupling concept. The 

most effective mechanism, in terms of the effective achievable coupling coefficients, is the one seen in 

Fig. 3.31a.  

  

(a) (b) 
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(c) (d) 

 

(e) 

 

Fig. 3.31 – Different coupling techniques (a) Technique 1. (b) Technique 2. (c) Technique 3. (d) 

Technique 4. (e) Technique 5 (Left: Designed on CST®, Right: Fabricated). 

     Fig. 3.32a compares the simulated coupling coefficients of these five different coupling topologies at a 

separation distance of 50 μm. It’s obvious that coupling technique 1 can relatively achieve the highest 

coupling coefficient of 15.87 dB (2.6%) at the frequency of 1.385 GHz if compared to the other coupling 

techniques. One might have the feel that coupling technique 3 shown in Fig. 3.31c should be able to 

achieve a higher coupling coefficient because coupling occurs on 3 different layers instead of just 2 (i.e.  
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coupling edge area increased). However, this is somehow misleading. Although coupling is occurring on 

3 different layers, but the surface currents on the second layer, of both inductors, are opposite in polarity 

(i.e. current direction) to those on the first and the third layers, of both inductors, and that’s why the 

magnetic fields cancel together and thus the amount of coupling becomes lower than coupling technique 

1. This can be better understood by simulating the individual inductor with the 3 half turns placed on one 

side of the inductor. The simulated inductance was found to be 2.53 nH (Q of 51.2) which is much 

smaller than the expected value of 5.26 nH (at the same outer dimension of 1.15 mm as before). This is 

mainly because of the reduced stored magnetic energy due to the cancellation effect caused by the 

opposite polarity surface currents on the different turns.  

     The same scenario applies to coupling technique 4. This technique can be considered a multilayer 

interdigitated coupling technique, because the second layer of one inductor is interdigitated through the 

first and third layers of the other one. It was found that this technique can’t achieve higher coupling 

coefficients than that of technique 1 (at the same frequency of 1.385 GHz) because of the opposite 

polarity currents on the middle layer that cancels out with the currents on the second and third layers of 

the other inductor. Only technique 1 makes use of the same polarity currents on the first and third layers 

of both inductors and thus higher coupling coefficients can be achieved using this technique. Technique 2 

is simply a single layer coupling technique and thus it can’t achieve a coupling coefficient higher than 

that of a multilayer coupling topology.  

     It’s worth mentioning that the single layer planar coupling topology (technique 5) can realize better 

coupling coefficients if compared to techniques 2 and 3. However, it can’t achieve higher coupling 

coefficients than that achievable through using technique 1. This can be better explained from Fig. 3.32b, 

where different separation distances for technique 1 are compared to a fixed separation distance for 

technique 5. It can be noticed that technique 1 is always superior to technique 5 in terms of the effective 

achievable coupling coefficients (even for a separation distance of 130 μm). This actually shows the 

coupling gain one can easily get by utilizing this multilayer coupling technique over conventional single 
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layer techniques. Fig 3.32c and d compares the simulated and measured results of both techniques 5 and 

1. It’s obvious that the measured coupling coefficients are lower than the simulated ones. 

  

(a) (b) 

  

(c) (d) 

Fig. 3.32 – Simulated coupling coefficient (a) All techniques. (b) Techniques 1 and 5. (c) Measured and 

simulated coupling coefficients for technique 5. (d) Measured and simulated coupling coefficients for 

technique 1. 

     The coupling coefficient values achieved by the above mentioned technique 1 are still not enough, 

even at very small separation distances as can be seen in Fig. 3.32b, to realize a relatively wideband filter 

with about 50% FBW. To realize such a filter, coupling coefficients as high as 85% are required. This can 
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be achieved by either developing some complicated coupled inductor topology (i.e. transformer) or by 

applying a direct inductive coupling technique. The former approach may result in complex designs, 

whereas the latter approach is simpler and more straightforward, and that’s why it was adopted. This 

approach depends on connecting both the first and second resonators by a physical inductor as the one 

seen in Fig. 3.33. Through controlling the inductance of that inductor (and thus its impedance value), one 

could readily control the amount of energy coupled (transferred) between the resonators and thus control 

the bandwidth of the filter. It should be noted that, this technique is more favorably applied to wideband 

filters, where large coupling coefficients are required and thus lower inductance values can be utilized. 

On the other hand, if this technique was used to realize narrowband filters, very large inductance values 

would be required to achieve low coupling coefficients and in that case the size of the coupling inductor 

will not be practical, as it will be way too large. In that case, coupling technique 1 will work best.  

     To realize reasonable inductance values in a small area, a 3.5 turn CMHI was utilized as can be seen in 

Fig. 3.33. The inductor shown in the figure has an outer diameter of 0.9 mm. It has a simulated inductance 

value of about 8 nH and a Q-factor of 69. The inductor was simulated as a two-port structure to compute 

its transmission coefficient. The simulated S21 (i.e. transmission coefficient) for varying inductor 

diameter is depicted in Fig. 3.34. It can be noticed that the transmission coefficient, in case of the 1.1 mm 

diameter, achieved by this direct coupling technique is at least 13.4 dB larger than that achieved by 

coupling technique 1 at a separation distance of 10 μm at the frequency of 1.385 GHz. Moreover, there’s 

an inverse relation between the size of the inductor and the achievable transmission coefficient, which 

means that the larger the inductor diameter (i.e. larger inductance) the lower the transmission coefficient 

and vice versa. An inductor of 0.9 mm diameter was actually used as the coupling structure for the 

realization of the wideband filter as will be discussed shortly. 

     Fig. 3.34b shows the simulated versus measured transmission coefficient for a constant diameter of 0.9 

mm. The measured transmission coefficient is lower (i.e. incorporated more loss, more than 2 dB 
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difference) than the simulated one and this will definitely affect the performance of the filter as will be 

explained shortly in the filter section. 

 

 

(a) (b) 

Fig. 3.33 –Coupling inductor structure (a) Designed on CST® (Oblique View). (b) Fabricated (Top View). 

  

(a) (b) 

Fig. 3.34 – (a) Simulated transmission coefficient for varying inductor diameter. (b) Measured versus 

simulated transmission coefficient. 
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3.1.5 Calibration Standards 

     It was previously explained in Chapter 2 (see Section 2.2.4.2) that on-wafer probes will be used for the 

measurement of all the fabricated circuits because of their small dimensions. It was mentioned as well, in 

the same chapter, that different calibration techniques can be used to accurately calibrate the VNA such as 

the TRL and SOLT methods. Those techniques will use the widely known calibration standards (i.e. open, 

short, line, thru and matched). For this reason, those standards were designed as can be seen in Fig. 3.35.  

The simulated phase results for both the line and thru standards are presented in Fig. 3.36. It can be 

observed that the relative phase difference (at 1.385 GHz) between those two standards is almost 90° as 

expected. Other simulation results, for other standards, weren’t presented for the sake of brevity. It’s 

worth mentioning that the SOLT technique was the one used during the measurements. Calibration was 

done twice using the fabricated calibration standards and the available standard on-chip calibration kits. 

The one done with the standard on-chip kits lead to more accurate results because of the higher-than-

expected losses incorporated in the fabricated standards.  

  

(a) (b) 

  

(c) (d) 

 

(e) 

Fig. 3.35 – (a) Open. (b) Short. (c) Thru. (d) Line. (e) Matched. 
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Fig. 3.36 – Simulated phase response for both designed thru and line standards. 
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3.2 Wideband Filter in LTCC 

     After the complete embedded passives library was built and each component was thoroughly studied 

in terms of various performance measures, the next step in the design process (see Fig. 3.2) will be the 

assembly of the complete filter in LTCC technology. The final assembled filter (designed (a) and 

fabricated (b)) can be seen in Fig. 3.37.  

  

(a) (b) 

Fig. 3.37 – Direct inductively coupled wideband filter in LTCC technology (a) Designed 

(Oblique View). (b) Fabricated (Top View).  

 

     All the individual passive components of the filter were fabricated and they are shown in Fig. 3.38. 

The measured versus simulated results of most of these components were already discussed in the 

embedded passives library section. The input and output coupling capacitors are SVIDCs (with a length 

of 1.05 mm) with 7 layers to be able to achieve the required high value capacitance. Those capacitors are 

responsible for the input and output matching of the filter to the system’s impedance. This capacitor has a 

simulated capacitance value of 10.8 pF and a Q of 96.4. It also has a simulated SRF of 2.23 GHz which is 

considered to be one of the lowest SRFs compared to all of the previously shown structures and that was 

expected because of its high capacitance value.  
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Fig. 3.38 – Fabricated individual passive components. (From left to right: input coupling SVIDC, 

transmission inductor, embedded resonator’s capacitor, feedback IDC and resonator’s SMHI). 

     The two shunt resonators (𝐿𝑟 parallel with 𝐶𝑟) are connected to the outputs of the input (𝐶𝑖𝑛) and 

output (𝐶𝑜𝑢𝑡) coupling capacitors (see Fig. 3.37a). The resonators are coupled together via the 3.5 turn 

CMHI (𝐿𝑐), as explained before in the coupling mechanism section. The input and output of the filter are 

coupled to each other through the feedback coupling capacitor (𝐶𝑓) that was realized using the IDC 

topology that was discussed previously, where this capacitor is responsible for creating the transmission 

zeros just before and after the filter’s passband. According to Fig. 3.1, a third transmission zero can be 

created after the passband by adding a grounding inductor (𝐿𝑔) between the output terminals of the 

resonators and the ground [20, 23]. This inductor can be realized by using a strip conductor along with a 

conducting via as can be seen in Fig. 3.37a. Owing to the fact that the diameter of the via hole is limited 

by certain dimensions, according to the LACIME LTCC foundry rules [43], therefore one can’t depend 

on this via only to control the location of the third transmission zero (i.e. the diameter of the via can’t be 

made very small to achieve conveniently high inductance values because of the limitations imposed on 

this diameter value. Moreover, the height of the via is still limited by the number of layers through which 

it passes), that’s why a conductor strip was placed between the resonators’ output terminals and the 

ground to control the magnitude of inductance to ground and accordingly control the location of the third 

transmission zero. The value of this inductance can be readily controlled by the length (L) of the strip 
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conductor placed before the grounding via as can be seen in the same figure. The simulated and measured 

values for the 1.5 turn inductor and 4 plate capacitor of the resonator were previously presented in the 

embedded passives library section. Moreover, the value of the simulated capacitance for the 4 layer IDC 

was already shown before in the same section. Notice that the 4 layer IDC is connected to the odd 

numbered plates of the input and output coupling capacitors since those plates represent the input of the 

filter. 

     The final optimized response of the wideband filter with and without a grounding via can be seen in 

Fig. 3.39. This figure both shows the simulated as well as the measured responses (the filter without a 

grounding via was not fabricated). Where Fig. 3.39a and b shows a broad and narrowband views of the 

filter’s response with a grounding via. Whereas, Fig. 3.39c and d shows a broad and narrowband views of 

the filter’s response without a grounding via. It can be seen that the measured response generally 

coincides quite well with the simulated one.  

     The shown response readily covers the GNSS band with a 3-dB bandwidth of 669 MHz (simulated) 

and 640 MHz (measured), which corresponds to a FBW of about 49.2% (simulated) and 46.7% 

(measured) at center frequencies of 1.36 GHz and 1.37 GHz respectively. Table 3.2 summarizes the IL 

values at some specific GNSS frequencies. The minimum simulated in-band IL is 0.41 dB at a frequency 

of 1.25 GHz, whereas the minimum measured in-band IL is 0.44 dB at 1.59 GHz. The simulated IL from 

1.16 GHz to 1.61 GHz is lower than 0.82 dB, whereas the measured IL in the same frequency range is 

fluctuating around the 1 dB. The roll-off factor at the lower edge of the passband is about 4 dB/100 MHz 

(simulated and measured), whereas that at the upper edge of the passband is almost 14.5 dB/ 100 MHz 

and 9 dB/100 MHz for the simulated and measured responses respectively. The reduction in bandwidth of 

the measured response (about 30 MHz smaller than the simulated value) is mainly due to the reduced 

transmission coefficient (i.e. higher losses) of the coupling inductor (see Section 3.1.4). There exists 

slight frequency shifts which affected the locations of the transmission zeros by few MHz, and the reason 

behind this is the change in the values (capacitances or inductances) of the individual fabricated 
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components of the filter if compared to the simulated ones. However, the overall change in the filter’s 

measured response can’t be attributed to a specific individual component, since the change in the value of 

one component can be compensated for by the change in the value of another component and thus its 

effect will be eventually neutralized. That’s why the measured response is in very good agreement with 

the simulated response, although some of the measured values for the individual components are much 

different from the simulated ones. The reasons for the changes in the values of the fabricated individual 

components are mentioned in the next section. Table 3.3 compares this developed filter with other 

wideband filters from literature. It can be observed that our filter can achieve very good performance at 

miniaturized dimensions if compared to other filters, while only using two coupled resonators. 

     The simulated group delay values at the same GNSS frequencies are tabulated in Table 3.2. The 

simulated group delay response for the filter with and without a grounding via can be seen in Fig. 3.41a. 

The simulated VSWR for the filter structure with and without a grounding via is presented in Fig. 3.41b. 

The group delay and the VSWR responses are not much affected by the presence or absence of the 

grounding via, especially in the frequency range of interest (i.e. 1-2 GHz). The simulated VSWR is kept 

below 1.8 within the GNSS band. 
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(a) (b) 

  

(c) (d) 

Fig. 3.39 – Wideband filter responses (a) Broadband view (with grounding via). (b) Narrowband view 

(with grounding via). (c) Broadband view (without grounding via). (d) Narrowband view (without 

grounding via). 

Table 3.2 – IL and group delay values at specific GNSS frequencies (M: Measured, S: Simulated). 

Frequency [GHz] 1.16  1.23  1.385  1.585  1.61  

IL value [dB] (S) 0.77 0.43 0.67 0.72 0.81 

IL value [dB] (M) 1.8 1.15 1.5 0.45 1 

Group delay [ns] (S) 0.76 0.71 0.59 1 1.15 
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     The broadband frequency response clearly shows that after a specific frequency limit, spurious 

transmission starts to appear as is the case with almost any filtering structure. However, it should be 

noticed that the presence of the grounding via strongly affects the out-of-band rejection and thus any 

higher frequency spurious transmissions. The simulated response with a grounding via has better rejection 

(i.e. lower than 20 dB) near the upper edge of the passband up to almost 3.3 GHz (there’s a slight 

difference between simulations and measurements). On the other hand, the response without a grounding 

via has a wider rejection up to 6 GHz. This means that the presence of the grounding inductor can 

improve the rejection near the passband at the cost of deteriorating the higher frequency rejection and vice 

versa. For example, at 3.062 GHz (simulated response) the filter with a grounding via has a rejection level 

of about 47 dB, while the one without a grounding via has a rejection level of 21 dB. The trade-off is 

better rejection near the passband versus worse higher frequency rejection. The effect of varying the 

grounding inductor value (𝐿𝑔) is demonstrated in Fig. 3.40a. It’s obvious that the change in the value of 

the grounding inductor mainly affects the location of the third transmission zero, with minimal to no 

effect on the first and second transmission zeros as expected. Moreover, it has minimal or no effect on the 

bandwidth and insertion loss of the filter. It can also be noticed that increasing the value of the grounding 

inductor shifts the third transmission zero near the upper end of the passband and thus improves the 

rejection near the passband and deteriorates the higher frequency rejection as mentioned above.  
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(a) (b) 

Fig. 3.40 – Simulated filter response for (a) varying the grounding inductor values (𝐿𝑔). (b) varying the 

feedback capacitor values (𝐶𝑓).  

     The effect of changing the value of the feedback capacitor (𝐶𝑓) is depicted in Fig. 3.40b. The value of 

the feedback capacitor – in this case – is changed by changing the width of the inter finger gaps from 

25 μm to 100 μm. Unlike the grounding inductor, the change in the value of the feedback capacitor can 

have a significant effect on the overall filter’s response in terms of its transmission zeros, roll-off factors, 

bandwidth and IL. Increasing the value of the feedback capacitor results in: 

 Shifting the locations of the first and second transmission zeros towards the lower and 

upper edges of the passband, respectively. 

 Reducing the bandwidth of the filter and thus affecting the insertion loss at specific 

frequencies. 

 Increasing the lower and upper roll-off factors (i.e. sharper response and improved 

selectivity). 

 Shifting the location of the third transmission zero away from the upper edge of the 

passband. 

 Lowering the rejection near the passband edges. 

 Minimal effect on the higher frequency rejection after 3.5 GHz. 
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(a) (b) 

Fig. 3.41 – Simulated (a) Group delay [ns]. (b) VSWR.  

     In Section 2.2.6 it was mentioned that a good practice to overcome fabrication tolerances and expected 

errors is to fabricate duplicates of the same designed circuits. This technique was adopted in this thesis 

where many of the designed circuits were fabricated three times. One version was fabricated with the 

original designed dimensions (i.e. no scaling) and two other versions were fabricated at slightly (±0.5%) 

larger and smaller dimensions, to compensate for any possible horizontal shrinkage or expansion. This 

technique proved to be quite useful, since some of the fabricated circuits were damaged – for some 

reasons – however their duplicated versions were still functioning and showed good measured results. If it 

weren’t for the duplicates the performance of such circuits couldn’t have been evaluated without another 

fabrication run.  

     An example, Fig. 3.42 shows the measured results for the three duplicated versions of the wideband 

filter. It’s clear that the difference in the measured performance due to the adopted scaling is minimal, 

especially because of the wideband performance. However, in general the positive scaling (i.e. increasing 

the size of the filter by 0.5%) resulted in a slight shift back in frequency, which becomes obvious with the 

third transmission zero. This effect is due to the fact that positive scaling enlarged the size of the filter 

components. This might have led to increased value of the resonator’s capacitor or inductor and thus 
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shifting back of the filter’s response. The effect of scaling can become more obvious with narrowband 

structures. Fig. 3.44 shows a big picture of most of the circuits fabricated in this thesis. 

 

Fig. 3.42 – Measured performance for the three duplicated versions of the wideband filter. 
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Table 3.3 – Comparison between this filter and other filters from literature [30-36]. 

 Frequency 

(GHz) 

FBW 

(%) 

Min. IL 

(dB) 

Technology Size 

(𝝀𝒈
𝟑 ) 

No. 

Layers 

[30] 1.9 84.2 <1 PCB RO4003C, 휀𝑟 = 3.38 4.465 × 10−4 3 

[31] 1.5 40 <1 LTCC, 휀𝑟 = 7.8 1.2 × 10−4 15 

[32] 5 46.8 1 LTCC, 휀𝑟 = 5.9 1.74 × 10−3 3 

[33] 4.3 44.2 1.1 LTCC, 휀𝑟 = 5.9 3.1 × 10−3 4 

[34] 3.6 >65 <1.7 LTCC, 휀𝑟 = 5.9 3.6 × 10−4 4 

[35] 1.2 41.7 1.7 max LTCC, 휀𝑟 = 9.2 4.4 × 10−5 8 

[36] 1.25 120 <0.7 LCP 6.8 × 10−6 6 

This 

Work 

1.37 46.7 0.44 LTCC, 휀𝑟 = 7.8 1.1 × 10−5 7 

 

3.2.1 General Comments on the Measured Results 

     It has been observed that there’s a discrepancy between some of the measured results – especially 

those for the individually fabricated embedded passives and the filters designed in Chapter 4 – and the 

simulated ones. Those discrepancies were expected as mentioned in Section 2.2.6. Due to the fact that 

these differences are common in most of the fabricated structures, this section is dedicated to explaining 

the possible reasons behind such differences instead of redundantly repeating them in different parts of 

the thesis.  

It’s quite important to understand the reasons behind such differences so that they can be avoided (if 

possible) during the next fabrication run. 
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 Line width 

     By having a look over the measured results of the separate embedded components (see Section 3.1) 

one can observe that the inductance, capacitance and Q-factor values are significantly different from the 

simulated ones. For the inductors, it was found that most of them have higher than expected inductance 

and thus lower than expected Q-factor. The increased inductance is due to the fact that many of the 

fabricated line widths were narrower than their expected theoretical values (i.e. 100 μm) since the laser 

ablation machine did etch extra parts of the printed silver paste and this lead to the realization of very thin 

line widths as can be seen in Fig. 3.43a. Measuring some of the line widths under the electron 

microscope, it was found that they were reduced to 80 μm and sometimes even to 50 μm. This error was 

repeated in many of the fabricated structures. This is only what can be seen on the top layer, which means 

that it may be also existing on the underlying substrate layers. This increased inductance resulted in the 

reduction of the Q-factor of the fabricated inductors because of the increased ohmic losses. However, 

there still exist other reasons behind the reduced Q-factor and they are mentioned next.  

     The increased inductance explains why some fabricated filters have measured responses shifted back 

in frequency relative to the simulated ones. This can be because of their resonator’s inductor having 

higher than expected inductance. It’s worth mentioning that there exist many other reasons responsible for 

frequency shifts, but increased resonator’s inductor (or capacitor) value is one of the most important 

reasons. 

     For the wideband filter (Chapter 3), the increased inductance of the 3.5 turn CMHI coupling inductor 

(see Fig. 3.34b) lead to the reduction in the bandwidth of the wideband filter because of the lower 

transmitted energy between both filter’s resonators, due to the increased IL in the inductor structure. 

     For a capacitor, increased line inductance represents an increase in the parasitic inductance and thus 

reduced effective capacitance, SRF and Q-factor. 
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Next fabrication run the printed silver paste will have a wider – than the theoretical – line width so that 

when the laser ablation machine etches the printed paste, the line width can be adjusted to the theoretical 

100 μm value. 

 Surface roughness 

     Fig. 3.43b shows a micrograph of the printed silver paste. It can be observed that the silver paste is 

porous and there are lots of empty spots where there’s actually no silver paste present. The increased 

roughness of the silver surface means increased metal resistivity and thus reduced conductivity which 

resulted in higher losses and lower Q-factors for most of the fabricated structures. This is another 

significant reason behind the reduced Q-factors of the fabricated inductors and capacitors. It also affected 

the IL of the fabricated filters (Chapters 3 and 4).  

     Another problem with silver, in general, is the oxidization of the top layer when the fabricated circuits 

are left in air for few days. What happens is that an extra thin high resistance oxide layer is formed on top 

of the silver and this increases the resistivity of the silver and thus affects the measured performance of 

the circuits. This problem can be solved by using gold on the top layer. 

 Loss tangent 

     The loss tangent of the substrate was higher (≅ 0.006) than the theoretical value used in simulations (≅

 0.0015) and this caused more losses and thus reduced Q-factors for most of the fabricated passives 

(especially the inductors). It also affected – to some extent – the IL of the fabricated filters. 

 Line spacing 

     One of the factors that significantly affected the bandwidths of the fabricated filters in Chapter 4 is the 

line spacing. Due to the fact that the laser ablation machine etched more silver paste than it should do, the 

realized gaps between the silver lines (for the coupled inductors) were wider than they should be 

(measured to be almost in the range of 70 to 90 μm for some structures as opposed to a theoretically 

expected value of 50 μm). This is presented in Fig. 3.43c. Wider gaps mean lower coupling coefficients 
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between the coupled inductors (see Fig. 3.32 c and d) and accordingly the filter’s resonators. This can 

directly cause reduced bandwidths and increased IL for the filters.  

     It’s also worth mentioning that the line widths of some inductors were not uniform. Fig. 3.43d shows 

two coupled inductors (it’s a zoomed-in version) where the upper line of the first inductor is wider than 

the lower line of the second inductor. This means that the inductance of the upper inductor is slightly 

lower than that of the lower inductor. Based on the fact that the coupling coefficient between any two 

inductors is affected by the inductance of both inductors and the coupling gap between them, then this 

phenomenon can easily affect the coupling coefficient and thus the bandwidth and IL of the filter. 

 Layer thickness and Dielectric constant 

     For the capacitors having higher than expected capacitance (See Section 3.1.2.2), one of the possible 

reasons behind this can be the thinner than expected layer thickness (around 90 μm, it was measured 

under an electron microscope) compared to the theoretical value of 100 μm or the slightly higher than 

expected dielectric constant (see Section 2.2.6.2).  The increased capacitance can have many different 

effects depending on the location of the capacitor in the filtering structure. For the input/output capacitor, 

increased capacitance shifts the frequency response back and increase its IL, and this is what happened in 

the filters designed in Chapter 4 (especially for the lower band). Moreover, as previously mentioned, 

increased resonator’s capacitor value shifts the filter’s response back in frequency as well. For an IDC 

and an MIDC, it was found that the measured capacitances are lower than that of the simulated ones and 

this lead to slower roll-off factors (for the lower and upper edges) for the filters designed in Chapter 4.  

     The variation in the thickness of the substrate layers can’t be compensated for by the design duplicates 

technique like other horizontally etched features. It’s a random process that can’t be precisely controlled 

like other silver finely printed features. It’s based on the fabrication steps followed to realize the circuit 

such as the lamination and co-firing (see Section 2.2.2).  
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 General Errors 

     Figs. 3.43 e and f show some random errors that appeared on some of the fabricated structures, like 

extra silver paste that overflowed and changed the shaped of the structure (Fig. 3.43e) or curly lines that 

affected the measured capacitance of some structures (Fig. 3.43f). The problem is that some of these 

errors were also seen on other layers using an X-ray machine, so even if they are fixed on the top layer, 

they still exist on other substrate layers and can affect the measured performance of the device. 

 

 Concluding Remark 

     It has to be noted that not always the measured performance of the individually fabricated passives 

gives an insight about the performance of the fabricated filter. This is due to the fact that many of the 

errors encountered in those fabricated passives were not actually present in the complete fabricated filter 

structure and vice versa (Fig. 3.43e). This means that the measured result for an individually fabricated 

passive can sometimes be misleading and cannot always reflect on the performance of the filter. Some of 

the measured responses for the fabricated filters were actually very good, however the performances of 

the individually fabricated passives were messed up because of few errors (like the ones mentioned 

above) only encountered in those structures – and not in the filter itself – and thus their measured values 

can’t help in understanding the reason behind any discrepancies in the measured filter response.  
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(a) (b) 

  

(c) (d) 

  

(e) (f) 

Fig. 3.43 – (a) Narrower lines. (b) Surface roughness. (c) Larger spacing between lines. (d) Non-

uniform linewidths. (e) Overflowed silver paste. (f) Curly lines. 
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Fig. 3.44 –A general picture of most of the fabricated circuits. 

3.3 Summary 

     This chapter has presented the design of a novel highly miniaturized wideband filter fully embedded in 

an LTCC substrate. The filter was designed to cover the entire GNSS frequency band with a FBW of 

about 50%. The design process of an LTCC bandpass filter was thoroughly investigated. The embedded 

passives component library was studied in details, where various components were compared in terms of 

specific performance measures. The designed filter was simulated, fabricated and measured. The 

measured results showed excellent agreement with the simulated ones. Any discrepancies between the 
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results were highlighted and explained. The next chapter studies the design of the dual band filter fully 

embedded in an LTCC substrate. 
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Chapter 4 

Dual Band GNSS Filter in LTCC Technology 

     This chapter presents the design of a novel highly miniaturized dual band filter covering the lower and 

upper GNSS L-bands. It was already explained before, in Chapter 1, that this filter will be situated at the 

end of the front-end receiver chain to reduce the overall NF of the system (see Fig. 1.4). It is mainly 

responsible for selecting the lower and upper GNSS L-band signals and rejecting any unwanted 

intermediate signals for further digital signal processing purposes.  

     One of the challenges in designing this filter is the fact that both, the lower and upper GNSS bands, are 

relatively close to each other (i.e. about 300 MHz separation only) and they have different FBWs (almost 

12% and 4% for the lower and upper bands, respectively). Therefore, a dual band filter with flexibility in 

changing the center frequency of any of the bands with minimal effect on the other was targeted. 

Moreover, the IL of this filter need to be kept as low as possible to reduce the overall NF of the system, 

however its effect is not as strong as earlier devices in the chain. Needless to say that the overall size of 

the filter should be kept small to maintain the miniaturized size of the complete FEM. It’s worth 

mentioning as well that the filter should adopt strong rejection in between the lower and upper GNSS 

bands to block any unwanted signals.  

     The design process followed here is very similar to the one previously followed for the design of the 

wideband filter in Chapter 3 (see Fig. 3.2). First of all, an ideal filter topology has to be selected to realize 

the required specifications. The selected filter topology is the one depicted in Fig. 4.1 [39]. The ideal 

component values can be found in Table 4.1. Afterwards, the values (i.e. dimensions) of the embedded 

passives component library, which was already built in Chapter 3 (see Section 3.1), will be updated to 

match the newly calculated ideal component values of the dual band filter circuit schematic. Then the 

complete filter is assembled, EM simulated and further optimized. Finally, the filter and its individual 

embedded components are fabricated and the measured results are compared to the simulated ones. 
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Table 4.1 – Ideal components’ values. 

Component Ideal Value 

𝐶𝑖𝑛 and 𝐶𝑜𝑢𝑡 4 pF 

𝐿𝑟 4.2 nH 

𝐶𝑟 2.9 pF 

𝐶𝑓 2.3 pF 

𝐿𝑔 1 nH 

𝐿𝑎 7.3 nH 

𝐿𝑐 6.8 nH 

𝐶𝑐 2.5 nH 

𝐾 0.42 
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(a) (b) 

 

(c) 

Fig. 4.1 – Selected dual band filter topology (a) Upper band filtering section. (b) Lower band 

filtering section. (c) Complete dual band filter. 

     However, due to the fact that a dual band filter has a more complex structure than the wideband filter 

already designed in Chapter 3, then if the initial valued embedded passives are directly assembled 

together to build the complete filter, one will get a response which is completely different from the 

expected ideally simulated one. That’s mainly due to unwanted parasitic couplings arising between the 

various embedded components that are densely populated in a very small volume. This could easily affect 

the performance of either the upper band or lower band. Extensive EM simulations will be required to 

tune the filter’s response to match the expected one. This will lead to an elongated design cycle, because 
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of the relatively long time each EM simulation requires and the large number of variables that need to be 

simultaneously optimized. Therefore, the well-known “divide and conquer” methodology will be applied 

for the design of this dual band filter in order to reduce the time required to tune the final assembled filter 

and thus lead to a more efficient design cycle. This methodology will be explained, in details, in this 

chapter. Applying this methodology to the design of this dual band filter classifies our work as being 

novel. 

     This chapter starts by explaining the basics of the selected dual band filter topology. Then, it discusses 

the new methodology applied to reduce the design time required for the design of this filter. It will then 

show the two separately designed filters, where one is designed to cover the lower GNSS band and 

another one is designed to cover the upper GNSS band. The required embedded passives will be quickly 

re-designed to match the new design values for each filtering section at a time. Afterwards, the separately 

designed filtering sections will be assembled together to form the complete dual band filter. The results 

from the EM simulations and measurements of this filter will be presented and investigated.  

4.1 Dual Band Filter Topology 

     The selected dual band filter topology depicted in Fig. 4.1 is mainly based on the circuit developed in 

[39], however the main difference will be in the way it’s designed as mentioned before (i.e. divide and 

conquer technique). The adopted filter topology consists of two major parts: 

 Lower band filtering section 

     The lower band filtering section shown in Fig. 4.1b is the same as the one used for the design of the 

wideband filter in Chapter 3 with only one difference, namely the coupling technique employed to couple 

the energy between both resonators. The coupling technique used in this filter is the multi-layered edge 

coupling technique, which is more suited for narrow band filters (see Sections 3.1.4 and 4.3 for more 

details). This filtering section is denoted by S2, as can be seen on the same figure. The design of this filter 

is based on the derived design equations in [18, 19]. The function of each component was previously 

explained in Chapter 3. 



 

102 

 

 Upper band filtering section 

     The upper band filtering section shown in Fig. 4.1a consists of two serially connected shunt resonators 

(𝐿𝑐 parallel to 𝐶𝑐) and an intermediate grounded inductor 𝐿𝑎. This filtering section is denoted by S1, for 

simplicity.  

     The two shunt resonators are designed to resonate at the lower band frequency so that they would act 

as open-circuits at this specific frequency (refer to eq. 3.1). Therefore, S1 theoretically won’t affect the 

performance of S2 when they connected together as depicted in Fig. 4.1c. The upper band resonance is 

mainly created by the grounded inductor 𝐿𝑎.  

     Therefore, based on Fig. 4.1c, at the lower band resonance frequency S2 will be responsible for 

creating this resonance and S1 will be theoretically open-circuited. On the other hand, at the upper band 

resonance frequency S1 will create this resonance with theoretically no contribution from S2 (i.e. S2 has 

no significant transmission at this frequency). Therefore, both S1 and S2 are theoretically independent of 

each other. The design equations for S1 in terms of other circuit parameters were previously derived in 

[39]. The circuit simulated response on ADS®, for this filter, is shown in Fig. 4.2.  

 

 

Fig. 4.2 – A circuit simulated dual band filter response on ADS®. 
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4.2 Design Methodology Overview 

     The design methodology adopted here depends on the “divide and conquer” way of solving problems. 

This means that the problem is initially divided into smaller and simpler parts, where each part is first 

solved independently and then the solutions from all different parts are combined together to finally find a 

solution for the complete problem. Through applying this concept to the design process of the dual band 

LTCC filter, one could start by designing for the lower and upper GNSS frequency bands independently 

(i.e. smaller problems with smaller number of variables) and then the separately optimized designs would 

be integrated together to form the complete filter. Afterwards, the filter is finely tuned (i.e. minor tuning) 

to compensate for any unwanted interactions between both filtering sections (i.e. lower and upper band 

sections). This process is explained in the flow chart shown in Fig. 4.3.  

 

 

Fig. 4.3 – A flowchart explaining the adopted design methodology. 

     This concept was made possible based on the fact that the chosen dual band filter topology can be 

divided into two ideally almost independent filtering sections. One for the lower band and another one for 

the upper band as explained in the previous section, where both filtering sections should theoretically 

have minimal to no effect on each other. The main benefit of utilizing this design methodology, is the 

reduced design time of the complete filter.  
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     Through adopting this design methodology, predicting the source of error in the final filter design is 

made easier. Due to the fact that both filtering sections are separately designed and optimized, then it’s 

evident that any errors (i.e. frequency shifts, higher IL, change in BW, for example) in the finally 

simulated filter response are mainly because of the parasitic interactions between both sections and not 

because of specific errors in any of them.  If this design methodology wasn’t applied and an error was 

encountered in the final filter design, then one would need to run extensive number of EM simulations to 

compensate for the error in the final response of the complete filter, when the error can basically be in any 

of the separate filters. This would lead to an elongated design cycle and at the end one might not be able 

to solve the problem, since the source of the problem wasn’t accurately known beforehand. 

Note: All the simulated inductance, capacitance and Q-factor values are chosen at 1.23 GHz, which is 

considered to be the center frequency of the lower GNSS L-band [1]. 

4.3 Lower GNSS Band Filter Design  

     According to the flow chart shown above in Fig. 4.3, the design process starts by designing a filter that 

conveniently covers the lower GNSS band. The filter topology that served this purpose was the 2nd order 

inductively coupled resonators filter that was already used for designing the wideband filter in Chapter 3. 

This topology was chosen owing to its small number of components and thus design variables (i.e. 2nd 

order topology, and thus two resonators only) and therefore relatively faster optimization process if 

compared to higher order topologies (i.e. higher number of resonators). The main differences between this 

filter and the wideband one is the bandwidth requirements along with the operating frequency. The 

wideband filter was designed to cover a 3-dB FBW of almost 50% at a center frequency of 1.385 GHz. 

However, this narrower band filter is designed to cover a 3-dB FBW of about 12% only at a center 

frequency of about 1.23 GHz. Therefore, this will definitely affect the coupling mechanism adopted to 

couple the energy between both filter’s inductors and thus resonators.  

     As previously mentioned (see Section 3.1.4), wide bandwidths can be readily realized by increasing 

the coupling coefficient between both filter’s resonators. Whereas, narrow bandwidths only need small 
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amount of energy to be coupled between the resonators. Different coupling mechanisms were previously 

investigated and compared in terms of their effectively achievable coupling coefficients. It was shown 

that narrow bandwidths could sufficiently depend on mutual edge coupling between the resonators’ 

inductors. While wide bandwidths could be realized by connecting both resonators by an inductor (i.e. 

direct coupling technique). For this filter, the former technique was used to achieve the required relatively 

narrow bandwidth. The final realized filter is depicted in Fig. 4.4. The final dimensions of the filter core 

(i.e. without the RF probe pads) are very small at such a low RF frequency which makes this filter one of 

the smallest filters designed to cover the lower GNSS frequency band, according to the author’s best 

knowledge [20-21, 25, 28, 37, 45-46]. 
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(a) (b) 

 

 

(c) (d) 

Fig. 4.4 – Lower GNSS band filter in LTCC technology (a) Designed (Top View). (b) Designed 

(Oblique View). (c) Fabricated (Top View). (d) Expanded filter (Top View). 

     All embedded passives’ values were based on the previously developed component library in Chapter 

3 (see Section 3.1). The size of the resonators’ inductors was set to a width of 1.35 mm. The gap between 

the resonators’ inductors was adjusted to 50 μm which resulted in a coupling coefficient of about 15.38 

dB (2.9 %) between the inductors. The width of the input/output 4 plate SVID coupling capacitor was 

optimized to be 0.63 mm and this resulted in a final simulated capacitance of 1.45 pF and a Q-factor of 

556.7. An IDC was used as the feedback capacitor, where the gap between the fingers was set to 50 μm 

and it was duplicated on 2 layers (see Fig. 4.4b). This resulted in a simulated capacitance of 0.54 pF and a 

Q-factor of 551.4. The IDC has a lower Q-factor, although it has a smaller capacitance value if compared 
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to the 4 plate SVIDC, because of the narrower lines of its fingers that have higher ohmic losses. The size 

for the resonators’ capacitors was set to 0.75 mm which corresponds to a simulated capacitance of 2.52 

pF and Q-factor of 336.1. It’s obvious that, in general, all capacitors have the potential to achieve very 

high Q-factor values, and this is one of the main advantages of low loss LTCC substrates as explained in 

Chapter 2. 

     The filter was EM simulated and finely tuned to match the expected response in terms of resonance 

frequency and FBW. The fabricated circuit was also measured. Fig. 4.5 presents the simulated and 

measured responses for this filter. This figure shows two responses, one for the filter with the grounding 

via inductor (with a length 𝐿 of 1.3 mm) and another one without the grounding via. As explained before, 

employing a grounding via helps improve the out-of-band rejection and roll-off characteristics near the 

lower and upper passband edges of the filter response – by creating a third transmission zero – at the cost 

of deteriorating the higher frequency rejection (see Section 3.2). Table 4.1 shows the simulated and 

measured IL and the simulated group delay values for some frequency points within the lower GNSS 

frequency band, for both the filters with a grounding via and without.  

     As an example, for the filter with a grounding via, the minimum simulated in-band IL is 1.278 dB at 

1.227 GHz, whereas the minimum measured in-band IL is 2.9 dB at 1.178 GHz. Moreover, the simulated 

3-dB FBW is almost 12% at a center frequency of 1.232 GHz, whereas that for the measured response is 

smaller because of the higher insertion loss (i.e. higher than 3-dB). According to these results, one can 

conclude that this filter can readily cover the lower GNSS with enough bandwidth. This filter was taken 

as an example since it’s the one that’s going to be integrated within the dual band filter. 

     On the other hand, the simulated 3-dB FBW for the filter without the grounding via is about 15.5 % at 

a center frequency of 1.22 GHz, whereas that for the measured response is almost 11% at a center 

frequency of about 1.195 GHz. It’s obvious that the presence of the grounding via reduces the FBW of the 

filter by increasing the roll-off factors at the lower and upper passband edges of the filter’s response. 

Where the simulated lower passband edge roll-off factors for the filters without a grounding via and with 
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a grounding via are 15.68 dB/100 MHz and 18.95 dB/ 100 MHz respectively. For the measured response, 

they are almost 13.74 dB/100 MHz and 15.4 dB/100 MHz respectively. For the upper passband edge, the 

simulated roll-off factors are 15.8 dB/ 100 MHz and 17.87 dB/ 100 MHz respectively. For the measured 

response, they are 15 dB/ 100 MHz and 15.17 dB/100 MHz respectively. This effect was not obviously 

manifested in the case of the wideband filter in Chapter 3 because of its relatively wider bandwidth. It can 

be noticed that both filters (with and without a grounding via) have low simulated and measured IL values 

especially at such narrow bandwidths. 

     From these results it can be observed that the measured and simulated responses are coinciding to a big 

extent except for a slight frequency shift, where the measured response is shifted back in frequency 

relative to the simulated response with a maximum of 49 MHz shift. Moreover, the IL for the measured 

response is higher (about 1.5 dB higher) than that of the simulated response. The roll-off factors (lower 

and upper passband edges) for the measured response are lower than that of the simulated response. Also, 

the measured bandwidths are relatively smaller than that of the simulated ones. The reasons behind such 

discrepancies were explained in Section 3.2.1. Table 4.2 compares the performance of this filter to other 

filters from literature. This comparison shows how this filter can achieve relatively good performance at 

small dimensions if compared to other available filters. 
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(a) (b) 

  

(c) (d) 

 

(e) 

Fig. 4.5 – Lower GNSS band filter responses (a) Broadband view (WG). (b) Narrowband view (WG). (c) 

Broadband view (W/OG). (d) Narrowband view (W/OG). (e) Expanded Filter (Narrowband View). 
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Table 4.2 – IL and group delay values at specific lower GNSS band frequency points (M: Measured, 

S: Simulated, WG: With a Grounding via and W/OG:  Without a Grounding via) 

Frequency [GHz] 1.16  1.23  1.3  

IL value [dB] WG/S 2.99 1.27 2.62 

IL value [dB] WG/M ≈5.36  ≈4 ≈10.24 

IL value [dB] W/OG/S 1.36 1.05 2.05 

IL value [dB] W/OG/M ≈4 ≈2.35 ≈5.31 

Group delay [ns] WG/S 2.52 1.99 2.66 

Group delay [ns] W/OG/S 2.28 1.72 2.47 

 

    Knowing that this filter (with the grounding via) will be, in Section 4.5, expanded to accommodate the 

upper band filtering section, the expanded filter seen in Fig. 4.4d was EM simulated, fabricated and 

measured. The results are depicted in Fig. 4.5e. The feedback capacitor used was the MIDC with an inter-

finger and internal gaps of 50 μm which was previously simulated and measured in Chapter 3 and its 

results were previously discussed (see Section 3.1.2.5). The input/output 4 plate SVID coupling 

capacitors were replaced by a 3 plate SVID coupling capacitors with a width of 0.73 mm.  
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Table 4.2 – Comparison between this filter and other filters from literature [20-21, 25, 28, 37, 45-46]. 

 Frequency 

(GHz) 

FBW 

(%) 

Min. IL 

(dB) 

Lower Roll-

off (dB/100 

MHz) 

Upper Roll-

off (dB/ 100 

MHz) 

Size 

(𝝀𝒈
𝟑 ) 

No. 

Layers 

[20] 1.57 5 2.7 10 16.7 1.5 × 10−5 4 

[21] 2.5 15 1 7.7 12.5 5.64 × 10−5 4 

[25] 2.44 14 1.7 10 2.1 4.69 × 10−5 10 

[28] 2.44 6 2.8 13.8 8 4.7 × 10−5 8 

[37] 2.45 15 2.2 20 4 16 × 10−5 3 

[45] 2.4 8 2.3 11.25 2 1.45 × 10−5 4 

[46] 3.5 21 2.7 5 1.6 NA NA 

This 

Work 

WG 

1.2 NA 2.9 15.4 15.17 0.48 × 10−5 7 

This 

Work 

W/OG 

1.23 11 2.35 13.74 15 0.48 × 10−5 7 

 

     Both filters’ responses (normal and expanded) are quite similar, with the main difference being the 

relatively faster roll-off (for the expanded one), because of the increased feedback capacitance achieved 

using the MIDC topology explained before (0.96 pF for MIDC versus 0.54 pF for an IDC, simulated 

values). The simulated lower passband edge roll-off factors for the expanded and the normal filters are 

20.49 dB/ 100 MHz and 18.95 dB/ 100 MHz respectively. Whereas for the upper passband edge, the roll-

off factors are 22.43 dB/ 100 MHz and 17.87 dB/ 100 MHz respectively. The measured lower passband 

edge roll-off factor, for this expanded filter, is 17.79 dB/100 MHz, whereas that for the upper passband 
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edge is 14.5 dB/100 MHz. The simulated 3-dB FBW, for this expanded filter, is 11.67 % at a center 

frequency of 1.232 GHz, whereas the measured 3-dB FBW is smaller because of the increased IL (i.e. 

higher than 3-dB) and higher roll-off factors. 

     Fig. 4.6 shows the simulated surface currents in the expanded filter (with the grounding via) at two 

distinct frequencies, namely 1.23 GHz (lower GNSS center frequency) and 1.585 GHz (upper GNSS 

center frequency). This figure implies that there exists strong resonance with significant inter-resonators’ 

coupling at the first frequency whereas much weaker surface currents exist at the second frequency (i.e. 

minimal transmission occurs). This implies that this designed filter shouldn’t have a significant effect on 

the upper band filtering section when they are integrated together as will be seen later. 

  

(a) (b) 

Fig. 4.6 – Simulated surface current distributions at (a) 1.23 GHz. (b) 1.585 GHz. 

4.4 Upper GNSS Band Filter Design  

     After successfully designing for the lower GNSS band, the next step will be the design of the upper 

band filtering section. According to the circuit schematic of the adopted filter topology (see Fig. 4.1), the 

upper band can be realized by two serially connected shunt resonators and a grounded inductor in 

between as can be seen in Fig. 4.7. The resonators are adjusted to resonate at the lower GNSS center 

frequency (i.e. 1.23 GHz) so that the upper band filter would have minimal effect on the performance of 

the lower band filter when both filters are integrated together.  

     Each resonator (since they are symmetrical) was first separately designed. The optimized width of the 

resonator’s inductor (1.5 turn SMHI) was set to 1.53 mm. The optimized width of the resonator’s 

capacitor (4 plate SVIDC) was set to 1 mm. A 2.5 turn SMHI, with a width of 0.515 mm, was designed to 
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realize the grounded inductor responsible for the creation of the upper band resonance. The final 

simulated and measured responses are both presented in Fig. 4.8a. The slight frequency back shifts and 

difference in IL between the simulated and measured responses can be attributed to the reasons explained 

in Section 3.2.1. It can be noticed that there’s good simulated lower band rejection with a 20-dB FBW of 

about 14 % at a center frequency of 1.23 GHz. Whereas the measured 20-dB FBW is about 12.8% at a 

center frequency of 1.175 GHz. Table 4.3 shows the simulated and measured IL values for some 

frequency points in the upper GNSS band frequency range. 

  

(a) (b) 

 

(c) 

Fig. 4.7 – Upper GNSS band filter in LTCC technology (a) Designed (Top View). (b) Designed 

(Oblique View). (c) Fabricated (Top View). 
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(a) (b) 

  

(c) (d) 

Fig. 4.8 – Upper GNSS band filter responses (a) Simulated versus measured (Broadband View). (b) 

Simulated versus measured (Narrowband View). (c) With varying grounding inductor 𝐿𝑢 value. (d) With 

varying resonator’s capacitor 𝐶𝑟𝑙  value (plate width). 

 

Table 4.3 – IL values at specific upper GNSS band frequency points (M: Measured, S: Simulated) 

Frequency [GHz] 1.56  1.585 1.61 

IL value [dB] S 1.16 1 1.03 

IL value [dB] M ≈0.83  ≈0.84 ≈0.9 
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     Fig. 4.9 shows the simulated surface currents for this filtering section at the lower and upper GNSS 

band center frequencies respectively. It’s clear that for the lower frequency band the first shunt resonator 

effectively resonates (i.e. acts as an open circuit) and thus nearly no transmission occurs at this frequency. 

Moreover, no significant surface currents exist on the grounding inductor for this frequency, as expected. 

On the other hand, for the upper frequency band the surface currents are mainly concentrated on the 

grounding inductor which is responsible for creating the upper band resonance. Although it might seem 

that there’s complete rejection at the lower band frequency, it’s in fact not the case. Even weak currents 

making their way through this filtering structure will still affect the overall response of the dual band filter 

as will be seen in the next section. 

  

(a) (b) 

Fig. 4.9 – Simulated surface current distributions at (a) 1.23 GHz. (b) 1.585 GHz. 

    Fig. 4.8c shows the effect of changing the value of the grounding inductor on the location of the upper 

band resonance. It can be noticed that increasing the size of the inductor (and thus its value) results in 

down shifting of the center frequency of the upper band resonance and increasing its IL. The effect on the 

lower band resonance is mainly reducing the rejection FBW. 

     A similar behavior can be seen in Fig. 4.8d when the size of the resonator’s capacitor is changed. 

Changing the size of the capacitor (and thus its value) will affect both the lower and upper bands. This 

capacitor, along with the resonator’s inductor, sets the resonance frequency of the resonators which 

should match that of the lower band. Therefore, changing the value of the capacitor without adjusting the 

value of the inductor to compensate for this change will result in affecting the lower band resonance and 

accordingly, affecting the expected lower band response in the complete dual band filter. As the value of 



 

116 

 

the capacitor increases (i.e. larger plate width) this shifts the lower and upper band resonances down in 

frequency. It also lowers the upper band’s IL (opposite to the effect of the grounded inductor). Moreover, 

this results in a reduction in the rejection bandwidth of the lower band resonance and shift in its center 

frequency. A similar behavior is expected to happen with changing the value of the resonator’s inductor, 

however this is not included here for brevity. Understanding the effect of each component in the filter on 

the filter’s response helps save time when optimization is being done for the complete filter. 

4.5 Combined Dual Band Filter Design  

     After designing for both the lower and upper bands one could now move to the next step which is the 

assembly of the complete dual band filter. The complete filter is depicted in Fig. 4.10. The sections for 

both the lower and upper bands were placed on two different sides of the center line (i.e. MIDC) to reduce 

the unwanted parasitic couplings between them and thus reduce the effect of each one on the other, which 

would simplify the optimization process.  

     The grounding inductor of the upper band filter was placed underneath the MIDC to save more space 

and achieve more size miniaturization. The size of the inductor and capacitor for the upper band 

resonators were kept the same as before. The grounding inductor, for the upper band, was replaced by a 3 

turns SMHI instead of the 2.5 turns previously used. Fine tuning was then done to match the expected 

response. However, due to the fact that each filter was previously designed to match the required 

specifications for each band, much less time was required for the final tuning process as expected.  

     The final response can be seen in Fig. 4.11. It’s obvious that there’s considerable frequency back shift 

between the measured and simulated responses and this can be explained based on the reasons mentioned 

in Section 3.2.1. It can also be observed that the measured IL for the lower band is much higher than that 

of the simulated response and this can be attributed to the lower than expected coupling coefficient of the 

fabricated coupled inductors if compared to the simulated one (refer to Sections 3.1.4 and 3.2.1). 
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(a) (b) 

  

(c) (d) 

Fig. 4.10 – Dual Band filter in LTCC technology (a) Designed (Top View). (b) Designed (Oblique 

View). (c) Fabricated (Top View). (d) Designed with rotated grounding inductor (Top View). 
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(a) (b) 

  

(c) (d) 

Fig. 4.11 – Dual Band filter responses (a) Simulated versus measured (Broadband View). (b) Simulated 

versus measured (Narrowband View). (c) Simulated versus Measured for the filter with rotated inductor. 

(d) Simulated response for varying coupling gaps. 

 

     The simulated, lower band, 3-dB FWB is about 7 % at a center frequency of 1.23 GHz. Whereas the 

simulated 3-dB FBW for the upper band is 8 % at a center frequency of 1.62 GHz. The measured FBW 

values are lower than the simulated ones because of the higher measured IL (i.e. higher than 3-dB). 

Therefore, the 3-dB FBW can’t be accurately estimated. The minimum simulated in-band IL for the lower 

band is 1.85 dB at 1.22 GHz and that for the upper band is 1.6 dB at 1.61 GHz. On the other hand, the 
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minimum measured IL for the lower band is 5 dB at 1.162 GHz and that for the upper band is 3.1 dB at 

1.54 GHz. The simulated and measured roll-off factors at the lower passband edge of the lower band are 

16.1 dB/ 100 MHz and 17.1 dB/100 MHz respectively, and at the upper passband edge of the same band 

are almost 30 dB/ 100 MHz and 23 dB/100 MHz respectively. While, for the lower passband edge of the 

upper band the roll-off factors are about 24.9 dB/ 100 MHz and 13 dB/100 MHz respectively and for the 

upper passband edge are 1.62 dB/ 100 MHz and 1.02 dB/100 MHz respectively (which is quite low 

because of the absence of the third transmission zero). The rejection in between the two bands can reach a 

simulated level of about 60 dB and measured level of 34 dB. It can be noticed that the FBW for the lower 

band is lower than expected. Moreover, the expected third transmission zero after the upper band doesn’t 

exist. The reason behind this can be understood from the simulated surface currents presented next. 

     Fig. 4.12 shows the simulated surface currents on the filter structure at the two distinct frequencies, 

namely the lower GNSS band center frequency (i.e. 1.23 GHz) and the upper GNSS band center 

frequency (i.e. 1.585 GHz). From this figure, one can observe that at 1.23 GHz, the surface currents are 

mainly concentrated on the upper resonators* as expected and strong coupling occurs between the 

inductors of both resonators. Moreover, surface currents also exist on the surface of the lower 

resonators**, since those resonators are supposed to be resonating at the same frequency (i.e. 1.23 GHz). 

However, no transmission occurs between them since at this frequency they effectively act as an open-

circuit as previously explained. It’s worth mentioning that both resonators are now resonating, if 

compared to the previous case of the upper band filter where only one was resonating, the reason behind 

that is the existence of another current path to the second resonator which is the MIDC path.   

 

*Upper resonators: refer to the upper part of the figure, which are the inductively coupled resonators 

responsible for the lower band transmission. 

**Lower resonators: refer to the lower part of the figure, which are the serially connected shunt 

resonators constituting the upper band filtering section. 
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On the other hand, for the 1.585 GHz frequency, the surface currents are strongly concentrated on the 

grounding inductor which is responsible for the creation of the upper band resonance. Very weak 

coupling occurs between the upper resonators, with some transmission occurring between the lower 

resonators as well (refer to the scale on each figure). Moreover, the surface currents on the MIDC are 

getting weaker if compared to the other frequency. 

 

  

(a) (b) 

Fig. 4.12 – Simulated surface current distribution at (a) 1.23 GHz. (b) 1.585 GHz. 

     These simulated results reveal that there exist some weak parasitic currents that shouldn’t be there at 

specific frequencies and that an ideal open-circuit can’t exist in reality. These currents although weak, can 

still influence the performance of the complete dual band filter and that’s actually what happened. It’s 

obvious that the interconnection of both filters (i.e. lower and upper band filters) together, resulted in 

some parasitic interactions which, in turn, resulted in a lower than expected FBW for the lower band and 

the absence of the third transmission zero after the upper band.  

     To help better understand the effect of such parasitic couplings between both filtering sections, the 

same filter was simulated and measured, however this time the grounding inductor was rotated outwards 

(see Fig. 4.10d) to try to reduce the coupling between both filtering sections. The simulated results can be 

seen in Fig. 4.11c. It’s clear that there are some differences between both responses especially in the 

rejection level in between both bands and the bandwidth of the lower band. This can be explained based 

on the fact that the interaction between the grounding inductor and the MIDC actually resulted in a lower 
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than expected inductance value for the grounding inductor and thus lower rejection in between both 

bands. In other words, the stored E-fields of the MIDC affected the stored H-fields of the grounding 

inductor and resulted in a reduced effective inductance or vice versa. 

     Therefore, one can also understand that other unexpected parasitic interactions between both filters 

caused the absence of the third transmission and affected the lower band FBW to some extent. Normally, 

that’s the trade-off one has to put in mind when designing highly compact structures in LTCC, which is 

performance versus miniaturization. Some methods can be used to reduce the couplings between different 

parts of the filter and thus improve the overall response, such as placing air cavities in places where 

maximum interference is expected, however this will increase the complexity of the designed structure 

and accordingly raise its fabrication costs. According to our best knowledge, there have not been much 

research on the topic of dual band filters for GNSS bands. Comparing this filter with the filters from [40, 

41] one could see that our filter has relatively good performance with much smaller dimensions than those 

two filters. No comparison table was made for this filter, since a lot of the information about those two 

filters were missing, such as their size and FBWs. Also we were not able to estimate the value of the 3-dB 

FBW of our filter because of the increased IL. We are hoping to improve the IL and FBW of our filter in 

the next fabrication run. Our filter also has relatively good performance if compared to the WLAN filter 

in [42]. 

     Generally, the reduced lower band FBW can be compensated for by increasing the coupling coefficient 

between the resonators’ inductors and this can be done by reducing the coupling gap as explained before. 

Fig. 4.11d shows the effect of reducing the gap width on the simulated performance. It can be noticed that 

the FBW increases for smaller gaps (but the intermediate rejection deteriorates on the other hand). 

However, due to the fact that the narrower the gap, the harder the fabrication process, we chose to keep 

the 50 μm gap width.  
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4.6 Summary 

     This chapter presented the design of a novel miniaturized dual band filter fully embedded in an LTCC 

substrate. The filter was designed to cover both GNSS lower and upper frequency bands with very good 

inter band rejection and selectivity. The well-known “divide and conquer” design methodology was 

employed to help save time during the design and optimization processes of the filter. Various filtering 

structures were designed, simulated, fabricated and tested. The measured results showed good agreement 

with the simulated ones. Any discrepancies were explained based on the reasons mentioned earlier in the 

previous chapter. The next chapter will investigate the performance of the two selected commercial 

LNAs. 
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Chapter 5 

RF Front-End Performance 

     This chapter investigates the preliminary performance of the co-simulated GNSS RF FEM. For this 

purpose, two commercial LNAs were selected from well-known manufacturers (Skyworks® and 

TriQuint®) to be integrated with the fabricated filters to form the complete RF FEM. The first one has a 

bypass capability while the other one doesn’t have this capability. The LTCC layouts for both LNAs are 

fabricated. The LNAs along with other SMT matching and biasing components are attached to the layouts 

and the performance of the hybrid LNAs is assessed. Then the measured results for the designed filters 

and LNAs are co-simulated together to get an idea of the preliminary system performance. Overall, the 

results are promising and positively encouraging.  

5.1 Filters Integration 

     The simulated and measured results from both filters are combined together in ADS® using the co-

simulation approach. The resulting response can be seen in Fig. 5.1. From this figure, one can observe 

that connecting both filters together efficiently made use of the advantages of each filter. This can be seen 

in the out-of-band rejection properties of the final response. The addition of the wideband filter had the 

effect of improving the lower out-of-band rejection even more than before and the same also happened 

with the upper band rejection where now one can see a third transmission zero after the upper band 

resonance which improved the upper edge roll-off factor of the upper band of the final response. 

Moreover, the rejection in between the two bands is still as strong as it already was, thanks to the dual 

band filter with its strong intermediate band rejection. The only trade-off for this improved performance is 

the added IL because of cascading both filtering structures together. It’s obvious, as well, that the 

measured response is shifted back in frequency with respect to the simulated one and this was already 

explained in Chapter 3. 
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Fig. 5.1 – Co-simulated performance of both filters (Red: EM Simulated, Blue: Measured). 

5.2 LNA Performance 

     Two commercial highly performing LNAs were selected to provide the required low noise 

amplification of the extremely weak GNSS signals and improve the overall NF of the entire FEM (see 

Section 1.4). The first LNA is characterized by having ultra-low noise figure in the frequency range of 1 

to 2 GHz. It was selected from Skyworks®. The key features for this LNA are tabulated in Table 5.1. The 

second LNA was selected from TriQuint®. It has the added advantage of being able to work in a bypass 

mode. This means that it can simply bypass the output signal from the first LNA without amplifying it. In 

this case it’s only working as a passive device with loss. This becomes useful when an out-of-band high 

power signal (i.e. interferer) makes its way through the wideband filter to the first LNA, this signal 

shouldn’t be amplified, anymore, to avoid affecting the performance of the complete system by impacting 

the receiver’s dynamic range properties, which can in turn affect its detection and receiving capabilities. 

The key features for this second LNA are tabulated in Table 5.2. In general, both LNAs have desirably 

low NF and high amplification gain values in the frequency range of interest. Moreover, they have small 
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foot prints which makes them suitable for integration with the designed filters to build a miniaturized 

FEM. They also have very good linearity characteristics (i.e. OIP1 and OIP3, see attached datasheets for 

more details). 

Table 5.1 – Key features for the first LNA (Skyworks® SKY67151_396LF). 

𝐅𝐫𝐞𝐪𝐮𝐞𝐧𝐜𝐲 𝐫𝐚𝐧𝐠𝐞 0.7 − 3.8 GHz 

𝐄𝐕 𝐍𝐅 0.25 dB @ 849 MHz & 0.35 dB @ 1850 MHz 

𝐆𝐚𝐢𝐧 ≈ 26 dB 

𝐎𝐈𝐏𝟑 >  +34 dBm over 0.7 − 3.8 GHz 

𝐒𝐮𝐩𝐩𝐥𝐲 𝐂𝐮𝐫𝐫𝐞𝐧𝐭 30 − 100 mA 

𝐁𝐢𝐚𝐬 𝐯𝐨𝐥𝐭𝐚𝐠𝐞 3 − 5 V 

𝐒𝐢𝐳𝐞 2X2 mm2 

 

Table 5.2 – Key features for the second LNA with bypassing capability (TriQuint® TQL9042). 

𝐅𝐫𝐞𝐪𝐮𝐞𝐧𝐜𝐲 𝐫𝐚𝐧𝐠𝐞 0.5 − 2 GHz 

𝐄𝐕 𝐍𝐅 0.42 dB @ 900 MHz  

𝐆𝐚𝐢𝐧 19 dB 

𝐎𝐈𝐏𝟑 +36 dBm  

𝐒𝐮𝐩𝐩𝐥𝐲 𝐂𝐮𝐫𝐫𝐞𝐧𝐭 70 mA 

𝐁𝐢𝐚𝐬 𝐯𝐨𝐥𝐭𝐚𝐠𝐞 3.3 − 5 V 

𝐒𝐢𝐳𝐞 3X3 mm2 

 

     The designed and fabricated layouts for both LNAs are shown in Fig. 5.3. The input and output ports 

(i.e. RF probe pads) are designed to match all other designed components to simplify the final integration 

process. The DC biasing probe pads were designed to accommodate a 150 𝜇𝑚 pitch probe. The exact 
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values of all the matching, biasing and choking components in Fig. 5.3a and b, for both LNAs, can be 

found in the data sheets on the manufacturers’ websites, refer to the appendix for a brief reference to the 

data sheets. 

     Both fabricated LNAs were measured. The datasheet biasing conditions were applied to both LNAs 

(also see Tables 5.1 and 5.2). The measured results for both LNAs are presented in Fig. 5.4. Through 

comparing these results with those expected from the datasheets, it can be seen that they are both in very 

good agreement with each other. Table 5.3 summarizes some of the measured results for both LNAs. The 

gain and NF values at the center frequencies of the lower and upper GNSS bands along with the 

maximum and minimum achievable gain and NF, respectively, are listed in this table. It’s worth 

mentioning that for the TriQuint® bypass mode, there’s actually no gain, it’s just IL. The Skyworks® 

LNA exhibits quite good performance in terms of both measured gain and NF. The measured gain for the 

TriQuint® LNA is good as well, however the measured NF, for both the bypass and gain modes, is much 

higher than the expected datasheet values. The increased NF and relatively reduced gain can be attributed 

to some of the reasons previously explained in Section 3.2.1, namely, the narrow line widths and silver’s 

increased resistivity (i.e. increased surface roughness). Moreover, another reason can be the soldered 

lumped components, where soldering itself adds losses because of the lossy soldering paste used. Also, 

the Q-factor of the soldered inductors can greatly influence the measured NF of the amplifier. The used 

noise figure analyzer (with a model number of Keysight® 8975A) can add extra noise because of its 

inaccurate calibration. 

     The measured reverse isolation for both LNAs is almost below the -20 dB level over a broad frequency 

range from 0.1 to 3 GHz. For the bypass mode of the second LNA, the LNA is not functioning anymore 

as an LNA and that’s why there’s actually reverse transmission as strong as the forward transmission (i.e. 

IL). The measured output impedance matching (i.e. return loss) is quite good (i.e. below the -10 dB level) 

especially for the TriQuint® (gain mode) where a broadband matching between 0.2 and 3 GHz is 
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observed. Similar behavior was observed for the input matching, however with a smaller 10-dB matched 

bandwidth for both LNAs. 

     The measured results from the LNAs and the filters were co-simulated together on ADS® and the gain 

result is depicted in Fig. 5.4f. The gain was plotted twice, one time for the gain mode of LNA2 and 

another time for the bypassing mode. The total system gain for the bypassing mode (see Fig. 5.2b) is 

lower than that of the system gain for the gain (LNA) mode (see Fig. 5.2a), as expected. The gain of both 

LNAs compensated for the increased insertion loss of the fabricated filters. The maximum gain value for 

the lower GNSS band is 33.3 dB at 1.148 GHz (gain mode) whereas that for the upper band is 32.8 dB at 

1.59 GHz (gain mode). It is evident that the frequency shifts of the individually fabricated filters affected 

the performance of the final system to some extent.  

 

(a) 

 

(b) 

Fig. 5.2 – System configuration for both states of LNA2 (gain and bypass). 

 

     Table 5.4 summarizes the approximate achievable gain and NF values at the lower and upper GNSS 

band center frequencies, for the overall system.  The NF values were calculated based on eq. 1.1 (NF 
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formula for cascaded systems). The NF for each passive filter was the absolute positive value of its IL, 

whereas the gain (loss in this case) for each filter was the negative IL value. 

 

Table 5.3 – Measured performance of both LNAs. 

 Gain [dB] @ 

1.23 GHz 

Gain [dB]  

@ 1.585 GHz 

Maximum 

Gain [dB]  

NF [dB]  

@ 1.23 GHz 

NF [dB] 

@ 1.585 GHz 

Minimum  

NF [dB]  

Skyworks® 

LNA1 

23 ≅ 20.3 26.86  

@ 0.55 GHz 

≅ 0.25 ≅ 0.58 0.19  

@ 1.22 GHz 

TriQuint® 

(Gain) 

LNA2 

15.98 ≅ 13.8 25.66 @ 0.2 GHz ≅ 0.97 ≅ 1.51 0.91  

@ 1.36 GHz 

TriQuint® 

(Bypass) 

LNA2 

-1.505 -1.84 -1.29 @ 0.7 GHz ≅ 2.4 ≅ 2.5 1.12 

@ 1.1 GHz 
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(a) 

 

(b) 

  

(c) (d) 

Fig. 5.3 – LNA layouts (a) LNA2 designed layout. (b) LNA2 fabricated layout with soldered 

components. (c) LNA1 designed layout. (d) LNA1 fabricated layout with soldered components (The DC 

bias probe pads are marked with colored arrows, where the green arrow refers to a redundant pad 

that’s not connected to any voltage source. All component values can be found in manufacturer’s data 

sheets). 
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(a) (b) 

  

(c) (d) 

  

(e) (f) 

Fig. 5.4 – (a) Measured gain performance for both LNAs. (b) Measured reverse isolation for both LNAs. 

(c) Measured input impedance matching for both LNAs. (d) Measured output impedance matching for 

both LNAs. (e) Measured NF for both LNAs. (f) Co-simulated measured performance of the fabricated 

filters with the LNAs (Red: Gain Mode, Blue: Bypass Mode). 
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Table 5.4 – Co-simulated measured performance of the filters with the LNAs (GM: Gain Mode, BM: 

Bypass Mode). 

Frequency [GHz] 1.23 1.585 

Gain [dB] GM ≅ 27.12  ≅ 32.78 

Gain [dB] BM ≅ 8.36 ≅ 16.77 

NF [dB] GM ≅ 1.4 ≅ 1.19 

NF [dB] BM ≅ 1.69 ≅ 1.29 

 

     The co-simulated gain at both the lower and upper GNSS bands is around 30 dB (27.12 and 32.78 dB 

for the gain mode) which is considered to be a high value for a GNSS front-end. The co-simulated NF, 

although higher than expected, is still acceptable and can be improved by improving the performance of 

each separately fabricated component (i.e. filters and LNAs), and this will be done in the next fabrication 

run. It’s worth mentioning that the simulated NF values, for the complete system, were lower than 0.9 dB. 

     Table 5.5 compares the co-simulated performance, in the gain mode, of this GNSS FEM with other 

commercially available FEMs operating within the GNSS band. The comparison is based on the gain and 

NF values. The size is not compared due to the fact that our FEM is not fully fabricated yet. Also, other 

linearity properties such as the OIP1 and OIP3 can be measured when the complete module gets 

fabricated. From the values in Table 5.5, it can be seen that this developed FEM can potentially achieve 

higher gain and lower NF values if compared to commercially available FEMs. Moreover, it’s worth 

mentioning that this FEM can cover the entire GNSS frequency band (i.e. all available satellites) with the 

added capability of rejecting the intermediate frequencies between the upper and lower L-bands, on the 

other hand, the commercial LNAs can only cover part of the complete frequency band (i.e. the upper L-

band only) with no intermediate rejection notch. The test frequency for the commercial LNAs is 1.575 

GHz, therefore the gain and NF values are compared to the 1.585 GHz test frequency for our FEM. 
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Compared to commercial FEMs, the main limitation with this design would be the size, even if the size of 

the filters was reduced more, the overall FEM size can’t be smaller than the size of the LNAs with the 

matching and feeding components. In other words, we are restricted by the size of the LNAs. For more 

fair comparison, when the complete FEM gets fabricated, the current consumption and voltage biasing 

conditions will have to be compared as well.  

Table 5.5 – Comparison between this developed FEM and commercial FEMs. 

 Frequency (GHz) Gain (dB) NF (dB) 

This FEM 1.16-1.61 ≅ 32.8 ≅ 1.19 

Skyworks®SKY65708-51 1.56-1.61 14.4 1.75 

Skyworks®SKY65702-11 1.56-1.61 13.5 1.8 

JRC®NJG1159PHH 1.56-1.61 16.3 1.77 

Skyworks®SKY65708-11 1.56-1.61 13.9 1.95 

 

5.3 Summary 

     This chapter studied the performance of the complete GNSS RF FEM along with LNAs. Two highly 

performing commercial LNAs were selected for the purpose of being integrated within the RF FEM. The 

layouts for both LNAs were designed, fabricated and tested. The measured gain values agreed quite well 

with the datasheet values, however the NF values were higher than expected and the reasons for such a 

behaviour were highlighted as well. The co-simulation of the LNAs along with the fabricated filters 

showed that the gain provided by the LNAs can effectively compensate for the increased IL of the 

fabricated filters. The complete co-simulated module was able to achieve high gain, low NF and wide 

BW. The NF values for the complete system, although very good, left some room for future 

improvements to reduce these values below the 1 dB limit. This chapter verified that both selected LNAs 

are considered to be good candidates for the realization of a highly performing GNSS RF FEM. The next 

chapter concludes the thesis and suggests some possible future work. 
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Chapter 6 

Conclusions and Future Work 

6.1 Conclusions 

     This thesis has presented the design of miniaturized and highly performing SoP integrated passive 

components and microwave filters, fully embedded in LTCC substrates, targeting a GNSS RF front-end 

application. It also investigated the performance of two commercial LNAs fabricated on LTCC substrates 

for integration within the front-end module. This chapter summarizes the work discussed throughout the 

chapters of this thesis, with an insight on some of the suggested possible future work. 

     An introduction was given in Chapter 1, where the motivations for this work as well as the research 

objectives and challenges met during the design of the components presented in this thesis, were outlined. 

The major contributions of this thesis were also mentioned in the same chapter. Afterwards, the term 

“GNSS” was introduced and explained. The GNSS system topology was then briefly discussed and 

important remarks on the design requirements – for an efficient GNSS front-end system – were 

highlighted as well. Finally, the thesis organization was presented at the end of the chapter. 

     Chapter 2 started by introducing the four major system level integration techniques, namely the SoC, 

MCM, SiP and SoP. The four techniques were compared in terms of their pros and cons. Because of its 

many favorable advantages, the SoP technique was selected for the design of the components in this 

work. Then the available SoP integration media, namely LCP and LTCC, were introduced. A 

comprehensive overview of the adopted LTCC technology was then given. This included an introduction 

to the technology, its fabrication process, measurement and calibration techniques, expected fabrication 

errors and tolerances and finally few of its advantages were outlined as well. 

     The design of the miniaturized wideband GNSS filter was presented in Chapter 3. The chapter started 

by overviewing the circuit topology selected for the design of this filter. The building up of the LTCC 

passive components library followed after. This library consisted of various types of inductors, capacitors 
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and other basic building blocks, such as coupling structures and resonators, required for the design of the 

filters in Chapters 3 and 4. After the library was finalized and the performance (simulated and measured) 

of each individual component was assessed, the complete LTCC filter is then simulated, fabricated and 

measured. This filter employed a direct inductive coupling approach to realize wide bandwidth in a small 

volume. The measured performance of the filter agreed quite well with the simulated data in terms of 

bandwidth, IL, center frequency and out-of-band rejection characteristics. A FBW of about 46.7% was 

observed, with a minimum in-band IL of 0.44 dB. The in-band IL fluctuated around 1 dB in the frequency 

range from 1.16 GHz to 1.61 GHz. Any major differences between the simulated and measured results, 

for this filter or any of the individually fabricated embedded passives, were explained in a separate 

section. This filter is considered to be highly performing in the sense that it provides wideband 

performance at small size, low IL and good out-of-band rejection with only two inductively coupled 

resonators. The filter was also compared to other literarily available wideband filters and it proved to have 

good performance. 

     Chapter 4 then presented the design workflow of the dual band filter targeting the lower and upper 

GNSS bands. Similar to Chapter 3, it started by discussing the adopted filter topology. Afterwards, the 

proposed “divide and conquer” design methodology was explained in details. The methodology was then 

applied to design a dual band filter serving the objectives of this thesis. Two filters were initially designed 

where each one served a unique frequency band. The filter covering the lower GNSS band used a new 

multi-layer edge coupling technique to increase the coupling coefficient between both resonators’ 

inductors (accordingly its bandwidth as well) without increasing the area of the filter. Both filters were 

simulated, fabricated and measured. The measured results showed very good agreement with respect to 

the simulated ones. The complete dual band filter was then simulated, fabricated and measured. 

Generally, the measured results showed good agreement with the simulated ones with some expected 

discrepancies as explained in the preceding chapter. However, the measured IL and FBW for the lower 

band were higher and lower than expected, respectively and the reason behind this was the lower than 
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expected coupling coefficient between the resonator’s inductors, and this was also highlighted in the 

preceding chapter. Overall, the filters designed in this chapter showed good out-of-band rejection and 

roll-off characteristics at small dimensions which gave them an advantage over other available filters.   

     Two commercially available LNAs were carefully selected and their performance was assessed in 

Chapter 5. Both LNAs were fabricated on LTCC substrates. Their measured performance, in terms of 

gain and NF, coincided with the datasheet values. Then the measured results from both LNAs and the 

previously fabricated filters were co-simulated together and some preliminary results for the entire FEM 

proved to be very promising and encouraging, in comparison to other commercially available FEMs. 

     The main contributions of this thesis can be summed up as follows: 

 A GNSS RF FEM with high gain (≈ 30 dB), low NF (≈ 1.2 dB) and wide BW (≈ 50%) 

specifications was designed and this included:  

1. The design of a novel dimensionally small wideband GNSS filter with only two 

resonators and a direct coupling technique. This filter has very good out-of-band rejection 

and low in-band IL. 

2. Design of a novel miniaturized dual band GNSS filter with very good intermediate band 

rejection and selectivity. The well-known “divide and conquer” methodology was applied 

to the design of this filter which lead to a faster design cycle. 

3. Investigating the performance of two commercially available highly performing LNAs 

mounted on LTCC substrates for integration within the RF FEM. 

6.2 Future Work 

     Although all the objectives of this work were achieved, there’s still some room left for possible future 

improvements, and this section will shed a light on some of them. 

     Most of the fabricated passive components showed a degraded Q-factor performance if compared to 

simulations. Some logical reasons for this behavior were addressed at the end of Chapter 3. However, this 

issue can still be addressed at a higher level of accuracy and more definite reasons can be identified. This 
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can be done by first trying to solve some of the fabrication errors mentioned at the end of Chapter 3 when 

fabricating again with the same LTCC foundry and also through fabricating with a different foundry and 

comparing the measured results from both of them. This problem (i.e. degraded Q-factor) is expected to 

disappear with another dimensionally well-controlled fabrication run. Although performing another run is 

a bit costly, however, improving the Q-factors of the fabricated components would pay for itself by 

directly improving the performance (i.e. reduced IL and better bandwidth) for the fabricated filters and 

thus raising the efficiency of the entire front-end system (see Chapter 1). 

     Although good agreement between simulated and measured results was achieved, higher efficiency 

calibration techniques can be used to see a truer performance of the measured DUT. 

     Based on the dual band filter’s circuit topology, it was initially designed to have a third transmission 

zero just after the higher passband (see Fig. 4.2), however, due to the EM parasitically unwanted 

interactions between both the lower and upper band filters this transmission zero disappeared, this issue 

can be investigated in a more detailed manner to improve the upper band roll-off properties of this filter 

and thus provide it with better out-of-band rejection characteristics. For this thesis, the designed dual band 

filter along with the wideband one ideally served their targeted purpose, since the addition of the 

wideband filter improved the upper band roll-off characteristics of the entire system as explained in 

Chapter 5.  

     Although the measured performance of the LNAs, in Chapter 5, proved their capability of being 

integrated within a highly performing GNSS FEM, their NF can still be improved which will 

automatically reflect on the overall NF of the entire system. The lower the NF of a front-end system, the 

better the receiving capabilities of such a system, as explained in Chapter 1. 

     The next step will be to integrate the designed filters and hybrid LNAs to build and realize a complete 

miniaturized GNSS FEM and measure its performance. It’s expected that the measured performance 

should coincide with the preliminary co-simulations from Chapter 5. Moreover, the realized FEM can be 

integrated with a wideband GNSS antenna.  
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     This research has been carried out in co-operation with the Defense Research and Development Center 

in Ottawa (©DRDC, Ottawa). The research conducted in this thesis resulted in two reports of invention 

and the patenting process is still on going. Papers can be written after the patent applications are accepted. 
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