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Abstract
Bandpass microwave filters are often modeled as a set of coupled discrete and localized
resonators. This model is adequate in the narrow-band case. It, however, fails to describe
accurately compact structures where stray couplings can be strong.
To address this problem, a new view is proposed in this thesis. Instead of basing the
model on localized discrete resonances, we start by constructing a model that is based on the
global resonances of the structure. These are the resonances that the ports see and emerge when
the entire structure is treated as a single unit. The resulting circuit, the transversal circuit, is
universal. It is valid for any coupled resonator filter. The circuit is used in optimization of
compact and ultra wideband suspended stripline filters and excellent results were obtained.
In order to relate the global-eigen modes model to the conventional model, the issue of
representation of microwave filters is investigated in detail. It is shown that a microwave filter
can be represented by an infinite number of similar coupling matrices by using different modes as
basis. According to this new view, a similarity transformation in microwave coupled resonator
filters is interpreted as a change of basis. Two circuits that are related by a similarity
transformation represent the same filter structure by using different sets of modes as basis.
These conclusions were exploited in establishing a design theory for filters with dualmode cavities. The new theory leads to direct and accurate design techniques that need no, or
minimal, optimization. No tuning is used in the CAD steps. Tuning may only be required to
account for manufacturing tolerances. A new tuning configuration is described and validated by
computer simulation.
A novel dual-mode filter with improved quality factor and reduced sensitivity is
developed and designed within the same approach. The filter is fabricated and measured and
ii

excellent results are achieved. The same design methodology was used to introduce a new class
of dual-mode dual-band microwave filters with improved sensitivity. It is also shown that
canonical dual-mode filters can be designed within the same view with minimal local
optimization of the input cavity.
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Chapter 1
Introduction
In the last few years, there has been an enormous development in wireless
communication systems. The rapid increase in broadband personal communications, third
and fourth generation mobile, wireless internet, and ultra-wideband systems has created
the need for new microwave components with more stringent specifications. Also,
satellite systems have moved from traditional fixed telecommunications to mobile,
navigation and remote sensing applications. Microwave resonant components such as
microwave filters, duplexers, dielectric resonant antennas/arrays ..etc are central elements
in these systems. The technological developments have created more demanding
requirements that impose new challenges on design, optimization and realization of these
components. In the case of microwave filters, more challenging specifications such as
selectivity, bandwidth, phase linearity and compactness are required. The main scope of
this thesis is to find new techniques for design, optimization, practical realization and
tuning of microwave filters. Although the discussion in this thesis is limited to
microwave filters, the developed techniques can be applied to other resonant microwave
components with the necessary modifications.
1.1 Microwave Filter Applications
Microwave filters play an important role in almost every RF/microwave
communications system. A microwave filter is basically a device that is used to
1

discriminate between wanted and unwanted signals within a specified frequency band.
The term microwave refers to the frequency range between 300 MHz and 30 GHz. As the
communication systems evolve, higher frequencies are explored and new standards are
set. Also, the filter requirements in terms of selectivity become more stringent due to the
limited available frequency spectrum. Other filter specifications are generally dictated by
the intended application. Examples of filter characteristics and applications will be
presented in the next section.
1.2 Satellite Filters
Satellite filters cover a large frequency range depending on the specific service
offered by the satellite payload [1]. For example, navigation mobile satellite systems are
typically operated in the L and S bands (1-2 GHz, 2-4 GHz, respectively) while remote
sensing applications are mostly in the C band (4-8 GHz). For most commercial
communications, due to the high demand on the frequency spectrum, higher Ku band
(12-18 GHz) and other higher frequency bands (20-30 GHz) are being considered [2].
A communication satellite is basically a repeater that receives microwave
signals, amplifies them and resends them to the receiving end. Figure 1 shows a
simplified block diagram for a typical payload of a satellite. The bandwidth is divided
into narrow band channels because of practical considerations due to non linearities and
noise effect in power amplifiers. The division into and recombination of channels are
done by means of input and output multiplexers respectively. The input and output
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multiplexers are composed of many narrow bandpass filters (typical fractional
bandwidths between 0.2% and 2%).
Amp
Receiver

Input

Output

Mux

Mux

Uplink

Downlink

Figure 1-1 Block diagram of a communication payload of the satellite [1].

Satellite microwave bandpass filters have been typically implemented using
waveguide technology due to low losses (high quality factors) and high power handling
capability. On the other hand, waveguide filters are bulky and heavy. There has been a
significant amount of work done to reduce the size and weight of satellite filters. A
fruitful solution involves using dual-mode cavities, i.e. cavities that support two
degenerate resonances [3-5]. This reduces the number of physical cavities by a factor of
two. Also, the use of dual-mode cavities allows the implementation of topologies that are
capable of producing transmission zeros at finite frequencies and hence improving filter
selectivity. Figure 2 shows the geometry of a typical fourth order dual-mode filter
realization using circular dual-mode resonators. A large part of the work reported in this
thesis is related to dual-mode filter design and implementation (chapters 5-7).

3

Output waveguide

Input waveguide

Dual-mode
Cavities

Figure 1-2 A typical fourth order dual-mode filter realization using circular cavities.

1.3 Microwave Filters in Cellular Systems
Microwave filters are very important components in cellular systems where
stringent filter specifications are required both on the mobile station and base station
levels. All modern full duplex personal communications systems require transmit and
receive filters for each transceiver unit at least at the base station level. Figure 3 shows a
basic generic block diagram for the RF front end of a cellular base station.

Tx Filter

Tx Filter

PA

Tx
Antenna

(downlink)
Rx Filter

Rx Filter

LNA

Rx
(uplink)

Diplexer

Figure 1-3. Simplified block diagram of RF front end of cellular base station [6].

4

Transmit filters must be very selective to prevent out of band inter-modulation
interference to satisfy regulatory requirements as well as prevent adjacent channel
interference. Acceptable levels of adjacent channel interference in TDMA second
generation mobiles are specified in GSM ETSI standards as C/A>-9 dB. In practice a C/A
of -6 dB is used in the network design. Also, the transmit filters must have low insertion
loss to satisfy efficiency requirements. A typical transmit filter has a passband insertion
loss of 0.8 dB and return loss of 20 dB. It is obvious that the technology used in filter
realization in base stations is significantly different from that used in handsets. Although
the filter specifications in handsets are less stringent due to lower power handling (33
dBm maximum transmit power), size requirements remain a challenging task. One of the
main difficulties is parasitic or unwanted coupling that is caused by the close proximity
of the resonators.
Another application of filters is in cellular systems microwave links to connect
base stations to BSC (base station controller) and then to the MSC (Mobile Switching
Center). These are high-speed links with directive dish antennas. There are few licensed
bands for transmission such as 8, 11, 18, 23, 24 and 38 GHz. The choice of the frequency
band depends on spectrum availability, length of the hop and required link reliability.
Filters for transmission systems are usually constructed using waveguide technology due
to the high quality factors requirements and high power handling capabilities.
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1.4 Compact and Ultra-Wideband Filters

Ultra-wideband components and systems have attracted significant attention in
academic and industrial circles in the last few years. In 2002, the FCC (U.S. Federal
Communication Commission) released the unlicensed use of the ultra-wide band
spectrum for indoor, hand-held and low power applications [7].
Compact filters in general, and Ultra wideband filters in particular, are realized
using planar technologies, i.e. microstrip, suspended stripline, coplanar waveguide ..etc.
One approach exploits multiple–mode resonators (MMR) [8-11]. Figure 4 shows the
schematic of a possible realization of this class of filters [9]. The main issue with MMRbased filters is the difficulty to control the resonant frequencies and the coupling
coefficients independently.
50 Ω

MMR

50 Ω

Figure 1-4. Schematic of multi-mode resonator based UWB filter reported in [9].

Another realization approach, that has been efficiently used by Menzel and
coworkers, is based on quasi lumped elements [12,13]. The proposed filters have
transmission zeros at finite frequencies and the response can be adequately controlled by
adjusting the dimensions.
Despite the significant progress in the field of ultra-wideband and compact
bandpass filters, several design and optimization challenges remain. The main issue is the
absence of a generic equivalent circuit that can be used to reproduce the filter response
6

over the bandwidth of interest. Unfortunately the conventional coupling matrix model is a
strictly narrow band model as will be explained in chapter 3. Wideband filters require
strong coupling between the different parts and result in compact structures. In such
conditions, it is difficult, or even impossible, to represent the structure by localized
resonances even if the frequency dependence of the coupling coefficients is taken into
account [14]. In this thesis, a new approach to the modeling and optimization of compact
and ultra-wideband filters is introduced in chapter 3.
1.5 Motivation and Objectives
Despite the extensive literature in the field of microwave filters, several issues
are still either not well understood or lack a systematic solution or accurate design
procedure. For instance, one of the major difficulties with miniaturized and compact
filters is parasitic coupling that can be in the order of the main coupling in compact
filters. This makes it difficult to identify a sparse topology on which most of design and
optimization methods are based. As will be seen in chapter 3, it is sometimes impossible
to predict the behavior of the filter when using a conventional coupling topology based
on the arrangement of physical resonators. Most importantly, the absence of a reliable
circuit model that represents compact filters makes the optimization of this class of
filters, within efficient and systematic techniques such as space mapping technique,
impossible. The same argument holds for wideband filters that cannot be represented by
the conventional low-pass prototypes that are based on a narrowband approximation.
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One of the major difficulties with microwave filter design is the absence of a
generic design technique to transform the low-pass prototype into physical dimensions
except for few cases as in [15,16]. A careful investigation of the available literature
reveals that this is due to basing most of the design techniques directly on the
phenomenon of resonance (the coupling matrix). The dependence of the resonant
frequencies of the resonators on the coupling strength (loading) is not systematically
accounted for in the model. One of the goals of this thesis is to remedy this situation. It is
indeed shown that by using the phenomenon of propagation instead of resonance, it
becomes straightforward to account for the loading of the resonances by the coupling
elements as in in-line direct-coupled resonator filters [15].
Despite the widespread use of dual-mode filters in satellite communications,
the design and realization of this class of filters is not straightforward. A theory of dualmode filters was proposed by Atia and Williams in the 1970’s [3-5]. In general, filters
designed according to this theory require extensive optimization. Tuning elements are
used as part of the CAD design as well as in compensating for inherent manufacturing
errors. The resulting designs are very time-consuming, labor intensive, costly and at
times extremely sensitive. A satisfactory solution to this problem is not known.
The main goal of this thesis is to find new techniques for design, optimization and
tuning of microwave filters. Detailed investigation of the relevance of equivalent circuits
used to represent the filter response to the field theory is carried out in detail. Focusing on
the dominant physics of the problem when dealing with circuit models leads to new
8

design strategies that are not obvious within the conventional view. In this work a
completely new paradigm in interpreting the coupling matrix and similarity
transformations in microwave filters is presented. The new view is exploited to formulate
new design, optimization and implementation methods for microwave filters. In the next
section a brief summary of the thesis contributions will be presented.
1.6 Thesis Contributions
The main contributions of the thesis are:
1- Modeling and Design of Compact and Ultra Wideband Filters:
Microwave filters are generally modeled using equivalent circuits based on
localized coupled resonators. This generally gives rise to a coupling matrix with a certain
topology. In the case of compact microwave filters, the close proximity of the resonators
makes it difficult, and sometimes impossible, to define a coupling topology due to
parasitic coupling that can be in the order of the main ones. In the case of broadband
filters (that are generally compact) the modeling problem becomes more complex since
the conventional low-pass prototype using frequency transformation is a narrow band
approximation. In this work, a new equivalent circuit is proposed to model compact and
wideband filters. The circuit is derived directly from Maxwell’s equations [17, 18]. It is
based on the eigen-modes of the whole filter structure and has a fixed topology regardless
of the physical arrangement of the resonators or the filter response. The circuit was used
in the optimization of suspended stripline filters and excellent results were achieved. This
work has been published in [14].
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2- Physical Interpretation of Similarity Transformation in Microwave Filters and
Narrow-band Filter Representation:
Similarity transformations have been extensively used in microwave filter
synthesis. A similarity transformation has been viewed so far only as a mathematical tool
to transform the inconvenient topology of an analytically synthesized coupling matrix,
such as the transversal coupling matrix, into a topology that resembles the intended
physical arrangement of the resonators. The focus always remains on reaching the desired
topology which is view as realizable. In this thesis, an alternative view is taken. The
coupling matrix is viewed as a representation of an abstract operator within a selected
basis or set of resonances. A similarity transformation amounts to a change of basis. The
following new concepts are established:.
-

A microwave filter can be represented by an infinite number of coupling
matrices using different sets of modes as basis.

-

Only few of these representations as based on physical modes. This is
indeed a very important conclusion that will be exploited in dual-mode
filter design.

-

The transversal coupling matrix is the universal and most physical
representation of a microwave filter. It results from using the global-eigen
modes of the whole filter structure as basis.

In order to practically validate these concepts, the extreme case of inline H-plane
filters is presented as an optimization example. The transversal coupling matrix is used as
10

a coarse model within the space mapping optimization technique. The topology of the
transversal coupling matrix bears no resemblance to the inline topology of the resonators.
It is shown that the transversal coupling matrix has a superior performance in terms of
convergence and parameter extraction compared to its conventional inline counterpart.
Most importantly, the example demonstrates that the transversal coupling matrix can be
used directly in optimization provided certain constraints on its entries are enforced.
Another optimization example of a planar microstrip filter with one transmission zero at a
finite frequency is demonstrated. Excellent results are obtained for all optimization
examples. This work has been published in [19].
3- New Design Theory for Dual-Band Filters:
A new direct and accurate design theory dual-mode filters is proposed. The
theory is based on the physical modes of the perturbed cavities instead of the modes of
the unperturbed cavities as in the conventional design techniques. It is shown that the set
of modes used as basis in conventional design techniques cease to exist in the presence of
the perturbations, i.e. cease to be physical modes. Circuit models based on propagation
instead of resonance are used in the design. Within the new design philosophy, the
conventional tuning screws cease to be part of the design. On the other hand tuning might
only be required to compensate for manufacturing tolerances after fabrication as will be
shown in chapter 7. Fourth and Eighth order design examples are presented and excellent
results are obtained. No optimization is required thereby confirming the accuracy of the
design technique. This work has been published in [20].
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4- A New Approach to Canonical Dual-mode Filter Design:
A new design approach to canonical dual-mode filters design is proposed.
Instead of using the folded canonical coupling matrix that is based on the modes of the
unperturbed cavities, a representation based on the modes of the perturbed cavities is
used. This gives rise to a generalized cul-de-sac configuration. The resulting
configurations can be directly designed except for the first (input/output) cavity that
requires optimization due to the feeding technique. A sixth order filter was designed and
excellent results were obtained. This work has been published in [21].
5- A Novel Dual-mode Filter Implementation:
In chapter 5 it is demonstrated that the perturbations inside dual-mode cavities act
more as polarizing elements instead of coupling elements. This polarizing property is
exploited to design novel dual-mode filters utilizing using new perturbations. The new
outward perturbations extend along the length of the whole cavity. They are capable of
polarizing the fields in the required directions. Also, the filter is easy to fabricate and has
a higher quality factor than its conventional counterparts with discrete inward
perturbations. A fourth order filter is directly designed using the proposed theory. It was
fabricated in three pieces using a new fabrication technique. The frequency response of
the filter was measured and excellent results were obtained. No tuning or optimization
was required.
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6- Novel Inter-cavity Coupling Structure for Higher Order Dual-mode Filters:
In this work a new inter-cavity coupling structure for dual-mode filters is
proposed. The new structure has the advantage of being easily accessible from outside for
tuning purposes.
In higher order dual-mode filters, especially for narrow-band applications,
extremely weak inter-cavity coupling coefficients are often present. This results in using
very narrow irises/slots that might lead to multipaction breakdown especially for high
power applications [22]. The new structure is capable is providing the required weak
coupling without using very narrow irises. An eighth order dual-mode filter using the
new inter-cavity coupling structure was designed and EM simulated. Excellent results
were obtained.
7- A Novel Tuning Approach for Dual-mode Filters:
In this thesis a new tuning approach for dual-mode filters is proposed and tested
by computer simulation. In the conventional design theory, tuning screws are added as
part of dual-mode filter design in order to account for the unequal loading of the
resonances. In this thesis, the tuning screws cease to be part of the design; they are only
used to account for manufacturing errors. It is demonstrated that the resonances of the
unperturbed cavities, on which the existing design and tuning techniques are based, cease
to exist once the perturbations are introduced. This leads to a new tuning approach where
the tuning screws are inserted along the planes of symmetry of the cross section. Using
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such tuning configuration, the resonant frequencies of the two modes can be efficiently
and independently controlled. This is validated by means of EM simulation.
8- A New Class of Dual-Mode Dual-Band Filters with Improved Sensitivity:
In this work a new class of dual-band filters with improved sensitivity is
proposed. The design is based on dual-mode cavities. The modes inside the cavities are
polarized by means of polarizing elements (perturbations). Each polarization controls a
frequency band. The ports are set in a way to force a transmission zero between the two
frequency bands. An equivalent circuit based on propagation is proposed and a direct
design procedure is described. It is shown that the sensitivity of a 2N order dual-band
filter (each band of order N) is compared to that an inline filter of order N. This is a
significant improvement over the dual-mode filters that are realized by means of cross
coupled resonators networks where the sensitivity is that of a cross coupled network of
order 2N. Design examples are presented and excellent results are achieved. Part of this
work has been published in [23]. More reports about the design are in progress.
1.7 Thesis Organization
The organization of thesis is as follows:
Chapter one gives a brief introduction about microwave filter applications. The
thesis objectives and contributions are outlined briefly.
Chapter two gives a brief introduction about microwave filters design and
optimization. Since the number of publications in this area is enormous, only the
contributions that are most relevant to the work presented in the thesis are discussed. The
14

challenges in microwave filter design and optimization are briefly addressed. Also an
outline of the proposed design and optimization techniques to overcome these challenges
is presented.
Chapter three deals with the modeling, design and optimization of compact and
wideband microwave filters. The difficulties in modeling compact filters are addressed in
detail. The chapter offers a comprehensive solution to the problem of modeling and
optimization of compact and wideband filters by means of an equivalent circuit derived
directly from Maxwell’s equations. The circuit is used to explain the behavior of compact
filters that cannot be explained within the conventional models.
In chapter four the subject of representation of narrow band microwave
filters is investigated in detail. A new physical interpretation of similarity transformation
is presented. A new view of the coupling matrix as a representation in a set of modes as
basis is discussed. Within the new paradigm, it is demonstrated that the transversal
coupling matrix is the most physical, universal and unique representation for any narrowband microwave filter. The transversal coupling matrix is used directly in optimization of
H-plane filters within a space mapping optimization procedure and excellent results were
obtained.
In chapter five, a new direct design technique for dual-mode filters is presented.
The physical behavior of the dual-mode cavities is studied in detail. Within the new
technique the loading is accounted for in the design and the tuning screws cease to be a
part of the design. They can, however, can be used to account for manufacturing errors.
15

Design examples are presented and excellent initial designs that require no optimization
were obtained.
In chapter six, the same design approach is used to develop a quasi-direct design
technique for canonical dual-mode filters. The use of the representation of the filter in the
physical modes of the perturbed cavities leads to topologies that can be easily and
directly designed. A circuit based on propagation instead of resonance is used to design
each section of the filter. The filter is directly designed except the input/output cavity that
requires optimization. Excellent results are obtained.
In chapter seven, novel dual-mode implementations are proposed. The
interpretation of perturbations as polarizing elements instead of coupling structures leads
to new designs that were not obvious within the conventional views. The novel filter is
fabricated and measured and excellent results were obtained. A novel inter-cavity
coupling structure was proposed. The new structure remedies the multipaction break
down problem by avoiding narrow slots. An eighth order filter utilizing the new structure
is designed and simulated and excellent results are obtained. The filter was fabricated and
measured. A novel tuning screw configuration is proposed to account for manufacturing
errors. The results of the tuning demonstrate that the new configuration is capable of
independently controlling the resonant frequencies in the cavities.
In chapter eight, a new class of dual-band filters based on dual-mode cavities was
proposed. An equivalent circuit based on the physical modes in the cavities is used in the
design. Design examples are presented.
16

Finally, general conclusions and suggestion for future work are presented in
chapter nine.
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Chapter 2
Overview of Microwave Filter Design and Optimization
2.1 Introduction
Lumped elements filter design is well established [24]. These filters are generally used
at lower frequencies due to the rapid degradation of their unloaded quality factor as the
frequency increases. For microwave frequencies where lumped components are not
practical, microwave filters are implemented using distributed structures with coupling
elements to achieve specified transfer characteristics. The design of microwave filters is a
vastly more challenging engineering task.
Microwave filters can be constructed of TEM-mode transmission lines such as
parallel-coupled line filters, hairpin filters, dual-mode patch, ring filters, combline
filters... etc [25, 26]. This type of filters is generally compact, compatible with planar
circuits and can have good selectivity. For applications requiring very high Q-factors
and/or high power-handling capabilities, waveguide filters are the most suitable
candidates. These are composed of coupled waveguide cavities. In-line topologies where
non-adjacent cavities are not coupled are well known [15]. They yield all-pole response
functions, i.e. responses with no transmission zeros at finite frequencies. In order to
increase selectivity cross-coupled topologies are used to introduce transmission zeros at
finite frequencies [3-6] and [26]. Waveguide dual-mode cavities are used in order to
decrease the size and weight of waveguide filters [3, 6, 27].
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In general, the response of a microwave filter is controlled by the geometrical
dimensions and the material parameters. The design process starts by specifying a
rational function that approximates the desired filter specifications [6, 28]. This is
referred to as the approximation problem. The next step is to develop an equivalent
circuit model that can reproduce the same transfer characteristics. In the case of TEMline filters, this can be a low pass prototype that can be transformed into an equivalent
commensurate distributed network. In the case of coupled-resonator filters, the circuit is
composed of a set of coupled resonators according to a coupling topology [3, 4]. The
circuit response is characterized by its impedance/admittance matrix (coupling matrix).
The coupling matrix/equivalent circuit must be synthesized to achieve the desired
response.
The design procedure involves translating the parameters of the equivalent circuit into
physical dimensions within a selected technology. No general, comprehensive, direct and
systematic design procedure for microwave filters is known. Special design techniques
which are valid for specific technologies or topologies are well documented [15, 16].
Approximate design techniques are generally used in the initial design. The resulting
designs are analyzed using EM solvers and the structures are optimized to meet the target
response. For waveguide narrow-band filters, tuning might be required to account for
manufacturing errors. Figure 2-1 shows a flow chart of microwave filter design and
realization process. In the next few sections a brief overview of each step in the process is
presented.
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Figure 2-1.. Flo
Flow chart of microwave filter design and realization procedure.
procedure

2.2 Filtering
iltering Function Synthesis

As shown in Figure 1, after defining the filter specifications, the design starts by
finding a transfer function that approximates the required filter specifications. An ideal
bandpass filter has a zero attenuation and constant time delay within the passband and
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infinite attenuation in the stop band. Such an ideal transfer function cannot be realized in
practice. However, it can be approximated satisfactorily by a filtering function within the
domain of the equivalent circuit.
For equivalent circuits with lumped elements, the response functions are rational
functions of the frequency. The scattering parameters of the filter to be realized are then
approximated by a rational function in the complex frequency variable s=jω. For an Nth
order filter, the scattering parameters are generally expressed by the ratio of two
polynomials as follows [29, 30]

S 21 ( s) =

PN ( s)
F ( s)
, S11 (s) = N
εE N ( s)
ε R E N ( s)

(2-1)

Here, PN, FN and EN are Nth order polynomials and ε and εR are constants. The common
denominator polynomial EN is a Hurwitz polynomial with all its zeros in the left-half
complex plane. In general, it is assumed in the synthesis phase that the filter is lossless.
This leads to constraints on the polynomials in (2-1) in order to satisfy the unitary
condition of the scattering matrix [30, 31]. These constraints are in the form:
*
S11 S11* + S 21 S 21
=1
*
S 22 S 22
+ S12 S12* = 1

(2-2)

*
S11 S12* + S 21 S 22
=0

From (2-2) it is easy to show that the phases of the scattering parameters are related by
[32]

φ 21 −

φ11 + φ 22
2

=

π
2

21

(2k ± 1)

(2-3)

Here, k is an integer and φ11, φ22 and φ21 are the phases of S11, S22, and S21, respectively.
The scattering parameters of a microwave filter are related to a single function
which is called the filtering function. For a filter of order N, the filtering function, which
is denoted by CN, is defined as [33]

C N ( s) =

FN (s)
PN (s)

(2-4)

It is related to the transmission coefficient by
S 21 ( s ) S 21 ( − s ) =

1
1 + C N ( s )C N ( − s )ε 2 / ε R2

(2-5)

The synthesis of the transfer function generally involves finding the coefficients of the
polynomials in equations (2-1). Once FN and PN are known, the common denominator EN
is constructed from the left-half plane roots of PN ( s) PN (− s ) / ε 2 + FN ( s ) FN (− s ) / ε R2 . This
can be deduced from the conservation of energy equation in equation (2-2).
2.2.1 The Maximally Flat Filtering Function

The maximally flat transfer function is the simplest approximation to the ideal low
pass filter. For a filter of order N, the approximation is defined by
| S 21 ( jω ) | 2 =

1
1 + ω 2N

(2-6)

The 3-dB cutoff frequency occurs at ωc=1 rad/sec and marks the transition between the
passband and stopband. The approximation is called maximally flat because all the
derivatives of order up to N-1 of the insertion loss vanish at ω=0 and ω=∞. The higher
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the order of the filter is, the more rapid the transition from the passband to stop band
becomes.
It is important to find the S11 rational function in order to synthesize the impedance
function of the equivalent circuit that gives the same response. In order to find the return
loss rational function, the conservation of energy and the stability conditions (the poles of
S11 should only reside in the left half plane) are used. The proof is presented in detail in
many reference such as [6, 28]. The return loss polynomial can be written as

S11 ( s ) =

± sN
∏ (s − j exp(θ n ) )
N

(2-7)

n =1

where

θn =

( 2n − 1)π
2N

(2-8)

2.2.2 The Chebyshev Filtering Function

The maximally flat response provides flat response at d.c. and infinity but it rolls off
quite slowly. A better approximation can be achieved if ripples exist in the passband
where more rapid roll off occurs in the stopband [6, 24].
The insertion loss of the Chebyshev approximation is given by
| S 21 ( jω ) | 2 =

1
1 + ε TN2 (ω )
2

(2-9)

Here, TN(ω) is the Chebyshev polynomial of order N and ε is the ripple level which is
related to the maximum in-band insertion loss by
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IL = 10 log(1 + ε 2 )

(2-10)

The Chebyshev polynomial is a function that oscillates between -1 and 1 in the interval [1,1] and goes to infinity when its argument goes to infinity. It can be expressed as
TN (cos θ ) = cos( Nθ )

(2-11)

Setting ω=cos(θ), it follows that
| S 21 ( jω ) | 2 =

1
1 + ε cos ( N cos −1 (ω ))
2

2

(2-12)

As shown in [6], the left half-plane poles lie on an ellipse and the reflection and
transmission coefficients can be expressed as

η 2 + sin 2 ( nπ / N )
−1
( jω ) + θ n )
n =1 s + j (sin
N
s + j cos(θ n )
S11 ( s ) = ∏
−1
( jη ) + θ n ]
n =1 s + j cos[sin
N

S 21 ( s ) = ∏

(2-13)

where

η = sinh[

1
1
( 2n − 1)π
and ε = 1 / 10 Lr / 10 − 1
sinh −1 ( )] , θ n =
N
ε
2N

(2-

14)
Here, Lr is the return loss in the passband.
2.2.3 The Elliptic Filtering Function

The maximally flat and the Chebyshev responses are referred to as all-pole
responses since they yield no transmission zeros at finite frequencies. Placing
transmission zeros at finite frequencies is very important in applications where a strong
roll off is required. An elliptic function approximation is equi-ripple in both the passband
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and the stopband. The transmission zeros are no longer at infinity. One of the
disadvantages of this type of response is that its transmission zeros are prescribed at fixed
frequencies, hence no flexibility is allowed in their locations. The transfer function can be
written as
| S12 ( jω ) | 2 =

1
1 + C N2 (ω )

(2-15)

where
CN =

(ω 2 − ω12 )(ω 2 − ω 22 )...
(ω 2 − ω A2 )(ω 2 − ω B2 )...

(2-16)

All the poles and zeros of equation (2-16) are specified. The synthesis procedure of the
elliptic function is detailed in [6, 28].
2.2.4 The Generalized Chebyshev (pseudo elliptic) Function

The generalized Chebyshev approximation provides a filtering function with
equal ripple in the passband but with arbitrarily placed transmission zeros in the
stopband. The generalized Chebyshev transfer function is very commonly used for filters
with high selectivity where a strong roll off is required. In some applications such as base
station transmit filters, asymmetric filtering characteristics are required. These can be
achieved by the generalized Chebyshev function with asymmetrically placed
transmission zeros.
The generalized Chebyshev filtering function is defined by [3]
| S 21 (ω ) | 2 =

1
1
=
2
1 + ε C N (ω ) (1 + jεC N (ω ))(1 − jεC N (ω ))
2
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(2-17)

with
N

C N (ω ) = cosh(∑ cosh −1 ( xn ))

(2-18)

n =1

Here,

xn =

ω − 1 / ωn
1 − ω / ωn

(2-19)

The frequency variable is ω and ωn is the position of the nth prescribed transmission zero.
The filtering function can be written as a ratio of two polynomials, with the
denominator composed of the zeros of S21, as follows
C N (ω ) =

FN (ω )
=
PN (ω )

FN (ω )

ω
(1 −
)
∏
ωn
n =1
N

(2-20)

In [33] a simple recursive technique was presented that establishes a relationship between
Fn-1(ω), Fn(ω) and Fn+1(ω). The polynomial PN can be directly derived from the
prescribed transmission zeros. In [29] another recursive technique was developed starting
from equations (2-17, 2-18 and 2-19) in order to obtain the polynomials of the insertion
loss and return loss rational functions. More details can be found in [29, 33].
In order to demonstrate the importance of transmission zeros at finite frequencies,
Figure 2 shows the frequency response of the Chebyshev filtering function when all
transmission zeros are at infinity along with that of the pseudo-elliptic function with two
symmetric transmission zeros at s=±j2. It is obvious that the one with transmission zeros
is more selective.
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Figure 2-2. Comparison between 4th order Chebyshev response and 4th order pseudo-elliptic
response with two symmetrically located transmission zeros. Dashed line: Chebyshev
response, solid line: pseudo-elliptic response with transmission zeros at s=±j2.

2.3 Equivalent Circuit Synthesis
After choosing and synthesizing the filtering function, the next step is to come up
with an equivalent circuit that can reproduce the same transfer characteristics. The
equivalent circuits are generally normalized low-pass prototypes that can be transformed
to bandpass, bandstop, or high pass by means of well known frequency transformations
[6, 26]. The equivalent circuit is assumed to be a linear, passive, lossless and timeinvariant network of elements. The network is characterized by its impedance/admittance
port parameters from which the scattering parameters can be derived. The
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impedance/admittance functions are in the form of the ratio of two polynomials in the
complex frequency variable p as follows
Z ( p) =

N ( p)
D( p )

(2-21)

In order to represent a physical system, the function Z(p) must be positive real, i.e.
Re Z ( p ) > 0 for Re( p ) > 0 [6, 34, 36]. This implies that the coefficients of N(p) and

D(p) are all real. Since the network is assumed lossless, it can be shown that the rational
function in (2-21) is the ratio of an even to an odd order polynomial or vice versa [6].
Also input impedance function Z(p) is purely imaginary and its slope with respect to
frequency is always positive on the imaginary axis. This indicates that the zeros and poles
for the impedance function must be interlaced. Indeed a very important property in the
synthesis of equivalent networks [6, 24]. In the next few sub-sections, a brief introduction
to the most commonly used equivalent networks and the available synthesis techniques
are presented.
2.3.1 Low-Pass Prototype Networks

A common circuit realization of rational functions used in filter design is the
ladder network shown in Figure 2-3. The ladder network consists of alternating series and
parallel impedances. For microwave circuits, it is not easy to realize both shunt and series
elements as in Figure 2-3. A more practical low pass prototype is shown in Figure 2-4
where only one type of elements connected in shunt or series and coupled by
impedance/admittance inverters is used. An impedance invertor can be realized as a
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quarter guided wavelength section. Many other circuits that implement inverters such as
irises, discontinuities, posts...etc depending on the technology are also known.

Z1

Z5

Z3

Z2

ZN

Z4

Figure 2-3. Ladder network.
L1

K12

C1

LN

L2

K12

K23

C2

KN-1,N

K23

C3

KN-1,N

R

CN

R

Figure 2-4. Inverter-coupled lowpass prototype network.

The two types of networks as they stand are minimum phase networks where the
signal can flow from the input to output along a single path [28]. The networks can yield
a Butterworth or Chebyshev response where no transmission zeros can be located at real
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finite frequencies. Both types of networks can be synthesized by continued fraction
expansion [6].
Explicit formulae for element values are available for Butterworth and Chebyshev
responses [24, 28]. For elliptic functions of odd degree, a modified ladder network as
shown in Fig 2-5 was presented in [28]. The network results from partial pole extraction.
Numerical synthesis can be used to extract the element values. Another realization
for elliptic function response using imaginary frequency invariant reactance termed as
“the natural prototype” is presented in [28]. In [37] explicit formulas for the element
values of the elliptic function prototype network were derived. As mentioned earlier, the
transmission zeros at finite frequencies of a purely elliptic response cannot be placed
arbitrarily. In this thesis most of the work involving coupled resonator filters uses
generalized Chebyshev functions.
Zin

C1

C3

C2

CN

R

Figure 2-5. Network resulting from partial pole extraction technique for elliptic
function.
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2.3.2 Symmetric Cross-Coupled Ladder Networks

In order to obtain transmission zeros at finite frequencies, assuming constant
inverter values, coupling between non-adjacent resonators is used [39, 40].
When the transmission zeros are symmetrically located in the complex plane, the
filter can by synthesized by means of its even and odd-mode admittances [6, 38]. Figure
2-6 shows an example of a fourth order symmetric filter with symmetric response. First,
the polynomials of the rational functions of the scattering parameters are constructed
from the filtering function by means of methods in [29, 30, 33]. Then the rational
functions of the even and odd admittances are constructed from the polynomials of the
scattering parameters. The mathematical details are explained in [6]. The even-mode
equivalent circuit in Fig 2-6b results from bisecting the circuit along the symmetry plane
by an open circuit. It is straightforward to extract the circuit parameters of the inline
even-mode equivalent circuit in Figure 2-6b from the even-mode admittance rational
function.
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jK1
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jK2
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Figure 2-6. Equivalent circuit of 4th order symmetric filter with symmetric response
(a) Complete 4th Degree cross coupled ladder network.
(b) Even mode circuit.
2.3.3 Cross-Coupled Resonator Circuit Model

Filtering functions with transmission zeros at finite frequencies can be realized by
cross-coupled resonator networks. A general theory for cross coupled resonators was
developed in the 1970s by Atia and Williams primarily for dual-mode filters [3, 4, 41].
The circuit model of an Nth order filter is shown in Figure 2-7. It consists of N
resonators coupled by frequency-independent coupling elements. The resonators are
represented by unit capacitors in parallel with frequency independent susceptances to
account for the frequency shifts in the resonant frequencies with respect to the center
frequency of the passband. The use of this imaginary frequency independent reactance
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limits the validity of the model to narrow band cases. A detailed discussion of the narrow
band limitations of the model is presented in chapter 3.
The currents and voltages of the circuit in Figure 2-7 can be related by a N×N
coupling
M3N

M13

M12

1
R1

jK1

M23

1

M34

1

jK2

MN-1,N

1

jK3

jKN

RN

M2N
M1N

Figure 2-7. Equivalent circuit of N cross coupled resonators

matrix (admittance matrix) [26]. It is more convenient to normalize the source and load
resistances and add another input and output inverter. In such a case the coupling matrix
is (N+2)×(N+2).
The node voltages are grouped in vector [V] that can be shown to be related to the
excitation vector by
[ − jG + ΩW + M ][V ] = [ A][V ] = − j[e]

(2-22)

Here, G is an (N+2)×(N+2) matrix where all the entries are zeros except G11 and
GN+2,N+2=1, W is a diagonal matrix with Wii=1 except W11=WN+2,N+2=0, M is the
(N+2)×(N+2) symmetric real normalized coupling matrix and e is the excitation vector
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of size (N+2)×1 given by [1,0,0, …,0] t. Ω is the normalized frequency given by the
passband transformation Ω =

1  ω ωo 

 where FBW is the fractional bandwidth.
−
FBW  ω o ω 

The scattering parameters are given by [3]
S11 = −1 + 2V1 = −1 − 2 j[ A11 ] −1
S 21 = 2V N + 2 − 2 j[ AN + 2 ,1 ] −1

(2-23)

2.3.3.1 Topology

An important step in the filter design process is to specify a topology. The
topology of a filter of order N determines which resonators are coupled to which. Having
determined the filtering function, it is important to choose a topology that is capable of
realizing this function. For example, it is known that an in-line coupling scheme is not
capable of providing any transmission zeros at finite frequencies. The topology is
schematically represented as shown in Figure 2-8. The circles represent resonators and
the lines represent coupling elements (inverters). A rule of thumb to determine the
maximum number of transmission zeros at finite frequencies is given in [42]. In [39] a
rigorous proof was presented for the maximum number of transmission zeros a given
topology can implement. In [40] the results were extended to include the case of source
load coupling. The rule states that the maximum number of transmission zeros offered by
a certain topology is equal to the maximum number of resonators that are bypassed
between the input and the output. This implies that in the case of source-load coupling,
the maximum number of transmission zeros at finite frequencies is equal to the order of
the filter.
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Figure 2-8. Different coupling schemes
(a) 2nd order filter with 1 transmission zero, (b) 2nd order filter with source load
coupling and 2 transmission zeros and (c) 4th order filters with 2 transmission zeros.
2.3.3.2 Similarity Transformation

By definition two matrices A and B are similar if they are related by [43]
B = RAR −1

(2-24)

Here, R is a non-singular matrix called the transformation matrix. In order to preserve the
symmetry of the coupling matrix, the transformation matrix R must be orthogonal, i.e.,
Rt=R-1.
In [29, 30], as well as many other references, it was explained how similarity
transformations can be used to reduce a canonical folded matrix or a transversal matrix to
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a desired topology by annihilating specific coupling coefficients. In general the rotation
matrix given in (2-25) with a pivot (i,j) is given by
0
1
0 c
r

[ Rr ] =  M
0

0 − s r
0 0
where [R r ]ii = [R r ] jj = c r = cos(θ r )

L
0
1
0
0

0
s r 0
0 M

c r 0
L 1
0

(2-25)

and [R r ]ij = −[R r ] ji = s r = sin(θ r ) where θr is the

angle of rotation. The annihilation of a coupling element Mij is done by means of rotation
with a pivot (i+1,j) and an angle θ r = tan −1 ( M ij /M i ,i +1 ) .
Similarity transformations have been used as a mathematical tool in microwave
synthesis. In this thesis, more investigation into their physical significance is presented.
In chapter 4, a new physical interpretation of similarity transformations leads to a
completely new view. The coupling matrix is viewed as a representation of an abstract
operator within a basis. The basis is interpreted as a set of resonant modes. This is
exploited in microwave filter design and optimization as shown later in this thesis.
2.3.3.3 Uniqueness Problem

For some topologies, the coupling matrix is not unique. This means that there is
more than one coupling matrix with the same topology and different coupling parameters
that produce exactly the same response. In addition to difficulties faced in the design due
to the non-uniqueness, serious problems can be faced when using optimization techniques
based on model parameter extraction. The process is not guaranteed to converge. As an
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example, the coupling scheme shown in Figure2-8c admits multiple solutions for a 4th
order filter with two transmission zeros. The two coupling matrices M1 and M2 in
equation (2-26) have the same topology and both yield exactly the same response with
two transmission zeros at normalized frequencies Ω1=-5 and Ω2=5 and a minimum inband return loss of 23 dB as shown in Figure 2-9.
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Figure 2-9. Response of the coupling matrices in equations (2-26).

In this thesis, a comprehensive solution to the uniqueness problem is presented. It
is shown that the transversal coupling matrix is the most physical and universal
representation for any microwave coupled-resonator narrow-band bandpass filter. It is
unique except for inconsequential sign changes. This makes it an excellent coarse model
to be used directly in optimization using the space-mapping technique as shown in
chapter 4.
2.3.3.4 Synthesis

The synthesis problem amounts to finding the required coupling coefficients and
frequency shifts in order to realize a certain filtering function. The theory presented in [3]
38

leads to a coupling matrix that can reproduce the required transfer function; however it
generally includes unwanted coupling elements. Repeated similarity transformations are
used in order to annihilate them. Unfortunately, there is no guarantee that the process
converges. There has been extensive research in the literature focused on the synthesis
problem. In this section few are discussed, for more details the reader is referred to [2933, 45-50].
One synthesis approach is by optimization where the non-zero elements of the
coupling matrix are used as independent variables in minimizing a cost function of the
form
N

calc
K = ∑ (| S11req (ω i ) − S11calc (ω i ) |) 2 + ((| S 21req (ω i ) − S 21
(ω i ) |) 2 )

(2-27)

i =1

Here, S11req(ωi) and S21req(ωi) are the scattering parameters calculated at judiciously
selected frequency points ωi from the required transfer function and S11calc(ωi), S21calc(ωi)
are the scattering parameters calculated from the coupling matrix whose entries are to be
optimized. The optimization technique is general; it works for filters with both symmetric
and asymmetric responses with any number of transmission zeros on either side of the
passband provided the topology is capable of providing such a response. However, its
convergence is not guaranteed.
In [33] a general synthesis technique based on analytically calculated gradient
of the cost function with respect to the coupling elements was presented. The topology is
enforced at each optimization step. In [50] an interesting synthesis technique was
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presented. It has the advantage of finding all the possible coupling matrices if more than
one exists.
In [29, 30] Cameron presented an analytical technique to synthesize the
transversal coupling matrix using the synthesized rational functions of the scattering
parameters. The transversal coupling matrix was used as an intermediate synthesis step. It
is then transformed by a series of similarity transformations in order to fit a required
topology. In this thesis it will be shown that the transversal coupling matrix has a far
more physical significance and will be exploited in optimization as will be shown in
chapter 4.

2.4 The Design Problem
Having synthesized an appropriate low-pass prototype or a coupling matrix with a
certain topology, the next step is to translate these into a physical structure to be realized.
The design is the process of mapping the circuit parameters into physical dimensions in a
given technology (waveguide, microstrip, suspended substrate .. etc).
There are numerous design techniques for microwave filters using almost all
known technologies. In [15] a direct design technique for direct coupled resonator filters
was presented. The loading information is extracted from each discontinuity and
compensated for by the resonators length. In [16], Wenzel proposed a design procedure
for combline and capacitively loaded interdigital bandpass filters. Design examples with
fractional bandwidths up to 40% were presented.
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In [3, 4] Atia and Williams established the coupled resonator filter model
explained in section 2.3.4. Most of the design techniques for narrow band coupled
resonator filters are based on a synthesized coupling matrix whose topology fits the
physical arrangement of the resonators such as in [3-6, 27, 41, 42, 57]. The coupling
coefficients are realized by irises, fringing fields, posts, perturbations and the like
depending on the technology. The dimensions of the coupling elements needed to achieve
the required coupling coefficients are generally determined from design curves,
experimentally or analytically in some cases [6, 26]. The resonant frequencies are
generally controlled by the size of the resonators.
One of the major problems associated with coupled resonator filter design is the
loading. The change in the coupling between cavities is associated with changes in the
resonant frequencies. Although the coupling matrix model can accurately reproduce the
filter response, it is based on the phenomenon of resonance that generally bears no
loading information.
The same design strategies were used in numerous publications on dual-mode
filter design where each physical cavity supports two degenerate modes such as in [3-5,
58-60, 62]. In this type of filters, perturbations are introduced in symmetric cavities that
support degenerate modes to achieve dual-mode operation. In the existing theory, the
perturbations act as coupling elements that couple the cavity modes. Since it is difficult to
control both intra-cavity coupling (induced by perturbations) and loading of both modes,
an initial design is generally obtained without considering the loading of the
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perturbations. Then this is corrected for by tuning screws. Figure 2-10 shows the cross
section of a dual-mode cavity with perturbations and tuning screws. Tuning of dual-mode
satellite filters is generally time consuming, labor-demanding and does not have a known
systematic procedure.

Coupling
screws

Tuning
screws

(a)

Coupling
screws

Tuning
screws

(b)

Figure 2-10. Geometry of common implementation of dual-mode cavities. (a) Cavity
with square cross section, (b) cavity with circular cross section.

In this thesis, the difficulties in microwave filter design are investigated in detail.
A new design theory is proposed. In chapter 4 a new physical interpretation of similarity
transformation is presented. This leads to a new view of the coupling matrix within
representation theory. The coupling matrix is viewed as a representation using a set of
modes as basis. The representation changes when a different basis is chosen. It is shown
that although a microwave filter response can be accurately reproduced by an infinite
number of similar matrices, only a few of them are based on physical modes. The concept
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of physical/nonphysical modes is exploited in the design of filters based on dual-mode
cavities. In chapter 5 a new design theory for dual-mode filters is presented. The theory is
based on the concepts described in chapter 4. Design examples are shown and excellent
initial designs are obtained. In chapter 6 the same concepts are used in order to establish a
new systematic approach for canonical dual-mode filters design. In chapter 7 novel dualmode filter designs, realizations and tuning techniques are presented. In chapter 8 the
discussion is extended to dual-mode dual-band filters design. A new class of dual-band
filters with improved sensitivity is presented. An equivalent circuit based on propagation
is proposed and a design technique based on the equivalent circuit is described and tested.

2.5 Microwave Filter Optimization
Microwave filter optimization has been an attractive research topic. The fact that
there is no general direct design technique for microwave filters makes optimization a
necessity. The need for optimization becomes even more obvious for compact and
broadband filters where no general direct or accurate design procedure is known.
Recently, EM simulators have become an indispensable tool in the design of
microwave components. The commercially available EM simulators use numerical
methods such as mode matching technique (MMT), finite element method (FEM), finite
difference time domain (FDTD)... etc to solve Maxwell’s equations. The EM simulation
is generally a demanding process in terms of CPU time. This makes it difficult to
optimize microwave filters directly by using a field solver since the computation times
become excessive [51, 52].
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Recently, there has been growing interest in efficient optimization techniques that
utilize a simple circuit model, or a low precision model, as an intermediate step to avoid
direct optimization using EM simulations [51-55]. These methods fall within the spacemapping technique. These techniques provide a more efficient optimization strategy than
classical brut-force [51]. They have enabled the optimization of large and higher order
filter structures that are impossible to handle through direct optimization [52].
The success of the space mapping technique depends greatly on having an
intermediate circuit model that can accurately describe the behavior of the structure
within a certain frequency band. For instance, the existing models based on localized
resonances might fail to predict the behavior of compact and wideband filters as will be
demonstrated in chapter 4. This leads to the failure of optimization process if used. One
of the objectives of this thesis is to develop a universal circuit model for this class of
filters that can be used directly in the optimization procedure.
In this thesis, space-mapping technique is used whenever optimization is required.
The technique is briefly discussed only briefly in this thesis. More details can be found in
[51-55].
In the space mapping optimization technique two models are defined; the fine and
the coarse model. The fine model is an accurate model that is typically a full EM wave
model based on any numerical technique that provides high accuracy but is demanding in
time and computational power. On the other hand, the coarse model can be an equivalent
circuit or a lower-accuracy EM simulation that requires less computational time. The
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equivalent circuit should contain all the necessary information that is sufficient to
reproduce the response of the structure within the desired frequency band. A relationship
is established between the parameters of both models. Having found this relationship the
set of parameters of the fine model can be calculated by inversion.
The optimization problem reduces to finding the mapping between the two sets of
parameters. In order to do so, the relationship between the circuit parameters and
geometrical parameters is approximated by a low-order polynomial. By using such an
approximation, the determination of the mapping between the physical and circuit
parameters amounts to finding the expansion coefficients of the assumed low-order
polynomial. By perturbing each geometrical parameter, one at a time, and extracting the
circuit parameters that minimize the difference between the responses of the two models,
the expansion coefficients can be determined.
Let us assume that the geometric parameters are grouped in a vector [X] of length
k whereas those of the equivalent circuit are grouped in a vector [M] of length l as
follows.

X = [x1

M = [m1

x2
m2

..... x k ]

t

..... ml ]

t

(2-28)

In a canonical optimization problem, the number of circuit parameters are equal to
those of the physical dimension (k=l), however the general case will be described here.
Let us assume that Xo is the vector representing the geometrical parameters of the initial
design without any perturbation and Mo is the corresponding circuit parameters vector.
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Using Taylor expansions, each circuit parameter is expanded in terms of the geometrical
dimensions in the neighborhood of [Xo]. In microwave filter design, in most cases it is
sufficient to use a linear approximation. Taking only the linear terms of the expansions,
the circuit parameters as a function of the geometrical parameters can be written as

m1 = m1o + J11∆x1 + J 12 ∆x2 + ....... + J 1k ∆xk
m2 = m2o + J 21∆x1 + J 21∆x2 + ....... + J 2 k ∆xk
m3 = m3o + J 31∆x1 + J 31∆x2 + ....... + J 3k ∆xk

(2-29)

M
ml = mlo + J l1∆x1 + J l1∆x2 + ....... + J lk ∆xk
Equation (2-29) can be written in matrix format as
[ M ] = [ M o ] + [ J ][∆X ]

(2-30)

The matrix J is the Jacobian whose entries are the partial derivatives of the circuit
parameters with respect to the chosen dimensions. The entries of the Jacobian are given
by

J ij =

δmi ∆mi
≅
δx j ∆x j

(2-31)

The entries of the matrix J are found by perturbing each geometrical parameter at
a time and extracting the circuit parameters at each perturbation. For a linear
approximation with a k physical dimensions, (k+1) EM simulations and parameters
extractions are required. The circuit parameters can be extracted by means of minimizing
a cost function of the form
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K

K

i =1

i =1

calc
K ( m1 , m2 ...m N ) = ∑ | S 11EM (ω i ) − S 11calc (ω i ) | 2 + ∑ | S 21EM (ω i ) − S 21
(ω i ) | 2 (2-32)

Here, ωi are judiciously chosen frequency points and SijEM are the scattering
parameters extracted from EM simulations and Sijcalc are those calculated from the circuit
model. The parameter extraction step is the most crucial in this technique. All the cost
functions in this work are scalar and they are minimized using the “fminsearch” function
in MATLAB that employs the simplex method for direct search [56]. This method
requires a starting vector upon which the successful convergence depends.
The coefficients in equation (2-29) are calculated by means of finite difference.
Practically the perturbation step size ∆xj is taken in the vicinity of the manufacturing
tolerances. If the mapping between the circuit parameters and the physical dimensions
involves functions with very sharp slopes or with slopes that change signs, the finite
difference might not be a good way to calculate the partial derivatives. However, if such
functions are encountered, the microwave component becomes impractical to realize due
to very high sensitivity. Alternative designs must be sought.
In the general case of non square Jacobian, the next approximation for the target
dimensions can be found by minimizing the following cost function
l

k

i =1

j =1

C (∆xi , ∆xi ..∆xk ) = ∑ | miopt − mio − ∑ J ij ∆x j |2

(2-33)

where Mopt is the vector of target circuit parameters. . A vector of all zeros is chosen as a
starting point for equation (2-33) since it is assumed that the changes in dimensions in the
optimization process are generally not too large.
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In the case of canonical problems, the Jacobian is square and the next
approximation of the target dimensions can be obtained from

X opt = X o + J −1{[M opt ] − [M o ]}

(2-34)

Equation (3-34) assumes that the Jacobian is non-singular. The target dimensions
of a problem with a close-to-singular Jacobian can still be obtained using methods such
as the pseudo-inverse [43].

However it is important to investigate the physical

significance of a singular Jacobian. For instance a singular Jacobian might indicate that
two or more of the chosen dimensions affect the modes of the system in the same manner
resulting in almost similar equations. This indicates that with this set of dimensions the
response of the filter cannot be completely controlled. In such a case the choice of the
controlling physical dimensions should be reconsidered.
In most of cases for filters with reasonably good sensitivity, the linear
approximation is sufficient to approximate the circuit parameters. If not, a quadratic
approximation can be used as in [53].

2.6 Conclusions
A brief overview of microwave filter design and optimization is presented. The
chapter is intended to give the reader the basic information required to understand the
design and optimization challenges and solutions that are to be addressed in the following
chapters. More details can be found in the references.
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Chapter 3
Modeling and Design of Compact and Ultra-Wideband Microwave
Filters
The chapter addresses the design and optimization challenges in compact and ultrawideband filters. The difficulties in representing this class of filters using conventional
circuit models are demonstrated. An alternative approach using an equivalent universal
circuit derived directly from Maxwell’s equations is proposed. The circuit is used directly
in optimization. Various compact and ultra-wideband filter examples are presented and
excellent optimization results are obtained.

3.1 Introduction
Recently, there has been tremendous development in modern wireless
communications systems. The rapid increase in broadband personal communications,
wireless internet, ultra-wideband systems that can handle higher data rates has created the
demand for new microwave components with more stringent requirements. Also the
release of the unlicensed use for the ultra-wideband (3.1-10.6 GHz) for low power indoor
and handheld systems has boosted research in ultra-wideband components.
Microwave resonant components such as microwave filters, duplexers, dielectric
resonant antennas/arrays..etc. are very important components in communications
systems. With the current technological developments, microwave filters with more
demanding specifications in terms of selectivity, bandwidth and phase linearity are
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required. The continuing trend towards miniaturization of microwave filters poses many
new challenges not only for fabrication but also for the design, modeling and
optimization. This is mainly due to the presence of strong stray coupling and the
difficulty in clearly defining the spatial extent of the individual resonances on which the
existing theory is based.
Microwave filter design starts with a mathematical filtering function that is
capable of achieving the desired specifications including transmission zeros at finite
frequencies if any. The next step is to synthesize an equivalent circuit that can reproduce
the same response as the ideal filtering function. Finally, the design process amounts to
finding the physical dimensions that correspond to the required circuit parameters (such
as coupling and resonant frequencies). Unfortunately there is no general direct design
technique for microwave filters except for very few cases [15, 16]. Therefore
optimization of the initial design is generally required to achieve a certain target
response.
As was introduced in chapter 2, recently there has been increasing interest in new
efficient optimization strategies that are based on intermediate circuit models. This is
more efficient than using brut-force optimization in which a full-wave EM simulator is
driven by an optimization algorithm [53-55]. These strategies are within the space
mapping technique. The use of an intermediate circuit model eliminates a significant
amount of redundant information that makes the direct optimization process timeconsuming with the risk of not converging, especially for large filtering structures [52].
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In order to efficiently optimize a microwave filter using the space-mapping technique, a
circuit model capable of accurately reproducing the response of the filter is required.
Unfortunately the existing circuit models based on localized coupled resonances within a
certain topology are not suitable for compact and broadband microwave filters. It is the
aim of this chapter to resolve this problem by introducing a physical circuit model that
can represent this class of filters.
In section 3.2, the practical challenges posed by compactness in the design and
optimization will be explained in detail. The topology and bandwidth limitations of the
existing coupled-resonator filter model that make it unsuitable to represent this class of
filters, will be described. These difficulties are demonstrated by means of few suspended
stripline filter examples. In section 3.3 the multi-mode equivalent circuit for a resonant
microwave cavity fed by a uniform waveguide, derived directly from Maxwell’s
equations, is described [17-18]. The circuit is based on the normal resonances of the
closed cavity. The equivalent circuit is used in filter design and optimization by viewing
the whole filter, when closed from both ends, as a single resonant structure supporting an
infinite number of eigen-modes. An obvious advantage of the circuit is that it has a fixed
topology. This overcomes the topology limitations of circuits based on localized
resonances when used to represent compact filters as will be shown in detail. Also being
derived from Maxwell’s equations, the circuit is physical. This means that the
coefficients

of

the

numerator

and

denominator

polynomials

of

the

input

admittance/impedance function are real and hence the poles and zeros appear in
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conjugate complex pairs. This is not the case for equivalent circuits resulting from narrow
band approximation due to the use of the frequency independent reactance along with
normalized frequency variable [63].
In section 3.4 transformation from the universal model based on global
resonances to a sparse circuit model based on localized resonances by means of scaling
and repeated similarity transformations will be described.
In section 3.5 the use of the equivalent circuit in compact microwave and ultra
wideband microwave filter optimization will be described in detail and results will be
presented. Examples of second and fourth order compact suspended stripline filters are
optimized using the equivalent circuit as a coarse model within the space mapping
optimization technique. A fourth order filter is fabricated and measured and the
experimental results are presented. In section 3.6.1.3 the use of the equivalent circuit is
extended to ultra wideband filters. A new suspended stripline inline ultra wideband filter
with fractional bandwidth exceeding 75% is designed and used as an optimization
example.

3.2 Design and Optimization Challenges in Compact and UWB Microwave Filters

As stated earlier, efficient microwave filter design and optimization depends on
using an equivalent circuit that is able to reproduce the filter response at least within the
passband and its vicinity. The filter design procedure generally aims at obtaining the
physical dimensions that correspond to the equivalent circuit parameters (such as
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coupling coefficients and frequency shifts). In this section, the difficulties in representing
compact and broadband filters by using circuit models based on localized resonances will
be discussed.
As was explained in chapter 2, a narrow band microwave coupled-resonator
bandpass filter is commonly modeled as N resonators coupled by frequency independent
coupling coefficients. The equivalent circuit is shown in Figure 2-7. The node equations
are represented by the conventional coupling matrix in equation (2-22). The off-diagonal
elements of the coupling matrix represent the coupling coefficients whereas the diagonal
elements represent frequency shifts (frequency invariant reactance).
The coupled-resonator filter model based on the coupling matrix and the
normalized frequency variable is a strictly narrow band approximation that fails to
describe broadband filters. The narrow band nature of the model has been repeatedly
attributed in the literature to the frequency dependence of the coupling coefficients and
dispersion [6, 26]. In this research more investigation in the current models shows that
the issue is not only with the frequency dependence of the coupling coefficients but also
with the nature of the normalized frequency variable along with the un-physical concept
of a constant reactance.
This restriction has been pointed out by Baum [63]. Baum showed that for filters
with asymmetric response, the constant reactances in the low-pass prototype result from
ignoring the poles and zeros away from the center frequency. By eliminating these poles
and zeros, the input impedance/admittance rational functions lose the symmetry
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properties that are necessary for physical realizability. In other words, the poles and
zeros of the resulting approximate admittance or impedance rational function will no
longer be complex conjugate pairs and the coefficients of the numerator and denominator
will be no longer real. Let the impedance function be given by Z(p), where p is the
complex frequency variable, as
Z(p) =

P(p)
Q(p)

(3-1)

Since Z(p) is an impedance function that represents a physical system, the coefficients of
the numerator and dominator of (3-1) are real and the poles and zeros of Z(p) should
appear in complex conjugate pairs. Therefore, Z(p) can be written as

Z ( p) =

K ( p − p1 )( p − p 3 )( p − p 5 )....
( p − p 2 )( p − p 4 )( p − p 6 )....

(3-2)

For a narrow-band filter tuned to ωo the poles and zeros are clustered close to the
imaginary axis around the values po=±jωo. For a narrow band filter the contribution from
the poles and zeros away from ωo can be approximated by a constant in the vicinity of
po=jωo. The impedance function can be approximated as

Z ( p) =

K ' ( p − p1 )( p − p 3 )( p − p5 )....
( p − p 2 )( p − p 4 )( p − p 6 )....

(3-3)

Here, the complex frequencies pi in equation (3-3) are those clustered only about po=jωo.
These do not necessarily appear in conjugate pairs. This means that the coefficients of the
numerator and denominator of the above rational function are no longer real. Z(p) can be
written as
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a o + a1 p + .... + a n p n
Z ( p) =
bo + b1 p + .... + bm p m

(3-4)

Equation (3-4) can be reformulated in terms of ω as

a' o + a'1 ω + .... + a' n ω n R1 (ω ) + jI 1 (ω )
Z (ω ) =
=
b' o +b'1 ω + .... + b' m ω m R2 (ω ) + jI 2 (ω )

(3-5)

It is obvious from equation (3-5) that Z(0) and Z(∞) might take a complex constant value.
This is equivalent to a constant frequency shift that is accounted for in the circuit by a
constant reactance element (equivalent to frequency shifts in the diagonal elements of the
coupling matrix). Although the constant reactance is not a physical concept, it is used to
mathematically approximate the response within a narrow band of frequencies. The
mathematical approximation is based on the fact that the contribution of higher order
poles and zeros away from ωo is approximated by a constant within the narrow band of
interest. The assumption is no longer valid for broader band.

R

C

L

j∆ω

Constant reactance

Figure 3-1. Equivalent circuit of a series resonator using the narrow band

approximation.
This means that the model remains strictly narrow-band as long as the normalized
frequency variable along with frequency shifts are used even if the frequency dependence
of the coupling coefficients is taken into consideration.
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In addition to the bandwidth limitation explained above, a serious topology
limitation restricts the use of existing circuit models in compact microwave filters.
Generally, circuit models based on localized resonances, such as the coupled-resonator
filter model, assume a sparse coupling topology. This suggests that the individual
resonances and their spatial extent can be well defined. This is possible for narrow band
filters where the topology can define some properties of the response such as the
maximum number of transmission zeros at finite frequencies [39-40]. Unfortunately this
is not the case for compact filters. The very close proximity of the resonators makes it
difficult to define a coupling topology. This is due to the strong stray coupling whose
strength can be in the order of the main ones [14]. In case of compact filters, it is
generally not easy to explain the physical behavior of the filter based on localized
resonances. This is demonstrated by the following examples.
3.2.1 Second Order Filter with One Transmission Zero

The first example is a second order suspended stripline filter with one
transmission zero. Figure 3-2 shows the layout of two possible structures, one with a
transmission zero above the passband and the other with the transmission zero below it.
Figure 3-3 shows the EM simulated response, as obtained from Sonnet software package,
of the filter with a transmission zero above the passband.
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Figure 3-2. a) Layout of second order suspended stripline filter with transmission

zero above the passband, b) layout of second order suspended stripline filter with
transmission zero below the passband and c) Cross section of the structure.

Figure 3-3. EM simulated rrresponse of the optimized filter in Figure 3-2
3 a.

Within the language of localized resonances, the presence of the transmission zero
assumes cross coupling [39, 40]. One way to obtain one transmission zero is to have
coupling from the source to the second resonator and/or from the load to the first
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resonator. Another possibility is to consider the coupling frequency-dependent as in [64].
This can be done by considering the coupling between the two resonances as capacitive
through the gap g and inductive through the portion that is grounded. The two coupling
paths are controlled by the dimensions g and x in Figure 3-2. The cancellation between
the two types of coupling generates the transmission zero at a finite frequency.
Unfortunately it is not obvious which of the two models is correct.
3.2.2 Fourth Order Filter with Three Transmission Zeros

Figure 3-4 shows the geometry of a fourth order suspended stripline filter that
results from cascading two second-order filter structures as those in the previous
example. Figure 3-5 shows the EM simulated response of an optimized filter. The
response has three distinct transmission zeros at finite frequencies.

h
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d3

stripline d

stripline

g

4

s1

50 Ω

s2
d2

x
o

(a)
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(b)
Figure 3-4 a) Geometry of the fourth order suspended stripline filter, b) Simulated response
of optimized 4th order filter with three transmission zeros.

In a seemingly inline topology with constant coupling coefficients, no transmission
zeros are expected to appear [39, 40]. Having three distinct transmission zeros requires
cross coupling that are not obvious in the physical structure. The assumption in the
previous example that the source is coupled to the second resonance and the load to the
third will not produce three distinct transmission zeros. Such a topology is shown in
Figure 3-5a.
If the frequency dependence of the coupling coefficients is considered, a transmission
zero will be obtained whenever a coupling coefficient vanishes within a purely inline
configuration as shown in Figure 3-5b. Unfortunately this model fails to predict the three
distinct transmission zeros due to the symmetry of the structure. This can be explained as
follows:
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Assume that the coupling coefficients in the in-line circuit are given by

M ij (ω ) = Aij + Bijω

(3-6)

where Aij and Bij are constants.

Figure 3-5. a) Topology assuming cross coupling between the source and second

resonance and load and the third resonance, b) Topology of in-line model with
variable coupling coefficients.
In this case the topology does not determine the number of transmission zeros and
the shortest path rule is not valid anymore. Within this model a transmission zero results
from the vanishing of one coupling coefficient.
For a sparse inline coupling matrix with inter-resonator coupling coefficients
varying linearly with frequency as in (3-6), it can be easily shown that the numerator of

60

the transmission coefficient is proportional to the product of the coupling coefficients as
follows

S 21 (ω ) α M 12 (ω ) M 23 (ω ) M 34 (ω )

(3-7)

Accordingly, a symmetric structure is not capable of producing three distinct
transmission zeros since M12(ω)=M34(ω. The circuit is only capable of generating one
first order transmission zero at ω=-A23/B23 and one second order transmission zero at ω=A12/B12. This is not the case for the given filter. The above example demonstrates the
failure of the models based on the localized resonances in predicting the behavior of
compact filters with moderate bandwidths even if the frequency dependence of coupling
coefficients is taken into consideration.
It is important to establish a universal circuit that can represent compact and
wideband filters. In the following section, an equivalent circuit derived directly from
Maxwell’s equations is proposed to represent this class of filters. The circuit has the same
form regardless of the characteristics of the response such as symmetry, presence of
transmission zeros and bandwidth.

3.3 A Universal Equivalent Circuit of Resonant Structures
The goal of this chapter is to find a universal circuit model directly derived from
Maxwell’s equations that can represent wideband microwave filters of arbitrary
topologies and bandwidths. Such a model will permit the design and optimization of
compact and wideband filters using efficient and systematic techniques such as the space
mapping technique.
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The EM characteristics of cavity resonator filters are rigorously described by
Maxwell’s equations. The modeling of microwave cavities of arbitrary shape coupled to a
uniform waveguide or transmission line starting from Maxwell’s equations has been
investigated by a number of researchers [17-18, 64-66]. A common approach is to expand
an arbitrary EM field in the volume of the filter in terms of the eigen-resonances of the
whole structure. Slater derived an expression for the input impedance of a microwave
cavity fed by a uniform waveguide [64]. It was later shown that Slater failed to use a
complete set of vector functions in his expansion [66]. A more detailed investigation of
cavity resonators was given by Muller [65]. Kurokowa used a complete set of resonant
solutions to derive the admittance port parameters of one and two port cavities in [17]
and [18]. Similar formulations were discussed for circuits that can be represented by
impedance parameters [67]. In [68, 69] similar characteristics were used in conjunction
with numerical techniques. The steps and the mathematical formulation are detailed in
[17, 18] and will not be repeated here. In this work, the most important result is the
expansion of the generalized admittance in terms of the short circuit resonant modes. For
a lossless microwave cavity fed by a uniform waveguide the two-port admittance matrix
is given by [17,18].

Ypq =

Apq
jω

∞

+∑

i =1

bpibqi
j(ω / ωi − ωi / ω) .

(3-8)

Here, p=1,2 and q=1,2 are the port numbers, Apq, bpi, bqi are real constants related to the
coupling integrals between the dominant mode in the feeding waveguide or transmission
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line and the ith eigen-resonance in the cavity, and ωi is the resonant angular frequency of
the same resonance. Equation (3-8) can be written in a matrix form as

Y11
Y
 21

 A11 ∞
ωb12i
+
∑

Y12   jω i =1 j( ω 2 − ω i2 )
=
Y22   A21 ∞ ωb2i b1i
+∑

2
2
 jω i =1 j( ω − ω i )

A12 ∞ ωb1i b2i
+∑
jω i =1 j( ω 2 − ω i2
ωb22i
A22 ∞
+∑
jω i =1 j( ω 2 − ω i2



)


) 

(3-9)

The circuit representation of the admittance matrix given in equation (3-9) is
shown in Figure 3-6. The circuit consists of an infinite number of parallel branches from
the source to the load, each representing one mode. The ith branch consists of an inverter
b1i between the source and the ith resonator and another inverter b2i between the load and
the same resonator. The first term of the equation is represented by a shunt admittance at
the input and output to ground with potentially a term between the source and load if A21
if not zero.
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Figure 3-6. Circuit representation of admittance function in equation (3-8).

It can be verified that the ith branch in the circuit in Figure 3-6 is equivalent to the
ith term in the expansion in equation (3-9) by evaluating the ABCD matrix and then
converting it to the admittance matrix. Let the capacitance in the ith branch be C=1 and
the inductance L=1/ωi2. The ABCD parameters can be evaluated as


 A B  0
C C  = 

  jb
 1i

j 
1
0 


 0
2
b1i
ω
  j (ω − i ) 1 
0  
  jb2i
ω


j   b2i
−
b2i  =  b1i

0  
0



ωi2  
ω
−

ω  

−j
b1i b2i
 (3
b

− 1i
b2i

10)
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The ABCD matrix in equation (3-10) can be transformed to an admittance matrix
using the standard relationship in [70] as

D

Y = B
−1

B

− 1
B
A

B





=








ωi2  

j  ω −

ω


b22i

2 

ω 
j  ω − i  
ω  


b12i

b1ib2 i


ω2 
j  ω − i 
ω 

b1ib2 i

ω2 
j  ω − i 
ω 


(3-11)

Multiplying both the numerator and denominator of the entries of the matrix in equation
(3-11) by ω, yields exactly equation (3-9).
The node equations of the circuit in Figure3-6 can be written in matrix form as

−











j + Bs

b11

b11

ω ω1
−
ω1 ω

b12
M
b1i
BSL

b12

L b1i

0

L

0

0

ω ω2
−
ω2 ω

0

L

M
0
b21

0
M
b22

where Bs= A11/ω, BL=A22/ω,

O 0
0
L b2 i


1
 Vs 
b21   
0 
V1 

 

 
b22   M  = − j 0
M 
  Vi 
M
M 
 M 


 

b2i
V


L
0



− j + BL 
BSL

(3-12)

BSL=-A12/ω and the ith inductor is set to 1/ωi for

convenience.
The circuit model in Figure 3-6 represents a microwave cavity of arbitrary shape
supporting an infinite number of normal modes and fed by a uniform waveguide. It is
interesting to investigate how this circuit can be useful in modeling microwave filters.
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In existing coupled-resonator filter models, a microwave filter is viewed as a set
of discrete coupled resonators that are tuned synchronously or asynchronously [3-5]. An
alternate and more physical way is to view the whole filter structure as a single cavity
supporting an infinite number (practically a finite number within the passband and its
vicinity) of global eigen modes [19]. The global eigen modes are defined as the normal
modes inside the filter structure when closed from both ends. These are the only modes
that satisfy the boundary conditions inside the structure and hence can transport power
between the input and output ports. Within this paradigm, the above model can be
regarded as a universal circuit model that is able to reproduce the response of an arbitrary
microwave passband filter.
Unfortunately, the circuit as it stands is too detailed to be useful for design and
optimization of an Nth order microwave filter. In order to reduce the order of the circuit,
the role of different resonances in the circuit is investigated. For a bandpass filter with a
good spurious response, only a finite number of resonances are responsible for power
transport between the ports in the passband and its vicinity. On the other hand the higher
order modes are needed to enforce the boundary conditions at the input and output. We
truncate the matrix in equation (3-13) by considering only N modes for the power
transport between the ports and a finite number p of higher order modes. The truncated
admittance matrix will be (N+p+2)x(N+p+2) It is interesting to see how the higher order
modes load the system. In order to do so, the higher order node voltage (ith node voltage
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where N<i≤N+p) is eliminated by using the relationship between the ith voltage and the
voltage of the source and load. This can be written as

Vi = −

b1i VS + b 2i VL
ω / ωi − ωi / ω

(3-13)

From equation (3-13) it is obvious that the elimination of the voltages of the higher order
modes only impacts the source and load voltages. The contribution of the higher order
modes is in the form of shunt elements to ground at the input and output as well as a
coupling element between the source and load. The new reactance at the source and load
nodes and the source-load coupling terms are given by equations (3-14).

∑

Bloading , S = −

higher
mod es

∑

Bloading , L = −

higher
mod es

SLcoupling = −

A12

ω

b12i
,
ω / ωi − ωi / ω
b22i
ω / ωi − ωi / ω
−

∑
higher
mod es

(3-14)

b1i b2i
ω / ωi − ωi / ω

By eliminating the voltages of all the higher modes, the admittance matrix can be written
as an (N+2)x(N+2) matrix having the loading of the higher order modes in the first and
last diagonal elements as well as the source load coupling elements as
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− j + BS + Bloading , S


b11


b12


M


SL coupling


b11

ω ω1
−
ω1 ω
0

b12

L

0

L

O

L

0

M

b 21

L

ω ωN
−
ωN
ω
b2N




b 21


M


b2N

− j + B L + Bloading , L 
SL coupling

(3-15)

The matrix in equation (3-15) is equivalent to an (N+p+2)×(N+p+2) admittance matrix
that can be written in the form

YN + p

 − j + Bs

 b11


= j  b12

 M




b11

b12

L

ω ω1
−
ω1 ω

0

L

0

O

L

0

M

ω
ω
− N+p
ωN + p
ω

b21

L

b2, N + p



b21 


M 

b2, N + p 

− j + BL 

The equivalent circuit of equation (3-16) is shown in Figure 3-7.
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(3-16)

path N+p

path N+1

p Higher
order modes

Source

Load
N resonances

Bs

path N
BL

path 2
path 1
kth branch

Inverter
b1k

Inverter
b2k
parallel LC resonator at ωk

Figure 3-7. Equivalent circuit of an Nth order bandpass filter when N pass band

resonances and p higher order resonances are included.
In the case of suspended stripline filters, the equivalent circuit can be further
simplified. It is assumed that the structure is fed by a 50Ω suspended stripline that
supports quasi TEM mode. Under these conditions, the axial magnetic field is small
enough for the term Apq/jω in equation (3-8) to be neglected. Also it is further assumed
that for a microwave filter of order N with good spurious response, only N resonances
contribute significantly to the power transport in the passband and its vicinity. If an
accurate response of the filter is required over a wider frequency band, then p additional
higher order modes can be included as will be shown in the parameter extraction
examples. In this case the input admittance parameters can be written as
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N

bpibqi

i =1

j( ω / ωi − ωi / ω )

Ypq = ∑

N+ p

+ ∑

bpibqi

i = N +1

j(ω / ωi − ωi / ω )

(3-17)

Equation (3-17) is represented by the circuit in Figure 3-7 except for the admittance
between the source and load to ground. This can be represented by the following
admittance matrix

YN + p

b11
− j

ω ω1
−
 b11
ω
ω
1

b
0

= j 12

0
 M


b21


b12

L

0

L

O

L

M
L

ωN + p
ω
−
ωN + p
ω
b 2, N + p



b21 

M 

b 2, N + p 

− j 

(3-18)

Also the assumption of quasi-TEM mode in the feeding lines implies a frequency
independent characteristic admittance Yo. Note that the inverters bij are almost constant
with frequency since they depend on coupling integrals that are purely geometric
quantities for homogonously filled structures. Although suspended stripline is not strictly
homogenous, only higher order modes are appreciably affected, especially for thin
substrates.
The scattering parameters can be obtained from the admittance matrix by
−1

S11 = −1 − jYN + p (1,1)
−1

S 21 = −2 jYN + p ( N + p + 2,1)

(3-19)

In order to illustrate the accuracy of the model, few extraction examples will be
shown. The second order suspended srtipline filter shown in Figure 3-2a was simulated
using the commercial software package Sonnet and the equivalent circuit parameters
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were extracted from the EM simulated response. These are extracted by minimizing the
following cost function
K

K ( M 1 , M 2 ...M N ) = ∑ | S11EM (ω i ) − S11calc (ω i ) |2
i =1

K

+ ∑| S
i =1

EM
21

(ω i ) − S

calc
21

(ω i ) |

(3-20)
2

where, Mi represents the circuit parameters that are used as optimization variables, ωi are
judiciously chosen frequency points, SijEM are the simulated scattering parameters and
Sijcalc are the scattering parameters calculated from the admittance matrix in equation (318). Figure 3-8 shows the EM simulated response of the second order filter when
matched to a circuit model response. The solid lines represents the full-wave simulated
response as obtained from Sonnet whereas the dotted lines are the best fit that was
obtained when only two resonances are included in the model (N=2, p=0). Although very
good agreement is obtained in the passband and its vicinity as well as matching the
transmission zero, large deviation occurs above and below the passband. When one more
resonance is included in the model (N=2,p=1), the response can be exactly matched. The
response of the model is shown as the dashed lines in the same figure; it is
undistinguishable from the EM simulation. This shows that the when one higher order
resonance is added, the circuit can accurately represent the electromagnetic behavior of
the circuit.
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Figure 3-8. Response of second order filter with one transmission zero. Solid lines: full-wave
simulation from Sonnet, dotted lines: equivalent circuit with 2 passband resonances (N=2,
p=0) and dashed lines: equivalent circuit with 2 passband resonances and one higher order
resonance (N=2, p=1).

Similar results are obtained for the 4th order filter shown in Figure 3-4a with three
transmission zeros at finite frequencies. Figure 3-9 shows the EM simulated response
along with that of the extracted equivalent circuit. If only 4 resonances, whose resonant
frequencies are in the passband or its immediate vicinity, are included (N=4, p=0), the
response of the corresponding equivalent circuit is shown as the dotted lines in Figure 39. As in the previous example, good agreement is achieved in and close to the passband.
The response of the equivalent circuit when 4 passband resonances and two higher order
resonances are included (N=4, p=2) is shown as the dashed lines. It is evident that this 6th
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order circuit can accurately reproduce the full EM simulated response of the structure at
least within the EM simulated frequency span.
It is interesting to investigate if the circuit is able to represent the response of a
detuned filter. This is of practical importance in optimization because generally the initial
filter design can be classified as a detuned filter. As an example, the response of a
detuned 4th order filter with a relative bandwidth of roughly 20% is shown in Figure 3-10.
The solid lines show the simulated results as obtained from Sonnet and the dashed lines
the response of the equivalent circuit with N=4 and p=2. Excellent agreement between
the two results is achieved.

Figure 3-9. Response of second order filter with 3 transmission zeros. Solid lines:

full-wave simulation from Sonnet, dotted lines: equivalent circuit with 4 passband
resonances (N=4, p=0) and dashed lines: equivalent circuit with 4 passband
resonances and two higher order resonances (N=4, p=2).
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Figure 3-10. Response of detuned broadband fourth order filter with 3 transmission

zeros. Solid lines: full-wave simulation from Sonnet, and dashed lines: equivalent
circuit with 4 passband resonances and two higher order resonances (N=4, p=2).
It should be noted that in this work the expansion over the eigen resonant modes
is used on the circuit level and not as an EM simulation tool. This means that the physical
structure is EM simulated by means of a commercial EM solver using any numerical
technique and then the equivalent circuit parameters are extracted from the EM simulated
response. In case it is desired to use it directly for EM simulation, a much higher number
of modes should be considered in order to achieve convergence. For example, an accurate
description of the response of a second order dual-mode filter in reference [69 pp195]
requires up to 48 modes. This number is significantly reduced by accepting not to use the
expansion as a full-wave simulation tool and considering only the modes that account for
the power transport characterized by their scattering parameters. Figure 3-11 shows the
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response of the dual-mode filter in reference [69]. The filter response can be represented
by an equivalent circuit with N=2 and p=1 resonances. The EM simulation results, shown
as the solid lines, were obtained from the commercial software package µWave Wizard
from Mician, Bremen, Germany. The response of the equivalent circuit, shown as the
dashed lines, is in good agreement with the full-wave simulation. The slight deviation
between the two results at the upper edge of the frequency range reflects the effect of
other higher order resonances.

Figure 3-11. Full-wave simulated response of dual-mode filter in reference [21] (solid lines)
and response of equivalent circuit with N=2 and p=1 (dashed lines). The dimensions of the
filter are given in [69, pp. 196].

In order to confirm the suitability of the model to represent broadband and the
ultra-wideband bandpass filters, a micro-strip fifth order filter reported in [8] was
simulated using Sonnet. One transmission zero located in the upper stopband was taken
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into account while the remaining ones are set at infinity. This is achieved by imposing
constraints on the entries of the admittance matrix. Explicit formulae for these constraints
can be derived in a similar manner to those in Appendix A. The elements of the
equivalent circuit, which contains five resonances (N=5, p=0), were extracted from the
simulated response. The response of the extracted equivalent circuit is shown in Figure 312 as the dashed lines and the EM simulated response as the solid lines. Both curves
show very good agreement in the passband and its vicinity. On the other hand the differ
slightly away from the passband. Better agreement can be achieved if the constraints on
the coupling coefficients are relaxed as shown in Figure 3-13. The two responses agree
within plotting accuracy.
In this section, the use of the equivalent circuit derived from Maxwell’s equations
in microwave filter modeling has been introduced. The circuit assumes fixed topology
and allows the inclusion of higher order modes. This overcomes the topology and
bandwidth limitations of the existing coupled-resonator model.
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Figure 3-12. EM simulated and circuit model response of microstrip UWB filter reported in
[8]. Solid lines: EM simulation, dashed lines: extracted model response.

Figure 3-13. EM simulated and circuit model response of microstrip UWB filter reported in
[30]. Solid lines: EM simulation, dashed lines: response of extracted model without
constraints on coupling coefficients.
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3.4 Transformation of the Universal Circuit to Sparse Topologies with Frequency
Dependent Coupling Coefficients
In this section the transformation from the global eigen-mode circuit model with
transversal form to another model based on a sparse topology with possibly spatially
localized resonances will be investigated. Although the transversal equivalent circuit is
very useful in optimization, a circuit with sparse topology, such as folded inline, is more
intuitive. In the narrow-band case, the transversal coupling matrix can be transformed to
a sparse topology by means of a series of similarity transformations [30]. This results in a
new coupling matrix whose coupling coefficients are frequency independent as well. The
similarity transformation does not change the system as it amounts to a change of basis as
will be explained in detail in chapter 4.
In this section the transformation between the transversal coupling topology to a
sparse topology is described. This is done by means of rotation and scaling operations.
The localization of resonances resulting from such transformation is investigated for a
suspended stripline filter example.
With no higher order modes considered, and the pole at zero frequency assumed
negligible (which is true for many types of filters), the admittance matrix can be written
as
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1 −1 ( +0 )
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M
M
 
 
M
V L 
V L 
 M 
(3-21)

Here, G is a (N+2)×(N+2) square diagonal matrix whose elements are all zero except the
first and last one which are G11 = G(N+2),(N+2)=1. M is an (N+2×N+2) matrix that contains
the coupling coefficients in the fist and last rows and columns with zero diagonal
elements. UN is a diagonal NxN matrix with diagonal elements Uii=1/ωi. We use the
notation UN(+0) for the matrix associated with UN to avoid writing large matrices. The
matrix UN(+0) is defined by

U ( +0 )

0
0
0
= 0 U N ( N × N ) 0
0
0
0

(3-22)

It is not obvious how to transform the matrix A in equation (3-21) into a sparse
matrix using only rotations. In order to transform the matrix to a sparse topology, two
operations are used; scaling and rotations. The scaling of the transversal circuit amounts
to multiplying the ith row and the ith column of the matrix A in (3-21) by a real constant

αi. It is well known that such a scaling operation neither changes the response of the
system nor the topology, i.e. if an element is zero before the scaling it remains zero after
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the scaling. The scaling of the matrix A in equation (3-21) amounts to multiplying the
whole matrix by a scaling matrix S from both sides. The matrix S can be written as

1 0 L 0
0 α
0 L
1

[S ] =  M 0 O 0

0 M 0 α N
0 0 0
0

0
0
M

0
1 

(3-23)

The scaling operation transforms the matrix A into A’ according to

[

]

A ' = [ S ][ A ][ S ] = − jG + ω [ S ] U N( + 0 ) [ S ] −

1

ω

[

[ S ] U N−1

( +0 )

][ S ] + [ S ][ M ][ S ]
(3-24)

When the scaling matrix is taken such that α i = ωi , the scaled matrix A’ can be written
as

A' = − jG + ωI N

( +0 )

−

[U ] + [M ' ]
ω
1

−1( +0 )
N

2

(3-25)

Here, IN is an N×N identity matrix. Also, the elements of the coupling matrix M (b1i and
b2i) are multiplied by

ωi .

At this point similarity transformation can be applied in order to annihilate the
unwanted terms in the matrices M’ to reach a sparse topology. Note that all the elements
in the matrix M’ are in the first and last rows and columns. This process when applied on
the matrix A’ affects the matrix U N−1

( +0 )

leading to a possibly full matrix. Another set of

similarity transformations should be applied to annihilate the unwanted terms in the
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resulting matrix. There are restrictions on the topology such that some annihilations are
not possible. A systematic way to apply successive similarity transformations using
different pivots on a transversal topology to reach a certain sparse topology is used in this
work [30]. The transformed matrix A’’ can be written as
N1

N1

A' ' = [∏ T ][ A' ][∏ Tk ]
−1
k

k =1

k =1

= − jG + ωI N+0 −

[W ]+ [M ' ' ]
ω
1

(3-26)

( +0 )

N

where WN is potentially a full matrix and M’’ is a constant sparse matrix. The ith diagonal
element of the matrix WN is denoted by

ω i'2

for convenience. It should be noted that

ωi≠ωi’. Also Tk denotes the kth rotation.
Another scaling operation is required to restore the frequency dependant diagonal
elements to their original form in equation (3-21). The new scaling matrix S’ is taken
such that

α ii = ω i' . The rescaled matrix Afinal can be written as

[

]

A final = S ' A' ' S ' = − jG + ω U '(N+0) −

[W ' ]+ [M
ω
1

( +0 )

N

final

]

(3-27)

where Mfinal is a sparse matrix with the same topology as M’’, U’N is a diagonal matrix
whose ith diagonal elements = 1/ωi’ and W’N is a full matrix whose ith diagonal elements
= ωi’. Equation (3-27) represents the admittance matrix of a system of resonances having
inter-resonator coupling coefficients that vary as 1/ω.
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As a numerical example, consider a third order response with no transmission
zeros at finite frequencies. The band extends from 11.5 GHz to 14 GHz with an in-band
return loss of 20 dB. The matrix A that represents that response is given by

− j

 bS 1


A =  bS 2

b
 SN
 0


bS1

bS 2

bSN

0

0

0

ω ω2
−
ω2 ω

0

0

0

ω ω3
−
ω3 ω

bL1

bL 2

bLN

ω ω1
−
ω1 ω

0 

b L1 


bL 2 

b LN 

− j 

(3-28)

The entries of this matrix are found by optimization to be bS1=bL1=0.2606, bS2=bL1=0.3373, bS3 =bL3=0.222, ω1 =10.966 GHz, ω2 =12.882 GHz and ω3 =14.601 GHz.
Applying the scaling-transformation-scaling operation described, the matrix Mfinal
takes the following form.

A final

− j

M S1


= 0

 0

 0


M S1

ω ω '1
−
ω '1 ω
−

a12

ω

0
0

−

0
a12

0

ω
ω ω'2
−
ω'2 ω
−

a 23

ω
0

0
−

a 23

ω
ω ω '3
−
ω '3 ω
M L3

0 

0 


0 

M L3 

− j 

(3-29)

The matrix Afinal is in the form of a purely inline with inter-resonator coupling
coefficients inversely proportional to frequency. The entries of the new matrix are
Ms1=ML1=0.4769, ω1’=ω3’=12.8816 GHz, ω2’=12.9429 GHz, a12=2.5430 a23=2.545.
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Figure 3-14 shows the response of the matrices in equation (3-28) and (3-29); they are
indistinguishable. Note that the two resonant frequencies are close but they are not equal.

Figure 3-14. Frequency response of the broadband circuit models. Solid lines:

response of the transversal admittance matrix in equations (3-28), dashed lines:
response of in-line sparse admittance matrix in equation (3-29).
3.5 Optimization Results
In this section the use of the equivalent circuit discussed in the previous section in
the optimization of compact and wideband filters is shown. The operation of compact the
suspended stripline filters with moderate bandwidths reported in [12,13] is explained
within the global eigen-modes model. An approximate design procedure is outlined and a
second and fourth order filters are systematically optimized using space-mapping
technique. An overview of space mapping optimization technique was given in chapter 2.
For more details the reader is referred to [51-55].

83

The use of the model is then extended to ultra-wideband filters with fractional
bandwidths of more than 75%. A new ultra wideband inline suspended stripline filter is
presented. The filter is used as an optimization example in order to test the performance
of the equivalent circuit in broadband filter optimization.

3.6 Modeling, Design and Optimization of Compact Suspended Stripline Filters with
Moderate Bandwidths

The layout of the second and fourth order examples considered in this section are
shown in Figure 3-2 and 3-4a. The substrate is inserted in metallic box with air gap above
and below the substrate of height tair= 2 mm. The thickness of the dielectric slab is tsub=
0.254 mm and its dielectric constant is εr=2.2. In all the design and simulation steps the
structures are assumed lossless. The commercial software package Sonnet, in which the
conducting strips are assumed of zero thickness, is used to analyze them.
The optimization is based on the equivalent circuit in Figure 3-7 where no higher
order resonances are used. It is important to note that although the filters are of moderate
bandwidths, all the parameter extraction are carried out directly in the physical frequency

ω and not in the normalized low-pass frequency variable.
3.6.1.1 Second order suspended stripline filter

In this section the second order suspended stripline filter shown in Figure 3-2 is
designed and optimized. The required filter specifications are: center frequency of 10
GHz, in-band return loss of 20 dB, a fractional bandwidth of 15% and a transmission zero
at 14.0 GHz.
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Since the structure is symmetric, its performance can be explained in terms of its
even and odd modes. The plane of symmetry is that passing through the middle of the
structure at half distance between the two ports. This leads to equal source and load
coupling to a given mode, i.e. bsi=±bLi. The even and odd modes constitute the set of the
eigen-modes of the structure. The filter can be modeled by the following admittance
matrix where only two modes are considered as
− j

 b s1
Y = j

b s 2

 0

b s1
ω ω1
−
ω1 ω
0
− b s1

b s2
0
ω ω2
−
ω2
ω
b s2

0 

− b s1 


b s2 

− j 

(3-30)

The elements of the admittance matrix in (3-30) that yield a specified response
are determined by optimization. For example, for a second order filter with the required
specifications, the parameters of the coupling matrix are obtained as: bs1=0.4, bs2=0.271,

ω1=8.88 GHz and ω2=11.295 GHz.
Note that the resonant frequencies ω1 and ω2 are those of the even and odd modes
and they are not necessarily close. Also the normalized inverters bsi are frequency
independent as discussed in section 3-3.
The response of the filter is controlled by the resonant frequencies of the two
modes and their respective coupling to the feeding lines. A very important step in the
optimization procedure is to decide which dimensions are to be chosen as the fine model
parameters. For a successful optimization process, the set of dimensions chosen should be
capable of controlling the two modes and the coupling separately. A good choice can be
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made based on the electric and magnetic field distributions for the two modes. The
controlling dimensions can be found using a field plot generated from a field solver for
instance. The effect of different dimensions on the modes can be investigated by
examining the variation of the eigen-mode frequencies with respect to the different
dimensions. The eigen-mode frequencies of the structure can be found by weakening the
coupling from the input and output port, i.e. increasing the dimensions s in Figure 3-2
(such that the input and output loading are negligible) and observing the peaks of the
transmission coefficient. For example the dimension g was varied by -0.1 mm and the
response of structure with the decoupled ports was observed. Figure 3-15 shows the
response before and after perturbation. The dimension g impacts the resonant frequency
of one mode more than the other. Obviously the strongly affected mode is the one with an
electric wall in the middle. Using this method, the set of dimensions to be perturbed in
the optimization process can be identified.
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Figure 3-15. EM simulated response for second order bandpass filter with very weak input
and output coupling. Solid lines: initial dimensions, dashes lines: only the g dimension is
perturbed by –0.1mm.

Figure 3-16. Response of initial design of 2nd order filter. The transmission zero is not

included in the design.
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The initial design starts by setting the arms of the resonators to a quarter
wavelength at the center frequency. Having fixed the length, electric and magnetic walls
are placed along the symmetry plane in order to analyse each mode separately. The
controlling dimensions x and g are changed in order to adjust the two resonant
frequencies to the required values. Initially the dimension s is fixed such that the input
coupling is close to that required for an inline filter with the same return loss. Figure 3-16
shows the response of a second order filter initial design using the above procedure. The
dimensions of the designed filter are (all in mm): s=0.6, x=1, g=0.6, d1=0.8, d2=1,
d3=0.9 and h=4.2.

Figure 3-17. Optimization progress for the second order filter in Figure 2-2a starting

from a detuned response. Dotted line: initial response, solid line: optimized response
and dashed line: ideal response.
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Figure 3-18. Optimization progress for second order SSL filter with transmission

zero below the passband. Dotted line: initial response, solid line: optimized response
(iteration 1), dotted line: ideal response.
The initial design was purposely detuned in order to test the optimization
performance. The independent variables used in the optimization process are s, x, g and
L. The optimization progress using space mapping technique is shown in Figure 3-17.
The process takes three iterations using a linear approximation to converge. Convergence
is assumed achieved when the deviations in the physical dimension at each optimization
step becomes within the fabrication tolerances. Also Figure 3-17 shows excellent
agreement between the optimized filter response and the target admittance matrix
response in the passband and its vicinity. The deviation away from the passband is
attributed to the spurious higher order modes that are not taken into account in the
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admittance matrix. The dimensions of the optimized filter are s=-0.15 mm, x=9.25 mm,
g=0.15 mm, d1=0.8 mm, d2=1 mm, d3=0.9 mm and h=3.5 mm. Note that the negative
value of the s dimension indicates that the two metallic layers, on opposite sides of the
substrate, are overlapping.
The transmission zero can be moved to the other side of the passband by
exchanging the resonant frequencies of the even and odd modes, a property known as
zero-shifting property. The proof for narrow band cases was given in [71]. For broadband
model, the numerator of the S21 can be obtained by the expansion of the matrix in
equation (3-30) as.

Num( S 21 ) ∝ bs21Ω 2 − bs22 Ω1

(3-31)

ω
ω 
− i  . This means that a transmission zero occurs when the following
 ωi ω 



where Ω i = 

condition is satisfied

Ω1 bs21
=
Ω 2 bs22

(3-32)

Ωi is a monotonically increasing function of ω that vanishes at ω=ωi. Let ω1<ω2
and assume that the ratio on the right hand side of equation (3-32) is greater than 1. In
this case the condition can only be satisfied at a frequency ωz such that ωz>ω2 that is on
the right hand side of the passband. If the two frequencies are such that ω1>ω2 , the
condition can be satisfied at a frequency ωz such that ωz<ω2. Note that if bs1=bs2 the
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condition in equation (3-32) cannot be satisfied at any finite frequency value leading to
no transmission zeros at finite frequencies.
In order to demonstrate this property, a second order filter with a transmission
zero below the passband is designed and optimized. The geometry of the filter is shown
in Figure 3-2b. The resonant frequencies ω1 and ω2 are interchanged in the admittance
matrix in equation (3-31). This shift is realized by changing the nature of the connection
between the arms of the resonator and the wall of the metallic enclosure. Figure 3-18
shows the optimization progress of the filter. It takes one iteration using linear
approximation to converge. The dimensions of the optimized filter are s=0.15 mm,
x=0.125 mm, g=0.25 mm, d1=0.5 mm, d2=1.8 mm, d3=0.75 mm and h=3 mm.
3.6.1.2 Fourth order suspended stripline filter

In this section a fourth order suspended stripline filter with three transmission
zeros at finite frequencies will be designed and optimized. The geometry of the filter is
shown in Figure 3-4. By keeping only 4 resonances and ignoring the source and load
reactance terms, the admittance matrix representing the filter can be written as
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(3-33)

The filter specifications are: center frequency fo=10 GHz with an in-band return loss of
20 dB and a BW of 1 GHz. The response must have transmission zeros at 6 GHz, 11.2
GHz and 12.22 GHz. The parameters of the admittance matrix that meets these
specifications are: bs1=0.1486, bs2=0.2039, bs3=0.1767, bs4=0.1112, ω1=9.3218 GHz,

ω2=9.7902 GHz, ω3=10.4123 GHz and ω4=10.636 GHz.
First, an approximate design procedure is outlined and then the initial design is
optimized using the space-mapping technique. As in the previous examples the length of
the arms is set to a quarter wavelength. The initial design exploits the symmetry of the
structure by inserting electrical or magnetic walls along the plane of symmetry of the
structure. Inserting the electric wall eliminates the two even modes whereas inserting the
magnetic wall eliminates the two odd modes. The one-port group delay can be calculated
by means of the derivative of the reflection coefficient. The peak value of the group delay
is related to the input coupling whereas the corresponding frequency is the resonant
frequency [63].
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Since the two even or odd eigen-modes are not interacting, the positions of the
peaks approximately coincide with the resonant frequencies of these modes. The
dimensions s2, g, x and o are adjusted in order to bring the resonant frequencies to the
desired values. It should be noted that the dimension s2 does not impact the response of
the structure with magnetic wall along the plane of symmetry, i.e. it has a very minor or
no effect on the even modes of the structure. Therefore this dimension can be fixed in the
configuration with the electric wall.
The dimensions of the initial design obtained from the outlined design procedure
are: s1=0 mm, s2=0.6 mm, x=0.7 mm, o=0.4 mm, g=0.2 mm, h=4.2 mm, d1=0.8 mm,
d2=1 mm, d3=0.9 mm and d4=3.3 mm. The six controlling dimensions chosen for
optimization are s1, s2, x, o, g and h. These dimensions were perturbed, one at a time, and
at each perturbation the circuit parameters were extracted by minimizing the cost function
in equation (2-27). Figure 3-19 shows the progress of the optimization process. It is
obvious that one iteration using a linear approximation is enough to bring the return loss
from 11 dB to 20 dB and adjust the bandwidth. The dimensions of the optimized filter are
s1=0.0625 mm, s2=0.825 mm, x=0.65 mm, o=0.325 mm, g=0.325 mm, h=4.65 mm,
d1=0.8 mm, d2=1 mm, d3=0.95 mm and d4=3.35 mm. Although a total of eight
geometrical parameters are required to optimize the filter to an arbitrary fourth order
response with three transmission zeros, six were sufficient in this case. This indicates that
it might not be possible to shift a transmission zero to the other side of the band for
instance.
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Figure 3-19. Optimization progress for fourth order SSL filter. Dotted lines: initial
response, solid lines: optimized response (one iteration), dashed lines: ideal response.

Figure 3-20. Photograph of the fabricated fourth order filter with opened metallic

enclosure and feeding lines. The four resonators on the backside of the substrate are
shown in the inset (not to scale) of the figure.
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The optimized fourth order filter was fabricated and measured. A photograph of
the fabricated filter is shown in Figure 3-20. The substrate is enclosed in a metallic box as
shown in the Figure 3-20. Figure 3-21 shows the measured response of the fabricated
filter along with the EM simulated response when the groove in the metallic box and the
metallic strip are taken into consideration. The results show good agreement for the
insertion loss, however there is a deviation for the return loss that is attributed to the
sensitivity of this class of filters to manufacturing tolerances. Also, the mismatch in the
SMA connector at the input and output that was not taken into account in the EM
simulations. Figure 3-22 shows the sensitivity analysis of the filter by varying the three
dimensions s1, g and x by ± 25µm. It is obvious from the plot that the filter is quite
sensitive in the passband. The return loss falls down to 11 dB when the three dimensions
are perturbed simultaneously and randomly. It should be noted that the metallic and
dielectric losses were not taken into consideration in the EM simulation. The remaining
difference between the measured and simulated return loss (roughly 3 dB) may be due to
losses and the SMA transitions. The two transmission zeros above the passband match
well in the measured and EM simulated responses. On the other hand, the transmission
zero below the passband is not present in the measured response. This is attributed to the
fact that the simulated structure does not include the feed system including the SMA
connector and the discontinuity at the input and output of the metallic box.
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Figure 3-21.

Measured (dashed lines) and simulated (solid lines) results of the

structure that was actually fabricated.

96

Figure 3-22. Sensitivity analysis of the fabricated structure. Only the dimensions s1, g and x
are varied by ±25 µm each. Solid line: EM simulations and dotted line: measured response.
3.6.1.3 Modeling and Optimization of New Suspended In-line UWB Stripline Filter

In [34] a narrow-band stepped impedance microstrip filter was designed using the
narrow-band circuit model. In this work a stepped impedance broadband filter using
suspended stripline technology is design and optimized using the new circuit model. The
filter is used as an optimization example to demonstrate the performance of the global
eigen-modes circuit model for broad bandwidths.
Figure 3-23 shows the layout of the proposed filter. The substrate has a dielectric
constant εr= 10.2 and thickness tsub= 0.254 mm. The substrate is enclosed in a metallic
box of width 5mm with a 2mm space above and below the substrate. Each resonator
consists of one high-impedance section sandwiched between two low-impedance
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sections. All the resonators are capacitively coupled. Since large coupling are required,
especially for the input and output, the resonators alternate on both sides of the substrate.
For an odd order filter, both the input and output ports lie on the same side of the
substrate.
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Figure 3-23. (a) Layout of fifth order SSL filter. (b) Cross section of the structure.

When only five modes are considered, the admittance matrix representing the
filter response can be written as
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bS 4 


− bS 5 

− j 

The required response of the filter extends from 4 GHz to 9 GHz with an in-band
return loss of 15 dB. The elements of the admittance matrix that yields the desired
response are found by optimization as: bS1=0.3638, bS2=0.4579, bS3=0.3903, bS4=0.334,
bS5=0.2226, ω1=3.7124 GHz, ω2=5.0421 GHz, ω3=7.061 GHz, ω4=8.7378 GHz,

ω5=9.3803 GHz. Since the filter does not have any transmission zeros at finite
frequencies, the ten circuit parameters (bs1-bs5 and ω1-ω5) reduce to only six independent
parameters. This is due to applying constraints on the coefficients of the numerator of S21
during parameter extraction process as was explained in chapter 3, i.e. any four of these
parameters can be written in terms of the rest. Therefore, the set of optimized circuit
parameters reduces to bs1, ω1, ω2, ω3, ω4, ω5. Also the coupling from each mode to the
output bsi are not considered additional parameters as they are equal in magnitude to bLi
with the same or opposite sign depending on how modes couple to the input and output as
shown in the matrix in equation (3-34).
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Six controlling physical dimensions are chosen for optimization. These are s1, s2,
s3, L1, L2 and L3. This leads to a canonical optimization problem where the target
dimensions can be obtained from the inversion of a Jacobian. Figure 3-24 shows the
optimization progress of a detuned filter. The process converges to the target response in
2 iterations using a linear approximation. The dimensions of the optimized filter are
w=3.2 mm, g=1.5, s1=-0.95mm, s2=-0.2mm, s3=-0.2mm, L1=3.05mm, L2=4.8mm and
L3=4.8 mm. The negative signs in s1, s2 and s3 indicate that the two metal layers are
overlapping. It should be noted that the return loss as well as the bandwidth of this class
of filters is limited by the amount of coupling that can be achieved especially for the
input and output. The results show that considering only the modes responsible for power
transport (five eigen-modes) in the equivalent circuit is sufficient for the optimization
process to converge. This can be explained by the fact that the spurious response of this
class of filter occurs around 3fo. Figure 3-25 shows the EM simulated response of the
filter for an extended frequency range. The first spurious resonance occurs around 20
GHz. This is the reason why the effect of higher order modes within the passband and its
vicinity is not so significant in the passband. On the other hand, as shown in Figure 3-24,
the EM simulated response and the ideal circuit response show some shift outside the
passband and its immediate vicinity.
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Figure 3-24. Optimization progress for fifth order SSL filter. Dotted line: initial

response, solid line: optimized response and dashed line: ideal response

Figure 3-25. EM simulated response of optimized suspended stripline filter in Figure

3-23 showing the first spurious resonances.
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As was discussed in section 3.4 the transversal circuit represented by equation (322) can be transformed using scaling and rotation to a sparse topology with variable
coupling coefficients. An interesting question in relation to the in-line direct-coupled
topology is whether the resonances in the new topology are localized or not. In this
thesis, the localization of resonances means that the variation of a certain geometrical
dimension impacts only a specific set of resonances but has minimal effect on the other
resonances .i.e the Jacobian of the equivalent circuit is close to diagonal or at least sparse.
This can be useful and intuitive in the design of this class of filters. In order to answer
this question, the gaps between the resonators and the resonator lengths were perturbed
one at a time. Within the localized resonances paradigm the gaps between two resonators
affect the coupling coefficients between the same resonators whereas their lengths affect
the resonant frequencies. Each dimension is changed by 0.15 mm.
After applying scaling and similarity transformations, the matrix representing the
fifth order suspended stripline filter can be written as
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(3-35)

Note that the last scaling step to bring the diagonals to the original form was not taken,
however it is not necessary as far as the fractional change of the circuit parameters is
concerned.
The fractional changes in the entries of (3-35) are given in Table 3-1. It is obvious
that the change in the ith gap dimension Si affects mostly the coupling between the
corresponding resonators and alters their resonant frequencies. Also the change in the
resonator lengths affects mostly the resonant frequency associated with that resonator.
S1

S2

S3

L1

L2

L3

Ms1

-2.6766

-0.6178

-0.0268

-0.014

0.1403

-0.0381

a12

-0.9956

6.7469

-0.5918

-0.9019

0.7584

-0.7385

a23

-0.0851

-0.4927

7.9459

-0.4979

-0.2208

0.8315

ω 1’

-1.2958

-3.3699

0.6706

-2.4223

-0.2389

0.1832

ω 2’

0.015

-1.428

-1.8746

-0.3128

-1.2251

-0.3326

ω 3’

0.075

0.0759

-2.2443

-0.1038

-0.1333

Table 3-1. Fractional change in in-line circuit parameters of 5

-1.8632
th

order Chebychev

filter versus perturbation of geometric dimensions.
3.7 Conclusions
In this chapter, the difficulties in representing the response of compact microwave
filters using conventional circuit models were demonstrated by means of suspended
stripline filter examples. The bandwidth limitation of the conventional circuit models that
makes them unsuitable to represent broadband filters was addressed. An alternative
approach for modeling compact and wideband microwave filters based on a universal
admittance matrix derived directly from Maxwell’s equation was introduced. The circuit
serves as an accurate model for this class of filters. Examples of compact suspended
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stripline filters were optimized using space mapping with the equivalent circuit as a
coarse model. Excellent optimization results were achieved. An inline ultra-wideband
filter of fractional bandwidth exceeding 75% was designed and used as an optimization
example in order to test the performance of the circuit for broad bandwidths. Only the
modes responsible for power transport were considered in the optimization process and
excellent results were achieved.
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Chapter 4

Narrow Band Microwave Filter Representation
4.1 Introduction
Narrow band microwave filters play a major role in satellite and terrestrial
communications systems. The design and optimization of narrow band filters for various
applications continues to be an active research topic.
Historically, filters for applications at low and moderate frequencies were realized
by means of lumped elements or quasi lumped elements whose values and coupling can
be synthesized to obtain a certain prescribed response [24,28].
For higher frequencies, the unloaded quality factors of filters realized with
lumped components are degraded rapidly. Resonators are implemented in microwave
frequencies by means of resonant structures such as resonant waveguide cavities,
resonant planar microstrip and suspended stripline lines, resonant planar loops...etc.
Coupling elements are implemented by means of irises, fringing fields and the like.
In order to reduce the complexity of microwave filters design, an equivalent
circuit based on lumped components is used to represent the response of the filter in the
vicinity of the passband [6, 24, 26, 28]. The circuit can be synthesized to achieve a target
response approximated by a rational function as explained in chapter 2. The design is
based on such a circuit where the circuit parameters such as coupling coefficients and
resonant frequencies are converted to geometrical dimensions within the technology
chosen for filter implementation.
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In chapter 3 a comprehensive solution for the modeling of compact and
broadband filters using the equivalent circuit derived from Maxwell’s equations was
presented. In this chapter the topic of modeling and representation of narrow band filters
will be investigated in detail.
A narrow-band microwave filter has always been represented by a set of spatially
localized distinct coupled resonators according to a certain topology. This gives rise to
the conventional sparse coupling matrix concept that is used in the design in order to find
the physical dimensions as in [3, 4, 6, 26, 29, 72, 73] for instance. Within this view, the
topology of the coupling matrix resembles the physical arrangement of the resonators.
The design procedure generally aims at finding the physical dimensions that can realize
the coupling coefficients and resonant frequencies dictated by the coupling matrix. This
view is historically based on the early low frequency filter topologies using lumped
elements. A crucial difference between using coupled lumped capacitors and inductors
and using microwave resonators is that the coupling strength between the resonators does
not affect the values of the lumped elements and hence does not affect their resonant
frequencies. On the other hand, in microwave filters, the coupling elements load the
resonator, i.e. changing the coupling between resonators changes the resonant
frequencies. This loading effect is generally not obvious in the conventional coupling
matrix model. This is due to the fact that the circuit model is based on the resonances
before introducing any coupling elements. One of the main questions addressed in this
chapter is if there is a circuit model based on the physical resonances taking all internal
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boundary conditions into consideration? If so how does it relate to the conventional
model and what are its main characteristics?
These topics are strongly related to similarity transformation and how it can be
physically interpreted. Similarity transformation has been extensively used in the
literature as a synthesis tool. Except for certain topologies, the final coupling matrix on
which the design is based cannot be extracted directly from the target rational
approximation. Alternatively an initial coupling matrix of different topology is obtained
(full matrix for instance) and then it undergoes a series of similarity transformations in
order to annihilate the undesired coupling coefficients that cannot be implemented within
the desired topology [3,4,6,26,29,44,57,72,73,74,75]. As such similarity transformations
were used in microwave filters design as a mathematical tool to transform a synthesized
coupling matrix to a desired topology. Although it is a sound synthesis tool, the physical
significance of similarity transformations was hardly used or exploited in microwave
filters design or optimization.
Within this purely mathematical view, it was pointed out in the literature that a
microwave filter can have only one representation (one coupling matrix) that can be
physically realized [57]. This is the representation or topology that resembles the physical
arrangement of the resonators as in the conventional model and was always used in the
design as in [3,4,6,26,29,44,57,72,73,74,75]. In this work, this view is shown to be
inaccurate. The investigation of the physical interpretation of the similarity
transformation leads to few important conclusions that contradict this conventional
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paradigm. It will be shown that a microwave filter has an infinite number of
representations that result from choosing different mode sets as basis. Only few of these
sets are physical, i.e. satisfy the internal boundary conditions of the structure.
In section 4.2.1 the physical significance of a similarity transformation is
investigated. First a review of similarity transformation as has been understood and used
in the literature will be given. Then it will be shown that such a transformation belongs to
a more general class of transformations that preserves the port parameters as well as other
properties such as symmetry. In the same section an alternative physical interpretation for
similarity transformation and hence microwave filter representation is proposed. Within
the new interpretation the coupling matrix is viewed as a matrix representation using a
certain basis. This basis (unit vectors) can be physically interpreted as a set of modes.
The form of the representation changes when a different set of modes is chosen as basis.
Similarity transformation is interpreted as a process of change of basis. This implies that
a microwave filter can be represented by an infinite number of similar matrices using
different mode sets as basis.
Examples of H-plane second and fourth order filters will be given to demonstrate
this concept. It is evident from the examples that only few of these representations are
based on a physical set of modes that satisfy the boundary conditions at least within the
regions where they exist. Interestingly the conventional sparse coupling matrix does not
generally fall within this category.
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Having established that a microwave filter can be represented by an infinite
number of representations depending on the chosen basis, it is interesting to investigate
which set of modes actually seen by the ports. This is investigated in section 4.2.2. It is
shown that the transversal coupling matrix emerges as the most physical representation of
a microwave filter. It results from representing any microwave bandppas filter with
arbitrary topology using its global eigen-modes as basis. The global eigen-modes are
defined as the eigen modes of the whole filter structure when the input and output ports
are removed. These are the only physical modes that satisfy all the internal boundary
conditions in the volume of the structure. Also it will be shown that the transversal
coupling matrix model is unique so it gets over the uniqueness problem that poses a
serious optimization challenge for some coupling topologies.
These results challenge the common view of the transversal coupling matrix in the
literature where it was only used as an intermediate synthesis step without any
exploitation of its physical significance. In [57] it was argued that the synthesized
transversal coupling matrix undergoes a series of similarity transformations to reach a
required topology that can be realized. In this work we argue that the transversal coupling
matrix is the most physical circuit model to be realized although it bears little or no
resemblance to the arrangement of the resonators. In sub-section 4.2.3.1 it will be shown
that the transversal coupling matrix can be obtained from the universal admittance matrix
derived from Maxwell’s equations by applying a narrow band approximation.
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In section 4.2.4 the representation of microwave filters when the inter-resonator
coupling coefficients are allowed to vary with frequency is explained. It is shown that
using a similarity transformation and a scaling operation, the frequency dependence of
the coupling coefficients can be eliminated resulting in a different topology. The new
matrix can be transformed into the transversal coupling matrix form. This further
demonstrates that the transversal coupling matrix is a universal model that can represent
any narrow band filter with frequency dependent or independent coupling coefficients.
Also, it further confirms the conclusions in chapter 3 that bandwidth limitation does not
only result from the frequency dependence of coupling coefficients but mostly from the
use of the normalized frequency variable along with constant reactance.
In section 4.3 the applications of the concepts discussed about filter representation
and similarity transformation will be presented. It will be shown that the transversal
coupling matrix can be used directly as a coarse model in the optimization process
regardless of the topology of the filter. This has the advantage of universality, complete
elimination of the uniqueness problems that are associated with some coupling
topologies, ease of parameters extractions and dealing with a fixed topology. In order to
demonstrate that a microwave filter can be accurately represented by the transversal
coupling matrix, two optimization examples are presented. The first is an all-pole H plane
filter where the extreme case of inline topology was successfully represented and
optimized using the transversal coupling matrix as a coarse model. The second example
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is a microstrip filter with one transmission zero as those developed in [4]. Excellent
optimization results were achieved in both examples.
The concepts introduced in this chapter have great implications in microwave
filter design and optimization and will be the basis for the work presented in this thesis in
the following chapters as well as other ongoing and future work.

4.2 Microwave Filters Representation
This section discusses the different representations of microwave filters using
similar coupling matrices. First the conventional understanding and use of similarity
transformation in microwave filter design as a mathematical tool is briefly reviewed.
Then a new physical interpretation of similarity transformation is presented. The new
interpretation leads to a new view of the coupling matrix that is exploited in microwave
design and optimization.
4.2.1 Physical Interpretation of Similarity Transformation in Microwave Filters

A network of N coupled resonators shown if Figure 2-7 is shown schematically in
Figure 4-1 when the source and load resistances are normalized to unity. The dark circles
represent resonators that are represented by unit capacitors along with constant
susceptance to account for frequency shifts with respect to the center frequency of the
bandpass filter. The source and load admittances are normalized to unity (GL=Gs=1) by
adding the first and last inverters. If the nodal voltages are grouped in a vector [V] of size
(N+2) x 1, we have
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[− jG + ΩW + M ][V ] = [ A][V ] = − j[e]

(4-1)

Here, [G] is an (N+2)x(N+2) matrix such that G11=GN+2,N+2=1 and Gij=0 otherwise,
[W] is a diagonal matrix such that Wii=1 but W11=WN+2,N+2=0 and [M] is a symmetric real
matrix of size (N+2)x(N+2) called the normalized coupling matrix. The excitation vector
[e], of size (N+2)x1, is [e]=[1,0,…,0] t since we assume that only the source node is
excited. The normalized frequency is given by the standard low-pass to bandpass
transformation as

Ω=

f0 f
f
( − 0)
∆f f 0
f

(4-2)

Where f0 is the center frequency of the passband and ∆f is the bandwidth of the
filter.

M L1
M S2

MS1

M12

MLN
M SN

resonator

source/load

inverter

Figure 4-1. Coupling scheme of N resonators with source/load-multi-resonator coupling.
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The response of the filter is specified by the source and load node voltages. The
scattering parameters are given by
−1
S11 = −1 + 2V1 = −1 − 2 j[ A]11

S 21 = 2VN + 2 = −2 j[ A]−N1+ 2,1

(4-3)

It is evident from the above equation that the response of the system is not altered
as long as the source and load node voltages are not changed. This means that the internal
node voltages can be combined linearly amongst themselves without changing the
frequency response of the system.
In order to find the set of transformations that preserve the port parameters, a new
voltage vector [V]’ is defined. The new vector [V]’ and the original vector [V] are related
by a linear transformation with a matrix representation [T] such that [V]’=[T][V]. In
order to find the set of the matrices [T] that do not alter the response, the following
condition is imposed

V1' = V1 , V N' + 2 = V N + 2 , [T ][e] = [e]

(4-4)

The form of the matrix [T] that satisfies such conditions is given in equation (4-5)
where the relationship between the vectors [V]’ and [V] can be written as
1 0 0 L
0

[V ]' = 0
P

M
0 0 0 L


0
0
0[V ] = [T ][V ]

M
1
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(4-5)

Where [P] is an NxN a real and square matrix. It is obvious from the form of
equation (4-5) that the condition in equation (4-4) is satisfied. In order to find the allowed
classes of the matrices [P], equation (4-1) can be rewritten using the identity T-1T=I,
where T-1 is the inverse of T and I is the ( N+2)x(N+2) identity matrix

[ A][T ]−1[T ][V ] = − j[e]

(4-6)

Pre-multiplying by [T], equation (4-6) can be written as

[T ][ A][T ] −1 [V ]' = [T ][− jG + ΩW + M ][T ] −1 [V ]' = − j[e]

(4-7)

Using the form of the matrix [T] from equation (4-5) and the matrices [G] and [W]
defined in equation (4-1), it can be easily shown that [T][G][T]-1 = [G] and
[T][W][T]-1 = [W] .Therefore, equation (4-7) becomes

[− jG + ΩW + TMT −1 ][V ]' = − j[e]

(4-8)

Equation (4-8) can be interpreted as the node equations of another set of coupled
resonators with another coupling matrix [M]’=[T][M][T]-1. In order to be the coupling
matrix of a physical system, the matrix [M]’ should be real and symmetric. This implies
that the transformation matrix [T] should be orthogonal, i.e. [T]-1=[T]t. Consequently the
matrix [P] should be orthogonal as well. The transformation of the coupling matrix [M]
is given through the relationship

[ M ]' = [T ][ M ][T ]t

(4-9)

Where [T] is an orthogonal matrix, referred to as a similarity transformation or
rotation. Equation (4-9) as it stands represents the similarity transformation as
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conventionally used in microwave filter design. Equation (4-8) shows that the diagonal
elements of the admittance matrix on the left hand side multiplied by [V]’ will have
constant susceptances (diagonal elements of [M]’) in parallel with unit capacitors
represented by the normalized frequency variable Ω. This emphasizes an important
feature of similarity transformation that the form of the equations that describe the state
variables does not change before and after transformation. For instance if the initial
model before transformation involves voltages that are connected to ground by means of
unit capacitances in parallel with constant susceptances, the new state variables of the
transformed system can be interpreted as voltages connected to ground by unit capacitors
and possibly new constant susceptances. This implies that the coupling matrix that results
from the application of an allowable similarity transformation represents a set of coupled
resonators that can be implemented at least in principal.
In filter design, successive similarity transformations are applied to a synthesized
coupling matrix in order to annihilate certain coupling coefficients in order to reach an
easy-to-implement topology. For instance, one can start with a potentially full matrix and
apply a series of similarity transformations in order to transform it to a canonical folded
form as in the arrangements described in [57, 74]. According to this interpretation the
similarity transformation was used as a mathematical tool in order to reach a certain
desired topology that resembles the physical arrangement of the resonators. This view
implies that a microwave filter can be represented only by one coupling matrix
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(representation) that can be physically realized. This is generally the coupling matrix
having a topology that fits the physical arrangement of resonators [57].
In order to reach such a topology from a synthesized coupling matrix, similarity
transformation is used to annihilate the unwanted coupling coefficients. A coupling
coefficient between the ith and jth resonators can be annihilated by applying a rotation
with a pivot [k,j]. A rotation about the pivot [k,j] means that the transformation matrix T
has all zeros except Tjj=Tkk=cosθr, Tkj=-Tjk=sin θr and the rest of the diagonal elements is
equal to one. This is obviously a subset of the allowable class of transformations given in
equation (4-5). For the sake of demonstration, a rotation matrix with a pivot [2,6] is given
by

1 0
0 c
r

0 0

0 0
T =
0 0

0 s r
0 0

0 0

0 0 0

0

0 0 0 − sr
1 0 0

0

0 1 0

0

0 0 1

0

0 0 0

cr

0 0 0

0

0 0 0

0

0 0
0 0
0 0

0 0
0 0

0 0
1 0

0 1 

(4-10)

Applying the similarity transformation on the original matrix, it can be shown that the
coupling coefficient between the ith and jth resonators can be annihilated if the angle of
rotation θr is given by [29]

θ r = − tan −1
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M ij
M ik

(4-11)

This is how similarity transformations have been understood so far. In this work
an alternative view of similarity transformations is presented and exploited. A coupling
matrix is viewed as a representation of a linear abstract operator, i.e. the coupling
operator, rather than just a group of numbers. It is well known that the representation of
an operator takes different forms based on the basis chosen [43,76]. In other words once
the basis is fixed, the representation is fixed and it is unique. This implies that the
similarity transformation does not generate a new system, but allows a different
representation for the exact same system. It is analogous to projecting the same vector on
two different coordinate systems. Although the vector is the same, the representation is
different since the coordinate system (basis) is different. In microwave filters the basis
are interpreted as a set or class of modes that might exist inside the physical structure.
Therefore the important conclusion is that a microwave filter can be represented by an
infinite number of similar coupling matrices by choosing different sets of modes as basis.
This challenges the prevailing view that a microwave filter can only be
represented by only one coupling matrix that is physically realizable. The new
interpretations, although might seem abstract, has far reaching implications in microwave
filter design and optimization as will be shown in this chapter and the following ones.
The issue of representation of a microwave filter using different sets of modes will be
explained by means of the following two examples.
4.2.1.1 Second Order H-Plane Filter

Consider a second order Chebychev filter whose standard coupling and routing
scheme is shown in Figure 4-2a. A simple implementation of this coupling scheme based
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on H-plane cavities in WR75 rectangular waveguide technology is shown in Figure 4-2b.
When any of the cavities is closed from both ends the TE101 resonance is assumed
dominant. The representation shown in Figure4-2a is based on the TE101 The coupling
from the ports to the cavities and between the cavities is implemented by the H-plane
irises of thickness R and apertures a1 and a2, respectively. The structure is symmetric
with respect to its center.
Over a narrow band of frequencies around the passband of the filter the response
of the filter can be described by the conventional coupling matrix in the form

 0
M
M =  s1
 0

 0

M s1

0

Ω1

M 12

M 12

Ω2

0

M s1

0 
0 
M s1 

0 

R1

sourcee

R2

(4-12)

load

Ri=TE101

a)
a
a1

R
a2

L1

a1
L1

b

b)

Figure 4-2. Second order Chebychev filter as direct coupled resonators. a)

Conventional coupling scheme, b) H-plane cavity realization.
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odd mode

even mode
even mode

M

M
load

source
M

-M
odd mode

Figure 4-3. Coupling scheme of second order Chebychev H-plane cavity filter using

the even and odd modes.
The values of the non-zero entries of this coupling matrix for a given set of
specifications are known analytically [24]. For example, for an in-band return loss of 20
dB, we get Ms1=1.2247, M12=1.6583 and Ω1=Ω2=0.
A similarity transformation is performed to annihilate the coupling coefficient M12
between the two resonators. This can be achieved by a similarity transformation with
pivot [6,28] and angle θ=π/4 since the diagonal elements of the coupling matrix are all
zero [57]. Under these conditions, the transformation matrix [T] takes the form
0
0
1
0 cos(θ ) sin(θ )
T =
0 − sin(θ ) cos(θ )

0
0
0

0
1
0 
1
0
0 
2
=
0 0 − 1

2
1 
0
0
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0
1
2
1
2
0

0

0

0

1

(4-13)

Applying the transformation matrix to the original coupling matrix, the new
resulting coupling matrix can be given by


 0
 M
 s1
T
[ M ]' = [T ][ M ][T ] =  2
M s1
−
2

 0


M s1
2

−

M s1
2

M 12

0

0

− M 12

M s1
2

M s1
2


0 
M s1 
2
M s1 

2
0 


(4-14)

The coupling matrix in equation (4-14) implies two uncoupled resonant modes
tuned to different frequencies and coupled to both the source and the load. Within the
current understanding of similarity transformation and microwave filter representation,
the transformed matrix in equation (4-14) is conventionally implemented by dual-mode
filters such as the one reported in [27]. This means that the matrix serves as a starting
point for the design where the objective of the designer is to find two modes coupled to
the source and load and not coupled to one another. Within the current understanding of
filter representation, it is not obvious how the matrix in equation (4-14) can represent an
inline topology as that shown in Figure 4-2.
The matrix in equation (4-14) still accurately describes the inline filter structure in
Figure 4-2. In such a case, it is important to investigate the new set of resonant modes
that are used as basis and how they relate to the original ones. This information is
contained in the matrix [T] in equation (4-13). Indeed, the rows of this matrix are simply
the projections of the unit vectors of the new basis over the old ones [43, 76]. For
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example, the second row states that resonance 1 in the new representation involves
voltages in the cavities that are equal in magnitude, normalized to 1 / 2 , and in phase.
Similarly, the second resonance involves the two cavities with voltages equal in
magnitude, normalized to 1 / 2 , but opposite in phase. It is obvious that these new
resonances are nothing other than the even and odd modes of the two cavities coupled by
the iris between them. With this interpretation, equation (4-13) gives further information.
It states that the even mode and odd mode resonate at normalized frequency Ωeven=-M12
and Ωodd=M12. Another implication of this interpretation is that the coupling between the
cavity resonators, M12, is related to the difference between the resonant frequencies of the
even and odd modes by
| Ω odd − Ω even |= 2 M 12

(4-15)

This equation is nothing other than the expression of the coupling bandwidth
under the narrow-band approximation [6]. Moreover it indicates that the even and odd
modes have to resonate at the normalized frequencies Ωeven=-M12 and Ωodd=M12. The
coupling bandwidth by itself does not take into account the loading of the two cavities by
the coupling iris. On the other hand this loading is accounted for by the shift in the
resonant frequencies of the even and odd modes. Hence the size of the cavities should be
adjusted to take this loading into account and force the two modes to resonate at the
proper frequencies. This result will have significant applications in dual-mode and dualband filters design as will be shown in the following chapters.
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From this discussion, it is clear that the original second order H-plane cavity filter
can be represented by the coupling scheme in Figure4-3 in which the even and odd
modes are used as basic resonators and where the coupling coefficients are all equal in
magnitude. Note that one of the coupling coefficients is negative. This implies that the
two modes couple to the load out of phase if the coupling to the source is taken in phase.
Although the representation based on the modes of the closed unloaded cavities
(TE101) can accurately represent the response of the filter on a circuit level, the
representation based on the even and odd modes is more sound on an electromagnetic
level. In fact the introduction of the iris between the first and second cavities violates the
boundary conditions of the TE101 that ceases to be a solution of Maxwell’s equation
inside the structure. On the other hand the only modes that can exist in the structure when
closed from the input and out are the even and odd modes of the whole structure. These
are the modes that satisfy the boundary conditions and are capable of transporting power
between the ports. This implies that, although a microwave filter can be represented by an
infinite set of coupling matrices using different basis, only few of these are based on
physical modes. Physical modes are defined in this thesis as those modes that satisfy the
boundary conditions in the volume where they exist. The distinction between physical
and non physical sets of modes is exploited in this thesis in dual-mode and dual-band
microwave filter design as will be shown in chapters 5-9. In order to further demonstrate
this concept, the representation of a fourth order inline filter is discussed in the next
example.
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4.2.1.2 Fourth Order H-Plane Filter

Consider the fourth order H-plane filter in Figure 4-4.It is assumed that the
response is an all pole Chebyshev response with in-band return loss of 20 dB.
a
a1

R
a2

L1

a3
L2

a2
L2

a1
L1

b

Figure 4-4. Geometry of fourth order H-plane filter.

a) Representation based on modes of physically separate cavities
This representation is the conventional representation that is based on the TE101 of
physically separated and closed cavities. The coupling scheme associated with such
representation is shown in Figure 4-5.

S

1

2

3

4

L

Figure 4-5. Representation based on the resonances of the separate four H-plane cavities.

The normalized coupling matrix within this coupling scheme for the required
specifications is given by
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1.0351
0
0
0
0 
 0
1.0351
0
0.9105
0
0
0 

 0
0.9105
0
0.7
0
0 
M =

0
0 .7
0
0.9105
0 
 0
 0
0
0
0.9105
0
1.0351


0
0
0
1.0351
0 
 0

(4-16)

The model assumes a set of distinct synchronously tuned resonators supporting
TE101 and coupled by frequency independent coupling coefficients represented by the offdiagonal non-zero elements in the coupling matrix.
b) Representation based on combining cavities 2 and 3
Another possible representation can be achieved by combining cavities 2 and 3. In
other words, the response is expressed in terms of the even and odd modes of the second
and third cavities along with the TE101 modes of the first and fourth cavities. It should be
noted that such even and odd modes are the eigen modes of the combined second and
third cavities when closed from both ends. The coupling scheme associated with this
representation is shown in Figure 4-6.
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Mode 1 of combination of
cavities 2 and 3.

Mode 2 of combination of
cavities 2 and 3

2
S

1

4

L

3

Figure 4-6. Representation based on the modes of cavity 1 and 4 and the two modes of the
combination of cavities 2 and 3.

The coupling matrix with this topology that yields that same response as in the in-line
matrix in (4-16) is obtained by applying a similarity transformation. This transformation
should diagonalize the sub-matrix representing the interaction between the second and
third resonators in the in-line scheme. It is given by
1
0

0

T1 = 
0

0
0

0

0

0

1

0
1

0
1

0
0
0
0

2
1
2
0
0

−

2
1
2
0
0

0 0
0 0
0 0


0 0

1 0
0 1

(4-17)

The columns of the 2x2 inner sub-matrix in equation (4-17) represent the eigenvectors of the corresponding sub-matrix in equation (4-16).
The resulting coupling matrix after applying the similarity transformation is given
by
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1.0351
0
0
0
0 
 0
1.0351
0
0.6438 0.6438
0
0 

 0
0.6438
0.7
0
0.6438
0 
M1 = 

− 0.7
− 0.6438
0.6438
0
0 
 0
 0
0
0.6438 − 0.6438
0
1.0351


0
0
0
1.0351
0 
 0

(4-18)

It can be easily verified that the coupling matrices in equation (4-16) and (4-18)
have exactly the same response.
c) Representation based on combining cavities 1, 2 and 3
In this example the representation of the same H-plane inline filter will be
investigated when three resonators are combined. In other words the first three cavities
(with all the internal irises between them in place) are regarded as a single module
supporting three resonant modes. The three resonant modes can be regarded as the eigenmodes of the partial structure when closed from both ends and hence they are not
coupled. Figure 4-7 shows the coupling topology associated with such representation.
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Modes of 3-cavity module (cavities
1, 2 and 3).

3

S

2

L

4

1

Figure 4-7. Representation based on the modes of the combination of the three cavities 1, 2
and 3 and the mode of cavity 4.

The coupling matrix within this representation can be obtained from the in-line
matrix in (3-14) by diagonalizing the sub-matrix representing the interaction between the
first three resonators. The corresponding transformation is given by
0
0
0
0 0
1
0 0.5606
0.6095 0.5606 0 0

0 − 0.7071
0
0.7071 0 0
T2 = 
(4-19)

0 0.4310 − 0.7928 0.4310 0 0
0
0
0
0
1 0


0
0
0
0 1
0
The coupling matrix resulting from the transformation in equation (4-19) is given
by
0.5803
0.6309 0.5803
0
0 
 0
0.5803 − 1.1485
0
0
0.3924
0 

0.6309
0
0
0
− 0.7218
0 
M2 = 

0
0
1.1485 0.3924
0 
0.5803
 0
0.3924 − 0.7218 0.3924
0
1.0351


0
0
0
1.0351
0 
 0
(4-20)
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d) Representation based on global eigenmodes (combining the four resonators)
This representation results when the entire structure is considered as a single unit.
The resulting representation is the transversal coupling matrix and corresponds to the
coupling scheme in Figure 4-8.

4

3
L

S
2
1

Figure 4-8. Representation based on the global eigen-modes of the complete structure. It is a
transversal coupling matrix.

The transversal coupling matrix is obtained from the in-line matrix in (4-16) by
diagonalizing the sub-matrix representing the interaction between the four resonators.
The relevant transformation is
0
0
0
0
1
0
0 .4
0.5828 0.5828
0 .4

0 − 0.5828 − 0.4
0 .4
0.5828
T3 = 
− 0 .4
− 0 .4
0.5828
0 0.5828
0
− 0 .4
0.5828 − 0.5828
0 .4

0
0
0
0
0

0
0
0

0
0

1

(4-21)

The transformed coupling matrix is the transversal coupling matrix and is given
by
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0.414
0.603
0.603 0.414
0 
 0
0.414 − 1.323
0
0
0
− 0.414

0.603
0
− 0.623
0
0
0.603 
M3 = 

0
0.7
0.623
0
− 0.603
0.603
0.414
0
0
0
1.323 0.414 


− 0.414 0.603 − 0.603 0.414
0 
 0

(4-22)

Note that all the frequency shifts in the diagonal elements are non-zero..
e) Representation based on non-physical modes
Finally an example of a representation that is only valid mathematically but is non
physical is presented. Consider the following transformation matrix that obviously
belongs to the class of allowable transformations discussed in section 4.2.1

1

0

0
T4 = 
0

0

0

0
1
2
0
0
1
2
0

0 0
0 0 −

0
1
2

1 0

0

0 1

0
1

0 0
0 0

2
0

0

0

0
0

0

1

(4-23)

The coupling matrix resulting from such a transformation is given by

 0
0.7319

 0
M4 = 
 0
0.7319

 0


0
0.6438 0.6438
0
0.7319 

0.6438
0
0 .7
0.6438
0

0.6438
0 .7
0
− 0.6438
0

0
0.6438 − 0.6438
0
− 0.7319

0.7319
0
0
− 0.7319
0


0.7319

0

0
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0.7319

0

(4-24)

It is easy to verify that the response of the coupling matrix in equation (4-24) is
exactly the same as that in equation (4-16). Although the coupling matrix is a good
mathematical representation of the filter response, it is based on modes that are nonphysical. These are the even and odd modes of a module that results from combining the
first and fourth physical cavities. The first and fourth physical cavities are not inter-acting
directly. Such a module does not physically exist and hence its resonances cannot be
physically controlled. This example further confirms that the mathematical representation
of a microwave filter is not necessarily based on physical modes that satisfy the boundary
conditions in the volume of the filter.
The main conclusions from this section can be summarized as follows:
1- A microwave filter structure can be represented by an infinite set of coupling
matrices whose form depends on which basis are chosen. All the representations
of the same response are related by a similarity transformation that preserves the
port parameters .
2- The representations of a microwave filter might or might not be based on physical
modes. i.e., the response of the filter can be mathematically represented based on
a set of modes that are not physical.
The above conclusions are central to the rest of the discussions in this chapter as
well as the design theories and implementations of dual-mode and dual-band filters
developed in chapters 5-8.
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4.2.2 What Do The Ports See?

In the last sub-section it was shown that a microwave filter can be represented by
using different sets of modes as basis. An interesting question is: What do the ports
actually see? Do they see distinct and separate coupled resonators as in the conventional
representation, a certain combination of few of them or a single module represented by
the combination of all of them? The answer to such a question is important in engineering
applications as it tells the designer of the fundamental parameters that control the
response of the system at the ports.
Consider a bandpass filter of order N that is described by a potentially full square
(N+2)x(N+2) coupling matrix of arbitrary topology. Assume that the filter is obtained by
implementing the coupling matrix of a set of N physical microwave resonators such as
cavities, dielectric resonators and the like. Coupling elements, such apertures, loops or
fringing fields, are used to implement the coupling coefficients. We assume that the input
and output are very weakly coupled to the system. By doing so, the loading of the input
and output is ignored and it is possible to asses the intrinsic characteristics of the coupled
resonator filter. This condition amounts to assuming that all the coupling coefficients MSi
and MLi in the (N+2)x(N+2) coupling matrix are very weak, i.e., MSi=ε≈0 and MLi=ε≈0.
Although the coupling coefficients MSi and MLi are not equal in general, for simplicity we
assume that they take the same small value ε. Under these conditions, the scattering
parameters at the two ports, using equation (4-3), become
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ε
L

ε
−j

Letting ε 0 and expanding the numerator and denominator of equations (4-25)
and (4-26) in powers of ε, equations (4-25) and (4-26) can be written as
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M
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M 1N
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L Ω + M NN
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L Ω + M NN

And

S 21 =

2 j (− j ) N + 3 cε 2 + O(ε 3 )
Ω + M 11 L
M 1N

(4-28)

O
M
+ jbε 2 + O(ε 3 )
L Ω + M NN

M
M N1

Where a, b and c are polynomials of the normalized frequency Ω whose
coefficients are constants which depend on the specifics of the coupling matrix. When ε
approaches zero the reflection coefficient in equation (4-27) approaches -1. This is
physically sound as it indicates that almost all the power sent from the ports is reflected
due to the very weak coupling. More important information is contained in the
transmission coefficient in equation (4-28). Since the coupling coefficients are assumed
real, one can write the magnitude of the transmission coefficient as

| S 21 |=

2| c |ε2
Ω + M 11 L
M
M N1

O

M 1N

, ε ≈0

2

+ b 2ε 4

M

L Ω + M NN
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(4-29)

This equation shows that the magnitude of the transmission coefficient has
maxima when the determinant in its denominator vanishes or, equivalently, at frequencies
such that

Ω + M 11 L
M
M N1

M 1N

O
M
=0
L Ω + M NN

(4-30)

Equation (4-30) states that the maxima of the transmission coefficient occur at
normalized frequencies that are the opposites of the eigen-values of the sub-matrix
extracted from the original coupling matrix when the first and last rows and columns are
eliminated. These eigen-values are physically interpreted as the resonant frequencies of
the whole structure when the ports are replaced by short circuit for the systems described
by an admittance matrix or open circuit for those described by an impedance matrix.
These are the only resonances that the ports see. More importantly, the ports do not see
the original individual physical resonators upon which the initial design is usually based.
The case of two resonators is familiar to filter designers. In order to measure the
coupling between two resonators, the input and output coupling is weakened (20-dB rule)
and the peaks of the S21 are observed. The coupling between the two resonators is related
to the separation between the two peaks as explained in [6]. These constitute the even and
odd modes of the two cavities with the coupling element in place. The above discussion
does not only offer a mathematical proof for this case but also generalizes it to an Nth
order filter with arbitrary topology. It is important to understand that the ports do not see
discrete resonators but they see the eigen-modes of the whole complete structure. This is
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physically sound since the role of a microwave filter is to selectively transport power
between its ports. The only modes that can transport power are those that satisfy the
boundary conditions inside the structure. The individual resonances (TE101 for instance in
a rectangular waveguide filter) cease to physically exist once the coupling elements are
introduced. The only separate paths that can carry electromagnetic energy are those of the
global-eigen modes of the whole structure.
4.2.3 The Global-Eigen Mode Representation and the Transversal Coupling Matrix

In the previous sub-section it was shown that the ports of the filter only see the
global-eigen resonances of the whole structure and not the individual resonators. It is
interesting to investigate the representation of the filter using this set of resonances
(basis).
Assume that an arbitrary Nth order filter is described by an (N+2)x(N+2)
potentially full coupling matrix M. The coupling matrix that describes the inner structure
after removing the input and output nodes is referred to as Msub. Msub is a subset of M
where the first and last rows and columns are eliminated. This sub-matrix is real and
symmetric for a lossless system and can always be diagonalized. We seek a
transformation that diagonlizes the matrix Msub and preserves the port parameters of the
whole filter. Such a transformation belongs to the class of transformations described in
equation (4-5). The associated transformation matrix is given by
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0 L
1 0
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T = M M O M

(1)
(N)
0 u N L u N
0 L 0
0

0
0
M

0
1

(4-31)

Where ui(k) denote the ith component of the kth eigenvector of the sub-matrix Msub.
Since Msub is real and symmetric (Hermitian), its eigenvectors are orthogonal, or can be
orthogonalized if two or more are degenerate. Consequently, the matrix [T] in equation
(4-30) is orthogonal. Let [Λ] denote a diagonal matrix of size NxN whose diagonal
elements λI are the eigen-values of Msub. Applying the transformation T to the coupling
matrix M, the resulting matrix M’ is given by

 0
M
 s1
M '=  M

 M sN
 M sL

M s1 L M sN
Ω1
0
0

0
O
0

0
0
ΩN

M L1 L M LN

M sL 
M L1 
M 

M LN 
0 

(4-32)

This coupling matrix is readily recognized as the transversal matrix introduced by
Cameron [73]. In [73] the transversal coupling matrix was used as a synthesis tool where
it was directly synthesized from the generalized Chebyshev filtering function. Then a
series of similarity transformation were applied in order to obtain a folded topology to be
realized. Unfortunately the physical significance of the transversal coupling matrix was
not pointed out nor exploited in any previous publications. On the contrary it was claimed
that it is not possible to be physically realized [73]. In this work it was demonstrated that
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the transversal coupling matrix is the most physical representation of a bandpass
microwave filter. The coupling and routing scheme of a general filter in the global eigenmode representation is shown in Figure4-9.
MSN

MS2
MS1

Global eigenmode N

Global eigenmode 2
Global eigenmode 1

Source

MSL

MLN

ML2
ML1
Load

Figure 4-9. Coupling scheme of Nth order coupled resonator bandpass filter in the global
eigen-mode representation.

Prior to getting into the unique advantages that the transversal coupling matrix
possesses, it is worth mentioning the following few points:
1. The eigenvalues Ωi of the sub-matrix Msub are the opposites of the normalized
resonant frequencies of the global eigen-modes.
2. The source load coupling is not affected by the transformation that generates the
coupling matrix M’ in equation (4-32) from the original coupling matrix. In
particular, if MSL is zero in the original matrix it remains zero. This makes sense
since the transformation involves only the resonators whereas MSL represents a
separate signal path that is not connected to any resonator.
3. The global eigen-modes are not coupled to each other but provide N signal paths
between the source and load.
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4. Any coupled resonator bandpass filter that is modeled by a coupling matrix is
represented by a transversal coupling matrix in the global eigen-mode basis..
5. The global-eigen modes satisfy all the internal boundary conditions and reflect the
presence of all internal coupling and tuning elements. They still do not satisfy the
boundary conditions at the input and the output since the input and output were
excluded when the eigen-mode frequencies were calculated. A consequence of
this is the failure of the model to predict the frequency shift that is observed when
the strength of the coupling at the input and the output is changed. However, the
effect of this loading on the global modes is substantially less than the effect of
the same coupling aperture on the first (last) resonator alone.
Although the conventional coupled resonator model is quite intuitive in
microwave filter design, it is evident that the global-eigen modes capture more of the
dominant physics of the problem. For example it was found that representing a microstrip
dual-mode filter in terms of the eigen-modes which include the presence of the coupling
elements allows accurate prediction of the experimentally observed frequency shift of the
passband when the transmission zeros are moved from the real onto the imaginary axis
[77]. A representation based on coupling individual resonators does not predict such a
frequency shift.
Most of the existing design methodologies of sophisticated coupled resonator
filters require optimization in general. The global eigen-mode representation has distinct
advantages in microwave filter optimization as will be shown in the results shown in
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section 4.3. The following are some of the distinct advantages of the global eigen-modes
model:

1- Uniqueness
Within the technique in [55], and the space mapping technique in general [54],
the issue of uniqueness of the equivalent circuit is crucial. It is well known that the
process may fail to converge if multiple solutions for the equivalent circuit to reproduce a
given response exist. The global eigen-mode representation solves the uniqueness
problem for coupled resonator filters. If the scattering parameters of the structure can be
approximated by rational functions of the complex variable s=jω, which are realizable by
the structure, then the elements of the transversal coupling matrix in equation (4-31) are
known analytically and uniquely [73]. For the analytical extraction to work properly, the
phases of the scattering parameters obtained from the full-wave EM simulation must be
adjusted, by adding or subtracting phase shifts at the input and output, or simply fixing
the reference plane to fit those of the transversal coupling matrix [73]. The coupling
matrix non uniqueness problem arises when the representation using multiple sets of
modes as basis result in the exact same topology. Since there is no known technique to
enforce certain basis during the parameter extraction, the non uniqueness poses sever
problems in optimization, if the coupling matrix is used as an inter-mediate circuit model.
On the other hand the transversal coupling matrix is unique since the inter-action between
the global eigen-modes and the source and load is unique.
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A typical example of the uniqueness issue in microwave filter is the coupling
scheme shown in Figure4-10. It admits infinite number of solutions for a 4th order filter
with two transmission zeros. It can be easily verified that the following two coupling
matrices, which have the same topology, yield a response with two transmission zeros at
normalized frequencies Ω1=-5 and Ω2=5 and a minimum in-band return loss of 23 dB
1.016 0.429
0
0
0 
 0
1.016
0
0
− 0.577 0.454
0 

0.429
0
0
0.518 1.296
0 
M =

− 0.577 0.518
0
0
1.050
 0
 0
0.454 1.296
0
0
0.338


0
0
1.050 0.338
0 
 0

(4-33)

And
1.084 − 0.205
0
0
0 
 0
 1.084
0
0
0.781 0.334
0 

− 0.205
0
0
− 1.055 0.807
0 
M =

0.781 − 1.055
0
0
− 0.167
 0
 0
0.334 0.807
0
0
1.091 


0
0
− 0.167 1.091
0 
 0

(4-34)

However, these two matrices have the same representation in the global eigenmode basis. This can be obtained by using the transformation matrix in equation (4-31)
and is found to be
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M trans

0.437 − 0.646 0.646 − 0.437
 0
 0.437 − 1.416
0
0
0

 − 0.646
0
− 0.694
0
0
=
0
0
0.694
0
 0.646
− 0.437
0
0
0
1.416

0.437
0.646 0.646 0.437
 0

0 
0.437
0.646

0.646
0.437

0 

(4-35)

The responses of these three coupling matrices are shown in Figure4-11. They are
indistinguishable.

S

L

ource
Figure 4-10. Coupling scheme of a 4th order filter with two transmission zeros and multiple
solutions. Its transversal matrix is, however, unique.
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Figure 4-11. Response of the three coupling matrices in equations (4-33)-(4-35). The three
are indistinguishable.

2- Universality
The transversal coupling matrix offers a unique and universal representation for
any arbitrary bandpass microwave filter regardless of its physical arrangement, presence
of transmission zeros or symmetry of its response. This is a direct consequence of the fact
that a real symmetric matrix can always be diagonalized. The universality of the
transversal coupling matrix provides a very valuable tool in optimizing microwave filters.
Once the initial design is set, it is no longer necessary to know the topology of the
original coupling matrix.
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3- Ease of Parameter Extraction
A crucial step in the optimization of microwave filters through the technique in
[55] is the extraction of the parameters of the equivalent circuit. If the response can be
approximated by rational functions of the complex frequency, then the elements of the
transversal coupling matrix are always known analytically [73]. This is not the case for
many other coupling schemes. Also a comprehensive solution for analytically extracting
the transversal coupling matrix from an EM simulated or measured response using
analytical continuation was given in [78].

4- Fixed Topology
One of the obvious advantages of the global eigen-modes model is the fixed
topology. Within the global eigen-mode representation, one is no longer required to know
the topology of the coupling matrix upon which the initial design is based. This becomes
an obvious advantage in miniaturized filters and filters using higher order modes as well
as 3-dimensional arrangement of resonators such as in LTCC technology where the
coupling topology cannot be easily identified due to stray coupling that cannot be
ignored. In chapter 3 such a property of the admittance matrix derived from Maxwell’s
equations that takes the transversal form was exploited in the optimization of compact
filters.
4.2.3.1 Narrow band Approximation of the Universal Admittance Matrix Derived from
Maxwell’s Equations

For a microwave filter of order N, starting from equation (3-16), and keeping only
N modes, the admittance matrix is given by
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− j
b
 S1
YN =  M

bSN
 bSL
Where λi =

bS1 L bSN

λ1

0 L
O 0
0 λN

0
M

b L1 L bLN

bSL 
bL1 
M 

b LN 
− j 

(4-36)

ω ωi
−
.
ωi ω

Note that the reactance at the input is assumed constant and therefore it can be
removed by a proper shift in the reference plane [79].
The normalized frequency variable that is commonly used in narrow band
approximation is given by

Ω(ω ) =

ω ω0
−
ω0 ω

(4-37)

Where ωo is the center of the band.
The physical frequency ω can be written as

ω=

(Ω +
2

ω0

Ω2 + 4

)

(4-38)

Where the negative values of ω are ignored. We proceed to express the diagonal elements
in equation (3-36) in terms of the normalized frequency variable Ω as follows

λi (Ω ) =

(

)

2ω
1
ω0
Ω + Ω2 + 4 − i
2ω i
ω0 Ω + Ω2 + 4

(4-39)

The expression in equation (3-39) can be expanded as a Taylor series around Ω=0. When
only the first two terms are kept, it can be written as
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ω0

λi (ω ) ≈ 

 ωi

−

ωi  1  ω0 ωi 
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Ω = Ω i + a i Ω
+
ω 0  2  ω i ω 0 

(4-40)

Where ai is a constant. It is obvious that this linear approximation is valid only over a
narrow band of frequencies. Substituting (4-40) in (4-36), and using the fractional
bandwidth as normalization, the admittance matrix can be written as

− j
M
 S1
YN =  M

 M SN
 0

0 
M L1 
O
0
M 

0 M N N + Ω M LN 
M LN
− j 
L

M S1
L
M 11 + Ω 0
0
M
M L1

M SN
L

(4-41)

Where

M si =

bsi
ai FBW

, M Li =

bLi
ai FBW

, M ii =

Ωi
BW
and FBW =
ai FBW
fo
(3-42)

The matrix in equation (4-41) is nothing but the transversal coupling matrix. The
approximation used in equation (4-40) to establish (4-41) shows that the transversal
coupling matrix is valid only for narrowband filters. .

4.2.4 Transformation of Microwave Filter Representation with Frequency Dependent
Inter-Resonator Coupling Coefficients

In the previous sections, similarity transformation was applied on an arbitrary
coupling matrix M with constant coupling coefficients. It is well known that the coupling
coefficients are generally frequency dependant. In this section the dependence of
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coupling coefficients in the conventional coupling matrix model is investigated. It was
shown in [80] that an arbitrary coupled resonator filter topology with inter-resonator
coupling varying linearly with frequency can be transformed into another topology with
constant coupling coefficients. The linear variation with frequency can always be
assumed within a narrow band as a result of Taylor expansion around the center
frequency ωo.
The mathematical proof is as follows. We start with a standard (N+2)x(N+2)
admittance matrix where only the inner resonator coupling coefficients are allowed to
vary linearly with the normalized frequency variable Ω. If the system is excited by a unit
current source at only one node. The node equations can be written in the following
matrix form
−j
M
 S1
M S 2

 M
 M sN

 M SL

L

M s1

M s2

Ω + M 11
a12 Ω + M 120
M
L
M LN

a12 Ω + M
Ω + M 22
0
a 23 Ω + M 23
M
L
0
12

L
0
a 23 Ω + M 23
O
L
L

M sN
a1 N Ω + M
L
L

0
1N

M NL

M SL  V s 
1



0 
M L1  V1 
 
0 
M L2   M 
  = − j 
M  V i 
M
M
M LN   M 
 
 
− j  V L 
0
(4-43)

Equation (4-43) can be written in the following matrix form

[− jG + M

0

]

+ ΩB' [V ] = [A][V ] = − j[e]

(4-44)

Where G is defined as in equation (4-1), Mo is the matrix containing all the
constant components of the coupling coefficients including the coupling from the source
and the load and the source load coupling, and the matrix B’ takes the form
146

0 L 0
B ' =  M B M 
0 L 0

(4-45)

Where Bii=1, Bij=aij (i≠j) that are the slopes of the coupling coefficients with
respect to normalized frequency variable. Since the matrix B is real and symmetric, it can
always be diagonalized. In order to get rid of the frequency dependence of the coupling
coefficients, we seek a transformation that diagonalizes the matrix B. This can be done by
representing the matrix B using its eigen vectors as basis. The required rotation matrix
can be written as
1 L 0 
T =  M U M 
0 L 1

(4-46)

Where the ith columns of U is the ith eigen vector of the matrix B. The matrix A in
equation (4-45) can be transformed or equivalently by defining a new set of voltages such
that [V’]=[T-1V], the transformation can be written as
o
[ Anew ] = T t  [ A][T ] = − j[G ] + [ M new
] + Ω[ Bnew ]

(4-47)

where Mnew is an (N+2)x(N+2) transformed coupling matrix of constant coupling
coefficients and possibly a different topology and Bnew is a diagonal matrix with zeros in
the first and last diagonal elements and Bnewii=Λi with Λi the ith eigen value of the matrix
B. Having Anew in this form, it is easy to bring it to the conventional coupling matrix form
by scaling the ith row and column by 1 / Λ i . The final node equations will be given by
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[ − jG + M final + ΩW ][V ] = [ A][V ] = − j[e]

(4-48)

Where
o
[ M final ] = [ S ][ M new
][ S ]

(4-49)

Where S is a diagonal matrix with one in first and last diagonal elements and the
ith diagonal elements = 1 / Λ i .
Mfinal in equation (4-48) represents the conventional coupling matrix with possibly
a different topology from the original one with the variable inter-resonator coupling
coefficients. At this point the coupling matrix Mfinal can be further transformed into the
transversal coupling matrix as was shown in the previous sections. The important
conclusions from these results are
1- The transversal coupling matrix is capable of representing an arbitrary topology
with inter resonator coupling coefficients that vary linearly with frequency.
2- The frequency dependence of the coupling coefficients in the conventional
coupling matrix representation can be eliminated by means of similarity
transformations that leads to a topology change.
3- All the rules that apply to coupling matrices with constant coupling coefficients to
determine the number of zeros [39,40] do not apply when the coupling
coefficients are allowed to vary with frequency. In other words, as shown in the
examples in [80], transmission zeros can be generated by an in-line topology
having variable coupling coefficients. In this case, the transmission zeros are
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attributed to the vanishing of a coupling coefficient as opposed to the cancellation
of signals flowing through different paths as in the conventional model.
4- The symmetry of the response within the band of interest can be restored by
means of mixing coupling coefficients of different slope signs [80].

4.3 Results and Applications
4.3.1 Optimization of In-line Filters using Transversal Coupling Matrix

In order to convincingly demonstrate the soundness of the global eigen-mode
representation, we choose the extreme case of a Chebychev response where all the
transmission zeros are at infinity. A possible implementation of this filter in H-plane
TE101 rectangular cavities is shown in Figure4-12a. Such an implementation is commonly
represented as a set of direct-coupled resonators as shown in Figure 4-12b. It may be
surprising that by properly interpreting the effect of a similarity transformation, a
Chebychev microwave cavity filter is more accurately represented by a set of bypassed
(cross-coupled) resonators, shown in Figure 4-12c, than by a set of direct-coupled ones.

149

R1

Source

R2

R3

Load

Ri=TE101

b)

a
a1

R

Mode 1

a2
L1

a2
L2

Source

a1
L1

Mode 2

Load

b

Mode 3

(a)

mode i=global eigenmode i

c)
Figure 4-12. a) Geometry of a third of inline H-plane filter, (b) conventional representation
using and inline topology, (c) representation using global eigen-modes model (physical
resonances)

In this example the third order H plane filter shown in Figure 4-12a is optimized
using the transversal coupling matrix directly as a coarse model. The target response is
assumed to have a center frequency= 12 GHz, a bandwidth of 200 MHz and a minimum
in-band return loss of 20dB. Although this filter can be readily designed by following the
theory developed by Cohn [15], it was purposely detuned and then the global eigen-mode
representation of the coupling matrix is used to retrieve the ideal response.
The coupling matrix of a set of direct-coupled resonators is known analytically
[24]. For the present example, we get
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The eigenvalues the 3x3 sub-matrix which results when the first and last rows and
columns are eliminated, are
Λ1 = −Λ 3 = −1.4571 , Λ 2 = 0

(4-51)

When the respective eigen-vectors are arranged in the columns of the sub-matrix P in
equation (4-5), the transformation matrix T is given by
0
0
0
1
0
0.5
0.7071
0.5

[T ] = 0 − 0.7071
0
0.7071

0
0
.
5
−
0
.
7071
0.5

0
0
0
0

0
0
0

0
1

(4-52)

Applying the transformation to the matrix in equation (3-50) with [T] given by equation
(4-52) we get the transversal coupling matrix
0.541
0.765 0.541
0 
 0
0.541 − 1.457
0
0
0.541 

M = 0.765
0
0
0
− 0.765


0
.
541
0
0
1
.
457
0.541 

 0
0.541 − 0.765 0.541
0 

(4-53)

Note that this coupling matrix could have been obtained directly through the
technique given by Cameron [73]. Here, Ms1=0.541, Ms2=0.765 and Ms3=0.541 are simply
the coupling coefficients of the input to the global eigen-modes whose eigen vectors are
arranged in the columns of the matrix T excluding the first and last rows and columns.
The normalized resonant frequencies of these modes are -Ω1=1.457, -Ω2=0 and -Ω3=151

1.457. The first column in the matrix in equation (4-53) assumes that the coupling from
the source to each global eigen modes is in phase and taken as positive. In contrast, the
last column of the same matrix shows that the first and third modes couple positively to
the load while the second has a negative coupling to the load. It is instructive to see how
the electromagnetic fields of the global-eigen modes are distributed in the volume and
whether their distributions are consistent with the coupling scheme. The magnetic field
distributions of the three global eigen-modes are shown in Figure 4-13. The relative signs
of the coupling coefficients at the output (those at the input can always be chosen as
positive) can be deduced from these plots. Indeed, at the output, two of the modes have
their magnetic fields in the same direction which is opposite to that of the third mode.
This phase reversal is equivalent to a negative coupling coefficient at the output.
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Figure 4-13. Magnetic field distributions of the three lowest global eigen-resonances in a
three-resonator H-plane filter. The input and output coupling apertures are covered by
perfect conductors.

In order to optimize the filter, the space mapping technique is used using the
transversal coupling matrix as a coarse model. The transversal coupling matrix is in the
form
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 0
M
 S1
M = M S 2

M S 3
 0

M S1

MS2

M S3

Ω1
0
0

0
Ω2
0

0
0
Ω3

M S1 − M S 2

M S3


M S 1 
− MS2

M S3 
0 
0

(4-54)

As explained in chapter 2 the parameters extraction is the most crucial step in the
space mapping technique. The extraction is carried out by matching the full-wave
response to that of the equivalent circuit through the minimization of a cost function.
Few possible options for transversal coupling matrix parameter extractions were
discussed in [19]. One option is to extract the inline coupling matrix and transform it to
the transversal coupling matrix, another is direct extraction of transversal coupling matrix
parameters by using its non zero elements as optimization variables in the cost function
and a third option is to determine a rational approximation and follow the procedure in
[73] in order to extract the transversal coupling matrix elements. A rational
approximation can be obtained by the procedures described in [81]. In this work the
second option is used. This necessitates applying certain constraints on the transversal
coupling matrix entries in order to guarantee that all transmission zeros of the extracted
matrix lie at infinity. Without these constraints, the extraction might converge to a
solution which is “too good” and lies outside the set of target polynomial. For example,
Figure 4-14a shows the response of the transversal coupling matrix (solid lines) that is
extracted from a full-wave EM simulation (circles) of the present 3rd order filter when no
constraints are imposed on its entries. The two results agree within plotting accuracy over
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the entire frequency range. However, the transversal coupling matrix achieves this match
by placing two transmission zeros at finite frequencies far away from the passband. Such
a response is not strictly a Chebychev one and we need to force the transversal coupling
matrix to yield only solutions within the class of functions of interest, i.e., those with
three transmission zeros at infinity. For the transversal coupling matrix to produce no
transmission zeros at finite frequencies, the coefficients of Ω3, Ω2, and Ω in the
numerator of S21 are forced to be zero as explained in Appendix A. For higher order
filters to avoid lengthy algebra the coefficients of the numerator of S21 can be calculated
from the Souriau-Frame algorithm [82] or the closed form equations given in Appendix
A. In the present example, we get the following relationships

M SL = 0
M S 2 = M S1

Ω 3 − Ω1
Ω3 − Ω2

M S 3 = M S1

Ω 2 − Ω1
Ω3 − Ω2

(4-55)

Note that MSL=0 since there is no direct source-load coupling. Using these
constraints, the independent parameters Ms1, Ω1, Ω2 and Ω3 are extracted by matching the
response of the coupling matrix to the one obtained from the full-wave EM simulator.
The response of the extracted constrained transversal coupling matrix is shown in
Figure4-15 along with the EM response it is supposed to match. It is obvious that the
agreement between the two responses is not as good as in Figure 4-14, especially in the
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stopband. However, the constraints guarantee that the extracted solution falls within the
desired class of functions.

Figure 4-14. H-plane filter EM simulated response and the response from the extracted
transverse coupling parameters extracted with no constraints.
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Figure 4-15. H-plane filter EM simulated response and the response from the extracted
transverse coupling parameters extracted with constraints.

All the EM simulations in this example were performed with an in-house tool
based on mode matching technique. The physical dimensions of the structure are
perturbed and the parameters of the constrained coupling matrix are extracted repeatedly
in order establish a relationship between the elements of the coupling matrix and the
geometrical dimensions. This relationship is then inverted to determine the next guess
and the process is repeated until convergence is achieved. Here, the parabolic
approximation introduced in [55] is used.
For this structure, both the in-line and the transversal coupling matrices have
unique solutions (except for inconsequential sign changes). However, the extraction of
the elements of the in-line coupling matrix from a full-wave EM simulation is more
demanding than those of the transversal coupling matrix for the same cost function and
minimization algorithm except possibly for extremely narrowband filters. This is
157

attributed to the fact that the global eigen-modes do satisfy all the internal boundary
conditions as mentioned earlier. For small perturbations of a given adjustable geometrical
parameter, such as the aperture of the first coupling iris, mainly the elements of the inline equivalent circuit that are directly connected to the given parameter are affected. In
other words the Jacobian of the in-line coupling scheme is a sparse matrix. This is not the
case for the transversal matrix where practically all the elements of the equivalent circuit
are in general affected by any perturbation because the modes are not localized.
Consequently, the Jacobian of the transversal coupling matrix is not necessarily sparse.
As a numerical example, the following parameters are extracted to match the response of
the 3rd order H-plane cavity filter when a1=8.480mm, a2=4.222mm, L1=14.668 mm,
L2=15.660 mm

X inline

 M s1   1.299 
 M   0.774 
,
=  12  = 
 Ω1   0.581 

 

 Ω 2  − 0.847

X trans

 M s1   0.434 
 Ω  − 1.441

= 1 =
 Ω 2   0.581 

 

 Ω 3   1.174 

(4-55)

If the aperture of the first (and last) iris a1 is changed by ∆a1=0.2mm, we get the
following parameters

'
X inline

 1.201 
 0.773 
,
=
 0.229 


− 0.847

'
X trans

 0.448 
− 1.527

=
 0.229 


 0.909 

(4-57)

It is obvious from these two equations that the parameters of the transversal
coupling matrix have all been affected by this perturbation. In contrast, only the coupling
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coefficient from the source (load) to the first (last) resonator and their resonant
frequencies are affected in the in-line coupling scheme.
The progress of the optimization of this filter using the transversal coupling
matrix as coarse model is shown in Figure 4-16. The initial response, shown as the solid
lines, is strongly detuned on purpose. Despite this, the process converges after 3
iterations. The first iteration uses the quadratic approximation with a target in-band return
loss of 15 dB. The second and third iterations use a linear approximation through a
Jacobian matrix with the desired transversal coupling matrix as a target.
The dimensions of the optimized filter are (in mm) a=19.05, b=9.525mm,
a1=8.016, a2=4.662, L1=14.59, L2=15.687. The thickness of the irises is R = 1mm.
For comparison, the same filter was optimized by using the in-line coupling scheme in
Figure 4-12b starting from the same initial design and using exactly the same
perturbation to calculate the Jacobian. The process converges after 5 iterations as shown
in Figure 4-17.
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Figure 4-16. Optimization progress for the third order H-plane filter from a detuned
response using transversal coupling matrix.

Solid line: initial response, dashed line:

iteration 1, circles: iteration 3.

160

Figure 4-17. Optimization progress for the third order H-plane filter from a detuned
response using the inline coupling matrix. Solid line: initial response, dashed line: iteration
1, circles: iteration 5.

The above results show the superior performance of the transversal coupling
matrix when used directly in optimization in terms of parameters extraction and
convergence compared to its inline counterpart. Most importantly they demonstrate the
universality of the transversal coupling matrix, i.e. a narrow band microwave filter with
arbitrary topology, response and number of transmission zeros at finite frequencies can
be accurately represented by the transversal coupling matrix. This view was never
pointed out, nor was exploited in the literature prior to this work.
4.3.2 Optimization of Cross Coupled Filters Using Transversal Coupling Matrix

To further show the universality of the transversal coupling matrix, the same
procedure is used to optimize a third order microstrip filter with one transmission zero
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above the passband. The transmission zero is generated by a trisection as shown in Figure
4-18 [19]. The specifications of the filter are: fo=905 MHz, BW=40 MHz and RL=23 dB
and a transmission zero at fz = 950MHz. A dielectric substrate of εr=10.8 and thickness
1.27 mm is used. The ideal coupling matrix of a trisection giving this response is found to
be
 0
1.200

M = 0

 0
 0

1.200

0

0.276 1.075
1.075 − 0.486
0.658 1.075
0
0

0
0.658
1.075
0.276
1.200

0 
0 
0 

1.200
0 

(4-58)

The transversal coupling matrix that represents the same response and results
from the transformation that diagonalizes the sub-matrix in equation (4-58) when the first
and last rows and columns are eliminated is given by
0.456
0.848 0.716
0 
 0
0.456 − 1.454
0
0
0.456 

M = 0.848
0
− 0.382
0
− 0.848


0
0
1.902 0.716 
0.716
 0
0.456 − 0.848 0.716
0 
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(4-59)

Figure 4-18. Geometry of microstrip trisection filter [26].

The optimization is based on the transversal coupling matrix with the matrix in
equation (4-58) as a target. To guarantee that the transversal coupling matrix have only
one transmission zero at a finite frequency, we set the coefficient of Ω2 in S21 to zero. The
coefficient of Ω3 is already null since there is no source load coupling (MSL=0). Only one
constraint on the coupling coefficients results, namely

M s 3 = M s22 − M s21

(4-60)

The same optimization procedure was followed and the filter was optimized from
a detuned response. Figure 4-17 shows the progress of the optimization steps. It takes 3
quadratic iterations for the process to converge. The results shown in Figure 4-15 were
obtained from the commercial software package IE3D from Zeland Inc. The dimensions
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of the optimized filter are (in mm): L1=22.49, L2=22, W1=12.5, W2=12.97, s1=1.86,
s2=0.715, g1=1.1, g2=1.2, t=6.04 and d=1.4.

Figure 4-19. Progress of optimization of trisection microstrip filter through the transversal
coupling matrix. Solid lines: initial design, dotted-dashed lines: iteration 1, circles: iteration
3, dotted lines: ideal response.

4.4 Conclusions
In this chapter a new interpretation of similarity transformations for application in
coupled resonator bandpass filter design was presented. The effect of similarity
transformation on the coupling matrix is viewed as a change of basis (or coordinate
system). Within this paradigm both the original and transformed coupling matrices
represent the same filter using different sets of modes as basis. This implies that a
microwave filter can be mathematically represented by an infinite number of similar
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coupling matrices related by similarity transformations that belong to certain class that
preserves the port parameters as well as other properties of the system. This view corrects
the conventional view that a microwave filter can be represented only by one coupling
matrix. Also it was pointed out that only few representations are based on physical modes
that satisfy the boundary conditions inside the structure of interest.
Along the same lines it was shown that annihilating a coupling coefficient Mij
with a rotation of pivot [i,j] amounts to replacing the original resonators i and j by the two
eigenmodes of the same resonators. The transformation simply amounts to a partial
diagonalization of the original coupling matrix.
It was also shown any narrow band microwave filter with arbitrary topology, response
and number of transmission zeros fully represented by the transversal coupling matrix. It
was demonstrated that the global eigen-modes are the only set of modes that the ports can
see. Hence the transversal coupling matrix emerges as the most physical and universal
representation for narrow band filters. Furthermore it was shown that the transversal
coupling matrix could be obtained from the universal admittance matrix derived in
chapter 2 by applying a narrow band approximation.
It was shown that a microwave filter circuit model with frequency dependent inter
resonator coupling coefficients can be transformed into another model with frequency
independent coupling coefficients and possibly different topology. The transformed
matrix can be further transformed into a transversal form by using the global eigenmodes of the whole structure as basis.
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The uniqueness, universality and fixed topology of the transversal coupling matrix
make it a very reliable tool for microwave filter optimization. It was shown that
constraints have to be applied to the transversal coupling matrix during parameter
extraction. This is done in order to ensure that the extracted matrix represents a response
that falls within the class of desired rational functions. Two optimization examples were
presented; one all pole H plane waveguide filter and another a trisection microstrip filter
with one transmission zero at finite frequency. Excellent optimization results were
achieved. In addition to demonstrating that an H plane filter with seemingly inline
topology can be more accurately represented by the transversal coupling matrix, it was
shown that the transversal coupling matrix converges faster when compared to its
conventional coupling matrix counterpart.
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Chapter 5

Dual-Mode Filter Representation, Modeling and Design
The chapter presents a new view of the operation of dual-mode filters based on concepts
from representation theory. The investigation and correct interpretation of the dominant
physics governing the operation of the dual-mode cavities leads to complete, direct and
accurate design theory for dual-mode filters. The theory incorporates polarization
information that is missing from the existing theory. Within the new approach the filter
tuning process becomes no longer part of the design although it may still be needed to
compensate for manufacturing errors after fabrication.

5.1 Introduction
Dual-mode waveguide filters are very important components in satellite
transponders due to their compact size, light weights and high performance. The filter is
composed of dual-mode cavities, each supporting two distinct modes thereby reducing
the number of physical cavities for the same order of the filter. Significant reduction in
size and weight can be achieved by using dual-mode filters which are crucial components
for satellite communications in particular.
Dual-mode resonators are generally designed by introducing perturbations in
microwave cavities that support degenerate modes [3, 4, 27, 58-61, 83-85]. Examples of
such cavities are those supporting TE101 and TE011 resonances in an empty rectangular
cavity or the TE111 resonances in an empty circular cavity. Higher-order resonances, such
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as TE11n in a circular cavity, are used when higher Q-factors are required. Perturbations
are introduced in the cavities in order to split the resonant frequencies of the two
degenerate modes. An example of corner perturbations in a cavity with square crosssection is shown in Figure 5-1a. Figure 5-1b shows a similar structure in dual-mode
cavity with circular cross section. Other implementations are possible such as ridged
waveguide sections [59], cavities with close to square cross section [84], dielectric loaded
cavities [85]..etc.
Within the existing theory, these perturbations are referred to as coupling
elements since they “couple” the degenerate modes of the empty cavity (TE101 and TE011
for instance for a cavity with square cross section) [3]. Although different
implementations are possible, all dual-mode cavities employ the same idea of perturbing
the resonant frequencies of the two degenerate modes of the empty cavities.
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Figure 5-1.. Possible implementations of dual mode cavities. a) Cavity with square cross
section, b) cavity with circular cross section.

The existing theory was proposed by Atia and Williams [1,3]. Since then, an
extensive amount of work has been reported based on this theory. The perturbations are
viewed as coupling elements that couple the originally degenerate modes. These modes
are takenn as the vertically and horizontally polarized resonant modes conventionally
referred to as the v and h modes, respectively as shown in Figure 5--1. The coupling
coefficients are calculated from the difference between the resonant frequencies of the
modes with
ith the perturbations in place.
A dual-mode
mode filter is represented by a set of cross
cross-coupled
coupled resonators. For
example, Figure 5-2b
2b shows the coupling and routing scheme of a 4th order filter
implementing a quadruplet. This topology leads to a coupling matrix where the
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degenerate modes of the empty cavity are taken as basis. Within this view, the ports
couple to the v resonance of the cavity that is in turn coupled to the h resonance by means
of the corner perturbations and then eventually the v resonance in the second cavity
couples to the output port. Almost all the existing design techniques known to the author
depend on models based such resonances, i.e., the resonances of the empty and
unperturbed cavities (such as the TE101, TE110 in Figure 5-1a or the TE111 in Figure 5-1b).

Figure 5-2.. a) Possible implementation of a fourth
fourth-order dual-mode
mode filter, b) conventional
quadruplet topology

The most common design techniques based on the theory in [1,3] involves
determining the size of the perturbations to provide the required amount of coupling
between the vertically and horizontally polarized resonances as suggested by the coupling
matrix. This is calculated by means of the coupling bandwidth (the amount of split
spl of the
resonant frequencies of the closed cavity after introducing the perturbations). The length
of the cavities is calculated from forcing the degenerate resonances of the empty cavity to
resonate at the center frequency of the filter. This means that the loading of the modes by
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the perturbations is not taken into account. Unfortunately, the model used in the design is
based on the phenomenon of resonance and provides no systematic mechanism to take
loading into account. This is one of the main reasons for the absence of a direct design
technique that is directly based on the coupling matrix. The initial designs need tuning in
order to compensate for loading in particular. It is important to keep in mind that tuning
is considered an integral part of the design in this approach and not only used to
compensate for fabrication errors.
In order to tune the filter, tuning screws are most commonly inserted as shown in
Figure 5-3. The screws are of different depths in order to affect the loading of the two
resonances differently. This conventional tuning process is meant to tune the vertically
and horizontally polarized resonances independently. The tuning screws are assumed to
affect only the resonant frequencies but not the “coupling” between them. Although this
approximation is arguably valid for very narrow-band filters, it is not valid in general.
The tuning screws can indeed rotate the polarizations of the resonances thereby allowing
passband response even when no “coupling” elements are present in the cavity.
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Coupling
screws

Tuning
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(a)

Coupling
screws

Tuning
screws

(b)
Figure 5-3. Geometry of common implementation of dual-mode cavities with the
conventional tuning screws. (a) Cavity with square cross section, (b) cavity with circular
cross section.

As was shown in the last chapter and as reported in [19], a microwave filter can
be represented by an infinite number of similar coupling matrices each using different set
of modes as basis. Mostly importantly, only few of these sets are physical. A central
question in this work is whether the modes on which the existing models are based are
physical or not.
It will be shown in section 5.2.1 that the resonances of the empty cavity cease to
exist when the perturbations are introduced. This means that these resonances, which are
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used as basis in the existing models and design techniques, are not physical, i.e. they
violate the boundary conditions inside the cavity. The reliance on this set of unphysical
modes of as a basis is one of the most important shortcomings of the existing resonancebased models of dual-mode filters. Although this set of resonances can accurately
represent the port response of the filter mathematically at the circuit level, it does not
describe accurately the electromagnetic problem inside the cavity. This is the reason why
basing the design on this set of resonances leads to inaccurate and even erroneous
conclusions when it is required to control the response of the filter by tuning the modes
inside the cavity for instance. An obvious example of this is adjusting the resonant
frequencies (or equivalently the loading) of the two modes by adding tuning screws
oriented along the polarization of the h and v modes as shown in Figure 5-3. This is
intended to tune the resonant modes and stabilizes their polarizations. Unfortunately these
modes do not physically exist. The introduction of these tuning screws violates the
symmetry of the cross section and alters the polarization of the eigen-modes. This makes
it difficult if not impossible to independently control the coupling and the loading of the
two modes. In fact from a design perspective, it is safe to say that the conventional use of
the tuning screws destroys the polarization of the eigen-modes as opposed to stabilizing
it. Also, the tuning screws can cause sparks that can destroy the filter if they are allowed
to penetrate deep into the cavity.
In this work a complete, direct and modular design theory based on the physical
modes of the dual-mode cavities will be presented. Circuits based on propagation, rather
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than resonance, are used in order to accurately account for the loading of each
discontinuity. The design exploits different filter representations using different mode
sets as basis at different design stages. At each design step the uncoupled propagating
mode set is chosen to facilitate the extraction of the equivalent circuits. The new
approach is a direct application of the filter representations concepts introduced in
chapter 4. It exploits important polarization information that is missing from the current
models.
The chapter is organized as follows: in section 5.2 a new design theory for dualmode filters will be introduced. First, in section 5.2.1 the behavior of dual-mode cavities
with perturbing elements will be investigated in detail. The results obtained in subsection 5.2.1 leads to a direct design theory for inline dual-mode filters.

5.2 A New Design Theory for Dual-Mode Filters Based on Representation Theory
The new theory is based on concepts from representation theory introduced in
chapter 4. It will be shown in the next few sections that the modes on which the existing
design theory is based are not physical, i.e. they violate the boundary conditions inside
the cavity with the perturbations present. It is important to determine the physical modes
inside the cavities with all the perturbations present and the representation of the filter
when these modes are used as basis. Once the physical modes are identified, they are
used to establish a new direct and accurate design technique. Design examples will be
presented in order to validate the design technique.
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5.2.1 Physical Modes in Dual-Mode Cavities

Consider an empty and uniform cavity of circular cross section. The solution of
Maxwell’s inside the cavity can be easily found by following standard techniques [70].
The resonant frequencies of TE modes are related to the zeros of the derivative of Bessel
functions of the first kind. The fundamental mode is the TE111 whose resonant frequency
is given by

f cTE111 =

C
2π

(

p'11 2
π
) + ( )2
r
d

(5-1)

Where C is the speed of light in the medium of the cavity, r is the radius of the
cross section, d is the height of the cavity and p’11 is the first zero of the derivative of the
Bessel function of first order ( p’11=1.84).
It is well known that two degenerate modes are possible due to the symmetry of
the cross section. One resonance (mode) is termed the sine mode and the other the cosine
mode. The polarizations of these two modes are orthogonal and can be taken along any
two arbitrary perpendicular radii. Any other choice is possible based on the fact that any
linear combination of eigen-modes is an eigen-mode with the same eigen value (eigen
frequency).
It is interesting to see what happens to the eigen-frequencies and the eigen-vectors
when the perturbing steps are introduced. Let’s assume that perturbing steps, which
extend the whole length of the cavity, are introduced at 45o and 225o as shown in Figure
5-4a. It is evident that the vertically and horizontally polarized modes are no longer
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physical since they no longer satisfy the boundary conditions in the presence of the
perturbations. This can easily be shown by using a commercial field solver such as CST
or HFSS. The new eigen-modes of the perturbed cavities are polarized along the planes
of symmetry shown in Figure 5-4b. These will be referred to as the p and q modes. Figure
5-4b shows the transversal electric fields of the two eigen-modes of the cavity with the
perturbations present. These results are obtained from the commercial software package
Microwave Studio from CST. This discussion shows that in the absence of the
perturbations an infinite number of polarizations are possible whereas when the
perturbations are present only specific polarizations are allowed.

Figure 5-4. Field distribution of eigen-modes of a perturbed circular microwave cavity. (a)
3-D view of the cavity, (b) transversal electric field of the p mode, (c) transversal electric
field of the q mode.
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To better understand how the polarizations “jump” from the vertical and
horizontal planes (or any arbitrary chosen planes in case of circular cross section) to the
new symmetry planes by introducing small perturbations, we use a simple example.
Consider a 2x2 symmetric matrix with two degenerate eigen-values λ1=λ2=λ. This matrix
takes the form

λ 0 
A=

0 λ 

(5-2)

We choose the eigenvectors as the unit vectors

1 
0 
u1 =  , u 2 =  
0 
1

(5-3)

These correspond to the horizontally and vertically polarized modes of the empty
dual-mode cavity. Let us assume that these two eigen-vectors are now coupled by a small
amount ε. The new matrix, written in the (u1, u2) basis, is

λ ε 
A' = 

ε λ 

(5-4)

The eigen-values and eigen-vectors of the perturbed system are found to be

λ1' = λ + ε , λ'2 = λ − ε
v1 =

1 1
1
1, v 2 =
2
2

1
− 1
 

(5-5)

It is clear from (5-5) that the eigen-values of the system evolve continuously from
those of the un-perturbed system as the strength of the perturbation ε increases. However,
the eigen-vectors v1 and v2 “jump” in a discontinuous fashion from u1 and u2 as the
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strength of the perturbation increases from zero. This jump represents the change of the
polarization of these eigen-vectors. Obviously the polarizations of the new eigen-vectors,
or modes, are completely different from those of u1 and u2. It is worth pointing out that
the eigen-vectors could have been taken as v1 and v2 from the start. In such a case they
remain eigen-vectors even after the perturbation is introduced, they provide a valid basis
to represent both the perturbed and un-perturbed systems. This means that before
introducing the perturbations, several choices are possible for the eigen modes
polarizations (the eigen vectors), however the introduction of the perturbations eliminates
the ambiguity in the polarization.
In the existing theory, the effect of the perturbation is explained as coupling the
degenerate modes of the empty structure (the h and v modes) with the amount of coupling
determined by the separation of the resonant frequencies. The polarization of the
resonances once the perturbations are introduced is not used.
The relation between intra-cavity coupling and the polarization in waveguide
polarizers was recognized by Levy [86]. As argued earlier, this relationship is even
stronger since the original degenerate modes of the empty structure (the vertically and
horizontally polarized modes for instance) cease to exist after the introduction of the
perturbations. The use of these non-physical polarizations as basis to represent the
coupling matrix can lead to inaccurate and even erroneous results and conclusions.
An example is used to demonstrate the importance of properly identifying the
polarizations of the physical resonances in a dual-mode cavity. Consider the dual mode
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cavity in Figure 5-5a. Within the existing theory, the cavity has only “tuning” elements.
These are the elements that are used to control the loading of the vertically and
horizontally polarized modes without “coupling” them. According to the same theory it is
the “coupling” effect that leads to the dual-mode behavior. One would expect that if the
cavity is coupled to input and output ports (here the two ports will be perpendicular to
each other) an all stop filter is obtained due to the absence of any “coupling” between its
vertical and horizontal modes. Evidently this is not the case as was shown in [87]. Figure
5b shows the geometry of the cavity when coupled to an input and output ports and
Figure 5c shows the frequency response of the structure. The structure is a second order
bandpass filter. This result cannot be interpreted with the existing theory. On the other
hand, this behavior is quite obvious within our proposed view. The two perturbations
change the symmetry of the cross section. This means that they polarize the eigen-modes
of the cavity according to the symmetry of the cross section. The vertical and horizontal
polarizations do not exist anymore since their symmetry is violated. Within the new
approach the structure is a dual-mode filter and can be represented by the coupling
scheme shown in the inset in Figure 5-5c.
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Figure 5-5 (a) Geometry of dual-mode cavity with only “tuning” elements, (b) second order
filter implementation using cavities with only “tuning” elements, (c) EM simulated
frequency response using µwave Wizard from Mician along with the representation within
the proposed theory.
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Having established that the vertically and horizontally polarized modes become
non-physical once the perturbations are introduced, we need to investigate the
representation of dual-mode filters when the physical modes are used as basis. The
resulting representation will be exploited in formulating a direct design technique.
5.2.2 In-line Dual-Mode Filter Representation and Modeling

Inline dual mode filters are composed of dual-mode cavities such as those shown
in Figure 5-1 coupled by inter-cavity coupling structures such as cross irises or the like.
Figure 5-2a shows the geometry of a possible implementation of a 4th order inline dualmode filter.
This class of filters has commonly been represented by a set of cross coupled
resonances as shown in Figure 5-6 [3,4,58]. The resonances are taken as the degenerate
modes of the empty structure, i.e. the vertically and horizontally polarized modes.
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Figure 5-6 Classical coupling scheme of in-line dual-mode filter of order 2N, (a) filter with
an even number of physical cavities and (b) filter with an odd number of physical cavities.

Although the circuit in Figure 5-6 is capable of accurately reproducing the
response of the dual-mode filter at the circuit level, its significance on the
electromagnetic level is less obvious. It is based on the modes of the empty cavity as
discussed in the previous section. However, the symmetry of the cavity with the
perturbations present is not necessarily the same as that of the empty cavity. In other
words in the absence of the perturbations different choices for the eigen vectors can be
made. This is not the case when the perturbations are present. The perturbations force the
eigen-modes to have specified polarizations dictated by the symmetry of the cross
section. Consequently, the solutions of Maxwell’s equations with the perturbations in
place are different from those of the empty cavity as demonstrated in the previous subsection
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It was pointed out in [19] that although a microwave filter can be represented by
an infinite number of similar coupling matrices using different sets of modes as basis,
only a few of these are physical. A representation is termed physical if it is based on
modes that satisfy the boundary conditions in the region where they describe the
electromagnetic field. It is important to find the representation of the coupling matrix
where the eigen-modes of each cavity, with all perturbations present, is chosen as basis.
Let us assume that the coupling matrix based on the topology in Figure 5-6 is given by M
where Mij denotes the coupling coefficient between the ith and jth resonances and the
diagonal elements represent the frequency shifts. Let T be a (2N+2)x(2N+2)
transformation matrix (rotation) that preserves the port parameters

1 0 0 L
0

[T ] = 0
P

M
0 0 0 L

0
0
0

M
1

(5-6)

Where P is a real orthogonal matrix of order 2Nx2N. In order to find the representation
based on the eigen-modes of the perturbed cavities as basis, we seek a transformation that
partially diagonalizes the coupling matrix. In this case the matrix P in (5-6) can be
written as

[ A1 ]2 x 2
 ..
P=
 ..

 0

0

[A2 ]2 x 2
..
0
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..

.. [ AN ]2 x 2 

..
..

0
0

(5-7)

Where the columns of Ai are the eigen vectors of the sub-matrix representing the
modes in the ith cavity and N is the number of cavities (the filter is of order 2N). As
suggested by the topology in Figure 5-6, when the resonators are synchronously tuned,
the sub-matrix that represents the ith cavity is of the form

 0
M subi = 
 M 2i −1, 2i

M 2i −1, 2i 
0 

(5-8)

The eigen-values of this sub-matrix that are

λi = ± M 2i −1, 2i

(5-9)

The normalized eigen-vectors when arranged in the columns of the matrix A are
given by


Ai = 



1
2
1
2

1 
2 

1 
−
2 

(5-10)

From (5-10) we see that the process of partial diagonalization amounts to a
rotation by 45o. If this rotation is applied to the original coupling matrix, with the
topology given in Figure 5-6, the two new resonances are polarized along the symmetry
plane of the cross section. This is consistent with the conclusions in last sub-section.
These resonances have an electric or a magnetic wall along the symmetry plane. For the
square cavities in Figure 5-1a, both diagonals are symmetry planes. For the cavities with
circular symmetry, the symmetry planes are shown in Figure 5-1b.
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The new coupling matrix that results from these partial diagonalizations is given
by
[ M ]' = [T ][ M ][T ]T

(5-11)

It can be verified that the new coupling matrix has the λi as diagonal elements
with no coupling between the modes in the same physical cavity. Also note that the
modes in consecutive cavities are cross-coupled by the discontinuities when the coupling
element violates the symmetry of the eigen-modes p and q. Figure 5-7 shows the
topology representing the transformed coupling matrix in (5-11).

2

4

Modes polarized
2N
along p diagonal

S

L

1

3

Modes polarized
2N-1
along q diagonal

Figure 5-7. Topology of the transformed coupling matrix in (5-11) using the diagonal

resonances p and q as basis.
The circuit in Figure 5-7 contains information about the loading of the diagonal
modes by the perturbations. This is reflected in the resonant frequencies in the diagonal
elements of the coupling matrix in (5-11). The loading of the resonances by the coupling
elements between cavities (irises) is not accurately described by the model. In order to
accurately model and design the dual-mode filter, it is necessary to have an equivalent
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circuit that allows for the loading to be accurately accounted for. This is possible within a
model that is based on propagation.
The modeling of a discontinuity in a waveguide in which a single mode is
propagating is well established [15]. The difficulty with dual-mode filters is that two
modes, which may be coupled by the perturbations and discontinuities, are supported in
each cavity. For example, the two eigen-modes, with all perturbations present, are not
coupled by the perturbations inside the cavity. They are, however, coupled by the intercavity irises unless these share the symmetry of the modes. On the other hand, the
vertically and horizontally polarized propagating modes are not coupled by inter-cavity
irises with the proper symmetry but are coupled by the perturbations in the cavities. If
only one set of modes is used in the design, dealing with 4x4 non-sparse scattering
matrices that account for the mode cross coupling becomes inevitable. Extracting an
equivalent circuit from a non sparse 4x4 scattering matrix is far from simple.
This issue is explained at the example of a fourth order dual-mode filter as shown
in Figure 5-8. Two equivalent circuits of this structure are shown in Figure 5-8b and
Figure 5-8c. The circuits can be extended to represent a filter with N dual-mode cavities.
The circuit in Figure 5-8b is based on the two vertically and horizontally polarized modes
whereas that in Figure 5-8c uses the two diagonally polarized modes.

186

Figure 5-8. Equivalent circuits of dual-mode filter. (a) Side-view of a 4th order dual-mode
filter structure, (b) equivalent circuit seen by the vertically and horizontally polarized
modes v and h, and (c) equivalent circuit seen by the diagonally polarized modes p and q.

In [59] an equivalent circuit based on the vertical and horizontal modes similar to
that in Figure 5-8b was used. The coupling coefficients and loading were extracted from
the scattering matrices of the irises. The difference between the loading of the two modes
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was compensated for by altering the width and height of the otherwise square waveguide
sections. This changes the coupling between the modes and hence an iterative procedure
was used. The presence of the perturbations was ignored when calculating the lengths of
the waveguide sections i.e. the loading of the modes by the corner perturbations was
ignored initially and corrected for by optimization.
In this work the above disadvantages are avoided. The circuit in Figure 5-8c is
used in designing the perturbations and their associated waveguide sections. The circuit is
based on the eigen-modes of the perturbed cavity i.e. these are not coupled by the
perturbations. This allows exact calculation of the loading of the resonances by the
perturbations and the extraction of the elements of their equivalent circuits.
For the design of the inter-cavity irises, the input and output irises, the circuit in
Figure 5-8b is used. The difference in loading between the two modes in the first and last
cavities is compensated for by adjusting the aspect ratio of the input and output irises.
However, the input and output irises remain close to square.
It is crucial to understand that since the circuit is based on propagation one has the
freedom to choose any convenient set of propagating modes. These are generally the
modes that respect the symmetry of each discontinuity. At different stages in the design,
it becomes necessary to switch between two different representations of the scattering
matrix. This is carried out by a change of basis or similarity transformation as follows.
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Let us assume that Ev and Eh are the transverse electric fields of the vertically and
horizontally polarized modes, respectively and Ep and Eq are those of the diagonally
polarized modes as shown in Figure 5-1. The fields are related by

E p 
1 1 1 
=
E 


2 1 − 1
 q

(5-12)

At each discontinuity, except for the input and output irises, the incident and
reflected fields of the two modes are related by a 4x4 scattering matrix that is sparse only
if the modes are not coupled to one another by the discontinuity. The incident and
reflected fields of any of the two sets of modes are related by

[b1 ]  [ S 11 ] [ S 12 ] [a1 ] 
[b ] =  S ] [ S ] [ a ]
22  
2 
 2   21

(5-13)

Where ai and bi are 2x1 vectors representing the incident and reflected waves at
the ith port and Sij are all 2x2 matrices.
Let Spq be the 4x4 scattering matrix representation of a certain discontinuity in the
diagonally polarized modes and Svh the representation of the scattering matrix of the same
discontinuity in the vertically and horizontally polarized modes.
The two matrices are related by

S pq = R t S vh R

(5-14)

Where Rt is the transpose of the matrix R. The orthogonal matrix R can be derived by
using (5-12) and is given by
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1 1

1 1 − 1
R=
2 0 0

0 0

0
0 0 
1 1

1 − 1

0

(5-15)

Since each discontinuity can be fully characterized by a 4x4 scattering matrix
using any of the two sets of modes, it is convenient to work with the modes that yield a
sparse scattering matrix. As an example consider the diagonally polarized modes at the
corner perturbation placed in a square waveguide as shown in Figure 5-9a. The incident
and reflected waves of the two modes are related by

 b1 p   S11 p
b   S
 2 p  =  21 p
 b1q   0
  
b2 q   0

S12 p

0

S 22 p
0

0
S11q

0

S 21q

0   a1 p 
0  a 2 p 
S12 q   a1q 
 
S 22 q   a 2 q 

(5-16)

The form of the matrix says that each mode can be modeled independently by a
2x2 scattering matrix. The individual coupling matrices Sp and Sq in (5-16) can be easily
extracted using a commercial EM solver by placing an electric wall and a magnetic wall,
respectively, along the plane of symmetry as shown in Figure 5-9a and Figure 5-9bc. The
corresponding equivalent circuit of the perturbation seen by the diagonal modes can be
taken as a T-network with series and shunt reactance as shown in Fig 5-10a and Figure 510b. The values of the circuit elements can be extracted from the scattering parameters as
follows
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1 − S 21i + S11i
X si = Im(
)
1 − S11i + S 21i
X pi

2 S 21i
= Im(
)
(1 − S11i ) 2 − S 212 i

(5-17)

where the subscript i represents either the p or q mode. Note that the EM simulation
setups in Figure 5-10 are for a discontinuity with two corner steps. The same procedure
can be used to model a discontinuity of a single corner step, except that the symmetry
plane will pass through the step itself.
It is convenient to switch the second and third rows of the matrix in (5-16) to be
in the form of the generalized scattering matrix in (5-13) for cascading purposes. The
equations to cascade generalized scattering matrices are given in Appendix A.
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Figure 5-9. Diagonally polarized modes in a square waveguide loaded by two identical
corner perturbations.
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Figure 5-10. EM simulation setups and two- port networks seen by (a) Diagonally
polarized mode q, (b) Diagonally polarized mode p.
5.2.3 Design Steps

In this section the design steps for in-line dual-mode filters will be described in detail.
These are explained at the example of a fourth order filter with cavities of square cross
section and corner perturbations. The same procedure can be used to design higher order
filters with other cavity cross sections such as circular as will be shown in the design
examples.
The ideal coupling matrix that meets the specifications can be obtained
analytically or by optimization. Having any of the two representations discussed in
section 5.2.2, the other can be easily obtained by a similarity transformation. The
conventional ideal coupling matrix is of the following form
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 0
M
 01
 0
M =
 0
 0

 0

M 01

0

0

0

0
M 12
0
M 14

M 12
0
M 23
0

0
M 23
0
M 12

M 14
0
M 12
0

0

0

0

M 01

0 
0 
0 

0 
M 01 

0 

(5-18)

The transformed matrix, obtained by applying the transformation in (5-11), is
given by
 0
M '
 01
 M ' 02
M'= 
 0
 0

 0

M ' 01

M ' 02

0

0

− λ1

0

M '13

M '14

0

λ1

M ' 23

M ' 24

M '13

M ' 23

− λ2

0

M '14

M ' 24

0

λ2

0

0

M ' 01

M ' 02

0 
0 
0 

M ' 01 
M ' 02 

0 

(5-19)

The aim of the design is to implement the elements of the coupling matrices (518) and (5-19). The design procedure is based on the circuits shown in Figure 5-8.
Different sets of modes are used at different design stages to allow easy characterization
and modeling of each discontinuity. The design steps can be summarized as follows:
1- Perturbation size and the unloaded waveguide sections
In this step the depth of the perturbations and the length of the waveguide sections on
both sides of the perturbations are found. The diagonal elements λi of the coupling matrix
in (5-19) represent the normalized resonant frequencies of the perturbed cavities.
First the perturbation length tstep is fixed at a practical value such as the width
of a coupling element (screw). Using a commercial EM solver such as CST, The eigen
frequencies of the perturbed cavity when closed from both ends is calculated using the
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setup in Figure 5-11. The perturbation depth d is responsible for splitting the resonant
frequencies whereas changing the length of the uniform waveguide section L1 shifts both
frequencies almost equally. Note that for a cavity with square cross section the corner
perturbation will have more effect on the mode with higher frequency. This means that
the two resonant frequencies can be completely controlled by the length L and the
perturbations depth d. As such the two dimensions are adjusted such that the two eigen
frequencies are equal to those suggested by the coupling matrix. This can be done by
means of inversion of a 2x2 Jacobian.
Having fixed the perturbation size, we compute its scattering matrix when it is
placed in a waveguide with square cross section. In this step it is more convenient to use
the diagonal modes to represent the scattering matrices Sp and Sq by placing an electric or
magnetic wall along the plane of symmetry as in Figure 5-10. The scattering matrix of the
corner perturbations as seen by the p and q diagonal modes is given by (5-16). The
scattering matrix of the uniform waveguide sections represents a shift in the reference
plane; it is known analytically.

2r
Perfect E

Perfect E

di
Li

tstep

Li

Figure 5-11. EM simulation setup for the ith dual-mode cavity.
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2-Inter-Cavity iris
In this section the coupling irises between the dual-mode cavities are designed. The
design procedure will be described for the conventional cross iris, however it is valid for
any other inter-cavity coupling structure with the proper symmetry as will be shown later
in the chapter.

Figure 5-12. Geometry and EM simulation setup for the inner coupling iris.

Figure 5-12 shows the geometry of the iris. For this design step, it is more
convenient to use the vertically and horizontally polarized modes. The de-normalized
coupling coefficients for the vertically and horizontally polarized modes, denoted by Kvv
and Khh respectively, are given by

K vv =

π λ g1 − λ g 2
M 14
2
λ go

π λ g1 − λ g 2
K hh =
M 23
2
λ go

(5-20)

where λg1 and λg2 are the guided wavelengths at the edges of the band and λgo is the
guided wavelength at the center frequency fo.
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The vertically and horizontally polarized modes are not coupled by the iris. The
scattering matrix representing the iris is sparse and has the same form as that given in (516) where the subscripts p and q are replaced by v and h, respectively. The equivalent
circuit seen by each mode can be modeled by a T-network shown in Figure 5-10. Again,
the subscripts p and q are exchanged by v and h corresponding to the vertical and
horizontal modes respectively. The values of the shunt and series impedances can be
extracted from the 2x2 scattering matrices for each mode by means of (5-17) where the
subscript i represents either the horizontal or the vertical mode.
The T-network of each mode represents an inverter Ki along with a phase shift

φi where

ϕ i = − tan −1 (2 X pi + X si ) − tan −1 ( X si )
K i =| tan(ϕ i / 2) + tan −1 ( X si ) |

(5-21)

Note that the vertical dimension of the iris v1 controls the coupling coefficient Khh
and hardly affects Kvv which is mainly controlled by the horizontal dimension h1. This
means that the Jacobian relating the coupling coefficients Khh, Kvv with the dimensions h1
and v1 is almost diagonal. Therefore they can be adjusted practically independently. The
dimensions h1 and v1 are varied individually until the required coupling coefficients are
obtained. The loading for the vertical and horizontal modes denoted by φvv and φhh
respectively are calculated by means of (5-21). The design of the inter-cavity coupling
iris is now complete.

197

3-Input Iris
In this section the modeling and design of the input iris will be described. Unlike
the inter-cavity irises, the input iris represents a geometrically and electrically
asymmetric discontinuity. Figure 5-13 shows the geometry of the input iris along with the
propagating modes on both sides of the iris. The modes on the right can be taken as the
horizontally and vertically polarized modes or the diagonally polarized modes, whereas
the input rectangular waveguide on the left supports only a TE10 propagating mode within
the frequency band of interest.

Figure 5-13. Input and output iris modeling. (a) EM simulation setup for the input iris, (b)
Asymmetric T network represents the equivalent circuit for the input iris discontinuity as
seen by the vertically polarized mode (c) Equivalent circuit of the input iris discontinuity as
seen by the horizontally polarized mode.

Due to symmetry, the vertically and horizontally polarized modes are not coupled
by the iris. The incident and reflected fields on both sides of the discontinuity are related
by the following 3x3 sparse scattering matrix
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 bv1   S11v
b  =  S
 v 2   21v
bh 2   0


S12 v
S 22 v
0

  av1 
 
  av 2 

e j (φ 33 +π )   ah1 
0
0

(5-22)

It is easy to show that the fields of the diagonally polarized modes can be related
to those of the input TE10 modes as follows

 S11v
bv1 
 
−1 
b
=
R
 S21v
p
1
 

 bq 
 
 0

S12 v
S 22 v
0

  av1 
  
 R1  a p 

e j (φ 33 +π )   aq 
0
0

(5-23)

Where R1 is a transformation matrix given by

0
1

R1 = 0 1/ 2
0 1/ 2




1/ 2 
−1/ 2 
0

(5-24)

The matrix resulting from the multiplication on the right hand side of equation (523) is obviously non sparse since the input couples to both the p and q modes. Therefore
in this design step the v and h modes are used.
The vertical mode is propagating on both sides of the discontinuity. For this mode
the iris represents an asymmetric discontinuity that can be modeled by the asymmetric T
network in Figure 5-13b.

On the other hand, the horizontally polarized mode is

propagating in the square waveguide section and is evanescent in the input rectangular
waveguide. This means that the iris and the input waveguide present a loading reactance
to the horizontal mode as shown in Figure 5-13c. This reactance can be controlled by the
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vertical dimension of the input iris. This will be exploited in the design in order to
achieve phase balance between the two modes.
The circuit in Figure 5-13b can represent an inverter K01 when proper phase shifts

φ1 and φ2 are added on both sides of the discontinuity. These can be easily absorbed in
the waveguide sections on the left and right of the iris. The inverter value K01 and the
loading φ1 and φ2 can be directly extracted from the scattering parameters by formulas in
appendix C. Note that the inverter K01 should be de-normalized as follows

K 01 =

π λ g1 − λ g 2
M 01
2
λ go

(5-25)

The coupling of the vertical mode to the input waveguide is controlled by the
dimension a1 and is marginally affected by the dimension b1. On the other hand, the
loading of the horizontal mode φ33 is mainly controlled by the dimension b1.
In order to determine a1, we start with a square iris (a1=b1) and vary its size until
the required value of the coupling is obtained. The thickness of the iris is kept equal to 1
mm. The loading of the vertical mode from the resonator side φ2 is calculated
straightforwardly by the equations in appendix C.
Having determined the input coupling and loading for the vertical mode, the
waveguide sections dimensions Lx and Ly in Figure 5-8a are found from

λ go
2π
λ go
L y = L1 +
2π
Lx = L1 +

ϕ2
2

ϕ vv
2
200

(5-26)

Note that the angles φ2 and φvv are negative.
At this point, all the design parameters are determined except for the loading of
the horizontal mode φ33. Using the phase balance condition of the two modes, the
required value of φ33 can be obtained as

ϕ 33 = ϕ 2 + ϕ vv − ϕ hh

(5-27)

Another way to find φ33 is by optimization where the scattering matrices are
cascaded using the equations in Appendix A with φ33 as the unknown variable. The
loading can be fully controlled by the dimension b1. This completes the design of the
filter.
5.2.4 Design Examples
5.2.4.1 Fourth Order Dual-mode Filter

In this section, a fourth order filter based on dual-mode cavities with square cross
section is designed using the described design technique. Figure 5-8a shows a side view
of the filter structure. The two cavities with square cross section are identical to those
shown in Figure 5-1a.
The filter specifications are fo=11GHz, BW=200 MHz, passband return loss=20
dB, two transmission zeros at normalized frequencies Ωz=±1.6. This response can be
represented by the following ideal coupling matrix
1.017
0
0
0
0 
 0
1.017
0
0
.
8306
0
−
0
.
2963
0 

 0
0.8306
0
0.8145
0
0 
M =

0
0
0
.
8145
0
0
.
8306
0


 0
− 0.2963
0
0.8306
0
1.017


0
0
0
1.017
0 
 0
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(5-28)

Using the transformation in (5-11), the coupling matrix in (5-28) can be
transformed as
0.719
0.719
0
0
0 
 0
0.719 − 0.8306
0
0.259 − 0.555
0 

0.719
0
0.8306 − 0.555 0.259
0 
M '= 

0.259 − 0.555 − 0.8306
0
0.719
 0
 0
− 0.555 0.259
0
0.8306 0.719


0
0
0.719
0.719
0 
 0

(5-29)

The width and height of the square cavities are fixed at the beginning of the
design at ao=16.8 mm and the length of the perturbation at tstep=3mm. All EM simulations
in this example were done using µWave Wizard from Mician, Bremen, Germany.
First, the perturbation depth d and unloaded waveguide sections L1 are calculated.
This is done by adjusting the eigen-mode frequencies of the cavity with the perturbations
to the values suggested by the coupling matrix in (5-29). In order to calculate the eigenmode frequencies, the cavity was very weakly coupled to an input and output waveguides
and the peaks of S21 were observed. To this end the perturbation depth and the length of
the unloaded waveguide sections are fixed.
The inner cross (the dimensions h1 and v1) shown in Figure 5-12 is designed. The
width of the vertical and horizontal slots is fixed at t=1mm and then the dimensions h1
and v1 are varied individually in order to provide the required coupling coefficients Kvv
and Khh respectively. The associated phase shifts φvv and φhh are found from (5-21).
The last step is to design the input iris and to compensate for the difference in
loading between the two modes. The dimensions of the iris (a1=b1) are varied until the
required coupling coefficient is achieved. The loading of the vertical mode by the input
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iris denoted by φ2 is calculated using equations in appendix C. The lengths of the
waveguide sections Lx and Ly are given by (5-26). The desired value of φ33 is calculated
from the phase balance condition in (5-27). In order to compensate for the difference in
loading between the vertical and horizontal modes, the dimension b1 is varied until the
desired value of φ33 is obtained. The dimensions of the designed filter are (all in mm):
d=1.915, a1=9.969, b1=8.609, Lx=8.592, Ly=10.156, tstep=3, ao=16.8 and t=1. Figure 5-14
shows the EM simulated response of the designed filter along with the ideal coupling
matrix response. The results show excellent initial design that needs no optimization.

Figure 5-14 Response of the fourth order dual-mode filter. Solid lines: EM simulation
response of the initial design, dashed lines: ideal matrix response.
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5.2.4.2 Eighth Order Dual-mode Filter

In this section an eight-order filter with dual-mode cavities of circular cross
section is designed using the procedure described in section C. Figure 5-15 shows the
geometry of the filter. The conventional cross iris is used as an inter-cavity coupling
structure. The horizontal dimensions of the cross iris are not shown in the figure and they
are given by h1 for the first and last crosses and h2 for the middle cross.

(a)

(b)

Figure 5-15. (a) Geometry of the eighth order dual-mode filter. (b) Cross section of the
cavity and the input iris.

The filter specifications are fo=12 GHz, BW=200 MHz, passband return loss=20
dB, four transmission zeros at normalized frequencies Ω z = ±1.6, ±3.5 . The ideal coupling
matrix based on the topology in Figure 5-6 that satisfies the required specifications is
given by
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0.987
0
0
0
0
0
0
0
0 
 0
0.987
0
0
.
8045
0
−
0
.
1348
0
0
0
0
0 

 0
0.8045
0
0.675
0
0
0
0
0
0 


0
0.675
0
0.5225
0
0
0
0
0 
 0
 0
− 0.1348
0
0.5225
0
0.5328
0
0
0
0 
M =

0
0
0
0
0
.
5328
0
0
.
5225
0
−
0
.
1348
0 

 0
0
0
0
0
0.5225
0
0.675
0
0 


0
0
0
0
0
0.675
0
0.8045
0 
 0
 0
− 0.1348
0
0
0
0
0
0.8045
0
0.987


 0
0
0
0
0
0
0
0
0.987
0 
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The matrix M can be partially diagonalized by the transformation in (5-11) that
gives rise to the following coupling matrix M’
0.697
0.697
0
0
0
0
0
0
0 
 0
0.697 0.804
0
0
.
27
−
0
.
405
0
0
0
0
0 

0.697
0
− 0.804 − 0.405
0.27
0
0
0
0
0 


0
0
.
27
−
0
.
405
0
.
522
0
−
0
.
2664
0
.
2664
0
0
0 

 0
− 0.405
0.27
0
− 0.522 − 0.2664 0.2664
0
0
0 
M'= 

0
0
− 0.2664 0.2664
0.522
0
− 0.27 0.405
0 
 0
 0
0
0
− 0.2664 0.2664
0
− 0.522 0.405 − 0.27
0 


0
0
0
0
− 0.27 − 0.405 0.804
0
0.697
 0
 0
0
0
0
0
0.405
0.27
0
− 0.804 0.697


0
0
0
0
0
0
0.697 0.697
0 
 0
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The radius of the circular cavities is chosen to be r=8.8 mm. Also the dimension
w and tstep are fixed to 2 mm and 3 mm respectively at the beginning of the design. As in
the previous example, the perturbation depths (d1 in the first and last cavities and d2 in the
two inner cavities) along with their associated unloaded lengths of waveguide sections L1
and L2 are determined from the eigen-modes of the closed perturbed cavities. All EM
simulations for this example were performed using CST.
The inter-cavity irises are designed and their loading is extracted by means of (521). The loading of the horizontally polarized mode by the first or the last cross iris is
denoted by φhh1 whereas that by the inner cross iris by φhh2. A similar notation is used for
the loading of the vertically polarized mode by replacing hh by vv.
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An issue that might arise with filters with orders higher than six is the phase
balance of the inner cavities. For the first and last cavities, the phase of the two modes is
balanced by controlling φ33 in (5-27) by the vertical dimension of the input iris b1. On the
other hand in the inner cavities there is no easy way to tune the loading of the vertically
and horizontally polarized modes differently without significantly disturbing the
symmetry as in the case of the conventional tuning screws. Fortunately the sum of the
loading of the vertically polarized mode by the two irises on the sides of the cavity is
very close to the sum of the loading of the horizontally polarized mode by the same two
irises. As a numerical example the calculated values of loading are φhh1=-6.7o, φhh2=1.06o, φvv1=-1.34o, φvv2=-6.14o. This result is due to the values of the coupling
coefficients given in the coupling matrix.
Having determined the perturbations and the inter-cavity coupling structure, the
input-coupling iris is designed. The dimensions of the initially square iris are varied until
the required de-normalized coupling coefficient (K01=0.2906) is achieved. The input iris
loading φ2 is calculated by the formulas in appendix C and the lengths of the waveguide
sections are given by

λ go ϕ 2
2π 2
λ go ϕ vv1
L x 2 = L2 +
2π 2
λ go ϕ vv1
L y 1 = L1 +
2π 2
λ go ϕ vv 2
L y 2 = L2 +
2π 2
L x 1 = L1 +
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(5-32)

The vertical dimension of the input iris b1 is varied until the required value of φ33
determined from the phase balance condition is obtained. The dimensions of the designed
filter are (all in mm): d1=1.044, d2=0.784, a1=9.241, b1=8.055, Lx1=7.869, Lx2=9.632,
Ly1=9.688, Ly2=9.331, h1=4.659, v1=8.806, h2=8.629, v2=3.858, tstep=3, r=8.8, w=2 and
t=1. Figure 5-16 shows the response of the designed filter along with that of the ideal
coupling matrix. It is obvious that the initial design yields very good results. The
technique yields better designs as the bandwidth of the filter decreases for it is based on a
model which assumes that the coupling coefficients are constant. As the bandwidth is
increased, this approximation becomes less accurate thereby leading to the observed
deviation between the ideal response and the initial design as in Figure 5-16.

Figure 5-16. Response of the eighth order dual-mode filter. Solid lines: EM simulation
response of the designed filter (initial design), dashed lines: ideal matrix response.
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5.3 Conclusions
This chapter presented a new direct design theory for dual-mode microwave
filters. It was demonstrated that the effect of introducing the perturbations can be
described in terms of polarizing the eigen-modes of the cavity more accurately than in
terms of coupling the originally degenerate modes. It was shown that the modes of the
empty cavities on which the existing resonance-based models are based cease to exist
once the perturbations are introduced. The only physical modes are those that respect the
symmetry of the cross section and satisfy the boundary conditions. These have prescribed
polarizations that respect the symmetry of the cross section. Using this set of physical
modes as basis, a new direct design theory was presented. Within the new theory tuning
ceases to be part of the design. Design examples were presented to validate the design
procedure and excellent results were obtained without the need of any optimization or
tuning.
This work is expected to have a significant impact on the field as it tackles some
of the serious design and realization challenges encountered with dual-mode filters
design.
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Chapter 6

A New Approach to Canonical Dual-Mode Filters Design
In this chapter the concepts explained in chapter 5 are extended to develop a new
approach for canonical dual-mode filters design. It is based on the physical modes inside
the dual-mode cavities as discussed in the previous chapter. The filter representation
using such a set of modes as basis results in topologies that can be directly designed
except for the input/output cavity that requires little optimization. A sixth-order canonical
filter is presented to validate the design technique.

6.1 Introduction
Canonical dual-mode filters, as introduced by Atia and Williams in 1977, are
based on implementing a folded canonical coupling scheme in dual-mode cavities [62].
The input and output are taken from the same cavity. An advantage of this family of
filters is the simple form of its inter-cavity coupling elements. The symmetric canonical
folded coupling scheme can be implemented by using circular irises between circular
cavities [62]. The design of these filters is based on standard techniques of coupled
resonator filters. Figure 6-1 shows an implementation of a sixth order canonical filter
using cavities with circular cross section. Other possible input/output cavity
implementations were reported in [62] , some of which with source load coupling.
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Figure 6-1. a) Layout of 6th order dual-mode canonical filter with two transmission zeros,
b) cross section of the fist cavity, c) cross section of second and third cavities, d) 3-D view.

The conventional canonical coupling scheme is shown in Figure 6-2 where the
resonances are interpreted as the vertically and horizontally polarized modes. The
coupling matrix of canonical dual-mode filters is canonical folded only when the
resonances of the empty cavities, with specific polarizations and symmetry, are used as
basis. As was shown in chapter 5, these resonances are not physical. They simply cease to
exist once the perturbing elements/screws are introduced in the cavities. Unfortunately, to
the best knowledge of the author, no systematic and direct design procedure for this class
of filters is known.
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In this work, the physic
physical
al modes of the perturbed cavities will be used as basis for
the filter representation. It will be shown that using this representation leads to
generalized cul-de-sac
sac configurations. The resulting configurations can be directly
designed using well establi
established
shed techniques except for the input/output cavity that need
optimization.

Figure 6-2.. Conventional coupling scheme of a canonical dual
dual-mode
mode filter of order
2N.

6.2 Canonical Dual-Mode
Mode Filter Representation an
and Modeling
As established in the previous chapter, the coupling scheme shown in Figure 6-2
6
is only one of many representations of the canonical dual
dual-mode
mode filter [19]. It corresponds
to using the vertically and horizontally polarized modes of the empty ddual
ual-mode cavities
as unit vectors in representing the coupling matrix. Once the perturbations are introduced,
these resonances cease to be physical. They violate the boundary conditions with the
perturbation present and cannot be adjusted independently. Th
Thee circuit does not lend
itself to a simple direct design either.
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It important to find an alternative representation of the filter based on the
resonances of the dual-mode cavities but with the perturbations present. These satisfy all
the boundary conditions inside the closed cavity and describe accurately the power
transport between its two ports. At the coupling matrix level, the corresponding coupling
matrix is obtained from the canonical folded form in Figure 6-2 through a similarity
transformation that partially diagonalizes the coupling matrix such that each cavity is
represented using its eigen-modes as basis. This is equivalent to rotating the modes in
each cavity by 45o except for the input/output cavity in case the two modes are not
coupled.
In the general case of a canonical filter with N dual-mode cavities (order of
filter =2N), the transformation from the folded coupling scheme, with synchronously
tuned resonators, to the generalized cul-de-sac configuration is of the form

1
0

0

0
R=
M

0
0

0

0
a 0 0
0 0 a 0
0 O 0
0 N 0 0

a
0 0 a
0
0 M
0 0 a −a 0
0 0

0 N 0
0 O 0 0
a 0 0
0 0 − a 0

0 0 L 0 L 0 1 
0

0

0

L

0

0

(6-1)

where R is an (2N+2)x(2N+2) transformation matrix.
The new coupling matrix is obtained from the standard relationship,

M ' = R t MR
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(6-2)

Here, a = 1 / 2 and all the entries of this matrix are zero except those along the two
diagonals. The application of the rotation in (6
(6-2)
2) to the original folded symmetric
coupling matrix leads to the generalized cul
cul-de-sac
sac configuration shown in Figure 6-3.
6
Each of the in-line
line branches contains resonances which have the same polarization, or
symmetry, in each of the dual
dual-mode
mode cavities. For example, the upper branch may contain
resonances with a magnetic wall along a longitudinal plane at 45o in each cavity. The
resonancess of the other branch have an electric wall along the same plane.

Figure 6-3.. Coupling scheme of canonical dual
dual-mode filter of order 2N when the resonances
of the cavities with coupling elements present ar
are used as basis. Cavity p:: resonances p and
2N-p+1.

The generalized cul
cul-de-sac
sac configuration that results from the symmetric folded
canonical form of a filter of order 22N has some useful properties that will be exploited in
the design such as:
-

The source and
nd the load are not directly coupled to each other, unless the response
is fully elliptic, i.e., with 22N transmission zeros at finite frequencies. In such a
case, the source is also directly coupled to the load in the folded configuration and
with the same strength in both configurations.
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-

The coupling coefficients from the source to the modes of the first cavity
(resonators 1 and 2N) are equal. These are also equal to the coupling coefficients
from the load to the same resonators, except that one of these is negative (if the
other three are assumed positive).

-

The coupling coefficients between resonator p and p+1 in the left line are equal to
those between 2N-p and 2N-p+1 in the right line.

-

The frequency shift in the resonant frequency of resonator p in the left line is the
opposite of that of resonator 2N-p+1 in the right line.

-

If the number of transmission zeros at finite frequencies is 2N-2-2k, the frequency
shifts of resonators 1,2,..k and 2N-k,..2N-1, 2N all vanish. In this case, the choice
of modes in cavities 1 to k is arbitrary since they contain no “coupling” elements.
The polarizations of these modes can be chosen to accommodate other design
criteria such as sensitivity reduction.
In practice, canonical dual-mode filters in which the modes of the first cavity are

“coupled” in the folded configuration require extensive optimization and tuning. Their
response is very sensitive to errors in the dimensions, especially those in the first cavity.
One of the reasons is the difficulty in implementing the weak coupling and
simultaneously maintaining the proper polarizations of the modes in the first cavity. In
this work, canonical filters in which the modes of the first cavity are not coupled to each
other in the folded configuration are focused on. For N cavities, this corresponds to filters
of order 2N with up to 2N-4 transmission zeros at finite frequencies.
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In order to establish an accurate and direct design technique, it is necessary to have an
equivalent circuit based on propagation that characterizes each discontinuity. In the case
of canonical filters, using the physical modes as basis allows a direct design procedure
for the second to the Nth cavity since they are represented by two non interacting branches
as suggested by the topology in Figure 6-3.
The equivalent circuit is shown in Figure 6-4 for the case of a 6th order filter with two
transmission zeros at finite frequencies. It uses the physical modes of the cavities
including all the perturbations. These are the p and q modes in the second and third
cavities. On the other hand the eigen-modes of the first cavity are the vertically and
horizontally polarized modes (v and h modes). This polarization is dictated by the ports
configuration and further enforced by addition of screws as shown in Figure 6-1b in order
to balance the phase between the two modes in the input/output cavity.
The circuit in Figure 6-4 is the model upon which all the design steps are based. It is
assumed that the inline waveguide is the input port whereas the side waveguide is the
output port for convenience. The input iris is represented by the 3x3 scattering matrix in
the top left of Figure 6-4. The TE10 in the input waveguide couples to the vertical mode in
the circular waveguide section. The input waveguide along with the input iris represent a
reactive load to the horizontal mode. The output iris is represented by the 3x3 scattering
matrix in the top right of Figure 6-4. The axial magnetic field of the horizontal mode
couples to the TE10 mode in the output waveguide. Also, the output waveguide along
with the output iris present a reactive load to the vertically polarized mode. Due to
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symmetry, the vertically and horizontally polarized modes are not coupled by the input
and output irises. This gives rise to sparse 3x3 scattering matrices. The incident and
reflected fields on both sides of the input or output irises are related by an equation
similar to equation (5-22), i.e.,

 bi1   S11i
b  =  S
 i 2   21i
bk1   0

S12i
S 2i
0

  a i1 
0   ai 2 
e j (π +ϕk11 )  ak 1 
0

(6-2)

Here, the subscripts i and k denote the vertically and horizontally polarized modes for the
input iris, respectively and vice versa for the output iris. All the uniform waveguide
sections are characterized by 2x2 scattering matrices that are known analytically.
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Figure 6-4. Equivalent circuit of a 6th order canonical filter shown in Figure. 6-1.

The two polarizing (tuning) screws in the input cavity are located along the
vertical line on both sides of the output iris. The incident and reflected fields on both
sides of a screw are related by a sparse 4x4 generalized scattering matrix similar to that in
(5-16) except for replacing the subscripts p and q by v and h, respectively. This is
represented in Figure 6-4 by the two 2x2 scattering matrices [Sd1]v and [Sd1]h in the noninteracting branches representing the v and h modes. The first iris, between the first and
the second cavity, is represented by the non-sparse 4x4 scattering matrix [Si1]4x4.
Although the iris is circular, this matrix is not sparse since it involves the v and h modes
on one side and the p and q modes of the other. It can be, however, transformed into a
sparse matrix by a simple rotation or similarity transformation. The incident and reflected
fields on both sides of this iris are related by the following generally non sparse
generalized scattering matrix

 b1v 
b 
 2 p  = S i1
 b1h 
 
 b2 q 

 a1v 
a 
 2p 
4x4  a 
1h
 
 a 2 q 

[ ]

(6-3)

Rotating the vertically and horizontally polarized modes in the first cavity by 45o results
in a sparse scattering matrix of the same form as that in (5-16). It is important to note that
the propagating modes in the waveguide sections are used and not the resonances of the
cavities. Since the waveguide sections on each side of the iris are uniform, both choices
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of modes are physical. The transformation between the sparse scattering matrix and the
full scattering matrix in (6-3) is given by

 S11 p
S
 21 p
 0

 0

S12 p

0

S 22 p
0
0

0
S11q
S 21q

0 
0 
= [ R] −1 [ S i1 ] 4 x 4 [ R ]
S12 q 

S 22 q 

(6-4)

The transformation matrix R is given by



R=




1
2
0
1
2
0

1
2
1
0
1
0 −
2
0
0
0


0
0
0

1

(6-5)

In the remaining cavities, 2 to N, the p and q propagating modes are used in the
representation of the scattering matrices. Since the two polarizations are not coupled by
the irises or the polarizing steps, two separate branches result as shown in Figure 6-4.
Each of the two branches contains 2x2 cascaded scattering matrices. They terminate in a
short circuit which represents the top metallic plate of the last cavity. These in-line
branches are simple to design directly by exploiting Cohn’s well-established design
technique [15].

6.3 Design
In this section the design steps based on the equivalent circuit in Figure 6.4 will
be described in detail. The second to the last cavities are directly and accurately designed.
On the other hand it will be shown that the input/output cavity (first cavity) can be
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directly designed only partly; it requires optimization to achieve phase balance between
the modes.
The first step in the design is to chose the radius r of the cavities such that only
the TE11 mode is propagating over the frequency range of interest. The initial radius and
height of the empty cavity can be chosen to control the spurious response or the Q-factor.
The design steps can be summarized as follows.

1- Cavities 2 to N.
This part of the filter is represented by the two non-interacting in-line circuits
ending in short circuits as shown in Figure 6-4. These cavities are identical to those used
in the inline dual-mode filters. The same design procedure is followed. The diagonal
elements of the transformed coupling matrix using the transformed matrix in (6-1)
represent the frequency shifts in the normalized eigen-mode frequencies of the perturbed
cavities when closed from both ends. As in the design of the inline dual-mode filter, the
set up in Figure 5-11 is used to extract the resonant frequencies of the two eigen-modes.
First, the width w and length tstep of the perturbation are set to practical values as in the
previous examples. Then the same procedure outlined in section 5.2.3 is used in order to
find the perturbation depth di and the waveguide section length Li in the ith cavity.
This completes the determination of the dimensions of the polarizing steps and the
unloaded waveguide sections Li in the second to the Nth cavities. In the next steps after
charactering the loading of the coupling irises, the uniform waveguide sections Li will be
adjusted to account for the loading by the coupling irises.
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2- Inter-cavity Irises
The in-line nature of the circuit in Figure 6-4 enables the direct modeling and
design of the irises by applying Cohn’s theory [15]. The two modes which are
propagating in the uniform waveguide section are not coupled by the iris due to
symmetry. In this design step, there is no advantage to using either the p and q modes
over the v and h modes since both sets are valid propagation modes. The scattering of two
modes of the same polarization by the circular iris does not depend on the polarization.
The dimensions of the coupling iris can be determined from the scattering matrix of the
TE11 propagating modes with a given symmetry. The same design procedure used in the
inline filter inter-cavity coupling iris is followed.
When the iris is placed in a uniform circular waveguide section and the propagating
modes are considered, the discontinuity is characterized by a 2x2 scattering matrix. The
setup is similar to that shown in Figure 5-12 except for replacing the cross iris with a
circular iris and the waveguide sections by a circular waveguide. The scattering
parameters can be calculated using the mode-matching technique or extracted from a
general-purpose field solver. The discontinuity can be modeled by a T-network as shown
in Figure 5-10. The equivalent circuit parameters can be calculated directly from equation
(5-17) where the subscript i stands for the ith iris. The T-network represents and inverter
Ki when proper phase shift ϕi/2 is added on both sides.
220

The thickness of all the irises is fixed to a practical value (t=1mm) and the radius ai of
the ith iris is varied until the required coupling coefficient is achieved. It should be noted
that the scattering parameters should be de-embedded such that they are calculated at the
reference planes shown in Figure 5-12 in order to calculate the correct phase ϕi.

3- Uniform Waveguide Sections
The uniform waveguide sections in the second to the Nth cavities denoted by Lxi
and Lyi in Figure 6-1 must be adjusted to absorb the loading by the inter-cavity irises
calculated in the previous step. In the first design step, the uniform waveguide sections Li
were calculated using the closed perturbed cavity in Figure 5-11. The adjusted lengths Lxi
and Lyi can be calculated from

λ go ϕ i −1
2π 2

λ go ϕ i
 Li +
=
2π 2

L xi = L i +

L yi

i< N

L
 i

(6-6)

i= N

Note that φi represents a negative phase shift in this structure.

4- Input/Output Cavity
The input/output cavity with the iris between the first and second cavities
replaced by a short circuit is shown in Figure 6-5a. Figure 6-5b shows the 3-D view of
the structure whereas Figure 6-5c shows its equivalent circuit. The input and output
feeding arrangement complicates its design. A two-step design procedure is followed.
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Figure 6-5.. (a) Side view of the closed input/output cavity, (b) 3-D
D view, (c) equivalent
circuit.

The design of this section of the filter is based on the modes with vertical and
horizontal polarizations that represents the polarization of the eigen
eigen-modes
modes of the first
cavity (6th order filter with
ith two transmission zeros at finite frequencies). The input and
output irises are represented by sparse 3x3 matrices given in (6
(6-2)
2) where the subscripts i
and k denote the vertically and horizontally polarized propagating modes.
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The input waveguide excites the vertically polarized propagating mode and
presents a loading reactance to the horizontally polarized mode. The coupling from the
input port to the vertical mode (K01) is controlled by the horizontal dimension as of the
rectangular iris. Also, the loading of the horizontal mode by the same port is controlled
by the vertical dimension bs of the rectangular iris. Similarly, the output port couples to
the axial magnetic field of the horizontal mode with a coupling strength that is mainly
controlled by the width aL of the output rectangular iris. To the vertically polarized mode,
the port presents a loading reactance that is controlled by the height bL of the iris.
Generally, the loading of both modes by the irises (φs33 and φL33) are unequal. The
polarizing and tuning steps (screws) are used to compensate for this loading.
The first step is to design the input iris. It can be designed directly to provide the
desired input coupling K01 using similar procedure as in section 5.2.3. According to the
setup shown in Figure 6-5a, the propagating modes on both sides are TE01 in the
rectangular waveguide and TE11 in the circular waveguide section. The iris represents an
asymmetric discontinuity that can be modeled using the asymmetric T-network in Figure
5-13b without the phase shifts. To generate an inverter, proper phase shifts φ1 and φ2 are
added on both sides of the T-network as shown in the same figure. The equivalent circuit
parameters, the inverter value and the phase shifts can be directly calculated from the
scattering matrix parameters by using the equations in Appendix C or in [34]. The height
bs of the iris is fixed at a practically small value in order to minimize the loading. Note
that this is possible because we assumed that the modes of the first cavity are not coupled
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to each other. Its width as is varied until the required value of K01 is achieved. The phase
shifts are extracted and eventually absorbed in the waveguide sections on both sides of
the iris.
Having designed the input iris, the structure in Figure 6-5a is assembled.
Looking into any of the two ports, the other port represents a purely reactive load to the
resonance excited by that port. This results in shifting the resonant frequencies. The
purpose of the second design step is to adjust the loading of the two resonant modes.
Also, the output iris must be adjusted in order to achieve the required coupling
coefficient.
Since the two resonances in the first cavity are not coupled, it is possible to use
the reflected group delay in locating the resonant frequency of each and hence adjust the
loading. The group delay is calculated from the derivative of the phase of the reflection
coefficients (S11 and S22) for the EM simulation setup in Figure 6-5b. The peak value of
the group delay is related to the coupling coefficient whereas the corresponding
frequency represents the resonant frequency [6]. This step starts with the output iris
dimensions equal to those of the input iris and no polarizing (tuning) screws. The width
of the output iris aL is adjusted until the same group delay peak value is obtained. Note
that before introducing the tuning screws, the two resonant frequencies are generally
different. Then the tuning screws are introduced in order to compensate for the difference
in loading between the two modes. The tuning screws have more effect on the resonant
frequency of the mode with a vertical electric field. Their depth d1 and the length of the
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empty waveguide sections are varied until the two modes are resonant at the desired
frequency. It should be noted that the introduction of the tuning screws changes slightly
the coupling coefficients and hence optimization of this section of the filter is required in
general.
6.3.1 Design Example

The outlined design procedure is used to design a sixth-order canonical filter with
two symmetric transmission zeros. The geometry of the structure is shown in Figure6-6
with all the dimensions labeled. The filter has a bandwidth of 100 MHz centered at 12
GHz. The in-band return loss is 20 dB and the two transmission zeros are located at
normalized frequencies Ωz=±1.6.
The first step in the design is the extraction of a coupling matrix in the canonical
folded configuration according to Figure 6-2. The matrix which meets these
specifications is
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 0
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0
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 0
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0
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0
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0
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 0
 0
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0
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0
0
0
0
0
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0 
 0

(6-7)

The coupling matrix in equation (6-7) is transformed into the generalized cul-desac topology in Figure 6-3 using the transformation matrix in equation (6-1). The
following matrix results
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0 
 0
0.705
0
0
0
0
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0
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The radius of the cavities is fixed at the beginning of the design procedure to
r=8.8 mm. Also, the width and the length of the perturbations are set to w=3mm and
tstep=2 mm, respectively. All EM simulations were carried out with the commercial
software package µWave Wizard from Mician, Bremen, Germany.
The first design step is to adjust the resonant frequencies of the second and third
cavities to the desired values as outline earlier. The dimensions L2, d2 in the second cavity
and L3, d3 in the third cavity can be easily obtained by means of a 2x2 Jacobian.
The inter-cavity circular irises are designed as outlined in the previous section.
The radius of each iris is varied until the required de-normalized coupling coefficient is
achieved. Then, the phases φ1 and φ2 are extracted using (5-21). The lengths Lx1, Lx2, Ly1
and Ly2 are calculated using (6-6). These are related to the unloaded waveguide section
lengths designed in the first design step by

λ go ϕ1
2π 2
λ go ϕ 2
L x 3 = L3 +
2π 2
λ go ϕ 3
L y 2 = L2 +
2π 2
L x 2 = L2 +

L y 3 = L3
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(6-9)

The last step is to design the input/output cavity and coupling irises. The first
inline input iris is designed directly as explained in the previous section. Its height is set
to 1 mm to reduce its loading effect on the horizontally polarized mode. The horizontal
dimension of the iris as is varied until the required coupling coefficient to the vertical
mode (K01=0.2059) is achieved. The inverter value and the phase shifts φs1 and φs2 are
computed using the equations in appendix C.
Having determined the dimensions of the input iris, the rest of the design of the
first cavity is done using the EM simulation setup in Figure 6-5a. The polarizing (tuning)
screws are added to compensate for the difference in loading between the two modes.
The loading by the input iris is taken into consideration such that the relationship between
the lengths on both sides of the output iris is given by

Lo1 = Loo +

λ go ϕ s 2
2π 2

(6-10)

The objective of this design step is to obtain equal input and output coupling as
well as phase balance between the two modes in the input/output cavity. We start with an
output iris with similar dimensions as the input iris that has already been designed. The
reflected group delays of the input and output ports are calculated. These are equal to the
negative of the derivative of the reflections coefficients S11 and S22 with respect to
angular frequency [6]. It is required that both modes resonate at the center frequency and
have equal group delays. The output iris-opening aL, the depth of the tuning screws d1
and the waveguide section length Loo on the right of the output iris in Figure 6-5 are
optimized to achieve the required group delay for both resonances. Figure 6-6 shows the
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obtained group delay of both resonances. It is obvious that the two curves agree within
plotting accuracy.
The loading of the first inter-cavity iris is taken into consideration by adjusting
the dimension Lo2 in Figure 6-5a according to

Lo 2 = Loo +

λ go ϕ1
2π 2

(6-11)

The dimensions of the initial design of the filter are: as= 10.383 mm, bs= 1 mm,
aL=9.65 mm, bL= 1 mm, a1=3.25 mm, a2=3 mm, d1= 1.8 mm, d2= 0.048 mm, d3= 0.498
mm, Lo1=3.088 mm, Lo2=3.772 mm, Lx2=9.902 mm, Ly2=9.991 mm, Lx3=10.01 mm,
Ly3=10.279 mm, t=1 mm. The width and length of the screws in the input/output cavity
are set to w_t=2.5 mm, tstep_t= 2mm respectively whereas those of the screws in the
subsequent cavities to w=3 mm, tstep= 2 mm. Figure 6-7 shows the EM simulated
response of the initial design for the designed filter along with the ideal response.
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Figure 6-6. EM simulated reflected group delay for the structure in Figure 4-19a. Solid
lines: reflected group delay for the input port, dashed lines: reflected group delay for the
output port group delay.

Figure 6-7. Frequency response of sixth order filter with two transmission zeros. Solid line:
EM simulated response of the initial design, dashed lines: response of ideal coupling matrix.
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The results show very good initial design that needs very little optimization. The
design example demonstrates that by using the eigen-modes of the perturbed cavities as
basis, it is possible to directly design all the filter cavities and irises except for the
input/output cavity and iris that require optimization. The design procedure can be
extended to filters of higher orders.

6.4 Conclusions
The chapter presents a new design approach for canonical dual-mode filters. The
design technique is based on using the physical modes of the cavities. The coupling
matrix representation using these modes as basis results in coupling topologies that can
be directly designed except for the input/output cavities and irises. An equivalent circuit
based on propagation is used to account for the loading of each discontinuity. A design
procedure was outlined for the input/output cavities and irises that involve an
optimization step to achieve phase balance. The design technique was tested on a sixth
order canonical dual-mode filter with two transmission zeros at finite frequencies and
excellent initial design was obtained.
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Chapter 7

Novel Dual-Mode Filters
The chapter presents novel dual-mode filter implementations. A new dual-mode cavity
implementation based on outward perturbations is proposed. The idea is to polarize the
fields inside the cavity in the desired directions to achieve a certain prescribed response. .
The new design has interesting characteristics such as excellent quality factor and ease of
fabrication. Also, a new fabrication technique is proposed and practically validated.
Excellent results were achived without the need for any optimization or tuning.
Also for higher order dual-mode filters, a new inter-cavity coupling structure to avoid
multipaction breakdown is proposed.
Within the new developed design theory, although tuning ceases to be part of the design,
it can be still used to account for manufacturing tolerances especially for higher order
filters. A new tuning configuration that respects the symmetry of the cross section to
control the resonant frequencies of the two modes independently is proposed and tested
by EM simulations.

7.1 Introduction
In chapter 5 a detailed investigation of the dominant physics of dual-mode
cavities was presented. It was shown that using the physical modes of the perturbed
cavities leads to a direct and accurate design technique. In chapter 6, the same concepts
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were used to formulate a new design technique for canonical dual-mode filters. In this
work, novel dual-mode designs with interesting practical characteristics are presented.
It was pointed out in chapter 5 that although the introduction of small perturbations in
cavities with symmetric cross section leads to small perturbations in the resonant frequencies, the
eigen-vectors are forced into directions that respect the symmetry of the perturbed cross-section.
The direction of the eigen vectors denote the polarization of the new modes. This emphasizes the
important fact that the dual-mode behavior can be better explained in terms of polarizing the
modes inside the cavity instead of coupling the modes of the unperturbed cavity. An obvious
example was discussed in section 5.2.1 to demonstrate the importance of the polarization.
In this chapter, new dual-mode filter implementations are presented. In section 7.2 a new
type of perturbations to achieve dual-mode operation is proposed. The new perturbations are of
circular form and extend outwards. Also, they extend along the whole length of the cavity
resulting in better quality factors [84]. The proposed class of dual-mode filters can be designed
directly by the methods discussed in chapter 5. A novel fourth order filter was fabricated and
measured and excellent results are obtained without any need for tuning.
In section 7.3 a novel inter-cavity coupling structure for higher order filters is proposed.
Generally the very small values of inter-cavity coupling required for higher order dual-mode
filters result in very narrow irises that might lead to multipaction breakdown [22]. In this work
the proposed new inter-cavity coupling is capable of providing smaller coupling without using
narrow irises. This can be achieved by offsetting the irises from the center so that the magnetic
fields are weaker at least for one of the two modes. An eight-order filter utilizing the novel
perturbations and new inter-cavity structure is designed and simulated and excellent results are
obtained.
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In the design procedures established in chapter 5, tuning ceases to be part of the design;
its use is limited to accounting for manufacturing tolerances. In section 7.4, a novel tuning
configuration based on tuning the physical modes of the dual-mode cavity is presented. It will be
shown that placing the tuning screws at prescribed locations that do not violate the symmetry of
the cross-section allows control of the resonant frequencies independently without coupling the p
and q modes. The eighth-order filter designed in section 7.3 was fabricated and measured.
Physical dimensions were measured to EM simulate the fabricated filter. The new tuning
technique is validated using EM simulations.

7.2 A Novel Dual-Mode Filter
In this section, a novel dual-mode filter design is proposed. The new structure is easy to
fabricate, easy to tune and has continuous perturbations that result in improved quality factor
[84].
It was pointed out in chapter 5 that the introduction of small perturbations in cavities with
symmetric cross section such as those in Figure 5-1a and 5-1b perturbs the resonant frequencies
such that the modes are no longer degenerate. The difference between the resonant frequencies of
the two modes increases gradually as the perturbations size increases. On the other hand, it was
shown that introducing the perturbations causes the eigen-vectors to change abruptly from those
of the unperturbed structure (the choice of these is somewhat arbitrary if multiple planes of
symmetry are possible) to an allowed set of eigen-vectors in case they were different. The eigenvectors represent the polarization of the new modes. In the conventional design theory, the
introduction of the perturbations is assumed to “couple” the degenerate modes of the empty
structure [3,4,58].
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Generally, perturbations have always been implemented as screws [3,4,58] or inward
ridges [61] in order to “couple” the degenerate modes as assumed in the existing theory. In this
thesis it was established that the physics of the dual-mode cavities can be explained in terms of
polarization more accurately than in terms of coupling of two degenerate modes. In other words,
any perturbing structure that polarizes the fields in the desired directions can be used in dualmode cavities. Figure 7-1a shows the geometry of a proposed fourth-order filter with the new
polarizing elements (perturbations). Figure 7-1b shows the cross-section of the cavity. The dualmode cavities of the new filter employ circular perturbations that extend outwards along the
whole length of the cavity. This sets the planes of symmetry at 45o and 135o and polarizes the
fields in the desired directions. Fixing the radius of the perturbations to practical standard radius
of the cutter of the CNC machines, the two frequencies of the two resonant modes of each dualmode cavity can be completely controlled by the offset distance o and the length of the cavity L1.
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Lo

(c)
Figure 7-1. Geometry of the fourth order dual-mode filter utilizing a novel polarizing
elements. (a) 3-D view of the filter, (b) side view of the filter, (c) 3-D view of the individual
dual-mode cavity, (d) cross section of the dual-mode cavity.

The design and theory of operation of the filter is similar to its counterparts designed with
polarizing screws as in section 5. Choosing the diagonal modes p and q as the eigen-modes of the
empty cavity, the introduction of the perturbations loads the modes differently and hence splits
their resonant frequencies. Due to symmetry, one mode has an electric wall and the other a
magnetic wall in the plane of symmetry. It is obvious that the propagation constants of the two
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modes are not equal. This leads to the two modes resonating at different frequencies when the
cavity is closed from both ends. Figure 7-2 shows the field distribution of the eigen-modes in a
closed cavity with the new perturbations. It is obvious that they are polarized along the symmetry
planes of the cross section. For the designed filter, the inter-resonator coupling structure is the
conventional cross as in the example in section 5.2.4.1.

Symmetry Planes

Symmetry Planes

(a)

(b)

Figure 7-2. Electric field distribution of the eigen-modes of the perturbed cavity. (a)
Magnetic field distribution for the p mode, (b) Magnetic field distribution for the q mode.

As a design example, a fourth-order filter is designed, simulated and fabricated. The
required filter specifications are: fo=12GHz, BW=200 MHz, passband return loss=20 dB and two
transmission zeros at normalized frequencies Ωz=±1.6. This response can be accurately
represented by the two coupling matrices in equations (5-28) and (5-29).
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The filter design follows the same steps as described in section 5.2.3. First the
perturbation size is designed. The diagonal elements of the ccoupling
oupling matrix in equation (5-29)
(5
represent the normalized eigen mode frequencies of the perturbed cavities when closed from both
ends [20]. These can be extracted by EM simulating the closed perturbed cavity shown in Figure
7-1c.
1c. The two resonant frequenc
frequencies
ies can be completely controlled by the distance o and the
resonator Loo shown in Figure 77-1c.
1c. These dimensions can be adjusted to obtain the desired
resonant frequencies using a simple 2x2 Jacobian.

Figure 7-3 Geometry of the inter
inter-cavity
cavity cross iris when inserted in a uniform waveguide. (a)
3-D
D view, (b) cross section.

The next step is to design the inter
inter-cavity
cavity cross iris. The inter cavity iris is shown in
Figure 7-3.
3. In order to produce an EM model tha
thatt is closest to reality, all the edges are rounded
with a radius of 1.5 mm that represents the radius of the cutter used in fabricating the filter with
CNC milling machine. The dimensions h1 and v1 are varied independently until the required interinter
cavity coupling
oupling coefficients are obtained. The loading ϕhh and ϕvv are calculated using equation
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(5-21). Since the perturbations are extending along the whole length of the cavity, an
approximation is used in calculating the coupling coefficients and the loading as was pointed out
in chapter 5. The scattering parameters of the iris are extracted by placing it in a smooth
waveguide. This is done to avoid polarizing the ports modes across the symmetry planes of the
perturbed waveguide sections that will lead to a non sparse 4x4 scattering matrices. Fortunately
the error in this technique is minimal due to the fact that the perturbations extend all the way and
hence its outward protrusion is quite small.
The last step is the design of the input and output irises. The same approximation is used
where the iris is viewed as an asymmetric discontinuity between the rectangular input/output
wave guide and a smooth circular waveguide. The same design procedure in section 5.2.3 is
followed. We start with a square iris where the iris opening is varied until the required input
coupling coefficient K01 is obtained. The angle ϕ2 in Figure 5-13b is calculated using the
equations in appendix C. The required loading of the horizontal mode ϕ33 shown in Figure 5-13c
to achieve phase balance is calculated by means of equation (5-27). The vertical dimension of the
input iris is varied until the required value of ϕ33 is obtained. The unloaded lengths of the cavities
are corrected by the input and inter-cavity loading ϕvv and ϕ2 respectively. The corrected lengths
of the cavities are given by

L1 = Lo +

λgo ϕ vv λgo ϕ 2
+
2π 2
2π 2

(7-1)

Note that the phase shifts ϕvv and ϕ2 are both negative
The dimensions of the designed filter are: r=8.8 mm, Rp=1.5 mm, o=0.6935 mm,
L1=19.915mm h=4.5667 mm, v=4.5667 mm, t=1mm, t1=3 mm. All the sharp edges are
rounded by a radius of 1.5 mm.
238

Figure 7-4 shows the EM simulated response using CST along with the response
of the ideal matrix. The EM simulation results show excellent agreement with the ideal
coupling matrix within the passband and its vicinity. This demonstrates the accuracy of
the design procedure. On the other hand there is a slight deviation in the stop band due to
the narrow-band approximation used in the coupling matrix that is only valid within a
narrow band around the passband, i.e. the coupling matrix assumes that the coupling
coefficients are constant in frequency and approximates the response by using the
normalized frequency variable as discussed in chapter 4. Also, no higher order modes are
considered in the coupling matrix.

Figure 7-4 Frequency response of the fourth order dual-mode filter in Figure 4-24. Solid
lines: EM simulation of initial design, dashed lines: ideal coupling matrix response.
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To verify the performance of the filter, it was fabricated and measured. The
structure was fabricated in three parts, two of which are identical, as shown in Figure 7-5.
This new fabrication approach reduces the number of fabricated parts. Using the
conventional fabrication technique, the same filter would have been fabricated in five
parts where the irises and the cavities are fabricated separately. The filter is fed by a
WR90 rectangular waveguide.
Figure 7-6 shows the measured response of the filter along with the EM simulated
response. It is obvious that they are almost indistinguishable within plotting accuracy.
The insertion loss in the pass band is 0.2 dB whereas the return loss shows equi-ripple
response of almost 20 dB as designed. The unloaded quality factor of a single cavity was
simulated using CST with Aluminum conductivity (δ= 3.69x1e7) and was found to be
8,253 and 8,702 for the two modes. A closed cavity with inward tuning screws and
similar resonant frequencies was EM simulated using the same material. Table 7-1 shows
a comparison between the extracted quality factors of the conventional cavity with
coupling screws and that of the proposed cavity. It is obvious from the results that the
proposed cavity has a better unloaded quality factor. The measured results were obtained
without tuning which shows the reduced sensitivity of the filter to fabrication errors.
Naturally, tuning would be required for narrower bandwidths or higher order filters.
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Figure 7-5.. Picture of the fabricated filter. (a) Assembled filter, (b) Filter parts
corresponding
sponding to those in Figure 77-1b.

Mode

Qunloaded of

Qunloaded

conventional cavity with

of new cavity

corner screws

P

8253

8003

Q

8702

8591

Table 7-1.. Unloaded Quality factor comparison between the new dual-mode
mode cavity and the
conventional dual-mode
mode cavities with corner screws.
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Figure 7-6. Response of novel fourth-order dual-mode fitter. Solid lines: Measurements,
dashed lines: EM simulation (CST).

7.3 A New Inter-Cavity Coupling Structure for Higher Order Inline Dual-Mode
Filters
In this section, issues related to the inter-cavity coupling structures in inline dualmode filters are addressed and new structures are presented. An eighth order dual-mode
filter employing the new inter-cavity iris is designed and simulated.
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The inter-cavity coupling structure is considered an important component in dualmode filters. This provides the required direct and cross coupling between the two modes
with the proper signs as given by the coupling matrix. Irises in the form of a cross have
been commonly used for both empty and dielectric loaded dual-mode filters [83, 85, 60].
Although the cross iris allows a simple implementation of the required coupling, the
coupling strength are not easily adjusted by tuning screws. A modified cross iris structure
for coupling between triple-mode circular cavities was proposed in [89]. The structure is
capable of controlling the inter-cavity coupling of the three degenerate TM and TE
modes independently. In [90] another improved inter-cavity coupling structure that
provides a wide range of coupling values was proposed for triple-mode circular cavity
filters. The structure has the advantage of eliminating undesired coupling by using
symmetric irises. Inter-cavity coupling using sections of evanescent waveguides was
investigated in [58]. It allows independent control of the coupling coefficients but has the
disadvantage of increasing the physical size of the filter.
Another shortcoming of the commonly used cross or rectangular irises is the
multipaction break down for higher order filters where the required coupling coefficients
between the middle resonators are too small at least for one of the modes [22]. These
small coupling coefficients are by very narrow irises that can lead to multipaction
breakdown especially in higher power applications [22].
In this section, a new class of inter-cavity coupling structures is proposed. The
proposed coupling structures are able to provide weak coupling with reasonably larger
243

iris openings in order to avoid multipaction break down. The main idea is to offset the iris
from the center of the cavity where the magnetic field is maximum. The offset distance is
used to control the strength of the coupling to the mode whose magnetic field varies
along this dimension. One of the main advantages of the proposed structures is that
coupling windows can be accessed by tuning screws from the side walls in order to adjust
the strength of the inter-cavity coupling to compensate for fabrication errors. Also, the
new structure permits adjusting the inter-cavity coupling almost independently for the
two modes. In the next sub-section, two proposed structures that employ the offset
coupling windows are explained in detail. Filter design examples employing these
structures are presented.
7.3.1 Offset Symmetric Square Irises

Figure 7-7 shows the geometry of the first inter-cavity coupling iris. It consists of
two identical symmetric rectangular windows offset by a distance o from the vertical
centerline of the resonator. This type of inter-cavity irises is best suited to dual-mode
cavities with square cross section. It is more convenient to use the vertically and
horizontally polarized propagating modes in the design of the inter-cavity coupling due to
the symmetry of their cross section. The coupling between vertically polarized modes on
both sides is mainly controlled by the offset distance o whereas that of the horizontally
polarized modes is mainly controlled by the dimension b2. This is due to the magnetic
field distribution of the two modes. As the distance o is increased the magnetic field of
the vertically polarized mode decreases whereas that of the horizontally polarized mode
is almost constant in that direction. On the other hand, increasing the dimension b2 leads
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to stronger magnetic coupling between the horizontally polarized propagating modes
while barely affecting the coupling of between the vertically polarized propagating
modes. This means that the coupling to both modes can be controlled almost
independently.
ao

t

a2
b2

ao
o

Figure 7-7. Proposed inter-resonator coupling structure.

In order to design the inner coupling iris, the same procedure as in the
conventional cross iris design is followed. The generalized scattering matrix of the
structure is extracted by means of EM simulation. When placed in a uniform waveguide,
the vertically and horizontally polarized propagating modes on both sides of the iris, TE10
and TE01, remain decoupled. The incident and reflected fields of the two modes are
related by the sparse generalized scattering matrix that has the same form as that in
equation (5-16) where the subscripts p and q are replaced by h and v, respectively.
In order to demonstrate the performance of the new coupling structure, a fourthorder filter similar to that shown in Figure 5-8a is designed. The cross iris is removed
and replaced by the new coupling structure. The specifications of the filter are: fo = 12
GHz, passband return loss=20 dB, BW=200 MHz and two transmission zeros at the
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normalized frequency Ω=±1.6. The same design procedure outlined in section 5.2.3 was
followed. The dimensions of the designed filter, as labeled in Figure 5-8a and Figure 7-7,
are (all in mm): a=22.86, b=10.16, Lx=6.534, Ly=7.6412, a1=9.006, b1=7.93, a2=5.1,
b2=5.4144, ao=bo=16.935, d=1.8667, o=2.1075, t1=1 and t2= 3. All the EM simulations
were carried out with the commercial software package Microwave Studio from CST.
Figure 7-8 shows the frequency response of the designed filter along with that of the ideal
coupling matrix. These results show excellent agreement between the EM simulated filter
response and the ideal coupling matrix response. Deviations in the upper stopband are
due to dispersion and higher order resonances which are not taken into account in the
coupling matrix.
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Figure 7-8. Response of fourth-order dual mode filter with new inter-cavity coupling
structure. Solid lines: CST EM simulated response, dashed lines: ideal coupling matrix
response.

7.3.2 Offset Symmetric Elliptical Irises

The inter-cavity coupling structure introduced in the previous sub-section is well
suited for dual-mode filter with square cross section. In this sub-section the inter-cavity
structure is modified in order to be used with circular dual-mode cavities that are more
commonly used in satellite communications.
The proposed structure is shown in Figure 7-9. It consists of two symmetric
ellipses offset by a distance o. The structure employs the same theory of operation as in
the offset square iris in the previous sub-section. When the structure is oriented as in
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Figure 7-9,
9, the offset distance si controls the coupling between the vertically polarized
propagating
gating modes whereas the dimension ayi has a similar effect on the coupling
between the horizontally polarized propagating modes. It should be noted that the
structure is capable of providing very small coupling coefficients by increasing the
distance o. Although
lthough the dimension axi can control the coupling between the vertically
polarized propagating modes, it is recommended to fix it at a reasonable value (around
2axi = 4 mm) and use the offset to control the coupling. This is done to avoid using very
narrow
w irises when very small coupling coefficients are required.
The iris is fully characterized by extracting the generalized scattering matrix using
any commercial field solver. The design of the iris is done using the same procedure as in
the previous example.

Figure 7-9. Geometry of proposed inter-cavity
cavity coupling structure.
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In order to demonstrate the performance of the coupling structure, an eighth-order
filter employing the perturbations described in section 7.2 and the new inter-cavity
coupling structure is designed and simulated. Figure 7-10 shows the geometry of the
filter. The input and output irises are implemented using an ellipse whose aspect ratio is
close to unity. The aspect ratio is adjusted to achieve phase balance between the two
modes in the first and last cavities.
The specifications of the filter are: fo=12 GHz, BW=200 MHz, passband return
loss=20 dB, four transmission zeros at normalized frequencies Ω z = ±1.6, ±3.5 . The
ideal coupling matrices representing this response are given in equations (5-30) and (531). The design procedure is similar to that described in section 5.2.3 except that it is
extended to a higher order filter. First, the eigen-mode frequencies of each cavity are
adjusted to those dictated by the coupling matrix in equation (5-31). These are controlled
using the offset distance si and the resonator length Li for the ith cavity. Then the intercavity irises are designed as in the previous example. Finally, the input iris is designed
using the equivalent circuit in Figure 5.13 and the phase is balanced by varying the aspect
ratio of the ellipse in order to achieve the required ϕ33 as defined by equation (5-27). The
loading of the input and inter-cavity irises is absorbed in the resonator length. It should be
noted that in the step of calculating the input or inter-cavity coupling, smooth
unperturbed waveguides are assumed on both sides of the discontinuity to yield a sparse
scattering matrix in the form of equation (5-16). This leads to a small deviation in
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coupling and loading evaluation. This is the reason why the filter requires little
optimization to meet the specifications.

(a)

(b)

(c)
Figure 7-10. Geometry of the eighth-order filter realized with the new inter-cavity
structure. (a) 3-D view, (b) side view, (c) Geometry of inter-cavity and input/output irises.
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The final dimensions of the designed filter are: Lx1=20.1032 mm, Lx2=21.4944
mm, ax=5.4803 mm, ay=4.615 mm, ax1=2, ax2=4.1558 mm, ay1=4.0851 mm, ay2=2 mm,
o1=0.6931 mm, o2=0.933 mm, r=8.8, Rp=1.5mm, s1=1.9 mm, s2=3.29 mm. Figure 7-11
shows the EM simulated response of the designed filter along with the ideal matrix
response. Excellent agreement between EM simulation and ideal coupling matrix
response is achieved almost everywhere except for the first transmission zero that is
shifted downward in frequency. The shift is practically insignificant since the insertion
loss is in the range of 110 dB in the vicinity of that transmission zero.

Figure 7-11. Frequency response of eighth order dual-mode filter with new inter-cavity
coupling structure. (a) solid lines: EM simulation, (b) dashed lines: ideal coupling matrix
response.
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7.4 A new tuning technique for dual-mode filters
In order to validate the performance of the filter design in section 7.3.2, the filter
was fabricated and measured. The filter was fabricated in five parts. A photograph of the
fabricated filter is shown in Figure 7-12. The fabrication facility in the Physics
Department of Queen’s University was used in fabrication. The fabrication tolerance is
±20um.
. This is attributed to the manufacturing tolerances.. Figure 7-13 shows the
comparison between the measured response as the solid blue curve. The shift of the
measured results compared with the target response is due to manufacturing tolerances.
In order to reproduce the EM simulated response of the fabricated filter, the physical
dimensions of the fabricated filter were measured and the EM simulation was performed
using CST. In the same figure the comparison between the measured results and the
corresponding EM simulated response of the same filter is demonstrated. Although the
two frequency responses take almost the same shape, they do not accurately match due to
the inaccuracy in the measured dimensions. The inaccuracy in the measured dimensions
results from manual measurements using an electronic Vernier that’s why is quite
difficult to get accurate results especially for circular shapes.
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Figure 7-12.. Picture of the fabricated eighth order filter. (a) Assembled filter structure, (b)
Separately fabricated parts as in Figure. 77-10.

Figure 7-13.. Eighth order filter response. (a) solid lines: measurements, (b) dashed lines:
EM simulations of the same filter with the measured dimensions.
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It is obvious from the response that one or more of the resonant frequencies are
not tuned correctly. This is basically due to manufacturing errors. Tuning screws can be
used to correct for these errors, especially the errors in the resonant frequencies of the
cavities. It is important to stress that the use of tuning screws in this work is completely
different from its conventional use in dual-mode filters design. First, in this work tuning
screws are not part of the design; they are added only to compensate for manufacturing
errors. Secondly, the tuning screws are placed along the symmetry planes in order not to
alter the polarization of the eige-modes. In fact, if the symmetry is violated, i.e. the
polarization of the eigen-modes of the cavity with the tuning screws ceases to be along
the diagonals. By inserting two pairs of tuning screws each oriented along the symmetry
planes as shown in Figure 7-14a, the resonant frequencies can be completely controlled.
The two screws of each pair are identical but they are different from the other pair. The
depths of two pairs can almost independently control the resonant frequencies of the two
eigen-modes in the cavity. This can be easily deduced from the magnetic field
distribution of the resonant modes when the cavity is closed from both ends. Most
importantly, such tuning configuration does not couple the p and q modes, i.e. does not
alter the polarization of the eigen-modes of the perturbed cavity when closed from both
ends. In some cases it is possible to use only one pair of screws for tuning.
In order to validate the tuning configuration, one pair of tuning screws in each
cavity was added and the structure was EM simulated. The measured filter dimensions
that produce the response in Figure 7-13 were used in the EM simulation. The screws are
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shifted from the middle of the cavities where the electric field is maximum in order to be
less sensitive during the tuning process.

Symmetry Planes

(b)

(a)

Figure 7-14. Proposed tuning screws configuration. (a) Proposed configuration to control
the two modes inside each cavity, (b) 3-D view of the designed filter with the tuning screws
inserted only along one symmetry plane.

Figure 7-15 shows that the response of the filter can be restored to the ideal
response with an in-band return loss of 20 dB by only adjusting the tuning screws. This
assumes that the inter-cavity, input and output coupling values are correct since they are
hardly affected by the tuning screws. It is important to note that the penetration of the
tuning screws is very small since they are only used to account for manufacturing
tolerances. The required penetration of the tuning configuration in the first and last
cavities is d_tuning1=0.5 mm whereas that in the two middle cavities is d_tuning2=0.2 mm.
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Figure 7-15. Frequency response of eighth-order dual-mode filter. Solid lines:
measurements without any tuning, dashed lines: EM simulated response with tuning screws
inserted, dotted lines: EM simulated response without any tuning screws.

7.5 Conclusions
The chapter presents novel dual-mode filters implementations as well as new
tuning techniques. The design philosophies are based on the discussion of the dual-mode
cavities in chapter five where the perturbations are considered as polarizing elements. A
new fourth order filter with outward perturbations was designed, fabricated and
measured. The filter is simple to fabricate. A new fabrication technique was proposed to
manufacture the filter from a smaller number of pieces than conventional designs. An
unloaded quality factor of 8,253 and 8,702 was obtained for the two resonant modes
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using EM simulations. The filter was fabricated and measured and excellent
measurements results were obtained without any optimization or tuning.
New inter-cavity coupling structures were proposed. The new structures can be
accessed from outside for tuning purposes. Also they avoid using very narrow irises that
lead to multipaction breakdown higher order filters. Two types of structures were
proposed. Filters of orders four and eight using offset rectangular and elliptical irises,
respectively were designed and simulated. Excellent results were achieved.
The eighth order filter with the new inter-cavity coupling structure was fabricated
and measured. The measured response shows an obvious requirement for tuning to
account for manufacturing errors. A new tuning technique was proposed in order to
account for manufacturing tolerances. The proposed tuning technique places the tuning
screws such that the eigen-modes of the perturbed cavities are not coupled and hence
their frequencies can be independently controlled. It is worth mentioning that the tuning
screws are used to control the resonant frequencies, however they have minor impact on
the inter-resonator coupling. The new technique was validated using EM simulations and
the control of the resonant frequencies was demonstrated.
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Chapter 8

A New Class of Dual-Mode Dual-Band Filters with Improved Sensitivity
The chapter presents a new class of dual-band waveguide filters based on dual-mode
cavities. The perturbations introduced in the dual-mode cavities polarize the modes such
that each frequency band is controlled by one polarization. The absence of interaction
between the two polarizations leads to designs with improved sensitivity. Also, this
physical property is exploited to establish a direct design technique that yields excellent
initial designs at least for one band. Slight optimization is needed to account for the
frequency dependence of the coupling coefficients and adjust the two bands
simultaneously. The design technique is demonstrated by various design examples.

8.1 Introduction
Dual-band filters continue to attract considerable attention due to their heavy
demand in wireless and satellite systems. The design techniques for dual-band filters
depend greatly on the technology used in implementation. However, generally they
depend on a network of cross-coupled resonators that introduces transmission zeros
between the bands, as well as in the stopbands if required [91-94]. The main problem
with this approach is the high sensitivity of the realized filters. It is well known that for
the same bandwidth the sensitivity increases with the order of the filter. This is simply
due to the fact that more poles are clustered in the filter passband so the accuracy of their
locations becomes more crucial.

Using this conventional approach leads to filter
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realizations where the sensitivity of the individual bands is of the order of the whole filter
structure. For example if the two bands are of order n1 and n2, each band will have the
sensitivity of a network containing n1+n2 coupled resonators.
In this work, novel dual-band filter structures of improved sensitivity based on
dual-mode cavities are proposed. It was established in chapter 5 that the perturbations
inserted in cavities with symmetric cross section can be described as polarizing rather
than coupling elements. Therefore, the dual-mode cavity can be described in terms of its
two naturally uncoupled eigen-modes with specific polarizations that respect the
symmetry of the cross section. The perturbations force two orthogonal polarizations in
each cavity. The symmetry of the cross section is preserved by using inter-cavity
coupling structures that respect the symmetry of the cross section in order not to couple
the two polarized modes. This means that the two sets of polarized modes are noninteracting where each polarization represents one band. This property was exploited in
the design by viewing each band as a separate inline filter. By proper adjustment of the
orientation of the input and output (to control the relative signs of input and output
coupling to both modes), a transmission zero is obtained between the two bands.
Since the two bands are not interacting, the sensitivity of each of them is in the
order of that of an inline filter with the same order of that specific band. In other words in
terms of sensitivity, the whole filter is no longer viewed as a cross coupled structure
whose order is the sum of the two bands. This result will be demonstrated later in the
chapter by a 4-cavity dual-mode filter example.
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The chapter is organized as follows: In section 8.2 the proposed filter structures
will be introduced and their theory of operation will be explained. In section 1.3.1 the
filter representations and equivalent circuits will be described. In section 8.3 a technique
to design this class of filters with discrete perturbations will be described. It will be later
extended to filters with perturbations that extend along the whole length of the cavity. In
section 8.4 design examples of dual-band filters with discrete perturbations (such as
screws) or continuous perturbations will be presented. The sensitivity analysis of a 4cavity dual-mode filter is presented and compared to that of an inline fourth order
Chebychev filter.

8.2 Proposed Dual-Band Filter Structures and Theory of Operation
It was shown in chapter 5 that the operation of a dual-mode cavity can be
explained in terms of polarizing the resonant modes of the cavity along specific
directions that respect the symmetry of the cross section. In this work, dual-mode cavities
are employed in the implementation of dual-band filters where each band has a dedicated
polarization. In order to reduce sensitivity of the filter to manufacturing errors, the two
polarizations should be decoupled. This requires the preservation of the symmetry of the
cross section in the structure from the input to the output.
There are numerous ways to implement dual-mode cavities. The dual-mode
operation in generally implemented by altering the symmetry of the cross section in such
a way that the eigen-modes are no longer degenerate, i.e. they experience different
loading. Figure 8-1a to 8-4a show cross sections of few possible implementations along
260

with the symmetry planes and the direction of polarization of the modes. The inter-cavity
irises are shown in Figure 8-1b to Figure 8-4b whereas the input and output waveguides
are shown in Figure 8-1c to Figure 8-4c. Note that the input and output waveguides as
shown in the figure correspond to an even number of cavities as will be explained later.
For an odd number of cavities, the input and output waveguides have to be parallel to
achieve the required phase reversal at the output and implement a transmission zero
between the passbands.

(a)

(b)

(c)

Figure 8-1. Dual-mode cavity with square cross section and corner perturbations. (a) Cross
section with planes of symmetry and polarizations of the eigen-modes, (b) inter-cavity iris,
(c) input and output waveguides.

(a)

(b)

(c)

Figure 8-2. Dual-mode cavity with square cross section and vertical and horizontal
perturbations. (a) Cross section with planes of symmetry and polarizations of the eigenmodes, (b) inter-cavity iris, (c) input and output waveguides.
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(a)

(b)

(c)

Figure 8-3. Dual-mode cavity with square cross section and corner perturbations.
(a) Cross section with planes of symmetry and polarizations of the eigen-modes, (b) intercavity iris, (c) input and output waveguides.

(a)

(b)

(c)

Figure 8-4. Dual-mode cavity with square cross section and corner perturbations. (a) Cross
section with planes of symmetry and polarizations of the eigen-modes, (b) inter-cavity iris,
(c) input and output waveguides.

For all the structures, except that in Figure 8-4, the perturbations can be discrete
(in the form of screws or the like) or can be uniformly extending along the whole length
of the cavity as in uniform ridged waveguides with the ridges placed at the prescribed
locations. Figure 8-5 shows the geometry of a closed cavity with corner perturbation
extending along the whole length (closed ridged waveguide section). Figure 8-6 shows
the implementation of the same cavity with discrete corner perturbations. In both cases
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the theory of operation is the same whereas the equivalent circuits and hence the design
procedure have to be modified as will be shown in section 8.3.

Figure 8-5. Dual-mode
mode cavity with square cross section and uniform ridged waveguide. (a)
cross section, (b) side view.

Figure 8-6. Dual-mode
mode cavity with square cross section and discrete corner cut. (a) cross
section, (b) side view.

In order not to couple the two polarizations between two consecutive cavities,
inter-cavity
cavity irises with symmetric cross section, such as square irises, are used. Any other
symmetric implementation such as circular irises or cross with equal arms is also
possible. As a result of this symmetry, equal coupling in the bands results. The frequency
separation between the two bands is determined by the size the perturbations or the
difference between the width and height of the cross section of the rectangular waveguide
sections in Figure 8-4.
4. Since each polarization is dedicated to a frequency band, the
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perturbations are in the same locations in all the cavities, i.e. they do not alternate as in
the case of single-band dual-mode filters. The structure is fed by a uniform rectangular
waveguide through rectangular apertures as shown in Figure 8-1c to Figure 8-4c. The
TE10 mode in the rectangular waveguide must couple to both polarizations. In order to
achieve this, the feeding rectangular waveguide is oriented by 45o with respect to the
plane of symmetry of the cross section. In order to generate a transmission zero between
the two bands, the orientation of the feeding waveguides are either aligned or
perpendicular to each other depending on the order of each band. When the order of each
band is odd, i.e. odd number of cavities, the feeding waveguides at the two ports are
parallel. On the other hand, the output waveguide is rotated by 90o with respect to one at
the input when this order is even. The reason for this is the creation of a phase reversal
between the signals going through the two polarizations. At a frequency between the two
bands, one polarization is capacitive and the other inductive. Each cavity introduces a
phase difference of 180o between the two polarizations. If the number of cavities is odd,
an odd multiple of 180o is observed at the output and hence the possibility of a
transmission zero. The input and output waveguides are then parallel. On the other hand,
when the number of dual-mode cavities is even, an even multiple of 180o is observed at
the output. No transmission zero is possible unless the output is rotated in order to
introduce a phase reversal. This is achieved by placing the waveguide at the output at 90o
with respect to the one at the input. With this arrangement, the two modes couple out of
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phase to the output if they couple in-phase to the input since they have the same axial
variation.
In the next section, the design of the proposed dual-mode dual-band filters will be
described. First, the equivalent circuit and the different representations used in the design
will be explained and then the design procedure steps will be detailed.

8.3 Design Technique for Dual-mode Dual-Band Filters
In this section a design technique for the proposed class of dual-band filters
employing discrete perturbations is described. The technique will be extended to include
filters with uniform perturbations that extend along the whole length of the cavity. Design
examples will be presented in section 8.4.
The design follows the same outlines as that of the dual-mode filters explained in
chapter 5 with modifications. The design is based on a circuit that characterizes each
discontinuity through propagating modes. Such a circuit should be able to completely
model and account for the loading of each discontinuity. Also, the design strategy
depends on switching between two different representations using two different sets of
modes (polarizations) as basis at different design steps. Each discontinuity is
characterized by a generalized scattering matrix using a set of modes that are not coupled
by the discontinuity. This allows for simple characterization of the discontinuity using
well established techniques [15].
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8.3.1 Dual-Mode Dual-Band Filter Representations and Equivalent Circuits

Based on of operation of the proposed filters as explained in the section 8.2, the
equivalent circuit consists of two parallel non-interacting paths as shown in Figure 8-7. If
n cavities are used, each path contains n resonators that are directly coupled by inverters.
The two paths are connected to the input and the output nodes since the TE10 in the input
and output waveguides should couple to both polarizations as was explained. The
coupling elements between the cavities are reactive elements that can be used to construct
the inverters as described by Cohn [15]. Each path can be designed separately. Naturally,
this equivalent circuit is valid only for narrow passbands.

fh1
Ms1

M12

fh2

fhN
MNL

S

L

Js1

J12
fL1

JNL
fL2

fLN

Figure 8-7. Coupling scheme for the symmetric dual-band dual-mode bandpass filters.

The parameters of the equivalent circuit in Figure 8-7 that yields a specified
response can be found by optimization, for example. The response of the circuit must
exhibit one transmission zero between the two bands. The transmission zero is due to the
interference between the signals through the two parallel paths, i.e. each path alone
cannot generate a transmission zero by itself. This means that the optimization-based
synthesis can be initiated from the Chebychev solution that is known analytically [24].
Alternatively, it is possible to start from rational function approximations to the response
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of the filter and then extract the elements of the equivalent circuit as described in [91].
The rational function approximation can also be obtained from the technique in [93].
It should be noted that the coupling matrix based on the topology in Figure 8-7 is
one of many representations with the same response [19]. Another possible representation
of the filter can be obtained by using the set of modes whose polarizations are at 45o with
respect to those of the eigen-modes as basis. The representation is useful in the design of
the input and output irises since these modes respect the symmetry of these
discontinuities. It is, however, important to understand that although this set of modes is
unphysical as far as the resonance based model is concerned, it is physical when used as
propagating modes in uniform waveguide sections. This is valid only in the case of
discrete perturbations. The two representations are related by a similarity transformation
that rotates the modes of each cavity by 45o. Let us assume that the coupling matrix
representing the topology in Figure 8-7 is denoted by M. The following transformation,
which preserves the port parameters, is used

1 0 0 L
0

[T ] = 0
P

M
0 0 0 L
where the matrix P is given by
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0
0
0

M
1

(8-1)

[A1 ]2 x 2
 ..
P=
 ..

 0

0

[A2 ]2 x 2
..
0





..

.. [AN ]2 x 2 

..
..

0
0

(8-2)

The matrix Ai is given by

√

√




√

√





(8-3)

The new coupling matrix M’ is obtained from the standard transformation
[ M ]' = [T ][ M ][T ]T

(8-4)

The circuit topology of the matrix resulting from the transformation in equation (8-4) is
shown in Figure 8-8.
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Figure 8-8. Topology based on the transformed coupling matrix in equation (8-4), (a) filter
with an odd number of physical cavities and (b) filter with an even number of physical
cavities.

As an example, consider a 3-cavity dual-band filter with the following specifications:
two bands with the lower passband centered at 11.75 GHz and the higher passband
centered at 12.25 GHz. In this work, the fractional bandwidth used in coupling matrix
normalization will be defined only for one of the bands, generally the band that will be
used in the initial design. The bandwidth of the lower band is required to be 100 MHz.
The in-band return loss in both passbands is 20 dB. The two bands must be separated by a
transmission zero at 12 GHz. The following coupling matrix is obtained
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1.068 1.0686
0
0
0
0
0 
 0
 1.06 − 5.068
0
0.9958
0
0
0
0 

1.068
0
5.068
0
0.9985
0
0
0 


0
0
.
9985
0
−
4
.
927
0
0
.
9985
0
0 
M =
 0
0
0.9985
0
4.927
0
0.9985
0 


0
0
0.9985
0
− 5.068
0
1.068
 0
 0
0
0
0
0.9985
0
5.068 1.068


0
0
0
0
1.068
1.068
0 
 0

(8-5)

The coupling matrix can be transformed by the transformation matrix T in equation (8-2).
The following coupling matrix M’ is obtained.
1.51
0
0
0
0
0
0 
 0
1.51
0
5.068 0.9985
0
0
0
0 

 0
5.068
0
0
0.9985
0
0
0 


0 0.9985
0
0
4.927 0.9985
0
0 
M =
 0
0
0.9985 4.927
0
0
0.9985 0 


0
0
0.9985
0
0
5.068 1.51
 0
 0
0
0
0
0.9985 5.068
0
0 


0
0
0
0
1.51
0
0 
 0

(8-6)

The responses of the matrices in equations (8-5) and (8-6) are shown in Figure 8-9. All
the specifications are met. The two responses agree within plotting accuracy and are
indistinguishable.
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Figure 8-9. Response of the coupling matrix in (8-5) and (8-6).

It is worth mentioning that the coupling topology in Figure 8-7 can produce more
than one transmission zero [39, 40]. However, as long as the two bands are not too close
to each other, say separated by more than twice the sum of their bandwidths, the other
transmission zeros are located sufficiently far from the passbands to be neglected.
Although the circuits based on the topologies in Figure 8-7 and Figure 8-8 can
accurately represent the response of the filter, however since both circuits are based on
resonance they are missing important loading information. The loading of the cavities by
the perturbations as well as by the irises is missing from the circuit in Figure 8-8. On the
other hand, the loading by the perturbation is represented in the circuit in Figure 8-7 by
the resonant frequencies of the resonators however the circuit is still missing the loading
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due the irises. It is necessary to use a circuit that bears complete loading information in
the design procedure. In this work, propagation-based equivalent circuits, that
characterize each individual discontinuity, will be used in the design. The proposed
equivalent circuit models the structure by a set of cascaded discontinuities and waveguide
sections. Consequently, and unlike resonance-based equivalent circuits, the form of the
circuit changes depending on whether discrete or continuous perturbations are used.
The equivalent circuit as well as the design will be demonstrated at the example
of a filter of three cavities with square cross section and discrete perturbations as shown
in Figure 8-10. Square inter-cavity irises are used to maintain the symmetry in the
structure between the ports. The input and output waveguides and irises are parallel since
the order of each band is odd. The filter used for demonstration is symmetric with respect
to its center-line, however the circuit is able to represent asymmetric structures as well.
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Figure 8-10..

Geometry of dual
dual-mode a dual-band
band filter with 3 cavities and corner

perturbations. (a) side view of the filter with labeled dimensions, (b) cross section of the ith
cavity along with the input waveguide and iris, (c) 33-D view.

Two propagation--based
based equivalent circuits are proposed based on two different
sets of modes as shown in Figure 88-11. The modes polarized along the symmetry planes
of the cross section of the cavity with the perturbations are referred to as p and q whereas
those polarized vertically and horizontally are referred to as the v and h modes.
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(a)

(b)
Figure 8-11.. Equivalent circuits of dual
dual-band filter in Figure 8-10.
10. (a) Equivalent circuit
based on the eigen-modes
modes of the cavities (p and q modes), (b) Equivalent circuit based on
the TE101 and TE011 modes of the unperturbed caviti
cavities.

274

Figure 8-11a shows the equivalent circuit based on the p and q mode set. These
are the physical set of modes that satisfy the boundary conditions in a perturbed cavity as
was discussed in chapter 5. From symmetry considerations these modes are neither
coupled by the perturbations nor by the inter-cavity irises. This implies that the
polarizations of the global eigen-modes of the whole structure when closed from the
input and output are the same as the direction of polarization of the eigen-modes of the
individual cavities. The two polarizations are represented by the two non-interacting
branches in Figure 8-11a. The ith perturbation is represented by the 2x2 scattering
matrices Spdi and Sqdi for the p and q modes, respectively. Also, the ith inter-cavity iris is
fully characterized by the same 2x2 scattering matrix Ski for both modes. Any of these
2x2 scattering matrices can be extracted easily using a commercial field solver such as
CST. It is straightforward to model the discontinuities using their scattering matrices by
symmetric T networks of lumped elements following the same procedures explained in
chapter 5. It should be noted that all the scattering matrices in the two circuits are related
by a similarity transformation as was explained in chapter 5 in detail.
The input and output irises are represented by the 3x3 scattering matrices shown
in Figure 8-11a. Unfortunately these matrices are non-sparse since the TE10 at the input
and output waveguides couples to both the p and q modes. This makes it difficult to
model these discontinuities using the same techniques. This means that the filter can be
completely designed using the circuit in Figure 8-11a except for the input and output
irises. In order to design the input and output irises, the circuit in Figure 8-11b is used.
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The circuit is based on the vertically and horizontally polarized modes (the TE10 and TE01
modes of the square waveguide section respectively). These modes are not coupled by the
input or output irises due to symmetry. It should be emphasized that these modes are used
as propagating modes and not as resonant modes. When placed between the input
rectangular waveguide and a uniform section of square waveguide as shown in Figure 812a, the incident and reflected fields on both sides of the discontinuity are related by
following sparse 3x3 scattering matrix.

 bv1   S11v
b  = S
 v 2   12v
bh1   0

S 21v
S 22v
0

  av1 
0  av 2 
e j (ϕ 33+π )   ah1 
0

(8-7)

As explained in chapter 5, it is simple to model the discontinuity by extracting the
scattering matrix in equation (8-7) by means of the mode-matching technique or any
other commercial EM solver. The vertically polarized mode (TE10) can be modeled by
using the asymmetric T network in Figure 8-12b. An inverter can be realized by adding
the phase shifts ϕ1 and ϕ2 on both sides as shown in the same figure. All the equations for
the circuit elements, inverter value and the loading ϕ1 and ϕ2 are given in appendix C.
Since the horizontal mode is evanescent in the input/output waveguide, the input/output
iris along with the input/output waveguide, represent a reactive load as shown in Figure
8-12c. This loading effect will be compensated for as will be explained in the design
procedure.
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(a)

(b)

(c)

Figure 8-12. Modeling of input and output irises using the TE10 and TE01 of the square
waveguide. (a) Geometry of the iris, (b) equivalent circuit seen by the vertically polarized
mode, (c) equivalent circuit (loading) seen the horizontally polarized modes.
8.3.2 Design Procedure

In this section the design procedure for the proposed dual-mode dual-band filter
will be explained. Few characteristics of the proposed structures are exploited in the
design:
•

The modes in the upper and lower branches do not couple; therefore it is possible
to design them separately. In this case, a branch resembles an inline filter (except
for the input and output irises) that can be designed by following the theory of
direct-coupled resonator filters of Cohn [15].
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•

The step size determines primarily the separation between the two bands as it
controls the amount of loading of each mode.

•

The modes that control a certain frequency band corresponding to a certain
polarization are generally more affected by the perturbation size than the other
band. Generally it is recommended to carry out the design at the center frequency
of the band least affected by the perturbations. The other band can be easily tuned
by varying the perturbation depth. For instance for a cavity with square cross
section the resonant frequencies of the upper band is most affected by the
perturbations. This is the reason why the coupling coefficients, equivalent circuit
values and loading are computed at the center of the lower band. The upper band
can be easily tuned by varying the perturbation size.
The first design step is to extract the coupling matrix that represents the

prescribed response and corresponds to the topology in Figure 8-7. The coupling matrix
representing the topology in Figure 8-8 can be obtained by means of a similarity
transformation as in equation (8-4). It should be noted that the coupling matrices in any
of the two representations does not take into consideration the frequency dependence of
the coupling coefficients. Consequently it is not easy to accurately design the coupling
and the loading of modes in the two bands simultaneously using these models. In this
work the coupling coefficients, loading and circuit parameters are calculated at the center
of one of the bands (typically but not necessarily the one least affected by the
perturbations). This leads to accurate designs of only one band whereas the loading in the
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other band is easily accounted for by optimization of the step sizes and possibly few other
geometrical parameters
The design steps can be summarized as follows:
1) Step Size:
The purpose of this step is to find the size of the perturbations in order to place
the resonant frequencies in the desired bands. The resonant frequencies in the ith cavity
for the higher band are denoted by fhi whereas those of the lower band are denoted by fLi
as shown in Figure 8-7. Note that in the same band these frequencies are not necessarily
equal for all the cavities, however they are close.
First the length of the perturbations, tstep, is set to a practical value, then a similar
procedure as described in chapter 5 is followed. The eigen-mode frequencies of the
closed cavity with the perturbations in place are extracted using any field solver such as
CST or HFSS. Figure 8-13 shows the EM simulation setup. The perturbation depth di and
the unloaded waveguide section length Li of the ith cavity are adjusted by means of a 2x2
Jacobian in order to adjust the two frequencies fhi and fLi to the desired values.
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tstep
Li

Li

di
Figure 8-13. EM simulation setup to design the perturbation depths and the uniform
waveguide sections of each cavity.

Having determined the step size and the length of the unloaded waveguide
sections, it is possible to extract the equivalent circuit of the perturbations. The scattering
parameters corresponding to the two modes can be extracted by placing an electric wall
and a magnetic wall along the plane of symmetry. The perturbations can be modeled by T
networks with series and shunt reactances as shown in Figure 8-14. It should be noted
that the value of the equivalent circuit parameters are taken at the center of the design
band. The equivalent circuit parameters are extracted in a similar manner as in the
previous chapters, i.e.,

1 − S 21 i + S11i
X si = Im(
)
1 − S11i + S 21i
X pi

2 S 21i
= Im(
)
2
(1 − S11i ) 2 − S 21
i

Here, the subscript i refers to either the p or q mode.
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(8-8)

Figure 8-14.. EM simulation setup and equivalent circuit of the perturbations when inserted
in a uniform waveguide section, (a) equivalent circuit as seen by the p mode, (b) equivalent
circuit as seen by the q mode.

2) Inter-Cavity
Cavity Irises:
The inter-cavity
cavity irises have symmetric cross
cross-section,
section, hence the 2x2 scattering
matrices characterizing the two modes are identical as shown in the circuit in Figure 88
11a. The iris can be characterized by inserting it in a uniform square waveguide and
extracting the scattering parameters for the propagating modes using the mode-matching
mode
or a general-purpose
purpose field solver. Figure 88-15
15 shows the EM simulation setup along with
the equivalent
lent circuit. The parameters of the equivalent circuit can be extracted from the
scattering parameters using equation (8
(8-8) where the subscript i denotes the ith intercavity iris. The coupling coefficient and loading of the ith iris can be calculated from
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ϕ i = − tan −1 (2 X pi + X si ) − tan −1 ( X si )
K i =| tan(ϕ i / 2) + tan −1 ( X si ) |

(8-9)

Figure 8-15
15 EM simulation setup and equivalent circuit for inter
inter-cavity
cavity coupling iris.

The iris opening ai is varied until the required de-normalized
normalized coupling coefficients
dictated by the coupling matrix are achieved. The loading ϕi is extracted using (8-9)
(8 and
will be used later to correct for the lengths of the uniform waveguide sections. It should
be noted that the coupling coefficients are de
de-normalized
normalized by the fractional bandwidth of
the frequency band least affected bby the perturbations.
3) Input/output Irises:
In order to characterize the input and output irises, the equivalent circuit in Figure
8-11b
11b is used. This design step is exactly similar to the corresponding one described in
chapter 5 for the design of dual
dual-modee input and output irises. Using the EM simulation
setup in Figure 8-12a,
12a, the sparse 3x3 generalized scattering matrix is extracted. The TE10
in the input/output waveguide couples to the vertical mode in the square waveguide
section. This coupling is chara
characterized
cterized by the 2x2 scattering matrix that can be extracted
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from the matrix in equation (8-7). The vertically polarized mode is propagating on both
sides of the discontinuity; hence it can be modeled by the asymmetric T network shown
in Figure 8-12b. The circuit can represent an inverter J01 when the proper phase shifts ϕ1
and ϕ2 are added as shown in the same figure. The circuit parameters, the inverter values
and the phase shifts can be directly calculated from the scattering parameters using the
equations in Appendix C. The coupling is mainly controlled by the horizontal dimension
as that is varied until the required de-normalized coupling coefficient coupling K01
corresponding to the topology in Figure 8-8 is achieved. On the other hand the horizontal
mode is only propagating in the square waveguide section and it is evanescent in the
input or output waveguides. The input/output waveguide and the iris represent a loading
reactance for the horizontal mode as shown in Figure 8-11c. The loading ϕ33 is mainly
controlled by the dimension bs. The value of ϕ33 to achieve phase balance condition in the
first cavity is given by

ϕ 33 = ϕ s 2

(8-10)

The condition is quite simple since both the vertical and horizontal modes
experience similar loading by the inter-cavity iris due to symmetry. Another method to
calculate the optimum value of ϕ33 is by optimization. All the extracted scattering
matrices are cascaded and ϕ33 is kept as an optimization variable. The value of ϕ33 is
obtained by minimizing a cost function that is taken as the difference between the target
and calculated responses. Equations for cascading generalized scattering matrices, to
calculate the response of the equivalent circuit, are given in Appendix B.
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Finally the dimension bs is varied until the required phase ϕ33 is obtained.
4) Uniform Waveguide Sections:
In the first design step the lengths of the waveguide sections Li in the ith cavity
were designed using the eigen-mode frequencies of the closed cavities without taking the
loading of the coupling irises into consideration. In this section the loading extracted in
the two previous design steps will be used to correct for the lengths of the uniform
waveguide sections. The uniform waveguide sections shown in Figure 8-10a are given by

λ go ϕ s 2
2π 2
λ go ϕ k1
L y1 = L1 +
2π 2
λ go ϕ k1
L x 2 = L2 +
2π 2
L x1 = L1 +

(8-11)

Note that λgo is the guided wavelength at the center of the lower band.
8.3.3 Approximations for Dual-Mode Dual-Band Filters with Continuous Perturbations

In the previous section a design procedure for dual-mode dual-band filters with
discrete perturbations was outlined. In this section it will be shown that the same design
steps can be applied to filters with continuous perturbations (such as ridged waveguide
sections) with some modifications and approximations. The design procedure is
explained at the example of a filter with continuous corner perturbations as shown in
Figure 8-16.
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Figure 8-15. Geometry of 33-cavity dual-mode dual-band
band filter with continuous
perturbations. (a) side view, (b) cross section with input waveguide and iris, (c) 3-D
3 view.

As in the previous section the first step is to determine the step size and the length
of the waveguide section in order to achieve the desired resonant frequencies. For a
uniform waveguide, the propagation constant is uniquely determined from the cutoff
wave number of the mode. Although the calculation of the cutoff wave numbers is a 2-D
2
problem, here we use a commercial 33-D
D field solver to do this. As mentioned earlier, the
two modes can be investigated separately by placing an electric or magnetic wall along
the symmetry plane. The two lowest resonant frequencies f1 and f2 of a cavity whose
length L is close to half the guided wavelength of the empty waveguide are then
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determined by the setup shown in Figure 8-17. The cut off wave numbers kci are then
given by

 2πf i   π 
k ci = 
 − 
 c  L
2

2

(8-12)

where c is the speed of light in the medium filling the waveguide. The step size d is
adjusted until the following condition is met

 2πf   2πf 
k −k = 2  − 1 
 c   c 
2

2
c2

2

2
c1

(8-13)

d

λg/2
d

E wall

E wall

Figure 8-16. EM simulation setup for adjusting the step size.

The inter-cavity irises are designed using the techniques described in the previous
section. In this case if the loaded waveguide sections are used, the symmetry planes are
not vertical and horizontal anymore. This leads to 4x4 non-sparse scattering matrices that
are not easy to model. In order to avoid this, an approximation is done where the coupling
and the loading are extracted using sections of unperturbed waveguide as in the previous
section. Obviously, these modes of unperturbed waveguide are not identical to those of
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the waveguide with the perturbations present. For small perturbations, the error is
expected to be small as long as the polarizations are not central to the quantity that is
being assessed.

Optimization is then used to adjust for the errors caused by this

approximation. This can be attributed to the fact that although the perturbations affect the
resonant frequencies significantly, they have less effect on the inter-cavity coupling and
loading. The same argument applies well to the input and output irises that are designed
using sections of uniform unperturbed waveguide sections.
Another way to design the input and output coupling irises is by extracting the
reflection group delay of a loaded and closed cavity. In this case two peaks are observed
corresponding to the two modes. Since the modes are not interacting, the resonant
frequencies of the two modes correspond to the frequencies at which the peaks occur
whereas the the peak value of the group delay [6]. Note that although the coupling matrix
suggests equal coupling to both modes, practically the coupling coefficients of the higher
band are larger due to the dependence of the coupling coefficients on frequency.

8.4 Design Examples and Results
8.4.1 3-Cavity Dual-mode Filter using Cavities with Circular Cross Section

In this section a 3-cavity dual-mode filter with cavities with circular cross section
is designed using the prescribed technique. The geometry of the structure is shown in
Figure 8-18.
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Figure 8-17..

Geometry of a dual
dual-mode dual-band
band filter with 3 cavities and corner

perturbations. (a) side-view
view of the filter with labeled dimensions, (b) cross-section
cross
of the ith
cavity along with the inpu
input waveguide and iris, (c) 3-D view.

The specifications of the design are as follows: two bands with the lower band
centered at 11.75 GHz and the higher band centered at 12.25 GHz. The bandwidth of the
lower band is required to be 100 MHz and both bands hav
havee the same fractional
bandwidth. The in-band
band return loss in both passbands is 20 dB. The two bands must be
separated by a transmission zero at 12 GHz.
The first step in the design is the extraction of a coupling matrix that meets these
specifications. Forr this example, the two coupling matrices used in the design are given in
equation (8-5) and (8-6).
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The radius of the cavities was set to r=8.8 mm and the lengths and the width of
the steps tstep and w are fixed to practical values such as the size of the screws. The design
starts by fixing the step depth di in the ith cavity and the associated unloaded uniform
waveguide sections Li. This is done by adjusting the normalized eigen-mode frequencies
of each perturbed cavity to achieve those dictated by the coupling matrix in equation (85). Then the inter-cavity irises are modeled by extracting the equivalent T-networks in
Figure 8-15 from the scattering parameters of each iris. The opening of the irises of the
square irises a1 is varied until the required inter-cavity coupling coefficients are achieved.
The loading of the inter-cavity iris is extracted using equation (8-9). It is obvious that the
loading is equal for both modes due to symmetry. Also the input and output irises are
designed as outlined in section 8.3.1. The scattering parameters of the iris are extracted
by means of EM simulating the structure in Figure 8-12a. For the vertically polarized
mode, the elements of the asymmetric T-network shown in Figure 8-12b are extracted
from the equations given in appendix C. The dimension as is varied until the required
input coupling coefficient for the vertical mode dictated by the coupling matrix in
equation (8-6) is achieved. Also the loading of this mode φ33 is extracted. The dimension
bs is varied until the required value of φ33 that achieves the phase balance condition in
equation (8-10) is obtained. Finally the lengths of the waveguide sections are calculated
using equation (8-11).
The dimensions of the initial design using this technique are: as=9.8355 mm,
bs=9.18mm, a1=6.211 mm, d1=2.0869 mm, d2=2.052 mm, Lx1=7.3308 mm, Lx2= 8.8772
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mm, Ly1= 8.8608 mm, t=1 mm, tstep=3 mm and w=2 mm. Figure 8-19 shows the
frequency response of the initial design along with the ideal coupling matrix response. It
is obvious that the lower band yields an accurate response when compared with the ideal
matrix response. On the other hand the higher band deviates from the ideal matrix
response. This is expected since the design was based on the lower band, i.e. all coupling
coefficients and equivalent circuits parameters were extracted at the lower band. Since
the two bands are not interacting, the upper band can be optimized to meet the
specifications using little optimization effort. The dimensions of the optimized filter show
very little variations from the initial design, they are given by: as=9.8355 mm, bs=9.1
mm, a1=6.211 mm, d1=2.1969 mm, d2=2.052 mm, Lx1=7.2558 mm, Lx2= 8.9022 mm,
Ly1= 8.8858 mm, t=1 mm, tstep=3 mm and w=2 mm. Figure 8-20 shows the frequency
response of the optimized filter along with the initial design and the ideal coupling
response. Excellent results are achieved. The bandwidth of the upper band is slightly
larger than the design bandwidth due to the dependence of the coupling coefficients on
frequency that was not accounted for in the ideal coupling matrix.
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Figure 8-18. Frequency response of the 3-cavity dual-mode dual-band filter in Figure 8-17.
Solid lines: EM simulated response of initial design, solid lines: EM simulated response of
the optimized filter, dashed lines: ideal coupling matrix response.

Figure 8-19. Frequency response of the 3-cavity dual-mode dual-band filter in
Figure. 8-17. Dotted lines: EM simulated response of initial design, solid lines: EM
simulated response of the optimized filter, dashed lines: ideal coupling matrix response.
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8.4.2 3-Cavity Dual-mode Dual-band Filter Using Ridged waveguide sections

In this section, a 3 cavity dual-mode filter with square dual-mode cavities loaded
with perturbations extending along the whole length of the cavities is designed and
optimized. Figure 8-16 shows the geometry of the structure. The required filter
specifications and associated coupling matrices are identical to those in the previous
design example.
The design procedure described in section 8.3.3 was applied and an initial design
was obtained with the following dimensions: a=22.86 mm, b=10.16 mm, ao=17 mm
as=9.266 mm, bs=8.2 mm, a1=5.65 mm, L1=17.5 mm, L2=18.5 mm, d1=2.4 mm,
d2=2.275 mm. The iris thickness is t=1 mm. Figure 8-21 shows the EM simulated
response of the initial design, as obtained from the commercial software package
Microwave Studio from CST, along with that of the ideal matrix. The inaccuracy in the
initial design is due to using the reflected group delay in determining the input and output
irises sizes and loading. The initial design was then optimized. The response of the
optimized structure is shown in Figure 8-22 along with the response of the ideal coupling
matrix. Very good agreement between the two results is obtained, especially in the lower
passband. The dimensions of the optimized filter are (all in mm) a=22.86, b=10.16,
ao=17, as=9.13, bs=8.68, a1=5.433, L1=17.465, L2=18.638, d1=2.44, d2=2.329. The iris
thickness is t=1 mm.
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Figure 8-20. Response of 3-cavity dual-mode dual-band filter response. Solid lines: EM
simulation of initial design and dashed lines: ideal response.

Figure 8-21. Frequency response of the optimized 3-cavity dual-mode dual-band filter. Solid
lines: EM simulation, dashed lines: ideal response.
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8.4.3 4-Cavity Dual-mode Dual-band Filter using Rectangular Waveguide Sections

In this section the design and optimization of a 4-cavity dual-mode dual-band
filter based on rectangular cavities as those shown in Figure 8-4 will be presented. Also
the sensitivity analysis of the filter when compared with an inline filter using the same
number of cavities will be demonstrated.
The geometry of the filter is shown in Figure 8-23. The input and output
waveguides are rotated by 90o in order to generate a transmission zero between the two
bands as explained earlier. The initial design follows the same steps as in the previous
example where the propagation constants of the two modes can now be determined
analytically. The response of the resulting filter as obtained from the commercial
software package µWave Wizard is shown in Figure 8-24. The two passbands are located
at 11.8 GHz and 12.2 GHz, respectively. The presence of the transmission zero at 12
GHz is evident. The asymmetry of the response, with lower attenuation in the upper
stopband, is due to dispersion and the presence of higher order modes.
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Figure 8-22. Layout of 4-cavity dual-mode dual-band filter based on TE101/TE011 mode
combination.

Figure 8-23 Simulated response of filter in Figure 8-22 as obtained from the commercial
software package µWave Wizard.

An important step in the design of microwave filters, prior to fabrication, is the
investigation of the sensitivity of the design to errors in the dimensions of the structure.
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The dimensions of the filter in Figure 8-23 were randomly changed by ±1mil (±25µm)
and the resulting responses are plotted together in Figure 8-25. The stopbands show very
little sensitivity to these errors because of the in-line nature of each of the two branches.
Naturally, the passband is more sensitive due to the crucial role that phase balance plays
in this frequency range. As expected the sensitivity of each band is quite similar to that of
an in-line Chebychev filter of the same order as the band. This statement can be
understood by noting that in a given band and its vicinity, only half of the resonances in
the structure are actually resonant. The other half are strongly detuned since their
resonant frequencies occur in the other band. In fact, the structure in Figure 8-23 can be
transformed into a 4th order Chebychev filter by adjusting the input and output and the
length of the first and last resonators. In this case the input and output will be parallel and
oriented as 0o to couple to only one set of polarization. The inline filter can be easily
designed. It was found that the size of the coupling aperture at the input and the output
had to be modified from 9.74mmx9.525mm to 8.54mmx9.525mm and the length of the
first and last resonators from 17.015mm to 17.34mm. All the other dimensions are the
same as in the filter in Figure 8-23. A sensitivity analysis was then carried out on this
filter by randomly changing its dimensions by ±1mil (±25µm). The results, shown in
Figure26, are comparable to those of the corresponding band in Figure 8-25.

296

Figure 8-24. Sensitivity analysis of dual-mode dual-band filter in Figure 23. Dimensions
were randomly changed by ±1 mil (±25µm).

Figure 8-25. Sensitivity analysis of 4th order Chebychev filter obtained from Figure 23. The
input and output waveguides are horizontal. Only the size of the coupling apertures at the
input and output and the length of the first and last resonators were changed.
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8.5 Conclusions
In this chapter a new class of dual-band filters based on dual-mode cavities was
proposed. Different implementations using different types of dual-mode cavities were
described. The new approach of dual-band operation is based on the concepts governing
the operation of dual-mode cavities explained in chapter 5. The perturbations in the dualmode cavities are viewed as polarizing element that split the modes into two orthogonal
polarizations that do not inter-act due to symmetry. Each polarization represents one
frequency band. This property of two non-interacting polarizations leads to designs with
reduced sensitivities when compared to their cross coupled counterparts. A detailed
design procedure exploiting concepts from representation theory was outlined. Design
examples were given to validate the design procedure and excellent results were
obtained. The superior performance of this class of filters in terms of sensitivity was
demonstrated at the example of a 4-cavity filter. It was shown that the sensitivity is
similar to that of a fourth order inline chebychev filter with similar geometry.
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Chapter 9

Conclusions and Future Work
The chapter concludes the thesis contributions and identifies possible directions for
further research.

9.1 Conclusions
The scope of the thesis is to find new efficient techniques for the design,
optimization, realization and tuning of microwave filters that overcome the limitations of
existing techniques.
It is well known that the circuit modeling is central to the design and
optimization of microwave components in general and microwave filters in particular. In
this thesis, new circuit models that remedy some well known problems in microwave
filter design, optimization and tuning were developed. Although different circuit models
representing different classes of microwave filters (such as planar, compact, UWB, dualmode, dual-band, canonical dual-mode .etc) were investigated and developed, a common
modeling and design philosophy was adopted. It is based on representing the response of
the filter using an equivalent circuit based on physical modes. Establishing equivalent
circuits from a careful description of the dominant physics of the problem has led to
novel filter designs and realizations. The summary of the contributions and results of the
thesis is as follows:
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In chapter 3, the challenges encountered in the design and optimization of
compact and wideband microwave filters were discussed in detail. It was shown that it is
difficult, and even impossible, to represent compact filters using the conventional
coupling matrix approach. This is due to the fact that the close proximity of resonators
makes it difficult to define a sparse topology due to strong stray coupling. Also, the
bandwidth limitation of the coupling matrix model due to using the unphysical concept of
frequency independent reactance along with the normalized frequency variable makes it
unsuitable to represent broadband filters. A new alternative approach for modeling
compact and wideband microwave filters based on a universal admittance matrix derived
directly from Maxwell’s equation was introduced. The circuit is based on the global
normal resonant modes of the filter structure when closed from both ends. The new
circuit has a fixed topology regardless of the physical orientation of the resonators. The
circuit can account for higher order modes if needed for broadband cases. Parameters
extraction examples were presented in order to show the accuracy of the circuit model. It
was demonstrated that the response of an Nth order microwave filter of medium to wide
bandwidth can be represented using only N modes in the passband and its vicinity. These
are the modes that contribute directly to the power transport between the ports. On the
other hand more accuracy can be achieved away from the passband if higher order modes
are taken into consideration in the model.
In order to demonstrate the practical use of the circuit, several optimization
examples of compact suspended stripline filters were presented. The equivalent circuit
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was used as a coarse model within the space mapping optimization technique. Excellent
optimization results were achieved. In order to test the performance of the equivalent
circuit of wideband filters, a new inline suspended stripline ultra-wideband fifth order
filter of fractional bandwidth exceeding 75% was designed and optimized. Excellent
optimization results were obtained by considering only five modes in the equivalent
circuit.
Although the universal admittance matrix with fixed transversal topology is an
excellent optimization tool, its use in the design might be limited. In the same chapter, it
was shown that the universal admittance matrix with transversal topology can be
transformed to a sparse topology with frequency dependant inter-resonator coupling
coefficients. It was shown that this transformation can be achieved by means of scalingrotation-scaling operations. The localization of the resulting resonances was investigated
at the example of a fifth order suspended stripline filter example. The example shows that
the resonances remain localized thereby proving a mechanism for initial design.
In chapter 4, a new physical interpretation of similarity transformation for coupled
resonators filters was proposed. Within the new interpretation, a similarity transformation
ceases to be a pure mathematical tool for synthesis as conventionally used in the literature
on coupled resonator microwave filters. A new view of the coupling matrix within the
representation theory is developed. The coupling matrix is viewed as a representation for
the coupling operator with a certain basis. The basis is interpreted as a set of resonant
modes. The main results from this chapter are:
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-

A narrow-band microwave filter can be accurately represented by an infinite
number of similar coupling matrices using different sets of modes as basis. This
view is different than the common view in the literature. In the common view
only one representation whose topology resembles the physical arrangement of
the resonators is believed to be realizable.

-

Although an infinite number of similar matrices can accurately represent the
response of the filter mathematically, only few of them are based on physical
modes. The concept of physical/unphysical modes is developed in this thesis and
explained by means of several examples. This concept has significant impact on
the work in chapters 5 – 8.

-

The transversal coupling matrix emerges as the universal and most physical
representation for a bandpass microwave filter with arbitrary topology. It was
shown that the transversal coupling matrix results from representing the filter
using its global-eigen modes as basis. These are resonant modes of the whole
filter structure when closed at both ends. It was demonstrated mathematically that
these are the only modes that the ports can see. In addition to having a fixed
topology, it was shown that the transversal coupling matrix is unique and has
obvious advantages when used directly in the optimization process as a coarse
model. Using such a matrix in the optimization process solves the uniqueness
problem for some filter topologies that might cause the optimization process not
to converge.
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The work presented in chapter 4 is central to the work developed in the
following chapters. Also, it is expected to have a significant impact on the design and
optimization of microwave filters in general.
In chapter 5 a new design theory for dual-mode filter was presented. It was shown
that introducing perturbations in a symmetric cavity with degenerate modes forces the
polarization of the modes along select directions that respect the symmetry of the cross
section. Within this view, the perturbations are viewed as polarizing elements rather than
coupling elements. Most importantly it was demonstrated that the originally degenerate
modes, on which the existing design theory is based, cease to exist after introducing the
perturbations. A new direct design technique for dual-mode filters based on the physical
modes with all perturbations present was described. Transformations between the
representations using the two sets of modes as basis were described in detail. An
important aspect of the design approach is that the loading of each perturbation and iris is
accurately accounted for by using equivalent circuit based on propagation rather than
resonance. Also the conventional tuning screws cease to be part of the design, however
tuning may be required to account for manufacturing tolerances after fabrication. Two
design examples were presented and excellent results were obtained. The initial designs
require no or little optimization to meet the specifications.
In chapter 6, the same design concepts were applied to canonical dual-mode
filters where the input and output are taken from the same cavity. It was shown that using
the physical modes as basis results in coupling topologies that can be directly designed
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except for the input/output cavities and irises. An equivalent circuit based on propagation
was described to account for the loading of each discontinuity. A design procedure was
outlined for the input/output cavities and irises that involve an optimization step to
achieve phase balance. The design technique was tested on a sixth order canonical dualmode filter with two transmission zeros at finite frequencies and excellent initial design
was obtained.
In chapter 7 novel dual-mode filters implementations as well as new tuning
technique was presented. Viewing the perturbations as polarizing elements rather than
coupling elements has led to new filter designs that were not obvious within the
conventional view. A new dual-mode cavity structure with continuous outward
perturbations was proposed. A fourth order filter with outward perturbations was
designed, fabricated and measured. A new fabrication technique was proposed to
fabricate the filter from fewer parts. The filter was measured and excellent measurements
results were obtained without any need for tuning.
In the same chapter, new inter-cavity coupling structures were proposed. The new
structures can be accessed from outside for tuning purposes. Also, they avoid using very
narrow irises that might lead to multipaction breakdown problems for higher order filters.
Two types of structures were proposed; offset rectangular and offset elliptical irises. In
order to validate the new structures, filters of order four and eight using offset rectangular
and elliptical irises respectively were designed and simulated. The same design
techniques described in chapter 5 were used and excellent results were obtained.
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The eighth order filter with the new inter-cavity coupling structure was fabricated
and measured. The measured response shows an obvious requirement for tuning to
account for manufacturing errors. A new tuning technique is proposed and tested. The
orientation of the tuning screws should respect the symmetry of the cross section in order
to be able to control both the coupling and resonant frequencies independently. This is
not the case with the conventional coupling screws. The new technique is validated using
EM simulation and it was demonstrated that it provides full control of the resonant
frequencies.
In chapter 8 the design concepts presented in chapter 5 were extended to dualband filters. A new class of dual-band filter based on dual-mode cavities was proposed.
Different implementations using different types of dual-mode cavities were described.
The perturbations in the dual-mode cavities are viewed as polarizing elements that split
the modes into two orthogonal polarizations that do not inter-act due to the symmetry of
the cross-section. Each polarization represents one frequency band. This property of two
non-interacting polarizations leads to designs with improved sensitivities when compared
to their cross-coupled counterparts. An equivalent circuit based on the polarized modes
inside the cavities was presented and used in the design. A detailed design procedure was
outlined. Design examples were given to validate the design procedure and excellent
results were obtained. The performance of this class of filters in terms of sensitivity was
demonstrated by a means of a four-cavity example. It was shown that the sensitivity is
similar to that of a fourth order inline Chebychev filter with similar geometry.
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9.2 Suggestions for Future Work
A direct extension of the work presented in this thesis is the application of the
transversal equivalent circuit, and other localized representations to other resonant or
radiating structures such as resonant antennas (dielectric resonant arrays, dual-mode
microstrip antennas...etc). In this case the resonant modes will be lossy in order to
represent the radiation resistance. Using the circuit will provide an efficient means for
design and optimization of complex and broadband antenna.
Within the same circuit approach, compact and ultra-wideband filters of order N
were optimized by only considering N modes. It was shown that the response can be well
approximated by the proposed equivalent circuit within the passband and its vicinity
whereas higher order modes need to be considered if accuracy is required away from the
passband. An interesting point that needs further study is the inclusion of higher order
resonances in the design. Uniqueness problems arising from extracting the parameters of
a higher order circuit from a filter response within a certain bandwidth (generally
broadband), is a fruitful line of investigation. Certain techniques to extract the poles and
residues of the admittance parameters from the realizability condition similar to those
used in [95] will be considered and adapted to broadband cases.
In the area of dual-mode filters, especially in regards to the application of the new
point of view that was presented in this thesis, other designs with different characteristics
such as temperature compensation should provide an interesting research topic. Also,
new dual-mode filter structures in different technologies to implement negative and
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positive coupling elements that are required in advanced elliptic filters are worth a
serious investigation.
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Appendix A
Derivation of Constraints on the Transversal Coupling Matrix Elements
As mentioned earlier, it is important to set constraints on the elements of the transversal
coupling matrix in order to force the extracted values to represent a response that falls
within the desired class of functions with the specified number of transmission zeros.
From equation (3-3) S21 is proportional to AN−1+ 2,1 , therefore the numerator of S21 is
proportional to the cofactor of AN + 2,1 and can be written as
N

S 21 (Ω)α ∑ (−1)

N +1

i =1

N

N

M si M li ∏ (Ω + Ω k ) + (−1) M SL ∏ (Ω + Ω k ) (A-1)
N

k =1
k ≠i

k =1

Expanding equation (A1), the coefficients for different powers of Ω can be written as

Coef Ω

N −n

N

α ∑ (−1)
i =1

N +1

M1

M si M li ∑ Ω x1Ω x 2 ..Ω xn −1
l =1

M2

+ ( −1) M SL ∑ Ω y1Ω y 2 ..Ω yn

(A-2)

N

l =1

where n=0,1,2,3…N, xj can take any values from 1,2,3..N except for xj≠i whereas yj can
take any value from 1,2,3..N without any exceptions. Also M 1 = N −1 C n −1 because there
are M1 different combinations of n-1 Ωs out of a total of available (N-1) Ωs whereas
M 2 = N C n since there are M2 different combinations of n Ωs out of a total of available N

Ωs. It is obvious that for n=0 (coefficient of ΩN) the first term is zero and only the second
term contributes yielding the coefficient of ΩN as MSL.
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In order to find the constraints in closed form, the coefficient of the specified powers of

Ω are set to zero. For example, for the case of a third order direct coupled Chebychev
filter, the coefficients of Ω3, Ω2 and Ω should vanish in order to have all transmission
zeros at infinity.
First setting n=0 in equation (A-2), it is obvious that MSL=0. This is the first constraint.
Setting n=1 in equation (A-2), and equating the coefficient of Ω2 to zero gives

M s1 M l1 + M s 2 M l 2 + M s 3 M l 3 = M s21 − M s22 + M s23 = 0

(A-3)

Here, the relative signs between the coupling from the source and to the load were taken
into consideration.
Setting n=2 in equation (A-2), and equating the coefficient of Ω to zero gives
M s21 (Ω 2 + Ω 3 ) − M s22 (Ω1 + Ω 3 ) + M s23 (Ω1 + Ω 2 ) = 0

(A-4)

Substituting equation (A-3) in equation (A-4) Ms3 can be eliminated leading to the second
constraint which takes the form

Ω 3 − Ω1
Ω3 − Ω2

M s 2 = M s1

(A-5)

Then substituting equation (A-5) in (A-3) gives rise to the third constraint that is

M s 3 = M s1

Ω 2 − Ω1
Ω3 − Ω 2

(A-6)

It should be noted that the number of independent entries of the transversal coupling
matrix (coupling coefficients and global eigenmode frequencies) is reduced by the
number of constraints. For this example there are 7 elements (Ms1..Ms3, Ω1…Ω3 and MSL)
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and 3 constraints so we end up with only 4 independent elements that are to be used as
optimization variables. Also it should be noted that Msi and Mli are not considered 2
different parameters because they are equal in magnitude and either of the same or
different signs depending on how the mode couples to the input and the output.
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Appendix B
Cascading of Generalized Scattering Matrices
It is required to cascade two generalized scattering matrices Sx and Sy supporting an
arbitrary number of modes M and N at their input and outputs as shown in Fig. I-1.

[b2]

[Sx](M+N)x(M+N)
Physical port1

L Modes

[a2]

N Modes

N Modes

[b1]

M Modes

[a1]

[a3]
[b3]

[Sy](M+N)x(M+N)
Physical port2

Physical port3

Fig. B-1 Two cascaded generalized scattering matrices supporting an arbitrary
number of modes at their physical input and output ports.

The incident and scattered fields at the terminals of the first network Sx are related
by

 b1   S11x
b  =  S
 2   21x

S12 x   a1 
S 22 x   a 2 

(B-1)

where a1 and b1 are Mx1 vectors, a2 and b2 are Nx1 vectors, S11x and S22x are MxM and
NxN square matrices respectively and S12x and S21x are MxN and NxM matrices
respectively. Also the incident and reflected fields at the terminals of the second network
Sy are given by.
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a 2   S11 y
b  = S
 3   21 y

S12 y  b2 
S 22 y  a 3 

(B-2)

where a3 and b3 are Lx1 vectors, S11y and S22y are NxN and LxL square matrices
respectively and S12y and S21y are NxL and LxN matrices respectively.
It is required to find the overall scattering matrix St. The fields at ports 1 and 3 are related
by the overall scattering matrix St as

b1   S11t
b  =  S
 3   21t

S12t   a1 
S 22t  a 3 

(B-3)

Here, S11t and S22t are MxM and LxL square matrices and S12t and S21t are MxL and LxM
matrices respectively. Solving equations (B-1) and (B-2), the overall generalized
scattering matrix is obtained as follows

S11t = S11x + S12 x ( I − S11 y S 22 x ) −1 S11 y S 21x
S12t = S 12 x ( I − S11 y S 22 x ) −1 S12 y
S 21t = S 21 y ( I − S 22 x S11 y ) −1 S 21x
S 22t = S 22 y + S 21 y ( I − S 22 x S11 y ) −1 S 22 x S12 y
More details about generalized scattering matrices can be found in [88].
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(B-4)

Appendix C
Derivation of Equivalent Circuit of Input Coupling Iris in Inline Dualmode Filters
In this appendix the equations used in the design procedure to relate the circuit
elements of the asymmetric T network in Fig. 5-13b to the extracted 2x2 scattering matrix
parameters of the asymmetric junction will be given. Also the inverter values and the
required phase shifts will be calculated.
The Z matrix of the T network in Fig. 5-13b (without the phase shifts) is given by

 jX s1 + jX p
Z=
jX p


jX p

jX s 2 + jX p 

(C-1)

Comparing the Z matrix in equation (C-1) with that of the discontinuity derived
from the scattering parameters, the circuit parameters are given by

jX p =

2 S 21
2
(1 − S11 )(1 − S 22 ) − S 21

jX s1 =

2
(1 + S11 )(1 − S 22 ) + S 21
− 2S 21
2
(1 − S11 )(1 − S 22 ) − S 21

jX s 2 =

2
(1 − S11 )(1 + S 22 ) + S 21
− 2S 21
2
(1 − S11 )(1 − S 22 ) − S 21

(C-2)

where Sij are the scattering parameters of the discontinuity.
In order to find the values of the phase shifts φ1 and φ1 as well as the inverter
value K01, the impedance matrix in equation (C-1) is converted to the equivalent
scattering matrix Sx whose elements are given by
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( jX s1 + jX p − 1)( jX s 2 + jX p + 1) + X p2

S11x =

( jX s1 + jX p + 1)( jX s 2 + jX p + 1) + X p2

S12 x = S 21x = 2 jX p
S 22 x =

(C-3)

( jX s1 + jX p + 1)( jX s 2 + jX p − 1) + X p2
( jX s1 + jX p + 1)( jX s 2 + jX p + 1) + X p2

Shifting the reference plane by φ1/2 and φ2/2 to the left and right of the T network will
add a phase terms to the Sx . It is required to find the values of φ1 and φ2 such that the
overall phase shift is π/2. The scattering matrix Sx’ with shifted reference planes is given
by

 S11x e − jϕ1
S =
− j (ϕ1 +ϕ 2 )
 S 21x e
'
x

S12 x e − j (ϕ1 +ϕ 2 ) 

S 22 x e − jϕ 2 

(C-4)

Equating the phase of the transmission coefficient to π/2, the following equation can be
obtained

ϕ1 + ϕ2 = −2 tan−1 (

X s1 + X s 2 + 2X p

1 − X s1 X s2 − X p ( X s1 + X s 2 )

)

(C-5)

Assuming that the port parameters are normalized to the mode impedances on both side
of the discontinuity, the inverter K01 is given by

K 012 =

1 + Γin 1 + Γout
=
1 − Γin 1 − Γout
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(C-6)

where Γin and Γout are the input and output reflection coefficients respectively.
Substituting with the S parameters in equation (C-6) it can be shown that

S 11 x
= e j ( ϕ 1 −ϕ 2 )
S 22 x
=

(1 + X s1 X s 2 + X p ( X s1 + X s 2 )) − j ( X s1 − X s 2 )

(C-7)

(1 + X s1 X s 2 + X p ( X s1 + X s 2 )) + j ( X s1 − X s 2 )

Hence

X s1 − X s 2
1 + X s1 X s 2 + X p ( X s1 + X s 2 )

ϕ 1 − ϕ 2 = −2 tan −1 (

(C-8)

From equations (C-5) and (C-8), the φ1 and φ2 are given by

ϕ 1 = − tan −1 (

X s1 + X s 2 + 2 X p
1 − X s1 X s 2 − X p ( X s1 + X s 2 )

(C-9)

X s1 − X s 2
− tan (
)
1 + X s1 X s 2 + X p ( X s1 + X s 2 )
−1

ϕ 2 = − tan −1 (

X s1 + X s 2 + 2 X p

1 − X s1 X s 2 − X p ( X s1 + X s 2 )

X s1 − X s 2
+ tan (
)
1 + X s1 X s 2 + X p ( X s1 + X s 2 )
−1

Also K01 is given by
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)

)
(C-10)

K 01 =

1 + S11x e − jϕ1
=
− jϕ1
1 − S11x e

1 + S 22 x e − jϕ 2
1 − S 22 x e − jϕ 2
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(C-11)
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